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-7-Microwave radio systems are frequently used in broadcasting and in telecommunications transmissions, providing over-the-air end-to-end delivery of thousands of individual information channels. In wireless communication, signal processing functionalities in micro or millimeter-wave are implemented using digital electronics. However, the speed and bandwidth of such methods are limited by the electronic sampling rate.

Microwave photonics (MWP) technology [1] was introduced to overcome the complexity and limitations of electronic devices. It has been defined as the study of high speed photonic devices operating at micro or millimeter-wave frequencies and their applications in microwave or photonic systems [2], MWP is a discipline which combines microwave engineering and optoelectronics [3]. The aim of this study is to leverage the features of photonic technologies to provide functions in microwave systems that are complex to carry out directly in the radiofrequency (RF) domain. Such features include high-speed transmission, broad operation bandwidth, low loss, constant attenuation over the entire microwave frequency range, small footprint, lightweight, and strong resistance to electromagnetic interferences.

. It comprises two fundamental units, a transmitter and a receiver. In the transmission unit, the microwave signal is transported via the intensity-modulated envelope of a propagating optical wave. An optical signal is generated from an optical source, often a semiconductor laser diode. This optical wave is then externally modulated by an RF signal through an electro-optic modulator, the output of which is then fed into an optical signal processor. The optical processed signals are then captured by a photodetector (Pd) at the reception unit that performs an optical to electrical conversion (O/E) and retrieves the electrical information contained in the optical carrier. This conversion enables the microwave signal propagation and processing to be explicitly implemented in the optical domain. Fiber Fiber
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GENERAL INTRODUCTION -8-

The capabilities of a microwave photonic system include the generation, distribution, control and processing of microwave signals [4]. MWP is key to achieve frequency conversion [5], reconfigurable filtering [6] [7], the ability to control both phase and amplitude independently [8], and the ability to realize phase shifting and true time delay (TTD) [9] [10] [11]. MWP applications are targeting higher operation at high frequencies and functionalities that demand small and light devices with a low power consumption. In this context, wideband tunable microwave phase shifters and TTD are key elements in MWP.

Achieving true time delay is extremely valuable for embedded systems, satellite communication and radars. TTD operation implies a perfectly proportional evolution of the phase shift of microwave signals with respect to their frequency. The main applications for TTD are phased-array antennas (PAAs) and microwave photonic filters [12]. In broadband phased-array antennas, if an array is supplied via wideband signals, and a constant phase shift is produced from element to element, the beam pointing will vary based on the frequency components. This gives credence to the notion that the far-field pattern of the antenna is affected when the microwave frequency is scanned over a wide range, this phenomenon is called beam squinting [13].

The implementation of wideband tunable microwave phase shifters and TTD, with application in optically fed phase array-antennas, is difficult in the microwave domain. The association of photonic and microwave technologies to achieve these delay lines increases the capabilities and design freedoms of photonic components over conventional electrical transmission systems, while benefiting from a high immunity to electromagnetic interferences and low losses of optical fibers. One of the most promising photonic approaches is the Coherent Population Oscillation (CPO) in a semiconductor optical amplifier (SOA), which allows the tunability of a phase shift/delay based on the SOA bias current or the input optical power, and suits the requirement in terms of high-speed reconfiguration, low power consumption and small footprint.

The main goal of this research is to achieve a TTD at a high frequency. This can be done through a two-stage approach; the first stage consists of a tunable optical phase shifter at high frequency, based on microwave photonics approaches, using Up-converted CPO in a SOA. Chapter four describes the building blocks of the proposed hybrid correction structure, which correspond to the association of the phase shift based on Up-CPO (explained in chapter 2) and the tunable RF folded filter (proposed in chapter 3). Measured results of the tunable RF filters are given. The measured results of the hybrid correction structure are presented. Finally, we present and discuss the simulation results based on experimental data of the proposed hybrid correction structure. This chapter is followed by a general conclusion and an outlook. 

Introduction

This chapter first presents the difference between phase shifter (PS) and true time delay (TTD).

Secondly, it provides a review of state of the art for the implementation of phase shifts or delay lines by employing optical and electrical approaches. Section 1.2.1 presents the following electrical approaches: switched-line phase shifter, loaded-line phase shifter, and reflection type phase shifter. While the following microwave photonic phase shifters based on optical approaches are shown in section 1.2.2: dispersive fibers, fiber Bragg gratings (FBGs), stimulated Brillouin scattering (SBS), coherent population oscillation effects in SOA (CPO) and Up-converted CPO (Up-CPO). Finally, true time delay based on several optical approaches are presented: TTD based on FBG Prism, TTD relying on separate carrier tuning (SCT), such as, SCT using SBS delay line with fiber Bragg grating, SCT using two SBS system, and SCT using Dual-parallel Mach-Zehnder modulator. In this section, we explain the main differences between phase shifter (PS) and true time delay (TTD), this concept was discussed in [1]. Phase shifter is used to change the transmission phase angle of an input signal, they ideally provide an output signal that is equal in amplitude to the input signal. The input signal is shifted in phase at the output based on the phase shifter's selected offset. Therefore, phase shifting can be described as adding a phase offset 𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 to the input RF signal 𝑆 𝑖𝑛 . Spectrally, the output signal can be given as:

𝑆 𝑜𝑢𝑡 (𝑓) = 𝑒 𝑗𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 ∑ 𝑆 𝑖𝑛 (𝑓) 𝑓 (1.1)
The frequency response of the phase shifter in Eq. (1.1) is:

𝐻 𝜙 (𝑓) = 𝑒 𝑗𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 (1.2) 
with magnitude equal to 1, and phase response equal to 𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 for all frequencies. We notice from (1.2) that the phase response is constant with respect to the RF frequency. The amplitude and the phase responses of the phase shift are illustrated in Table 1.1.

Adversely, when applying a true time delay (𝜏) to the input RF signal 𝑆 𝑖𝑛 , the output signal, spectrally, is given by:

𝑆 𝑜𝑢𝑡 (𝑓) = ∑ 𝑆 𝑖𝑛 (𝑓) 𝑓 𝑒 -𝑗2𝜋𝑓𝜏 (1.3) 
The frequency response of the phase shifter in (1.3) is:

𝐻 𝑇𝑇𝐷 (𝑓) = 𝑒 -𝑗2𝜋𝑓𝜏 = 𝑒 -𝑗𝜙(𝑓) (1.4)
With magnitude equal to 1, and phase response of 𝜙(𝑓) = -2𝜋𝑓𝜏, we can see that from (1.4), the phase response (𝜙) is proportional to the RF frequency. The amplitude and phase response of the TTD are illustrated in Table 1.1.

Table 1.1 shows that the amplitude is constant and flat over the whole frequency range for both phase shifter and true time delay. At a single frequency, both types have the same interpretation of the phase shift, thus the delay can be computed either by the time delay or by the phase shifter, they are related through 𝜙 = -2𝜋𝑓 𝑛 𝜏, where 𝑓 𝑛 is the signal frequency. When the frequency is altered, phase shifting and time delaying lose their common interpretation, leading to different functions and resulting in a different dependence of the phase shift on the frequency.

In phased array antennas, it can be assumed for true time delay, that all frequency components of the microwave signal are pointed at the same fixed direction. It is important to note that the features of an ideal true time delay are a flat magnitude response, and a linear relation between the phase shift and the frequency. Consequently, a constant delay is then required over the frequency.

Table 1.1 Amplitude and phase response in frequency domain for phase shift and TTD.

Amplitude response

Phase response

A response comparison between the phase shifter and the TTD is performed in [1], through estimation of the error. The total phase error 𝜀 𝑡𝑜𝑡 is given by: , and the signal bandwidth 𝐵 = 𝑓 𝑚𝑎𝑥 -𝑓 𝑚𝑖𝑛 .

𝜀
The assumption for TTD and PS to be similar is valid only for a small phase error (Figure 1.1), in case where 𝐹 𝐵 << 1. Therefore, for very narrowband applications, phase shift and TTD can perform the same function.

Beam squint

The squint phenomenon is described as the position of the array factor's main lobe being oriented at different angles for different microwave signal frequencies. This means that the energy associated with different frequencies is oriented in different directions [2]. In other words, beam squinting means that main antenna lobe points to θ 0 + Δθ at frequency 𝑓 0 + Δf instead of θ 0 , which was the pointing direction at frequency 𝑓 0 , as shown in Figure 1.2. As a result, a receiver would experience a decrease in the gain of the RF signal frequency spectrum, which distorts of the waveform in direction θ 0 , limiting the bandwidth of the system, and the occurrence of reception errors. The phase shift difference ∆𝜙 between neighboring elements to form the steering angle 𝜃 is given by: ∆𝜙 = 2𝜋 𝑑 𝑠𝑖𝑛(𝜃) 𝜆

(1.6)
where 𝜆 is the wavelength of the radiated microwave signal.

The beam steering direction is then given by:

𝜃 = 𝑠𝑖𝑛 -1 ( 𝜆∆𝜙 2𝜋𝑑 ) (1.7)
It can be seen from (1.7) that the beam steering direction (𝜃) is a function of the microwave wavelength (𝜆). Thus, phase shifter based beamformer systems can only operate for narrowband signals. From the far-field radiation pattern of the array factor in Figure 1.4(a), we can see that the orientation of the main-lobe varies with the feed signal frequency. This phenomenon significantly hampers the performance of the system. An advantage of a constant time delay is that beam steering is independent of the frequency; this can be achieved by replacing the phase shifter with a delay line with length 𝛥𝐿 = 𝜆∆𝜙 𝑑 as shown in Figure 1.3(b).

The beam steering direction is then given as in [2]:

𝜃 = 𝑠𝑖𝑛 -1 ( 𝛥𝐿 𝑑 ) (1.8)
Equation (1.8) shows that the beam steering angle is independent of the microwave signal frequency and dependent on the true time delay. Figure 1.4(b) shows that the orientation of the main lobe using TTD does not vary with the feed signal frequency while the contrary is observed when using phase shifter. 1.2 RF and Photonic phase shifters/true time delay

True time delay refers to a system's ability to apply a delay or a linear phase shift on input RF signals, independently of the RF frequency. In this section, we analyze two principal methods for implementing delay lines for true time delay. The first and second methods employ an optical and an electrical approach, respectively. True time delay based on several optical approaches are presented.

Phase shifter based on electrical approaches

Phase shifters are essential components in a phased array for adjusting the phase of each antenna path and steering the beam. A Phase Shifter is simply a two-port device that changes the phase of any incoming RF signal. Ideally, it changes the phase of the transmission (phase of S21) of a network while keeping the insertion losses (amplitude of S21) constant. The requirements of phase shifters ideally includes a broad phase-control range (360º) and low insertion losses on a wide frequency range. The main types of RF phase shifters, such as switched-line, loaded-line, and reflection-type phase shifters, are analyzed in this section. These phase shifters are well described in the literature [4] [5] [6] [7].

Introduction to phase shift based on transmission lines

The origin of phase shift relies on a simple fact derived from the transmission line theory: a wave traveling along a transmission line has a phase shift between its output and input voltages that is dependent on the characteristic impedance and the length of the line [7].

An RF signal with frequency f (=𝜔/2𝜋) which travels through a transmission line, of a distance ∆𝑙 with propagation velocity 𝑉 𝑝 , will have a time delay: where 𝛽 is the phase constant and is given by 𝛽 = 𝜔/𝑉 𝑝 , (𝜔) is the angular frequency, ∆𝑙 is the distance travelling by the signal, and 𝜆 𝑔 is the guide wavelength.

Time delay can be expressed in term of phase shift ∆𝜙 as:

𝑇𝑖𝑚𝑒 𝑑𝑒𝑙𝑎𝑦 (𝑠𝑒𝑐𝑜𝑛𝑑𝑠) = ∆𝜙 2𝜋𝑓 (1.10) 
Substituting (1.9) into (1.10), gives the corresponding phase shift:

∆𝜙 = 2𝜋 ∆𝑙 𝜆 𝑔 (1.11)
Therefore, by switching the transmission lines of different lengths, different values of phase shift are obtained. Figure 1.5 shows the RF signal experiences with different time delays by switching several transmission lines of different lengths (∆𝑙 0 , ∆𝑙 1 and ∆𝑙 2 ).

Group delay is defined as the average delay time that a specified narrow range of frequencies experiences when passing through a circuit. It is proportional to the rate of phase shift at each frequency of interest, and is expressed as: (1.12)

Topologies of phase shifters

Depending on the control mechanism, phase shifters can be categorized into two types, analog and digital. Analog phase shifters are variable devices, offering continuous variable phase shift that varies between the prescribed ranges of a minimum to a maximum value. They are usually controlled by a voltage control to get the desired phase shift. Varactor diodes are used for achieving continuously variable phase shifts [8]. Generally, modifying the voltage affects the capacitance of the varactor diode to change the reactance of the circuit and achieve a variable phase shift of the RF signal. Digital phase shifters are realized by using PIN diodes [9] or micro-electro-mechanical [10] systems (MEMS). They are used as a variable impedance or high-frequency switches (on/off) to achieve the desired phase shift. Digital phase shifters can only target a specific set of discrete phase shift values and cannot supply an arbitrary phase shift.

Switched-line phase shifter

A switched-line phase shifter is a simple way to implement microwave phase shifters, as it uses a simple time delay difference between two direct paths to achieve the desired phase shift. The basic configuration for a 1-bit phase shifter is illustrated in Figure 1.6. As can be seen, two signal paths are possible, and single pole double throw switches (SPDT) are used to route the signal between one of the two transmission lines of different lengths. SPDT switches can be realized in a wide variety of ways, using FET, diode, or MEMS. One of the two transmission lines is considered a reference line (𝑙 𝑟 ) and the other a delay line (𝑙 𝑑 ). The differential path between the two lines determines the amount of phase shift.

The phase shift ∆𝜙 is the phase difference between the two states, which is given by (1.11):

∆𝜙 = 2𝜋 ∆𝑙 𝜆 𝑔
, with ∆𝑙 = 𝑙 𝑑 -𝑙 𝑟 . As an example, to obtain 180° phase shift, the required physical length difference should be ∆𝑙 = 𝜆 𝑔 /2. In this type of phase shifter, the insertion loss is mainly due to the switches. An advantage of the switched-line phase shift is its linear relation between phase and frequency.

An N-bit phase shifter is made by cascading each 1-bit phase shifter with different delay line lengths. The main problem with multibit phase shifters is the significant variation of return loss across the phase states that can limit the accuracy of their phase. A 3-bit switched-line phase shifter using a MEMS series switch was demonstrated in [7], where each bit comprises a delay line generating the required amount of 45°, 90°, and 180° phase shift, respectively, and a reference line (refer to 0°), with switching elements in both directions delay and reference lines.

In order to generate 270° phase shift, the second and third bits must be selected. However, to generate 180° phase shift only third section should be selected.

A flat wideband phase shift response was invented by Bernard Schiffman, published for the first time a phase shifter using a 𝜆 𝑔 /4 wavelength coupler section [11]. 

Loaded-line phase shifter

The second transmission line type is the loaded-line phase shift. Figure 1.8 illustrates the basic loaded-line phase shifter that comprises a transmission line having a characteristic impedance 𝑍𝑇L, an electrical length 𝜃 𝑙 , and two equal two-state susceptance (imaginary part of admittance) 𝐵 1 and 𝐵 2 connected in shunt with the main transmission line. The loading susceptance of these elements is controlled by switching diodes to shorten or lengthen the transmission line electrically. The required phase shift ∆𝜙 corresponds to the transition load elements 𝐵 1 to 𝐵 2 , which causes the input signal to experience a particular phase shift. The lumped-elements loaded-line phase shifter is used for low frequencies, while for higher frequencies, the loadedline phase shifter based on short-circuited stubs is used. For 𝐵 𝑖 (i = 1, 2), the transmission phase can be given from [12] [13]:

𝜙 𝑖 = cos -1 (cos𝜃 𝑙 -𝐵 𝑖 𝑍 𝑇𝐿 sin(𝜃 𝑙 )), i=1, 2 (1.13)

The required phase shift due to the switching between two states (the susceptance values 𝐵 1 and 𝐵 2 ) is:

∆𝜙 = 𝜙 1 -𝜙 2 (1.14)
When the length of the main transmission line is around 𝜆 𝑔 /4, the drawback of reflection from the loaded-line producing the phase shift can be overcome, therefore the maximum bandwidth is achieved [14] [15] [16] [17]. This type of configuration is used for phase shift values up to 45° with a flat phase response from 1743 MHz to 1924 MHz [18]. For a higher phase shift, several phase shifters of the same type can be cascaded. In [19], two 45º phase shifters are cascaded to achieve the 90º phase shift over 10% frequency band within the L band. However, the circuit size is doubled because a 𝜆 𝑔 /4 transmission line is required for each phase shifter.

Depending on the values of 𝐵 𝑖 , loaded-line phase shifters can be separated into three classes [12] [13]:

 Class I: 𝐵 1 ≠ 𝐵 2 and 𝐵 𝑖 ≠ 0, the corresponding phase is nonzero and unequal.  Class II: 𝐵 1 or 𝐵 2 = 0, this mode is called a load-unload since the line load is conceptually applied to and removed from the line.  Class III: 𝐵 1 = -𝐵 2 , the loading is switched between complex-conjugate values. The line length is necessarily 𝜃 𝑙 = 90°, and the loading switches the phase by ∆𝜙/2. 

Reflection type phase shifter

The third kind of phase shifter is the reflection type phase shifter (RTPS). RTPS are presented in [20] [21] [22], they are mostly based on 90° branch-line couplers, where the two ports (through and coupled) are loaded with reflective loads 𝑍 𝑟 as shown in Figure 1.9.

The quadrature coupler is an hybrid coupler that provides a 3dB power split for the two output arms with a 90° phase difference in the outputs of the through and coupled arms. The hybrid 90° coupler is a microwave circuit that is typically implemented using microstrip lines. The input signal from port 1 is split into two equal parts between the through port 2 and coupled port 3 with a 90° phase difference. Each part of the signal is then reflected by a load with an input impedance (𝑍 𝑟 ), which is different from the characteristic impedance of the coupler (𝑍 0 ), inducing an additional phase shift θ caused by the loads, which is equal to the phase of the load reflection coefficient (Γ), assuming that the two reflective loads and the 90° coupler are lossless. The two reflected signals from each load combine in-phase at the output, which is the isolation port. However, the two reflected signals reach the input port with 180° out of phase, canceling each other. The desired phase shift is obtained by varying the impedance values of loads, thus varying the transmission phase.

For lossless reflective loads, the final phase shift between the input and isolated (output) ports varies with the load impedance values of θ, which can be calculated as:

∆𝜙 = -90°-2 tan -1 ( 𝑍 𝑟 Z0 ) = -90°- 𝛤 (1.15)
𝛤 is the reflection coefficient of 𝑍 𝑟 normalized by 𝑍 0 .

If the load impedance varies from Zr,max to Zr,min, the corresponding phase shift can be calculated as:

∆𝜙 = 2 [𝑎𝑟𝑐𝑡𝑎𝑛 ( 𝑍 𝑟,𝑚𝑎𝑥 Z0 
) -𝑎𝑟𝑐𝑡𝑎𝑛 ( 𝑍 𝑟,𝑚𝑖𝑛

)]

(1. 16) where 𝑍 𝑟,𝑚𝑎𝑥 and 𝑍 𝑟,𝑚𝑖𝑛 denote the maximum and minimum reflection impedances, respectively.

Instead of changing the load impedances, they are replaced by a variable reactance, such as a varactor diode. Therefore, a variable phase shifter is obtained, with minimum and maximum varactor capacitances 𝐶 𝑚𝑖𝑛 and 𝐶 𝑚𝑎𝑥 . The load impedance can be expressed by 𝑍 𝑟,𝑚𝑖𝑛 = 1/𝑗𝜔𝐶 𝑚𝑖𝑛 and 𝑍 𝑟,𝑚𝑎𝑥 = 1/𝑗𝜔𝐶 𝑚𝑎𝑥 . By cascading two stages of RTPS, a full span 360° continuous phase shift from 11~13 GHz [21] and across 58~64 GHz [22] is achieved. Table 1.2 presents the compared performance characteristics of the different types of the RF phase shift. It shows that different kinds of RF phase shifters do not have the same properties, reflection types have a simple architecture, and that switched-lines and loaded-lines tend to have a relatively large size. Switched lines and reflection types allow a large phase shift with a wide bandwidth, while loaded lines have a good behavior for smaller phase shifts. All comparisons between various type of phase shifter have been discussed in [START_REF] Chakraborty | Paradigm Phase Shift: RF MEMS Phase Shifters: An Overview[END_REF]. 

Microwave photonic phase shifter and true time delay based on optical approaches

Optical approaches used for implementation of TTD rely on optical delay lines. In a MWP delay line, either an intensity or phase modulator is needed to implement electrical to optical conversion, and a photodetector (Pd) is needed to convert the optically time delayed signal to an electrical signal. Different techniques have been proposed to implement MWP delay lines or phase shifts, these techniques can be implemented based on fiber optics such as dispersive fibers, fiber Bragg gratings (FBGs) and stimulated Brillouin scattering (SBS). The following subsection provides a review of the state of the art of MWP phase shifters which is the essential element for implementing TTD. Slow and fast light effects in stimulated Brillouin scattering (SBS) offer compact solutions used in microwave phase shifting and in TTD lines. In this section, TTD based on FBG Prism is presented. Besides, the recent generation of TTD relying on separate carrier tuning (SCT), such as, SCT using SBS delay line with fiber Bragg grating, SCT using two SBS system, and SCT using Dual-parallel Mach-Zehnder modulator are presented.

Dispersion fiber delay lines

The phenomenon in which phase velocity of a wave depends on its frequency is known as dispersion, a medium that possesses such properties is known as a dispersive medium [START_REF] Keiser | Optical Fiber Communications[END_REF]. An optical fiber, such as a single-mode fiber (SMF) or a dispersion-compensating fiber (DCF) can be used as dispersive elements.

Figure 1.10 depicts the structure to implement a tunable delay line using a dispersive fiber (DF). An input optical signal with a tunable wavelength from a tunable laser source (TLS) is sent to a Mach-Zehnder modulator (MZM), which is modulated by an electrical radio frequency (RF) signal. At the output of the MZM, the modulated optical signal is launched across the length of the dispersive fiber. Different wavelengths would experience different time delays because of the chromatic dispersion. Finally, the delayed signal is detected using a photodetector.

The delay at different wavelengths with a wavelength 𝜆 0 + ∆𝜆 in a dispersive fiber can be expressed as in [START_REF] Keiser | Optical Fiber Communications[END_REF] [25] : with the time delay (𝜏 0 ) at reference wavelength (𝜆 0 ), (L) the length of fiber, (D) the dispersion parameter of fiber, and ∆𝜆 is the spectral width of the light source.

Tunability can be achieved by changing the optical carrier wavelength or the length of the dispersive fiber. Furthermore, tunable MWP delay lines based on dispersive fibers have been used to implement true time beamforming in a phased array antenna [START_REF] Esman | Fiber-optic prism true time-delay antenna feed[END_REF].

Stimulated Brillouin scattering based microwave photonic phase shifter

Stimulated Brillouin scattering (SBS) in fiber optics relies on nonlinear interactions between counter-propagating optical waves, single sideband modulated carrier with pump and Stokes waves in an optical single mode fiber. The application of SBS for phase shifting mechanisms was first introduced by Loayssa and Lahoz [START_REF] Loayssa | Broad-band RF photonic phase shifter based on stimulated Brillouin scattering and single-sideband modulation[END_REF].

The illustration of the working principle of SBS is shown in 
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It can be noticed from Figure 1.11, on one hand, that the optical carrier is inside the narrowband spectral region (loss/gain spectral) providing a phase shift that can be tuned in a range greater than 2𝜋 [START_REF] Loayssa | Applications of Optical Carrier Brillouin Processing to Microwave Photonics[END_REF]; on the other hand, RF sidebands are placed outside the SBS band, therefore no phase shift occurs on it.

Tunable phase shifting is obtained by changing the frequency differences (𝑓 𝑒 ) among the pump waves and the carrier signal. Besides, it can be varied through changing the pump power [29] [30]. Moreover, if the two pumps have identical power, the amplitude gain/loss will exactly compensate for any detuning of their central resonance frequency, and the phase change will sum up [START_REF] Pagani | Tunable wideband microwave photonic phase shifter using on-chip stimulated Brillouin scattering[END_REF]. The phase shifting results from the phase response of the Brillouin gain that varies linearly around the peak gain frequency. The bandwidth of MWP phase shifter based on SBS is limited by the bandwidth of the optical transmitters/receivers installed [START_REF] Loayssa | Applications of Optical Carrier Brillouin Processing to Microwave Photonics[END_REF] [29] [START_REF] Pagani | Tunable wideband microwave photonic phase shifter using on-chip stimulated Brillouin scattering[END_REF].

An experimental configuration of tunable RF phase shift using SBS in optical fibers [START_REF] Loayssa | Broad-band RF photonic phase shifter based on stimulated Brillouin scattering and single-sideband modulation[END_REF] [28] is presented in Figure 1.12. The input optical signal is launched through two paths, the first goes through an optical single-sideband (OSSB) modulator while the second goes through a Mach-Zehnder electrooptic modulator, which is driven by an RF frequency (𝑓 𝑒 ) in order to generate a double sideband suppressed carrier signal (DSB-SC) [START_REF] Montgomery | A novel technique for double sideband suppressed carrier modulation of optical fields[END_REF]. The two sidebands of DSB-SC act as two pump waves. A circulator is used to counter-propagate this DSB-SC signal with the OSSB modulated carrier in dispersion shifted single-mode fiber (DS-SMF). In DS-SMF, SBS interaction takes place between the optical carrier and the two sidebands. A photodiode (Pd) is used to convert the OSSB modified signal back to RF signal. The RF phase shift can be tuned by adapting the frequency detuning (𝑓 𝑒 ) of the SBS gain/loss from the carrier. The phase shifter based on SBS can be considered an essential building block of true time delay function. 

Fiber Bragg grating based microwave photonic phase shifter

Fiber Bragg grating (FBG) is an optical reflector constructed in a short segment of optical fibers that reflects particular wavelengths of light while transmitting all others. The optical wavelength reflected along the FBG is decided by the refractive index. This is achieved by inducing permanent periodic changes in the refractive index of the core of an optical fiber. The formation of permanent gratings in an optical fiber was first demonstrated in [START_REF] Hill | Photosensitivity in optical fiber waveguides: from discovery to commercialization[END_REF]. The Schematic is shown in Figure 1.13.

The schematic diagram of the microwave photonic phase shifter based on tilted FBG (TFBG) is shown in Figure 1.14. TFBG have a periodic refractive index modulation along the fiber axis, but different from FBG. In TFBG, there is a tilt angle between the grating plane and fiber cross-section, leading to more complex mode coupling. The grating period along the fiber axis Λ is different from that perpendicular to grating plane Λg, and their relationship can be expressed as Λ = Λg/cos𝜃 𝑡𝑖 , where 𝜃 𝑡𝑖 represents the tilted angle. Due to the existence of a tilt angle, two coupling modes are generated from this angle. One is between the forward direction and backward direction. The other is between the cladding and the counter-propagation direction. As a result, two wavelength resonances (Bragg resonance and cladding resonance) are created, which are given by [START_REF] Shahoei | Tunable microwave photonic phase shifter based on slow and fast light effects in a tilted fiber Bragg grating[END_REF] as:

𝜆 𝐵 = 2𝑛 𝑒𝑓𝑓,𝑐𝑜𝑟𝑒 ∧ 𝑔 𝑐𝑜𝑠𝜃 𝑡𝑖 (1.18) 
𝜆 𝑐𝑙 = (𝑛 𝑒𝑓𝑓,𝑐𝑙𝑎𝑑𝑑𝑖𝑛𝑔 +𝑛 𝑒𝑓𝑓,𝑐𝑜𝑟𝑒 ) ∧ 𝑔 𝑐𝑜𝑠𝜃 𝑡𝑖 (1.19) where 𝜆 𝐵 is Bragg resonance wavelength, 𝜆 𝑐𝑙 is the resonance wavelength of cladding, (𝑛 𝑒𝑓𝑓,𝑐𝑜𝑟𝑒 ) and (𝑛 𝑒𝑓𝑓,𝑐𝑙𝑎𝑑𝑑𝑖𝑛𝑔 ) are the effective refractive indices of the core and the cladding mode, respectively. Based on Kramers-Kronig relations, a change in the amplitude results in a change in the phase (φ), and consequently leads to a change in the group delay. A tunable phase shift/time delay can be achieved by slightly tuning the wavelength [START_REF] Shahoei | Tunable microwave photonic phase shifter based on slow and fast light effects in a tilted fiber Bragg grating[END_REF]. Coherent population oscillations (CPO) is a phenomena that can give rise to resonances much narrower than the relaxation rate of optical coherences [START_REF] Lauprêtre | Ultranarrow coherent population oscillation resonance in a Λ-type system[END_REF]. The former happens in a two-level system (TLS), by applying an optical pump at the angular frequency (ω0) and a probe at (ω0 + Ω), the total optical intensity is then modulated in amplitude at the detuning frequency (Ω). When (Ω) is set at low frequency, which is much less than the inverse of population lifetime (𝜏 -1 ), the population inversion is modulated in antiphase with respect to the incident optical intensity as illustrated in Figure 1. 15(a). This implies that the gain is also modulated by antiphase. These leads to a dynamic variation of the optical gain, inducing in turn a phase shift. On the other hand, when (Ω) is set at a high frequency, which is much greater than (𝜏 -1 ), the population is too slow to perceive the fast modulation of the optical intensity. Thus, the population inversion and the gain are not modulated, as illustrated in Figure 1. 15(b). The population oscillation is significant when the detuning frequency is smaller than the inverse carrier lifetime. Therefore, the bandwidth CPO is limited by the inverse of the carrier lifetime (𝜏 -1 ) to few hundreds of MHz. 

𝜃 𝑡𝑖 Pd

Practically, it is not necessary to use two separate lasers as the pump and probe as they can be generated by using a single laser with temporal modulation [START_REF] Berger | Lumière lente et rapide dans les amplificateurs optiques à semiconducteurspour des applications en optique micro-onde et aux RADAR[END_REF].

The schematic structure of CPO based phase shifter is shown in Figure 1.16 where SOA is used as a gain medium. Phase shifters based on CPO effects in SOA can be achieved by injecting an intensity-modulated optical signal into an SOA at a modulation frequency at low frequency (below the carrier density cut-off frequency). Therefore, the carrier density oscillating at the frequency modulation leads to a dynamic variation of the optical gain, inducing a phase shift, after photodetection the output signal is phase-shifted relative to the input signal. CPO effects are controlled by the average optical gain. Both the optical input power and the electrical injection current can be used to tune the phase shift. CPO in SOA can support both true time delays and broadband microwave phase shifters at low frequencies. Several works have been done on tunable phase-shifting based on CPO configurations in SOA [START_REF] Berger | Lumière lente et rapide dans les amplificateurs optiques à semiconducteurspour des applications en optique micro-onde et aux RADAR[END_REF] [37] [38] [39]. In experiments based on CPO in SOA, the gain dynamics limit the RF phase shift to a few tens of degrees and the available RF bandwidth to a few GHz. Besides, phase shifts up to 2𝜋 have been reached when cascading several stages based on SOAs [40] [41].

Instead of using cascaded SOAs, optical filtering of the red-shifted modulation sideband (low sideband) before detection is used, it enables a significant increase in phase shifts up to 180° [START_REF] Berger | Lumière lente et rapide dans les amplificateurs optiques à semiconducteurspour des applications en optique micro-onde et aux RADAR[END_REF] [42] [START_REF] Li | An X-band full-360° reflection type phase shifter with low insertion loss[END_REF]. The large phase shift obtained by red sideband filtering is accompanied by a significant RF signal reduction. Moreover, the enhancement of phase shift in an SOA by forced coherent population oscillations (forced CPOs) has been experimentally demonstrated by modulating SOA's current, so-called forced SOA, and without the need of sharp optical filter [START_REF] Berger | Experimental demonstration of enhanced slow and fast light by forced coherent population oscillations in a SOA[END_REF].

The operating frequency provided by CPO is limited by the inverse of the carrier lifetime to a few hundreds of MHz [START_REF] Berger | Dynamic saturation in semiconductor optical amplifiers: accurate model, role of carrier density, and slow light[END_REF]. To overcome this limitation, up-converted CPO in an SOA noted by Up-CPO is used, leading to the generation of time delays on signals of up to THz [START_REF] Berger | Time delay generation at high frequency using SOA based slow and fast light[END_REF].

Up converted CPO effects in SOA based microwave photonic phase shifter

The generation of true time delays at a high frequency, that is a linear relationship between the RF phase shift and the RF frequency with an adjustable slope is done by Up-CPO.

A schematic description of Up-CPO principle is shown in Figure 1.17. The principle of Upconverted CPO [START_REF] Berger | Time delay generation at high frequency using SOA based slow and fast light[END_REF] is to combine CPO and cross gain modulation (XGM) that it is achieved by injecting two optical modulated signals into the SOA. A first optical signal 𝑃 𝑖𝑛1 at wavelength 1 is modulated at a high frequency (f1), with f1 >> 1/(2d) where d is the dynamic carrier lifetime. Thus, the carrier density in the active region and the SOA optical gain is not affected by this modulation. On the other hand, the second optical signal Pin2 at wavelength 2 is modulated at a low frequency f2 with f2 << 1/(2d). Therefore, the carrier density oscillating at f2 leads to a dynamic variation of the optical gain. Thus, through XGM, the high frequency modulated signal 𝑃 𝑖𝑛1 is modulated by 𝑃 𝑖𝑛2 , and intermodulation products at high frequency f = f1 ± f2 are generated.

After photodetection by Pd, the output RF signal at f = f1 ± f2 provides information on the phase shift, which can be tuned through the operating condition of the SOA (the injected current or the input optical power).

True time delay based on FBG prism

The realization of tunable true time delays based on fiber optic prism consisting of an array of dispersive delay lines was demonstrated in [START_REF] Esman | Fiber-optic prism true time-delay antenna feed[END_REF]. To reduce the size of the fiber optic prism, the dispersive delay lines can be replaced by FBG delay lines. The FBG prism consists of different channels of FBG (presented in section 1.2.2.3) delay lines created in a prism format as shown in Figure 1.18.

The architecture consists of four discrete time delay lines, with each delay line having five FBGs to achieve five discrete beam pointing directions for beam steering. The optical signal emitting from the tunable laser source (TLS) is externally modulated with a MZM, then is fed into the four delay lines via an optical splitter. The signal is then reflected by the FBGs in the delay lines. Different reflection positions can be obtained depending directly on the TLS wavelength. The recovered RF signal after the Pd has a particular phase corresponding to the time delay induced by the grating position.

For a given light wavelength 𝜆 𝑖 , with i=1,..,5, the time delay difference caused by adjacent FBG fiber is given in [START_REF] Zmuda | Photonic beamformer for phased array antennas using a fiber grating prism[END_REF] [49] as:

∆𝜏 𝐹𝐵𝐺,𝑖 = 2 𝑛 𝑒𝑓𝑓 ∆𝑑 𝑖 𝑐 (1.20)
where 𝑛 𝑒𝑓𝑓 is the effective refractive index of the fiber core, ∆𝑑 𝑖 is the position difference between FBGs with same Bragg wavelength 𝜆 𝑖 at adjacent FBG fiber, and c is the speed of light. The beam steering direction can be set by tuning the wavelength of the optical carrier. A fully tunable phase shift cannot be achieved, as the number of steered directions is limited by the number of FBGs. The disadvantage of this system is the prism which consists of several discrete FBGs rendering the system to be too bulky, complicated and unstable. A solution is to use a single wideband Chirped Bragg Grating [2] [50]. To achieve tunable time delays, the wavelength spacing should be tunable. Therefore, a multi-wavelength laser source with tunable wavelength spacing is required.

Separate carrier tuning technique

Tunable delay lines suffer from a trade-off between the achievable time delay and the bandwidth. To get rid of this limitation, a smart approach that consists of the use of separate carrier tuning (SCT) is proposed in [START_REF] Morton | Microwave Photonic Delay Line With Separate Tuning of the Optical Carrier[END_REF] [52] [START_REF] Li | True-time delay line with separate carrier tuning using dual-parallel MZM and stimulated Brillouin scattering-induced slow light[END_REF].

In general, to implement a delay line, a linear phase response should be applied to the modulated signal spectrum. By using a single-sideband modulation, a larger bandwidth can be achieved than by using a double-sideband modulation. Therefore, considering the case of an SSB modulated optical signal having an optical carrier (OC) at (𝑣 𝑐 ) and a modulated single sideband, where only the upper sideband is kept (𝑣 𝒄 + 𝑣 𝑅𝐹 ), as in Figure 1.19.

TTD requires a constant delay over the whole frequency range. This case refers to Figure 1. 19(a), where a time delay is introduced by an ideal delay line with a linear phase slope over the whole frequency range (red dashed line). 

𝑇 𝑅𝐹 = 𝜙(𝑣 𝒄 + 𝑣 𝑅𝐹 ) -𝜙(𝑣 𝒄 ) 2𝜋𝑣 𝑅𝐹 (1.21) 
In a broadband frequency, no data is occupied between OC and modulation sideband, as in Figure 1.19. Therefore, it is not necessary to have a linear phase response in the unoccupied region. For optical TTD to be more effective, SCT is used. It provides the generation of TTD (linear phase shift) over the RF sideband, yield to constant group delay over the frequency range 𝛥𝑣 𝑅𝐹 , and then separately tuning the RF phase delay at the optical carrier. This allows us to extrapolate the linear phase shift applied over the whole optical sideband as shown in Figure 1.19(b) which depicts TTD using SCT technique. The phase response introduced by a dispersive component, here SBS single sideband, is used to induce Brillouin gain at 𝑣 𝑐 + 𝑣 𝑅𝐹 .

As presented in the previous part, it implies a linear slope at the upper sideband (red solid line). Thus, the signal group delay 𝑇 𝑠𝑖𝑔 introduced to the signal at the frequency 𝑣 𝑐 + 𝑣 𝑅𝐹 is given by:

𝑇 𝑠𝑖𝑔 = 1 2𝜋 𝑑𝜙 𝑑𝑣 | 𝑣 𝑐 +𝑣 𝑅𝐹 (1.22)
At the resonance center the phase 𝜙(𝑣 𝒄 + 𝑣 𝑅𝐹 ) is null. To perform TTD by only phase tuning of OC, two delays are required to be equal 𝑇 𝑠𝑖𝑔 = 𝑇 𝑅𝐹 . It is done by choosing a proper phase shift to OC in order to match signal and RF delays. The calculated phase shift is given from the expression [START_REF] Morton | Microwave Photonic Delay Line With Separate Tuning of the Optical Carrier[END_REF] [52] [START_REF] Li | True-time delay line with separate carrier tuning using dual-parallel MZM and stimulated Brillouin scattering-induced slow light[END_REF] as: The generation of true time delay using SBS (explained in section 1.2.2.2) in optical fibers and separate phase shift of the optical carrier has been experimentally demonstrated in [START_REF] Gasulla | Application of slow and fast light effects to microwave photonics[END_REF]. The experimental set-up of TTD is illustrated in Figure 1.20.

𝑇 𝑠𝑖𝑔 = 𝑇 𝑅𝐹 = -𝜙(𝑣 𝑐 ) 2𝜋𝑣 𝑅𝐹 (1.23)
The SCT technique consists of two parts. First, the implementation of a constant group delay over the frequency range of interest, while the second implements an optical carrier phase shifting by means of an FBG. The first part is performed by using the principle described in the previous section SBS process by only using one pump wave in the DSF (Dispersion shifted fiber), and SBS generated Brillouin gain. The central frequency of Brillouin gain is down shifted from the pump frequency in such a way that the optical carrier signal falls into the SBS Brillouin gain. The spectral slope of phase shift experienced by the RF sideband can be tuned by simply changing the power of the pump wave.

The second part is described in section 1.2.2.7 and corresponds to the extrapolated value of that achieved in the RF spectral region [START_REF] Gasulla | Application of slow and fast light effects to microwave photonics[END_REF]. Since, optical delays and RF sidebands experience the same delay, 0.5 to 50 ns of TTD tunability is achieved, across 10 MHz of bandwidth, limited by the SBS bandwidth.

Another approach is based on the same technique without using FBG, but by using a second Brillouin pump signal to generate a narrowband resonance in the vicinity of the carrier frequency [51] [52]. The phase of the optical carrier is then adjusted to ensure TRF = Tsig by detuning the central frequency of the resonance with respect to the carrier frequency.

1.2.2.9 True time delay based on SCT using dual-parallel MZM and SBS Figure 1.21 represents the schematic of a true time delay system in [START_REF] Li | True-time delay line with separate carrier tuning using dual-parallel MZM and stimulated Brillouin scattering-induced slow light[END_REF]. Three MZMs structured as two MZMs set in parallel and forming a third MZM3, so-called dual-parallel MZM (DPMZM). They were combined together to achieve a double sideband carrier suppressed with optical carrier modulated signal (DSB-SC+ OC) the details in [START_REF] Li | True-time delay line with separate carrier tuning using dual-parallel MZM and stimulated Brillouin scattering-induced slow light[END_REF]. DPMZM is used to achieve optical carrier phase tuning.

Optical carrier is amplified by an EDFA1 and is fed into a MZM driven by RF signal of frequency (vp) to generate DSB-SC modulated signal. The signal is pre-amplified by EDFA2 and acts as pump signal. The pump power is adjusted by using a variable optical attenuator (VOA). An optical circulator is used to counter propagate the pump and the DSB-SC modulated signals. In the DSF, SBS generates both Brillouin gain and loss. By properly setting the driven frequency of MZM, a single sideband of the DSB-SC+OC modulated signal located at the Brillouin gain/loss are achieved as depicted in Figure 1.22 for the case of vRF <vP and vP = vRF + vB, so a linear phase shift is achieved. 1.3 Summary of fiber optic delay line [START_REF] Shahoei | Delay Lines[END_REF].

Type of delay line Time delay Bandwidth Loss Tunability

Dispersive Fiber [START_REF] Keiser | Optical Fiber Communications[END_REF] [25]

Tens of ps Tens of GHz Small Changing:

-Carrier frequency SBS [START_REF] Loayssa | Broad-band RF photonic phase shifter based on stimulated Brillouin scattering and single-sideband modulation[END_REF]- [START_REF] Pagani | Tunable wideband microwave photonic phase shifter using on-chip stimulated Brillouin scattering[END_REF] Tens of ns

Hundreds of MHz

Quite large Changing:

-Pump power -Pump frequency -Carrier frequency

FBG [32] [33]

Hundreds of ps Tens of GHz

Quite large Changing:

-Carrier frequency CPO [START_REF] Lauprêtre | Ultranarrow coherent population oscillation resonance in a Λ-type system[END_REF]- [START_REF] Chang-Hasnain | Slow and Fast Light in Semiconductor Quantum-Well and Quantum-Dot Devices[END_REF] Tens of ps Few GHz Small Changing:

-Input optical power -Biasing current -Frequency detuning Table 1.4 Summary of true time delay.

Type of TTD Time delay Bandwidth Tunability

FBG Prism [50]

Hundreds of ps

Few GHz Changing:

-Optical carrier wavelength

SCT based on SBS-FBG [54]

Tens of ns Few MHz Changing:

-Pump power

SCT based on

Two SBS [START_REF] Chin | Broadband true time delay for microwave signal processing, using slow light based on stimulated Brillouin scattering in optical fibers[END_REF] Tens of ns Hundreds of MHz Changing:

-Carrier frequency

SCT based on DPMZM-SBS [53]

Tens of ns 

Conclusion

In this chapter, we have pointed out first the principle of MWP systems, we discussed the difference between phase shift and true time delay, we have provided an overall review of the main realization of phase shift, based on optical and electrical approaches, and the realization of true time delay relied on optical approaches. The key features of the reviewed techniques of RF phase shift, microwave phase shifter based on optical approaches, and true time delay using several optical approaches, have been reviewed and summarized in Table 1.2, Table 1.3, and Table 1.4, respectively.

 TTD relies on FBG prism: the system is bulky, complicated, and unstable since the sensitivity of FBG to environmental temperature.  TTD relies on two SBS and SCT: required an additional optical sideband filter and a separate carrier phase shifter, adding complexity to system.  TTD relies on DPMZM and SCT: optical sideband filter is not required, but high pump power is required for a larger phase shift.

Electrical approaches operating at high frequency (or mm-wave) tend to be bulky, lossy, and susceptible to electromagnetic interference. The most promising technique among the presented optical approaches is CPO in a semiconductor optical amplifier, which suits the requirement in terms of bandwidth (fewer GHz), low power, small device, and simple tunability of phase shift/delay based on SOA current or input optical power. The generation of phase shift/delay at any high frequency in a single SOA can be done using Up-converted CPO (Up-CPO), which will be presented in chapter 2.

Introduction

The study of photonics-induced tunable microwave phase shifts and delay lines has gained increasing interest over the past decades. One of the most successful approaches to generate tunable microwave phase shifts is based on CPO effects in SOAs [1] [2].

This chapter focuses on the experimental and theoretical analysis of tunable microwave phase shifts based on CPO and Up-converted CPOs effects in SOAs. In the first section (2.1), we review the SOA applications and nonlinearities. We explore the CPO effects in different SOA structures using small-signal analysis in section (2.2). Then, we investigate the difference in performance achieved by using four different SOAs as microwave phase shifters (section 2.3) and propose the addition of the cross-gain modulation response (XGM) (section 2.4) to achieve the desired optical control of the RF phase shift in SOAs. Based on the understandings of CPO, we study the Up-converted CPO in different SOA structures (section 2.5), a method shown to produce a tunable microwave phase shift at high frequencies.

Semiconductor optical amplifier

A semiconductor optical amplifier (SOA) is an optoelectronic device, similar to a semiconductor laser, specifically designed to amplify optical signals under suitable operating conditions. Unlike semiconductor lasers, a SOA can amplify optical signals in a single pass, so there is no optical cavity. The nonlinear behavior of semiconductor materials with respect to optical power is commonly used in all-optical and optoelectronic applications such as wavelength conversion and switching functions [3] [4]. SOAs are the most promising candidates for the realization of all-optical processing devices due to their small size, fast and strong nonlinearity characteristics, and high integration potential with other electronic and optical devices. In the case of a spontaneous emission, the created photon is emitted in a random direction, with a random phase. For a stimulated emission, the radiative recombination is induced by an incident photon; the generated photon is then emitted having the same direction, phase and energy as the incident photon. This latter mechanism allows optical amplification if the carrier 

Valence band

Conduction band ℏ𝜔 density (electrons and holes) is high enough. Thus, it is necessary to confine both the carriers and the photons in the active zone in order to produce an efficient amplifier. Next, we will briefly describe the typical structure of SOAs.

Basic structure of SOAs

A schematic of an SOA is given in Figure 2.2. It has an antireflection treatment on its input and output facets in order to minimize parasitic reflectivity. The p-type and the n-type semiconductors are put together to create the p-n junction, which contains the recombination of electrons and holes. The active region is a thin layer between the "p" and "n" semiconductor layer that has a smaller bandgap than those of the layers surrounding it. Optical gain can be realized by electrically injecting an external current into the device's active region, realizing the population inversion necessary for the amplification by stimulated emission process. An input optical power experiences a single pass gain after traveling through the SOA active region of length L, always accompanied by the amplified spontaneous emission (ASE) which is generated from the spontaneous emission light and then amplified during the propagation inside the SOA. The ASE is considered as a noise source for the transmitted signal [3].

The type of material used in the SOA's active region determines its gain spectrum and operating characteristics. SOA can cover all the various optical communication bands (O-, E-, S-, C-and L-bands) in addition to 0.8µm band. It is made out of the same III-V material as the material used to manufacture the laser sources in these regions. These materials are III-V semiconductors, including InP, InGaAs, InGaAsP, AlGaAs and InAlGaAs. 

SOA gain

We have seen that the semiconductor material forming the SOA's active area exhibits optical amplification under certain conditions. The gain presented by this material at the wavelength (λ) is called material gain (𝑔 𝑚 ), [𝑚 -1 ]. Analysis done in [5] shows the dependence of this gain on the carrier density (N) [𝑚 -3 ] as well as the wavelength of the signal (λ). The material gain is asymmetrical as a function of the wavelength of the incident optical signal.

During its propagation along the cavity, the optical signal will benefit from net gain (𝑔 𝑛 ), [𝑚 -1 ], which considers the total loss (α) [𝑚 -1 ], in the cavity. The net gain is defined as the difference between the modal gain and total loss and is given by the following equation:

𝑔 𝑛 = 𝛤𝑔 𝑚 (𝑁, 𝜆) -𝛼 (2.1)
where is the optical confinement factor.

The optical gain seen by an optical signal which passes through an SOA of length (L) is defined by the ratio of the output and input powers (𝑃 𝑜𝑢𝑡 ) and (𝑃 𝑖𝑛 ) , and is equal to:

𝐺 = 𝑃 𝑜𝑢𝑡 𝑃 𝑖𝑛 (2.2)
Assuming that the carrier density is constant in the SOA, the signal propagating along the active region takes advantage of what is referred to as the single-pass gain (G). This term is measurable and can also be determined by:

𝐺 = 𝑒 𝑔 𝑛 𝐿 (2.3)

Gain saturation

In Figure 2.3(a), the gain saturation for high currents is caused by two phenomena. One is that the amplified spontaneous emission consuming carriers become preponderant. The other is that at high currents, the density of carriers becomes significant, which increases the rate of nonradiative recombination.

In Figure 2.3(b), the increase in the injected optical power induces a depletion of the carriers along the active region, thus causing gain saturation in the device. In fact, the gain remains quasi-constant for low powers of the incident signal because they do not significantly modify the density of carriers leading the amplifier to operate in linear mode, this is referred to as unsaturated gain. When the power of the injected signal becomes strong, the stimulated emission considerably reduces the carrier density, which decreases the gain of the SOA. Saturation not only results in a drop in gain, but also in a shift from the top of the gain curve towards long wavelengths as shown in Figure 2.3(c). The saturated and unsaturated gain curves merge for long wavelengths.

The SOA gain saturation can be characterized by the optical output saturation power. This power represents the output power of the amplifier for which the gain decreases to half of its maximum value, in other words, the gain decreases by 3 dB compared to the unsaturated gain (Figure 2.3(b)). 𝑃 𝑜𝑢𝑡,-3𝑑𝐵 is written in a first approximation in [3]:

𝑃 𝑜𝑢𝑡,-3𝑑𝐵 = 𝑤𝑑 𝛤 𝐺 𝑙𝑛(2) (𝐺 -2) 𝐼 𝑠𝑎𝑡 (2.4) 𝐼 𝑠𝑎𝑡 = 𝛤𝑃 𝑠𝑎𝑡 𝑤𝑑 = ℎν 𝑎 0 𝜏 (2.5)
where 𝐼 𝑠𝑎𝑡 is the saturation intensity of the amplifying material of the active medium, 𝑃 𝑠𝑎𝑡 is the saturation power of the semiconductor material, w is the optical active zone width of height d, 𝜈 denotes the optical frequency of the incident signal, 𝑎 0 is the differential gain and 𝜏 represents the carriers lifetime in the active region due to the different rates of radiative and non-radiative recombinations. The presence of high input power will lead to reduce the carrier lifetime, which leads to better dynamic performances [6]. Nonlinearities in SOAs are principally caused by variation of the carrier density induced by the amplifier gain that reacts to changes in the input signal power, producing variations both in power and phase. The main types of nonlinearity are self-gain modulation (SGM), cross gain modulation (XGM), self-phase modulation (SPM), cross phase modulation (XPM), four-wave mixing (FWM), self-induced polarization rotation (SPR), and cross-polarization modulation (XPolM) [3] [7].

Self-Gain and Cross Gain Modulation

Self-gain modulation (SGM) occurs when an input optical signal is injected into the SOA, a change on its optical power leads to a variation of the optical gain, due to the SOA saturation.

Cross gain modulation (XGM) is a nonlinear effect which is related to the SOA gain modulation as the SGM. It implies the modulation of the gain induced by an optical signal (known as pump signal), which affects the gain of a second injected optical signal (known as probe signal) propagating simultaneously into the SOA. XGM is a technique that allows the wavelength conversion of an optical signal.

Self-Phase and Cross Phase Modulation

An optical input signal, when injected into the SOA, causes modulation of the carrier density in the active region of SOA, which in turn can alter the refractive index of the medium. As a result, the input signal modifies its own phase at the SOA output. This process is known as self-phase modulation (SPM) [8].

In cross-phase modulation (XPM), an optical control signal is used to modulate the phase of another input signal. An intensity-modulated optical control signal propagating into the SOA modulates the carrier density in the SOA's active region, leading to a change in its refractive index (SPM). As a consequence, the phase of a second signal will be modulated by this index modulation, that depends upon the intensity modulation of the control signal. A number of applications based on XPM, such as wavelength conversion or RF mixing by using two SOAs in an interferometric structure (SOA-MZI), have been developed [9] [10]. The SPR and XPolM effects describe the nonlinear rotation of the polarization state of a signal at the output of the SOA with respect to its input polarization. SPR and XPolM are due to the modification of the structural birefringence of the SOA and the difference between the gain of transverse electric (TE) and transverse magnetic (TM) (the gain saturation of the TE and TM modes is different) induced respectively by the variation of the optical signal power itself (SPR) and by that of another signal injected simultaneously with the first one in the SOA (XPolM).

The SOA bias current and the input power are among the parameters that determine the amplitude of the polarization rotation.

SOA modeling

The modeling of a SOA can be done by considering, in a first approximation, the SOA cavity as a single section where the carrier and photon density are constant. To better consider gain saturation effects and the evolution of the carrier density along the SOA in the propagation direction z, the active region (cavity) of SOA is divided into several calculation sections. Since the carrier density is not constant along the length of the device, we divide the SOA into Msections along its length. The modeling used in this thesis utilizes the model proposed in the thesis of P. Morel [5] and [12], which was implemented using the simulation software ADS (Advanced Design System). The parameter values of the model implemented under ADS are presented in Table A1 [Appendix]. The aim of using this model is to obtain the operating points that we used in the theoretical part of our study.

Figure 2.4 shows the SOA of length L, divided into M-sections. L is the total length of the active area, and 𝐿 𝑖 is the length of a single section. Ni represents the carrier density in the "i" calculation section. The total 𝐼 𝑏𝑖𝑎𝑠 is equally divided into 𝐼 𝑖 where 𝐼 𝑖 is the electrical bias current applied on the i th calculation section.

The ± signs denote propagation in +z and -z directions, where z is the position along the device. In each section, the input signal and the ASE are expressed respectively by the propagation of the envelop of the optical filed ℱ 𝑖 ± , due to the injected optical input powers 𝑃 𝑖𝑛 ± , and optical intensity 𝐼 𝐴𝑆𝐸,𝑖 ± .

The determination of the optical output power 𝑃 𝑜𝑢𝑡 ± and the SOA characteristics are obtained from the coupled equations in each section i of the optical signal fields propagation and the rate equation of the carrier densities.

The propagation equation of the optical field signal 𝐸 of z length can be given as:

𝐸 ± (𝑧) = 𝑒 ∓𝑖𝑘(𝑁,𝜆)𝐿 𝑖 𝐸 ± (0) (2.6)
where 𝑛 𝑒𝑞 (𝑁 𝑖 , 𝜆) is the refractive index, 𝑘(𝑁 𝑖 , 𝜆) refers to the wavevector it is expressed as:

𝑘(𝑁 𝑖 , 𝜆) = 𝑛 𝑒𝑞 (𝑁 𝑖 , 𝜆) + 𝑖 2 𝑔 𝑛 (𝑁 𝑖 , 𝜆) (2.7) 
where 𝑘(𝑁 𝑖 , 𝜆) describes the action of the medium in section i on the optical field, in terms of propagation-linked dephasing and gain.

The optical field (of dimension √𝑊/𝑚 2 ) can be expressed in function of the envelop as:

𝐸 ± (𝑧) = ℱ 𝑖𝑛 ± (𝑧)𝑒 𝑖Ω𝑡 (2.8)
where Ω is the angular frequency of the optical field at wavelength 𝜆 and the expression of the envelop is given by:

ℱ ± (𝑧) = 𝑒 ∓𝑖𝑘𝑧 ℱ ± (0) (2.9) 
For an input power 𝑃 𝑖𝑛 , the input optical envelop field can be written in function of the optical power by:

ℱ 𝑖𝑛 ± = √ Γ 𝑤𝑑
ȁ𝑃 𝑖𝑛 ȁ𝑒 𝑖𝜙(𝑃 𝑖𝑛 ) (2.10) The general form of the rate equation for section i is given by

𝑑𝑁 𝑖 𝑑𝑡 = 𝐼 𝑖 𝑞 𝑒 𝑉 𝑖 -𝑅 𝑛𝑠𝑡,𝑖 -𝑅 𝑠𝑡,𝑖 -𝑅 𝐴𝑆𝐸,𝑖 (2.11) 
where index i refers to the section number, 𝐼 𝑖 is the SOA bias current for section i, 𝑉 𝑖 is the optical active zone volume of length 𝐿 𝑖 .

The first term on the right-hand side represents the addition of carriers in the active region from the bias current. These injected carriers are then depleted by various mechanisms within the amplifier. The second term is due to nonradiative and radiative recombination mechanisms.

The third and fourth terms represent the radiative recombination of carriers due to the amplified signal and amplified spontaneous emission (ASE) respectively.

Nonradiative and radiative recombination can be defined by:

𝑅 𝑛𝑠𝑡,𝑖 = 𝑁 𝑖 𝜏 𝑖 (2.12)
where 𝜏 𝑖 and 𝑁 𝑖 are the carrier lifetime and carrier density in section i, respectively. The carrier lifetime is 𝑁 𝑖 dependent and is obtained by:

1 𝜏 𝑖 = 𝐴 + 𝐵𝑁 𝑖 + 𝐶𝑁 𝑖 2 (2.

13)

where A is the nonradiative coefficient due to recombination, B is the spontaneous radiative recombination coefficient, and C is the Auger coefficient.

The recombination rate due to the amplified spontaneous emission is determined by taking into account the ASE spectral dependence. This is achieved by defining M ASE pseudo-modes. The pseudo-modes take into account the entire spectrum of the amplified spontaneous emission. R ASE,i due to pseudo-modes M ASE in each section is calculated as follows:

where the recombination rate due to a single pseudo-mode, at wavelength 𝜆 𝑘 , it is given by the following equation: Each SOA device being different, performance comparison is made with respect to the static optical gain. We have firstly reviewed the static characteristic for the four SOAs used. We classified the SOAs in static regime in terms of their output power over a wide range of wavelengths, input powers and bias currents. A continuous optical signal is injected into the SOA input, we then measure the optical gain as the input optical power, bias current and wavelength are varied. Table 2.1 represents the static characteristics of SOAs measured at the maximum biasing current and at -25 dBm input optical power, and the output saturation power at the maximum bias current of each SOA. The wavelength is fixed at 1550 nm for all SOAs.

𝑅

CPO effects in different structures of SOAs

In this part, we derive the small-signal variation of SOA carrier density and its optical output power due to the variation of the input signal. This allows us to evaluate the effects of self-gain modulations on amplitude and phase at the SOA's output. The modeling is done by considering one calculation section (i = 1) equal to the length of the SOA for a simple approach, where the carrier density N is constant all along the SOA.

CPO modeling by small signal analysis

The model used for small-signal analysis is based on a carrier density rate equation (2.11) and a set of travelling-wave equations describing the amplified signal fields (2.6) [12] [13] [14] [15]. In order to perform a small-signal analysis, an intensity-modulated optical signal is injected into the SOA. The signal has a power of 𝑃 𝑖𝑛 𝑥 at wavelength 𝜆 𝑥 , and is modulated at a low frequency (𝑓) with 𝑓 ≪ 1/(2d) where d is the dynamic carrier lifetime.

The time varying input signal can be written:

𝑃 𝑖𝑛 𝑥 = 𝑃 𝑖𝑛 𝑥 ̅̅̅̅ + 𝛿𝑝 𝑖𝑛 𝑥 = 𝑃 𝑖𝑛 𝑥 ̅̅̅̅ + 𝑝 𝑖𝑛 𝑥 2 𝑒 𝑗𝜔 𝑥 𝑡 + 𝑝 𝑖𝑛 * 𝑥 2 𝑒 -𝑗𝜔 𝑥 𝑡 (2.18)
𝑃 𝑖𝑛 𝑥 ̅̅̅̅ is the mean input power at 𝜆 𝑥 , the sinusoidal variation is denoted by 𝛿𝑝 𝑖𝑛 𝑥 is the amplitude of the RF modulation at an angular frequency 𝜔, 𝜔 = 2𝜋𝑓 of the optical signal at the wavelength 𝜆 𝑥 and ( * ) stands for the complex conjugate value.

By using a first-order Taylor expansion, the input electrical field 𝐸 𝑖𝑛 𝑥 corresponding to 𝑃 𝑖𝑛 𝑥 can be written [16], expressed in square root of Watt: which increases by increasing the SOA gain or the SOA optical input power.

Besides, the phase tends to have a maximum value of In the next section we will demonstrate the phase response of both cases of the sgn(𝑅 𝛼 ) by means of measurement.

Experimental results and discussions

In this section, we present the experimental comparison between four different SOAs for tunable RF phase shifts. It is based on CPO effects in a SOA, which were introduced in 1.2.2.4. The comparison between SOAs is done in terms of maximum phase shift, RF penalty on gain and CPO3dB bandwidth. An evidence of a specific CPO response is indicated, where the response of the phase shift is different from the known CPO. This regime is explained by smallsignal equations and presented in section 2.3.3.3.

Experimental setup

The static characteristics of the four different commercial SOAs used in this work are presented in section 2.2. The experimental setup of the microwave photonic phase shifter based on CPO in a semiconductor optical amplifier is shown in generated from a laser source emitting at 𝜆 𝑥 = 1550 nm, and then modulated via an external Mach-Zehnder Modulator (MZM), which has a measured electrical bandwidth of 6 GHz. It is driven by a continuously variable RF signal at frequency fVNA, swept from 100 MHz to 20 GHz, from a Vector Network Analyzer (VNA). By incorporating an Erbium Doped Fiber Amplifier (EDFA) having an optical gain of 17 dB, and a variable optical attenuator (VOA), the input optical power 𝑃 𝑖𝑛 𝑥 ̅̅̅̅ can be adjusted between -30 dBm to 11.6 dBm at the SOA's input.

An amplified photodetector (Pd) converts the optical output of the SOA into an RF signal that is received by the VNA. The detected RF signal is compared with the RF reference signal to determine the microwave phase shifts or time delays, which are caused by the SOA. The RF modulation power is fixed at 0 dBm.

In the experiment, we measure the phase of this RF signal while fVNA is swept. To ensure a good comparison between all SOAs, the measurements are all made with respect to their static optical gains.

The measurements of RF power and phase shift are made by measured the S-parameters using VNA. The RF power of the output RF signal is measured relatively to a back-to-back measurement, without the SOA in the optical path. Therefore, the measured RF power is obtained by 20 log(|𝑆 21,𝑧 |) -20 log(|𝑆 21,𝑦 |), where z refers to SOAs static optical Gain (0, 5, 10, 13, 15 dB) and y is the back-to-back measurement without SOA.

A phase measurement is a relative (ratio) measurement and not an absolute one. Therefore, RF phase shift is measured relative to a reference. This is done by measuring the relative S21 phase responses of the RF output signal with respect to a reference: 𝜙 𝑟𝑒𝑙𝑎𝑡𝑖𝑣𝑒 = 𝑎𝑟𝑔(𝑆 21,𝑧 ) -𝑎𝑟𝑔(𝑆 21,𝑟𝑒𝑓𝑒𝑟𝑒𝑛𝑐𝑒 ), where reference is fixed at a lower gain at -5 dB. For the amplitude response, we define the RF penalty as the difference between the minimum and maximum RF power, at low and high frequencies of the output of the corresponding RF signal, respectively, to a saturated and an unsaturated dynamic optical gain. The CPO3dB bandwidth corresponds to the frequency for which the minimum value of the output RF signal increases by 3 dB. The measured RF power has high pass filter characteristics resulting from the presence of CPOs, as explained via asymptotic behavior of the CPO responses in section 2.3.2. At low microwave frequencies, the oscillations of the carrier density (CPO) are modulated by saturation due to the modulated optical intensity. This in turn induces gain variation that typically occurs at frequency lower than the inverse of carrier lifetime ( 

SOA-XN

The maximum phase shift typically increases with, and can be controlled by, adjusting the optical gain (bias current and input optical power). SOA-L has a similar behavior to [13] [20] [21], where the maximum phase shift of 26° is obtained. Moreover, a tunable microwave relative phase shift as high as 89°, which is the maximum obtained phase shift to the best of our knowledge, is measured at an operating frequency of 1.5 GHz at the optical gain of 10 dB for SOA-XN. Table 2.2 summarizes the comparison between the four SOAs for achieving maximum phase shift. It is obtained at the same static gain of 10 dB. SOA-L has the lower RF penalty of 7.1 dB and higher CPO bandwidth is about 780 MHz, but it has a lower maximum relative phase shift, compared to other SOAs. The maximum relative phase shift attains 89,3 (close to the maximum theoretical value) for the SOA-XN but is accompanied with an RF penalty of about 36,2 dB and a limited CPO bandwidth of 160 MHz. The larger the phase shift is, the larger the penalty over RF gain becomes. For the use of the CPO as a tunable delay line, we focus on the relative phase response and RF power for 4 SOAs at low frequencies. Besides, at Gain 5 dB, SOA-L has an interesting RF power (Figure 2.12 (b)), which only deviates by 1.5 dB over 0.5 GHz, while for SOA-NL1, SOA-NL and SOA-XN RF power deviates by 6.5 dB, 6 dB and 11.5 dB, respectively. Thus, at low frequency, only the SOA-L can realize a tunable delay line, which satisfies both condition of constant RF power and linear phase shift over frequency lower than 0.4 GHz. A specific regime of phase variation is established for biasing currents of 180, 220, 325 and 350 mA. In addition, if the bias current is kept constant at 325 mA, this particular response occurs for optical input powers ranging from -5 to 3 dBm (Figure 2.14(b)). However, for input powers higher than 5 dBm and lower than -10 dBm, this specific response is not present. It should be noted that this phenomenon has been observed experimentally only with a SOA-XN. 

Optically controlled of RF phase shift using Cross Gain Modulation

In the previous sections, we have established a set of equations associated with optical signals, all based on the knowledge of the carrier density in the calculus section. In this section, we focus on the possibility of achieving optical control of RF phase shifts in a SOA, based on the addition of the XGM of a CW signal at a SOA output. Moreover, the impact of the XGM response of the amplified spontaneous emission (ASE) on the relative phase shift is also presented. A small-signal analysis of ASE and optical CW control power is developed. A numerical calculation is used to analyze the controllable RF phase shift. The measurement results are presented for several control signal powers using SOA-L, which can perform at low frequency both tunable phase shifter and tunable delay line. For a simple approach, the SOA is also modeled from [10][11][12][13][14] and [19] [20] by considering one calculation section. For a simplified approach, the SOA is modeled from [12] and [22] by considering one calculation section and one pseudo-mode at λASE for the ASE output power 𝑃 𝐴𝑆𝐸 . We consider that 𝑔 𝑛 𝑥 ̅̅̅̅ = 𝑔 𝑚 𝑥 ̅̅̅̅ , and the losses are null.

Small-signal analysis of ASE and optical control of RF phase shift

The stimulated recombination rate due to photons of signal sig and CW can be given as: 

𝑎 𝑠𝑖𝑔 𝑃 𝑠𝑎𝑡 𝑠𝑖𝑔 + 𝑃 𝑖𝑛 𝐶𝑊 (𝐺 𝐶𝑊 -1) 𝑎 𝐶𝑊 𝑃 𝑠𝑎𝑡 𝐶𝑊 ) (2.37)
where 𝐺 𝑥 is the SOA gain at 𝜆 𝑥 , and 𝑎 𝑥 is the peak-gain coefficient at the signal wavelength 𝜆 𝑥 . Here x refers to sig, CW or ASE signal at the wavelength 𝜆 𝑥 .

The signal amplification also depends on the amount of ASE generated by the amplifier. This is because ASE consumes the available carrier density and helps to saturate the gain. By considering the previous simplification, the stimulated recombination rate due to ASE (𝑅 𝐴𝑆𝐸 ) and the ASE power can be expressed from [12] as: 

𝑅 𝐴𝑆𝐸 = 2 𝑤𝑑𝐿 ( 𝐺 𝐴𝑆𝐸 -1 𝑔 𝑛 𝐴𝑆𝐸 𝐿 -1)

Numerical calculation of RF phase shift

By substituting the carrier density modulation (2.43) into (2.31), (2.46), and (2.47), 𝑝 𝑜𝑢𝑡 become:

𝑝 𝑜𝑢𝑡 = 𝑝 𝑖𝑛 𝑠𝑖𝑔 𝐺 𝑠𝑖𝑔 ̅̅̅̅̅̅ ( 1 + 𝐾 1 (1 + 𝐾 2 ) 1 + 𝐾 1 (1 + 𝐾 2 )𝐺 𝑠𝑖𝑔 ) (1 + 𝑗𝜔 𝜏 1 + 𝐾 1 (1 + 𝐾 2 )
)

(1 + 𝑗𝜔 𝜏 1 + 𝐾 1 (1 + 𝐾 2 )𝐺 𝑠𝑖𝑔 ) = 𝑝 𝑖𝑛 𝑠𝑖𝑔 𝐺 𝑠𝑖𝑔 ̅̅̅̅̅̅ 𝜌 (1 + 𝑗 𝜔 𝜔 1 ) (1 + 𝑗 𝜔 𝜔 2 ) (2.

49)

with: In the case that we consider that ASE is negligible and without the presence of 𝑃 𝑖𝑛 𝐶𝑊 ̅̅̅̅̅̅ , 𝐾 2 is equal to zero in (2.49). We can then find that the RF small-signal modulation component at the output of the SOA is equal to (2.36), which refers to the usual CPO response. Moreover, the transfer function of (2.49) has the same transfer function of (2.33) for the case when 𝑅 𝛼 is positive, but the difference is the cut-off frequencies. From equation (2.49) and for 𝜔 1 < 𝜔 < 𝜔 2 , we can derive that we have a maximum phase shift 𝜙 𝑚𝑎𝑥 at:

𝜔 1 = 1 + 𝐾 1 (1 + 𝐾 2 ) 𝜏 (2.50) 𝜔 2 = 1 + 𝐾 1 𝐺 𝑠𝑖𝑔 ̅̅̅̅̅̅ (1 + 𝐾 2 ) 𝜏 (2.
where the maximum achievable phase shift 𝜙max of 𝑝 𝑜𝑢𝑡 can be given by:

with

𝐾 𝑇12 = 𝐾 1 (1 + 𝐾 2 ).
The . This condition will be the same for the penalty 𝜌.

𝑓 𝑚𝑎𝑥 = 𝜔 𝑚𝑎𝑥 2𝜋 = √ 𝜔 1 𝜔 2 2𝜋
(2.55)

𝜙 𝑚𝑎𝑥 = 2𝑎𝑡𝑎𝑛 ( √ 1 + 𝐾 𝑇12 𝐺 𝑠𝑖𝑔 ̅̅̅̅̅̅ 1 + 𝐾 𝑇12 ) - 𝜋 2 (2.56)
For a SOA with a gain of 20 dB, the calculation of the phase and the RF power of 𝑝 𝑜𝑢𝑡 (2.49)

for 𝑃 𝑖𝑛 𝑠𝑖𝑔 ̅̅̅̅̅̅ = -15 dBm has been performed for three scenarios (Figure 2.17). The operating point has been obtained from the ADS model (presented in section 2.1.6). In each case the operating point has been obtained by solving the rate equation (2.11) in static regime, by using 1 calculation section for the SOA presented in [12]. In absence of 𝑃 𝑖𝑛 𝐴𝑆𝐸 ̅̅̅̅̅̅ and 𝑃 𝑖𝑛 𝐶𝑊 ̅̅̅̅̅̅ , case (i), the Finally, in presence of 𝑃 𝑜𝑢𝑡 𝐴𝑆𝐸 ̅̅̅̅̅̅ and in presence of an external control power 𝑃 𝑖𝑛 𝐶𝑊 ̅̅̅̅̅̅ of about 0 dBm, the case (iii) shows a large improvement in the phase shift at 𝑓 𝑚𝑎𝑥 from 7° to 35° with a higher penalty of 13 dB, as shown in Figure 2.17(b). We can notice that the more variation we have between 𝑝 𝑜𝑢𝑡,𝑓 𝑥 →0 to 𝑝 𝑜𝑢𝑡,𝑓 𝑥 →∞ (Figure 2.17 Actually, in measurement, phase shifts are evaluated relative to a reference signal corresponding to the SOA fed at the minimum current of 60 mA, referred to gain 0 dB, and the phases are then measured for the SOA fed at 250 mA, referred to gain 20 dB. The maximum phase shift of 𝑝 𝑜𝑢𝑡 = 𝑝 𝑜𝑢𝑡 𝑠𝑖𝑔 + 𝑝 𝑜𝑢𝑡 𝐴𝑆𝐸 + 𝑝 𝑜𝑢𝑡 𝐶𝑊 0 dBm is 32º, compared to 𝑝 𝑜𝑢𝑡 𝑠𝑖𝑔 is 29º. We notice that it is less suitable to control the phase shift using CW for the case of high fixed input optical power. 

Up-converted CPO in different structures of SOAs

As we show previously, the CPO techniques is performed in baseband frequency domain up to 1 GHz due to the SOA carrier lifetime. However, it has been demonstrated that the integrated delay generator based on Up-converted CPO in a SOA, noted by Up-CPO, eliminates the issue of the intrinsic limitation of the carrier lifetime, leading to the generation of a time delay on signals of up to THz depending on the SOA optical bandwidth [13] [14]. In this section, we present theoretical and experimental results of Up-converted CPO, which is the first stage of a TTD hybrid structure. We describe the principle of Up-CPO and we derive a small-signal analysis of Up-CPO optical power in function of the mean carrier density in SOA. We present the issue that has not been previously addressed in the literature regarding Up-CPO in nonlinear SOAs, namely the role of high-orders of carrier density modulation. We develop a small-signal analysis in a pump-probe configuration. The evaluation of the dynamic carrier lifetime is done by a static calculation as a function of the injected optical powers, using small-signal expressions. A comparison between theoretical and experimental data concerning the amplitude and phase shift of microwave signals is presented both in pump-probe and Up-CPO configurations, for three different types of SOAs (SOA-L, SOA-NL and SOA-XN), which is done for the first time.

Principle of Up-converted CPO

We recall the principles of Up-converted CPO (also noted Up-CPO), which has been described in section 1.2.2.5. A schematic describing the Up-CPO principle is shown in Figure 2.24. A first optical signal 𝑃 𝑖𝑛 𝑐 at the wavelength 𝜆 𝑐 is modulated at a high frequency 𝑓 𝑐 , with

𝑓 𝑐 >> 1/(2𝜋𝜏 𝑑 )
where 𝜏 𝑑 is the dynamic carrier lifetime. Thus, the carrier density in the active region and the SOA optical gain are not affected by the modulation part at the high frequency 𝑓 𝑐 of this signal. Meanwhile, the second optical signal 𝑃 𝑖𝑛 𝑑 at the wavelength 𝜆 𝑑 is modulated at a low frequency 𝑓 𝑑 with 𝑓 𝑑 << 1/(2𝜋𝜏 𝑑 ). Therefore, the carrier density oscillations at 𝑓 𝑑 lead to a dynamic variation of the optical gain. Thus, through XGM, the high frequency modulated signal 𝑃 𝑖𝑛 𝑐 is modulated by 𝑃 𝑖𝑛 𝑑 , giving rise to signals at high frequencies 𝑓 = 𝑓 𝑐 ± 𝑓 𝑑 . In other words, the data signal at 𝑓 𝑑 is Up-converted around the high frequency of the carrier, at 𝑓 𝑐 ± 𝑓 𝑑 . After photodetection, the RF output signal provides information on the phase shift that can be tuned through the operating condition of the SOA [14]. The model used for small-signal analysis is based on a carrier density rate equation and a set of travelling-wave equations describing the amplified signal fields, which have been initiated in section 2.3.1. We develop first the Up-CPO optical power response as a function of the SOA carrier density variation. The calculation is performed by dividing the SOA into 2 sections to better consider the SOA gain saturation. Therefore, we develop the carrier density modulation in the first section followed by carrier density modulation in the second section Then, we show that the frequency responses of the carrier density can be extracted from the experimental results obtained in a pump-probe configuration in order to access to the Up-CPO frequency responses.

Up-converted CPO optical power response as a function of the SOA mean carrier density

We consider that the optical gains at 𝜆 𝑐 and 𝜆 𝑑 are equal to 𝐺 ̅ . At the SOA output, the optical field at the wavelength 𝜆 𝑐 , can be obtained from (2.19) as:

𝐸 𝑜𝑢𝑡 𝑐 = 𝐸 𝑖𝑛 𝑐 √𝐺𝑒 𝑗∆𝜑 (2.57)
here x in (2. 19) refers to carrier 'c' or data 'd' at wavelength 𝜆 𝑥 . ∆𝜑 is the difference of phase due to the propagation along the SOA.

Inside the SOA, the oscillation of the carrier density along the SOA length is induced by the two input signals 𝑃 𝑖𝑛 𝑐 and 𝑃 𝑖𝑛 𝑑 at the angular frequencies 𝜔 𝑐 and 𝜔 𝑑 respectively. By considering a first-order approximation, the beating terms at 𝜔 𝑐±𝑑 = 𝜔 𝑐 ± 𝜔 𝑑 can be neglected.

By dividing the SOA in M sections along its length, we can define a mean carrier density 𝑁 𝑒 which is the mean value of the carrier densities in the M sections as

𝑁 𝑒 = ∑ 𝑁 𝑖 𝑀 𝑀 𝑖=1 (2.58)
where 𝑁 𝑖 is the carrier density in section i.

Therefore, the expression of the mean carrier density 𝑁 𝑒 (𝑡) in (2.20) is written as: We assume that the SOA gains at 𝜆 𝑃𝑢 and 𝜆 𝑃𝑟 are the same: for the section 𝑖 we have 𝐺 𝑖 𝑃𝑢 ̅̅̅̅̅ = 𝐺 𝑖 𝑃𝑟 ̅̅̅̅̅ = 𝐺 𝑖 ̅ , and 𝑎 𝑃𝑟 = 𝑎 𝑃𝑢 = 𝑎. Generally, in small-signal analysis, the SOA is modeled by only one calculation section [11][12][13][14] and [19] [20]. In order to take into account the nonlinear effect due to the saturation regime, the model must include an extra number of sections, causing the analytical expression of 𝑛 𝑒 (𝜔 𝑥 ) to become more complex. As we increase the number of sections, so does the complexity of the equations; thus, we divide the total SOA length into only two sections of equal lengths (𝐿 1 = 𝐿 2 = L/2). Each section is biased by half of the total SOA bias current I (𝐼 1 = 𝐼 2 = I/2) (see Figure 2.25).

𝑁 𝑒 = 𝑁 𝑒 ̅̅̅ + 𝑛 𝑒,
Therefore, in the pump-probe configuration, an intensity-modulated optical power acting as a pump signal at 𝜆 𝑃𝑢 is injected in the first SOA section at the SOA input (Figure 2.25), which is expressed at the SOA input as: (2.81)

𝑃 𝑖𝑛 𝑃𝑢 = 𝑃
 𝐾 𝑛1𝑛2 = 𝑃 𝑠𝑎𝑡,2 𝑃𝑢 𝐾 𝑛1 + 𝐾 𝑛2 𝐺 1 ̅̅̅ 𝑃 𝑠𝑎𝑡,1 𝑃𝑢 (1 -𝐾 𝑛1 ( 𝑃 𝑖𝑛,1 𝑃𝑟 ̅̅̅̅̅̅̅ +𝑃 𝑖𝑛,1 𝑃𝑢 ̅̅̅̅̅̅̅ 𝑃 𝑠𝑎𝑡,1 𝑃𝑢 
))

(2.82)

 𝐾 𝑛1 = 𝐺 1 ̅̅̅̅ -1 (1+𝐾 1 𝑃𝑢 )
(2.83) 2.70) by using 2 calculation sections for the SOA presented in [5] [12]. We consider two cases where the probe input power 𝑃 𝑖𝑛 𝑃𝑟 ̅̅̅̅̅ is set first at a low power (-30 dBm) and then at a high power to saturate the SOA (0 dBm). For each case, we vary the pump input power 𝑃 𝑖𝑛 𝑃𝑢 ̅̅̅̅̅ from -30 to 10 dBm. In this case, (2.78) tends to a first-order low-pass response. This indicates that modeling the SOA by only one section is sufficient.

 𝐾 𝑛2 = 𝐺 2 ̅̅̅̅ -1 (1+𝐾
For higher 𝑃 𝑖𝑛 𝑃𝑢 , ̅̅̅̅̅̅ 𝐺 2 is more saturated than 𝐺 1 , this in turn leads to 𝜏 𝑑,12 < 𝜏 𝑑,1 as shown in Figure 2.26(b). A deep saturation, for the case where 𝑃 𝑖𝑛 𝑃𝑟 ̅̅̅̅̅ is set at 0 dBm, leads to always have 𝜏 𝑑,12 > 𝜏 𝑑,1 (Figure 2.26(d)). Therefore, the frequency response of (2.78) no longer corresponds to a first order low-pass response.

Full Up-CPO frequency response

As we explained in section 2.5.2.2, the carrier density dynamics 𝑛 𝑒,𝜔 𝑃𝑢 are obtained from the pump-probe configuration and then used to determine the full frequency response of the Up-CPO configuration. (2.86)

Calculation and measurement of frequency responses for pump-probe and Up-CPO setups

After presenting the principle and the small-signal analysis of the Up-CPO, in this section, we first give the experimental results of a pump-probe configuration in order to determine the values of 𝜏 𝑑,12 , 𝜏 𝑑,1 and 𝜏 𝑑,2 in equations (2.78) to (2.80). These parameters are then used in (2.85) to calculate and discuss the Up-CPO frequency response. Finally, we compare the theoretical and experimental Up-CPO frequency responses.

The experimental results were measured for three different SOAs. SOA-L, SOA-NL and SOA-XN, are identified respectively as linear, nonlinear and extra nonlinear SOAs. The static characteristics of SOAs measured at the maximum biasing current and at -25 dBm input optical power, are shown in Table 2.1.

Pump-probe characterization

The experimental setup of pump-probe is illustrated in Figure 2.27, an intensity-modulated optical pump of 5 dBm at 𝜆 𝑃𝑢 = 1545 nm and a continuous wave (CW) optical probe of -5 dBm at 𝜆 𝑃𝑟 = 1550 nm are simultaneously injected into the SOA. An optical filter is used at the SOA output to measure the signal converted at 𝜆 𝑃𝑟 through XGM. After photodetection, the RF signal 𝑝 𝑜𝑢𝑡,𝜔 𝑃𝑢 𝑃𝑟 is measured with a vector network analyzer (VNA).

As each SOA device is different, the measurements are made with respect to the static optical gains 0 dB, 5 dB and 10 dB in presence of the input pump power of 5 dBm and the input probe power of -5 dBm. for the three SOAs. The experimental results show that the SOAs NL and XN present, at -3 dB of the maximum RF power, a large bandwidth. SOA-XN can reach 18.45 GHz of bandwidth, while SOA-L has a 3.95 GHz bandwidth, obtained for gain 10 dB. We also notice that non-flat responses are obtained for SOAs NL and XN.

In order to determine the values of 𝜏 𝑑,12 , 𝜏 𝑑,1 and 𝜏 𝑑,2 we fit the experimental results of the pump-probe configuration by the normalized form of the measured RF power 𝑝 𝑜𝑢𝑡,𝜔 𝑃𝑢 𝑃𝑟 for SOA-L, SOA-NL and SOA-XN. The normalized function is obtained from (2.78) as: The calculated data of the normalized RF power from 𝑝 𝑜𝑢𝑡,𝜔 𝑃𝑢 𝑃𝑟 show a good agreement with the measured ones (Figure 2.28) for the three different SOAs. These show that the SOA modeling by dividing its length into two sections allows us to reproduce their high-order frequency responses with a good accuracy.

𝑇(𝑓) = 1 + 𝑗𝜔𝜏 𝑑,12 (1 + 
Moreover, the fitting results show that a flat frequency response in the bandwidth at -3 dB is obtained when 𝑓 12 ≥ 𝑓 1 , corresponding to 𝜏 𝑑,12 ≤ 𝜏 𝑑,1 . Otherwise, a slight overshoot appears as for SOAs NL and XN at gains 5 dB and 10 dB, that corresponds to 𝜏 𝑑,12 > 𝜏 𝑑,1 , where (2.78) no longer has a first-order low-pass response (as stated in section 2.5.2.3).

Calculation of the absolute Up-CPO frequency response

For practical reasons, in experimental measurements, we only have an easy access to relative responses, i.e., the difference between two measurements, rather than the absolute ones. 2.3 to Table 2.5). By increasing the SOA gain to 5 and 10 dB, SOA-L shows a larger phase shift and power variation than for SOA-NL and XN (Figure 2.30) due to their higher cut-off frequencies (Table 2.3 to Table 2.5). In addition, the overshoot that exists for both SOA-NL and XN at gains 5 dB and 10 dB in (b) (a)

𝐶 𝐺 = 𝑎𝑟𝑔 (1 -𝐴 𝑇 ± (𝑓 𝑐 )) (2 

Validation of small-signal calculations by experimental results of Up-CPO responses

The experimental setup is illustrated in Figure 2.31. A first optical signal emitted at 𝜆 𝑐 = 1550 nm is intensity-modulated at a high radiofrequency 𝑓 𝑐 = 15 GHz via the Mach-Zehnder modulator MZM1. A second signal emitted at 𝜆 𝑑 = 1545 nm is intensity-modulated via the Mach-Zehnder modulator MZM2 by a low RF frequency 𝑓 𝑑 varying from 0.1 to 5 GHz. It is generated by using a RF mixer, as the difference between 𝑓 𝑐 and 𝑓 VNA , a signal varying from 10 to 20 GHz generated by the VNA. The laser wavelengths are set to be close to the one for 2.4 and Table 2.5).

The experimental results of the relative phase shift and normalized relative power of the Up-CPO signal are shown in Figure 2.33 and Figure 2.34 for gains 0 dB and 5 dB, respectively. We can see that the measured phase shift shows an offset at 15 GHz for both SOA-NL and SOA-XN. This offset is due to the large bandwidth of the reference response at gain 10 dB, where 𝑓 3𝑑𝐵 =18.45 GHz for SOA-XN and 14.65 GHz for SOA-NL (see Table 2.4 and Table 2.5), which is close to or higher than 𝑓 𝑐 .

For the gain 5 dB, the cutoff frequency for SOA-XN (5.97 GHz) and for SOA-NL (5.23 GHz) are not significantly lower than 𝑓 𝑐 . In this case, the two terms 𝜀 𝑐+𝑑 (𝜔 𝑐 ) and 𝜀 𝑐-𝑑 (𝜔 𝑐 ) must be For SOA-NL and SOA-XN, the frequency responses for the reference chosen at the gain 10 dB present a cutoff frequency close to 𝑓 𝑐 (for SOA-NL) or slightly above 𝑓 𝑐 (for SOA-XN).

Although the approximations concerning the beating terms inside the SOA (that were made in section 2.5.2.1) are relatively rough in this case, the relative Up-CPO responses for gains of 0 and 5 dB are in agreement over the 10 GHz measurement range around fc except for the SOA-XN responses for 5 dB gain (in Figure 2.33), where a difference appears between theoretical and experimental results. We can see that the measured relative phase shift for different bias currents at 𝑓 𝑐 = 10 GHz has the same phase variation as at 𝑓 𝑐 = 30 GHz. However, an offset on the relative phase shift response is obtained for 𝑓 𝑐 = 10 GHz, compared to 𝑓 𝑐 = 30 GHz.

The measured relative phase offset with respect to the reference for different Ibias, at 𝑓 𝑐 = 10 GHz and 30 GHz, is summarized in Table 2.6. We can note that the offset is lower for 𝑓 𝑐 = 30 GHz. Thus, the obtained experimental results validate the influence of 𝑓 𝑐 on the Up-CPO response that are given by the small signal analysis in equation (2.89).
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Delay calculation of Up-CPO

After calculating the absolute Up-CPO phase responses in section 2.5.3.2, the corresponding delay can be calculated through the negative derivative of Up-CPO phase shift response versus frequency as in (1.12). The results are illustrated in Figure 2.36 and Figure 2.37. They show that the delay is not constant, a drop around 𝑓 𝑐±10𝑀𝐻𝑧 occurs. We notice that SOA-L responses present higher and sharper variations than SOA-NL and SOA-XN. We also see that the value of the drop decreases with the gain as seen in Figure 2.36 and Figure 2.37. We define the delay variation ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 , as the variation between the top point at 𝑓 𝑐±10𝑀𝐻𝑧 ± 0.5 GHz and the bottom point at 𝑓 𝑐±10𝑀𝐻𝑧 . -104-CHAPTER 2. COHERENT POPULATION OSCILLATIONS (CPO) AND UP-CONVERTED CPO IN DIFFERENT STRUCTURES OF SEMICONDUCTOR OPTICAL AMPLIFIERS

As SOA-L presents a higher deviation, we only show the results of the delay variation for SOA-NL and SOA-XN in Table 2.7. We notice that at a gain 0 dB the variation for SOA-XN is about 41.1 ps, more significant than for the SOA-NL, about 8.1 ps. Besides, it shows that the higher the gain is, the smaller the variation in the delay response becomes. At gain 5 dB, the maximum ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 ~13.5 ps is registered for SOA-XN at 1.125 GHz accompanied with 𝜎 𝑑𝑒𝑙𝑎𝑦 of 3.8 ps, while for SOA-NL ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 is ~ 8.7 ps and 𝜎 𝑑𝑒𝑙𝑎𝑦 is 2.6 ps.

At gain 0 dB, ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 of SOA-XN varies from 7 ps to 42 ps in frequency bands ranging from 0.15 GHz to 1.125 GHz. This response is accompanied by a high 𝜎 𝑑𝑒𝑙𝑎𝑦 ~13 ps and is registered at gain 0 dB in the frequency band range of 1.125 GHz for SOA-XN.

For SOA-NL, ∆ 𝐷𝑒𝑙𝑎𝑦 𝑝-𝑝 varies from 1.7 to 8.2 ps. This response is accompanied by a 𝜎 𝑑𝑒𝑙𝑎𝑦 of 0.6 to 2.7 ps. We can conclude that both SOA-NL and SOA-XN have a non-constant delay response although SOA-XN has more nonlinearities compared to SOA-NL.

As we discussed in chapter one, to obtain TTD over a specific bandwidth, the delay must be constant over this frequency band. Our goal is to correct the delay variation of SOA-NL and SOA-XN over a bandwidth of 1 GHz. The focus is therefore to implement a second stage based on a RF approach, that will first correct first the Up-CPO nonlinear response of SOA (of the first stage), and second to obtain a TTD system.

Conclusion

In summary, an experimental comparison of phase shifts for four different SOA structures has been performed. We showed that nonlinear SOAs allow an adjustable relative phase shift higher than the linear ones. A relative phase shift of up to 89.3°, close to the theoretical maximum, is measured around 1 GHz for a SOA-XN at the cost of an increase in the RF gain penalty. With this latter SOA, we have also experimentally observed and theoretically investigated the particular response of the RF signal phase shift.

We have experimentally and theoretically analyzed the effects of XGM responses of a SOA on controlling the phase shift induced by CPO on an RF signal. We showed that, by using the XGM response of a control signal at the SOA output, the phase shifts on an RF signal can be adjusted independently of the optical power of the modulated input signal. The capabilities of the proposed setup can achieve tunable phase shifts in the range from 16° to 45°, for an input optical signal at -15 dBm and an external CW power of 5 dBm.

We have performed theoretical and experimental analysis of Up-CPO signal undergoing coherent population oscillations and pump-probe configuration in semiconductor optical amplifiers for different devices. We have calculated the amplitude, phase and delays of Up-CPO signal responses. We demonstrated that modeling SOAs by two sections is sufficient, both for linear and nonlinear SOAs, with a good agreement between theoretical and experimental results. Finally, we point to the delay variations of SOAs (SOA-NL and SOA-XN) and propose the use of a second stage to correct the delay response of SOA-NL and SOA- 

CHAPTER 3

Radio frequency phase shifter and true time delay hybrid structure 

Introduction

As demonstrated in chapter 1, an ideal TTD must present a constant delay over the instantaneous bandwidth 𝐵 𝑖𝑛𝑠 ((Figure 3.1(c)), with constant amplitude or RF power (Figure 3.1(a)) and the projections of the linear phase shift for each configuration of the tunable device at 0 Hz equal to 𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 = 360°× k (k is an integer number) (Figure 3.1(b)). This chapter aims to realize constant tunable delay lines and TTD.

As seen in chapter 2, SOA-NL and SOA-XN have nonlinear responses, where a depth occurs over the delay response (section 2.5.6). Therefore, to obtain a TTD, we first need to correct the nonlinearity responses of SOAs. In order to obtain a flat response of delay, a second stage should be added, having the shape of the inverse response of SOA delay. In this chapter, we propose a hybrid optical-microwave structure to generate a TTD by implementing a photonic-RF hybrid structure as shown in Figure 3.3. The tunable RF phase shift/delay at high frequency function is performed by the photonic stage using an Upconverted CPO in SOAs (presented in Chapter 2), second is an RF stage needed to correct nonlinearity responses of SOAs, and for tuning the offset phase (𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 ) of the corrected response to achieve a TTD system. The second stage consists of a tunable RF phase shift, based on a RF folded filter (RF-FF), which will correct the nonlinearity responses of SOAs. This stage is known as "hybrid correction structure". The corrected delay can be electrically manipulated by voltage control (VDC) of variable capacitance (varactor) of RF folded filter with respect to the operating point of SOA (bias current). The RF phase shifter (RF-PS) will be placed after the tunable RF folded filter, so that the phase offset can be tuned by controlling the capacitance values. This stage is known as "TTD hybrid structure". Indeed, by combining the two stages, we will show in this chapter that a TTD can be achieved over a bandwidth of nearly 1 GHz by simulation. In this chapter, we discuss the characteristics of a microstrip line, describe the theory behind a microstrip filter, and discuss the Chebyshev filter used in the design part where we introduce half-wavelength open-circuit stubs bandpass filters. First, we present tunable RF filters; folded filter (RF-FF) and curved filter (RF-CF), followed by a Radio Frequency Phase Shifter (RF-PS) with a tunable phase offset. We will discuss how cross coupling can be reconfigured to obtain a coupling that can be physically realized. We also present the layout and electromagnetic (EM) simulation of both tunable RF filters and RF-PS, followed by experimental results for the tunable RF filter's so-called folded and curved filters. 

Theory of microstrip lines

Printed circuit boards (PCBs) are the best common method for assembling electronic circuits. It offers a reduction size and weight of the overall electronic circuit, improving connection reliability, and low manufacturing cost. Planar transmission lines are widely used in printed circuits to ensure signal transport between various active and passive components. There are several reasons for the use of planar transmission lines, such as broadband, high reliability, and the realization of compact dimensions and light weight circuits. Due to the simplicity of the associated etching process, the microstrip line is the most widely used planar technology in the application of various microwave devices. It allows a simple assembly of elements in series.

The transfer of lumped elements in parallel requires installing metallized holes between the conductor and the ground plane, leading to parasitic effects, which is a disadvantage of this technology. Microstrip has found applications frequencies ranging from 0.01 GHz up to 10

THz [1] [2].
A microstrip line consists of a flat metal strip acting as a conductor etched on the upper side of a dielectric substrate, and a ground plane placed on the opposite side as shown in Figure 3.4(a).

Due to the dielectric constant of the substrate being higher than that of air, the electromagnetic field lines are mainly concentrated in the substrate between the conductor and the ground plane. However, a small part of the electromagnetic field is located outside the dielectric (in air). In this case, the propagation mode is not pure transverse electric-magnetic (TEM), due to difference in velocities between the air and the substrate. Instead, the dominant mode of propagation is quasi-TEM mode with little dispersion. Figure 3.4(b) shows the distribution of the electric and magnetic fields in the cross-section of the microstrip line.

The quasi-TEM mode is the fundamental hybrid HE0 mode with zero cut-off frequency [3]. As the frequency rises, higher order hybrid modes can propagate through the microstrip guide [3]. Their propagation is facilitated by the increase in substrate thickness. In order to avoid the appearance and propagation of these parasitic modes, it is therefore essential to have low substrate thicknesses at high frequencies. It should also be noted that for low permittivity values, microstrip structures are more likely to radiate at high frequencies. Similarly, radiation can be reduced by reducing the substrate thickness.

In the case of the microstrip line, the guided wavelength in the substrate for a frequency f is:

where 𝜆 0 = 𝑐 𝑓 is the wavelength in free space, and 𝜀 𝑒𝑓𝑓 is the effective permittivity constant. The associated propagation constant and phase velocity are: The effective dielectric constant of a microstrip line is given by [4] [5].

𝜆 𝑔 = 𝜆 0 √ 𝜀 𝑒𝑓𝑓
In equation (3.4), w represents the width of the microstrip line, h the thickness of the substrate, and 𝜀 𝑟 the dielectric constant of the substrate.

Given the dimensions, the characteristic impedance of the microstrip line can be derived from the effective permittivity and the dimensions w and h, (see (3.5)). The physical length of a microstrip line with electrical length of 𝜃 𝑙 at frequency of f can thus be calculated by:

Theory of microwave filters

In order to correct the nonlinear response of the SOA (presented in section 2.4.3.2 and section 2.4.4), we adopt the use of a microwave tunable filter to correct these nonlinearities. In the following parts, the theory of microwave filter is presented.

Microwave filters play an essential role in modern telecommunication systems. They enable many applications (audio, video, telecommunications, instrumentation, and radar) to share and maximize the use of limited spectrum resources, notably by limiting interference between systems. Filtering a signal is a delicate operation that consists of controlling the signal in a frequency band, selecting the useful components (bandwidths) and isolating the undesirable ones (attenuated bands).

A filter is defined, at a given frequency band, by the following specifications:  The amplitude response (transmission and reflection).  The group delay: it shows the linearity variation in the phase introduced by the filter.

𝑍 0 = { 𝑍 0 =
In some applications, it is necessary to have filters with a linear phase over the operating bandwidth. Such systems delay each frequency component by the same amount, thus avoiding time distortion.

Depending on the position of the bandwidth and attenuating bands in the frequency response, the filters can be classified into four categories: low-pass, high-pass, bandpass, and notch filters. As shown in Figure 3.5, the bandwidth of the low-pass filter is between 0 and ωc, while high-pass filter has opposite specifications. The bandpass filter on the other hand only selects desired band frequencies between ωc1 and ωc2. A complement to the bandpass filter is a Band reject or notch filter. It serves to eliminate undesired band frequencies between ωc1 and ωc2. Elliptic filters are known for their ripple response that is present in both passband and stopband. The passband ripple of the elliptic filter is similar to that of the Chebyshev filter. However, selectivity is greatly improved, which in turn requires more components (more complex filter).
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In this work, only bandpass filter based on Chebyshev prototype filter is considered, which is characterized by the passband ripple and offers good selectivity. In addition, the ripple in passband can be adjusted.

Transfer functions and general definition

The transfer function of a two-port filter network is a mathematical description of network response characteristics, namely, a mathematical expression of S21 [6]. The Chebyshev response that exhibits the ripple in the passband and a maximally flat stopband is shown in Figure 3.6.

The amplitude of the insertion loss of Chebyshev n th order can be expressed as:

In this expression, 𝜔 is an angular frequency variable, Tn(ω) is the n th order Chebyshev polynomial, and ε is related to the rate of ripple constant in the bandwidth. ε and Tn(ω) are defined as follows:

where LAr is the passband ripple in dB and the n th order is determined from the attenuation requirement of the stopband. The phase response and group delay of the filter can be found as:

where 𝜙 21 (𝜔) is in radians, 𝜔 is in rad/s and 𝜏 𝑑,𝐿𝑃𝐹 (𝜔) is in seconds.

Prototype lowpass Chebyshev filter

A Chebyshev lowpass prototype filter is interpreted as the filter whose element values are normalized to make the source resistance or conductance equal to one, denoted by g 0 = 1, and the cutoff angular frequency 𝜔 c = 1 (rad/s).

A prototype lowpass filter comprises localized capacitive and inductive elements determined from the specifications. Design of the bandpass filter is based on this lowpass prototype, for which some necessary transformations will be rendered (impedance and frequency transformation). A schematic of the lowpass filter prototype is shown in Figure 3.7. It's made by alternating shunt capacitances and series inductances. The g-elements represent impedances for the series elements and admittance for the shunt elements.

Figure 3.7 Lumped circuits for lowpass prototype Chebyshev filters with even n: first element is a shunt capacitor, and the last element is a series inductor.

The expressions for g-elements can be calculated using the following formulae [6]: ).

𝑇 𝑛 (𝜔) = = { cos(𝑛 𝑐𝑜𝑠 -
The passband ripples can be expressed as:

Chebyshev bandpass filter with lumped networks

Once the prototype filter is ready, it can be used for impedance and frequency transformation.

A transformation to bandpass is needed for getting bandpass characteristics. In the transformation, the serial inductance L will be converted to serial combinations of Lsi and Csi, whereas the shunt capacitance C becomes shunt combination of Lpi and Cpi as shows Figure 3.8.

The frequency response of a bandpass filter is given by the well-known conventional frequency transformation lowpass filter (LPF) to bandpass filter (BPF): where the center frequency is given by 𝜔 0 = √ 𝜔 1 𝜔 2 , the fractional bandwidth is 𝐹𝐵𝑊 = 𝜔 2 -𝜔 1 𝜔 0

𝑔 𝑖 = 1 𝑔 𝑖-1 4𝑠𝑖𝑛 [ (2𝑖 -
, and the cutoff frequencies 𝜔 1 and 𝜔 2 acting as lower and upper boundary.

The series inductors of the lowpass prototype are converted to series resonators as follows:

The shunt capacitors of the lowpass prototype are converted to shunt resonators as follows:

here 𝑍 0 is the value of the load impedance, generally set to 50 Ω.

The group delay response of the bandpass filter is then computed with:

Lowpass to bandpass transformation using immittance inverter

The term microwave applies to the frequency band ranging between 300 MHz and 300 GHz, which corresponds to wavelengths in the air between 1 meter and 1 millimeter. The dimensions used in this frequency range will therefore have to be considered in the device design. The distributed element is where the transmission lines-in which the resistance, capacitance and inductance are distributed throughout the line. Distributed networks are comprised of transmission line elements rather than resistors, inductors and capacitors. It used mostly at microwave frequencies, where lumped components are impossible to implement. Indeed, it is obviously no longer a question of using models with localized elements (resistor, inductor or capacitor) but distributed models. To do this, it is often interesting to use classical lumped schemes with impedance and admittance inverters [7]. Immittance inverters have the ability to shift impedance/or admittance depending on the choice of K or J parameters. Making use of these properties enables to convert a lumped filter circuit to an equivalent form that is more convenient for implementation with microwave structures.

Immittance inverters transform an impedance into an admittance (K-inverter) or, alternatively, an admittance into an impedance (J-inverter). The property of an idealized immittance inverter is frequency invariance. Referring to Figure 3.9(a), when the inverter is terminated with an immittance (Zt or Yt) at one end, the immittance seen at the other end (Z1 or Y1) will be [6] [7]:

𝐿 𝑠𝑖 = ( 1 𝐹𝐵𝑊𝜔 0 𝜔 𝑐 ) 𝑍 0 𝑔 0 𝑔 𝑖 𝐶 𝑠𝑖 = ( 𝐹𝐵𝑊𝜔 𝑐 𝜔 0 ) 𝑔 0 𝑔 𝑖 𝑍 0 (3.16) 𝐿 𝑝𝑖 = ( 𝐹𝐵𝑊𝜔 𝑐 𝜔 0 ) 𝑍 0 𝑔 𝑖 𝑔 0 𝐶 𝑝𝑖 = ( 1 𝐹𝐵𝑊𝜔 0 𝜔 𝑐 ) 𝑔 0 𝑍 0 𝑔 𝑖 (3.17) 𝜏 𝑑,𝐵𝑃𝐹 (𝜔) = 𝜏 𝑑,𝐿𝑃𝐹 (𝜔) 𝐹𝐵𝑊𝜔 0 [1 + ( 𝜔 0 𝜔 ) 2 ] (3.18) 
-123-CHAPTER 3. RADIO FREQUENCY PHASE SHIFTER AND TRUE TIME DELAY HYBRID STRUCTURE here K is real and defined as the characteristic impedance of the inverter K-inverter, J-inverter is real and defined as the characteristic admittance of the J-inverter. The admittance and impedance inverters used are characterized by their ABCD matrices (3.20).

One of the simplest alternatives of the inverter is the use of a quarter wavelength of characteristic impedance K or J for an admittance inverter (Figure 3.9(b)). Quarter wavelengths can transform a series connected element to shunt, and vice versa.

The impedance and frequency transformation used to obtain the bandpass filter from the lowpass prototype results in a filter network containing parallel and serial resonators [7]. However, to simplify the filter topology and make it practically feasible, it is practically advantageous to use one of the two types of resonators, either in series or parallel. The transformation from one type of resonator to another is obtained by using the previously proposed circuit called an impedance or admittance inverter. The impedance inverter can be used for the design of bandpass filters with series resonators only. Similarly, the admittance inverter is used for the design of bandpass filters using only parallel resonators. Figure 3.10 shows the use of impedance and admittance inverters to convert series resonators to parallel and vice versa. where 𝐵 𝑖 is the susceptance.

The parameter of admittance slope 𝑏 𝑖 (slope parameter) is expressed as follows:

Richards transformation

In order to convert lumped elements (L, C) into equivalent transmission lines, Richards transformation is used [6] [7]. It makes a direct analogy between lumped and distributed elements around a resonance frequency 𝑓 0 . A transmission line can be assimilated into a resonant circuit according to its length and load (open or short circuit). Table 3 

𝐿𝜔 0 = 1 𝐶𝜔 0 = 𝜋𝑍 0 2 𝐿𝜔 0 = 1 𝐶𝜔 0 = 2𝑍 0 𝜋 𝐶 = 1 𝑍 0 𝜔 0 𝐿𝜔 0 = 1 𝐶𝜔 0 = 4𝑍 0 𝜋 𝐿𝜔 0 = 1 𝐶𝜔 0 = 𝜋𝑍 0 4

Stub-type microstrip bandpass filters

Ultra-Wide Band (UWB) technology has great potential in the development of various modern transmission systems. UWB microstrip filters can be constructed from distributed elements. Such a type of bandpass filter is the quarter-wavelength shunt short-circuited stubs. It consists of a cascade shunt short-circuited stubs of electrical length 𝑙 = 𝜆 0 /4, which is the equivalent circuit of transmission line (TL) in short circuit configuration (see Table 3.1), separated by 𝜆 0 /4 inverters (equivalent TL is presented in (Figure 3.9(b)), so-called connecting lines (Figure 3.11), where 𝜆 0 is the wavelength in the medium propagation at the operating frequency 𝑓 0 . The lowpass prototype should be used to determine the g-parameters (section 3.2.2). The filter has n shunt stubs for n-reactive elements in the prototype. The characteristic admittances of the stubs 𝑌 𝑖 and the connecting lines (quarter-wavelength inverters) 𝑌 𝑖,𝑖+1 are obtained using the well-known formulas [6] [7].

Characteristic admittances of the connecting lines can be found by:

where 𝐽 𝑖,𝑖+1 is the J-inverter given by: with 𝐶 𝑎 = 2. 𝑑. 𝑔 1 , and d is a dimensionless constant (0 < 𝑑 ≤ 1) that may be assigned to another value to give a convenient admittance level inside the filter [7].

The characteristic admittances of the shunt stubs can be found by:

here Figure 3.12 shows the configuration of the bandpass filter constructed with half-wavelength open-circuited stubs connected by 𝜆 0 /4 inverters (connecting lines). Using 𝜆 0 /2 stubs is advantageous to create transmission zeros at 𝜔 0 /2 and 3𝜔 0 /2, thus, this filter has an improved frequency selectivity. This is done by replacing the quarter-wavelength short-circuited stubs (presented in Figure 3.11) by half-wavelength open-circuited ones that use two quarterwavelength stubs, the resultant filter will have similar passband characteristics but quite different stopband characteristics. This type of filters will have additional bandpass in the vicinity of 𝜔 0 = 0 and 𝜔 = 2𝜔 0 , and at other corresponding periodic frequencies [7].

𝜃 𝑙 = 𝜋 2 (1 - 
The stepped impedance half-wavelength open-circuited stubs, which are composed of 𝜆 0 /4 inner line and 𝜆 0 /4 outer open stub are found using the characteristic admittance of the transmission line [7]:

where 𝑎 = cot 2 𝜃 𝑙 ( 𝜋𝜔 ∞ 2𝜔 0
), and 𝜔 ∞ < 𝜔 1 is the frequency at which the shunt open-circuited stub presents a short circuit to the main transmission line and causes a transmission zero or attenuation pole [7]. 

𝑌 𝑖 ′ = 𝑌 𝑖 (𝑎 tan 2 𝜃 𝑙 -1) (𝑎 + 1)

Generalized coupling matrix

In Figure 3.13, the lumped resonator (LC elements) of a bandpass filter (Figure 3.10) is replaced by transmission lines, using the half-wavelength open-circuited stubs (presented in section 3.2.6).

The overall admittance 𝑦 𝑟𝑖 which contains the outer and inner admittances (see Figure 3.12) can be obtained from the following:

The impedance of the outer open stubs (𝑍 𝑟1,𝑖 ) of quarter-wavelength line can be calculated by [8]:

where 𝑍 𝑖 ′ ′ is the characteristic impedances of the outer open stubs.

From transmission-line theory, the total impedance of the stub can be calculated by [8]:

where 𝑍 𝑖 ′ is the characteristic impedances of the inner lines.

For a quarter-wavelength line (𝑙 = 𝜆 0 /4), the overall impedance 𝑍 𝑟𝑖 at the center frequency can be obtained by dividing the numerator and denominator of (3.31) by 𝑡𝑎𝑛𝛽𝑙 and taking the limit as the tangent function argument approaches 𝛽𝑙 = (2π/𝜆 0 )(𝜆 0 /4) = π/2: Then, the overall admittance is given by (3.33) at the central frequency.

A voltage-current relationship for each node in the network shown in Figure 3.13 can be combined into the matrix form which is convenient to manipulate as follows:

The network is defined by the following system of equations:

where:

 [I] is the current vector of dimension (n+2) for which [I] = [Ig, 0,..., 0] t ,  [V] is the voltage vector of dimension (n+2) with [V] = [V0, V1 ,..., Vn+1 ] t ,
 [Y] is the nodal matrix (n+2, n+2). It is always symmetrical with respect to the diagonal,  [G] is the conductance matrix (n+2, n+2).

 [𝑦 𝑟𝑖 ] is the admittance matrix of resonators (n+2, n+2) with all entries, except the diagonal, set at zero,  [J] is the admittance inverter matrix (n+2, n+2). It contains values of the mutual coupling between the nodes of the network. If the coupling occurs between sequentially numbered resonator, it is referred to as direct coupling. The entries on the main diagonal, Ji,i, Ji,i+1 and Ji,i-1 are direct couplings, whereas all other couplings between the non-sequentially numbered resonator are known as cross couplings.

[𝐽] =

[ 𝐽 1,1 𝐽 2,1 ⋮ 0 𝐽 𝑛-1,1 𝐽 𝑛,1 𝐽 1,2 𝐽 2,2 ⋮ 0 𝐽 𝑛-1,2 𝐽 𝑛,2 0 0 0 0 0 … … 0 ⋱ … … 𝐽 1,𝑛-1 𝐽 2,𝑛-1 ⋮ 0 𝐽 𝑛-1,𝑛-1 𝐽 𝑛,𝑛-1 𝐽 1,𝑛 𝐽 2,𝑛 ⋮ 0 𝐽 𝑛-1,𝑛 𝐽 𝑛,𝑛 ] [ 𝐼 𝑔 0 0 ⋮ 0 0 ] = [ 𝐺 𝑠 𝑗. 𝐽 0,1 0 ⋮ 0 𝑗. 𝐽 0,1 𝑦 𝑟1 0 ⋱ ⋯ 0 0 ⋱ 0 0 0 0 0 0 0 … ⋱ 0 𝑦 𝑟𝑛 𝑗. 𝐽 𝑛,𝑛+1 0 ⋮ 0 𝑗. 𝐽 𝑛,𝑛+1 𝐺 𝐿 ]
.

[ 

𝑉 0 𝑉 1 0 ⋮ 𝑉 𝑛+1 0 ] (3.34) [I]= [Y].[V] with [Y]= [G] + [𝑦 𝑟𝑖 ] + j.[J] ( 3 

Cross coupling

One approach to achieve the flat group delay or the variation group delay characteristics is utilizing the cross-coupling between nonadjacent resonators. The cross coupling between nonadjacent resonators is used to generate transmission zeros at a suitable real resonant frequency. A negative cross coupling, on one hand will increase the filter rejection, and on the other hand it will increase the variation in the group delay. However, a positive cross coupling will reduce the filter rejection and flatten the group delay.

To observe the effects of inserting a cross coupling on the nodal matrix, we consider the example of a 6 th order filter in which resonator 1 is coupled with resonator 6. The coupling is modeled by an ideal admittance inverter of 𝐽 1,6 characteristic admittance as shown in Figure 3.14. The feed lines of the filter are designed with a characteristic impedance of 50 ohms, the first J-inverters 𝐽 0,1 and last J-inverters 𝐽 𝑛,𝑛+1 can be neglected.

We obtain the following nodal matrix from Table 3.2 in which the J1,6 coupling appears on a secondary diagonal at the intersection between the row of resonator 1 and the column of resonator 6.

Table 3.2 Nodal matrix of a 6 th order filter with a cross coupling resonator between 1 and 6.

where GS= GL=Y0. 

Tunable radio frequency filter

In order to obtain a tunable delay to negate the delays caused by SOA, a full description of the proposed tunable RF filter is presented in this section.

Tunable filter design with ideal transmission lines

In a first step, a description of the proposed filter with ideal transmission lines is implemented on the ADS circuit simulator. We choose the Chebyshev filter, which is characterized by ripples that exist in the passband bandwidth. We have started the design of a symmetrical bandpass filter using the synthesis of Chebyshev lowpass prototype filter mentioned in section 3.2.2, the 6 th order filter is suitable for the RF filter design with 0.01 dB ripples in passband bandwidth. The reason behind the choice of 6 th order bandpass filter is to have a degree of freedom in cross coupling between non-adjacent resonators, such as 2-5 and 1-6. Table 3.3 illustrates values of the elements obtained by applying all the equations of (3.13).

The bandpass filter is usually designed using short-circuited stubs. The disadvantage of using shortened stubs is the presence of via holes which need for additional cost-effective process.

In the proposed design, we choose the half-wavelength shunt open-circuited stubs as the stubtype microstrip bandpass filter of 6 th order (the concept is in section 3.2.6). This eliminates the need for via holes in case of short-circuited stubs. Moreover, a negative cross coupling line is placed between the two non-adjacent resonators 1 and 6 to adapt the two resonant frequencies responsible for the coupling value of J 1,6 hence to introduce two transmission zeroes at both sides of the passband. Thus, the negative cross coupling 1-6, will introduce variation in the group delay. Then, the group delay ripple within the center part of the passband can be tuned.

A chain matrix of ideal J-inverter (3.20) is placed between resonator 1-6, the chosen value for J 1,6 is -0.002 to obtain a small value of delay ripple.

The proposed initial design of half-wavelength shunt open-circuited stubs bandpass filters of 6 th order with cross coupling 1-6 is illustrated in Figure 3.15. This structure has 6 inner lines, 6 open circuited stubs (outer stubs), and 5 connecting lines (inverters). The center frequency of the bandpass filter is designed at 10 GHz. The feed lines of the filter are designed with a characteristic impedance of 50 ohms, which gives Y0 = 1/50 (siemens). The parameters used in the calculation are summarized in Table 3.4. The characteristic admittance of the inner lines and outer stubs, and the connecting lines are calculated from (3.23) to (3.29), and presented in Table 3.5. After having determined all the analytical expressions necessary for the synthesis (in section 3.2.6 and 3.2.7), we can now calculate the coefficients of our nodal matrix (Table 3.2). From (3.33) the overall admittance 𝑦 𝑟𝑖 is 0. Factoring (3.23) into (3.35), the nodal matrix of 6 th order filter with cross coupling resonator between 1 and 6 is given as follow: Two transmission zeroes are introduced to the bandpass filter response at both sides at the two edges of its passband at 8 and 12 GHz as shown in Figure 3.16, by inserting a capacitive cross coupling between resonators 1-6. The cross-coupling line (placed between resonators 1-6) is used to adjust the two resonant frequencies responsible for the coupling value of J 1,6 . The insertion loss S 21 and return loss S 11 are 0.4 and 14 dB, respectively. Figure 3.17 Nevertheless, the proposed initial structure (Figure 3.15) is constrained around the value of cross coupling J 1,6 . This is due to the inability to find the required equivalent capacitance of J 1,6 (C = 0.031pF). The smallest widely available capacitance that can be found has a value 0.1pF.

Generally, the maximum electric field occurs for:

 Short circuited stub for a quarter-wavelength long present at its other extremity.  Open circuited stub for a quarter-wavelength long or half-wavelength long at its extremity.

For a half-wavelength stub terminated at its free end by an open circuit the largest electric field is concentrated at the ends of two extremity of the stub. In the middle of the stub at λ0/4 there is an electric short circuit (zero electric field), as in the case of the end of quarter-wavelength stub. It is therefore clear, for the half-wave stub, the capacitor must be placed near the zero electric field if we want to use significant capacitance value.

In the previous proposed initial design, the capacitor (C) is placed at the maximum of electric field (Figure 3.15). To overcome the capacitance constraint and limitation, we proposed a modified design where C is therefore placed near the minimum of electric field, located in the middle of the stub at λ0/4, which is located between the inner line and outer stub, as shown in Figure 3.18. This allows us to increase the capacitance value of C.

Synthesis of the tunable RF filter with distributed lines

Instead of using a long transmission line for the cross coupling 1-6 presented in the modified design, we optimize the design presented in Table 3.6 Dimensions of microstrip lines for RF-FF. A ripple appears in the group delay at the center frequency with 1 GHz of frequency band using C = 0.18 pF, this verifies that the new placement of C located at the minimum of electric field is a feasible solution.

Admittance inverters

Basic model of varactor diodes

A varactor diode is assimilated into a variable capacitance, depending on the bias voltage applied in a reverse bias. Indeed, reverse biasing the diode, enlarges the depletion zone, which leads to a decrease in capacitance as a function of the applied voltage and vice versa. Varactor diodes present good performance qualified by low switching time, low bias voltage and relatively low capacitance values (a few pF). An equivalent circuit of the reverse-biased diode is given in Figure 3.22 where Cj is the variable capacitance, Cp parasitic is the parallel parasitic capacitance, Ls is the parasitic inductance, and Rs is the parasitic resistance of the diode. 

Layout and EM simulation

The second part of the design procedure is to perform circuit layout and electromagnetic simulation. The EM-simulations of RF filters (RF-FF and RF-CF) were simulated using ADS Momentum. The spacing between two opposite connecting lines for folded design is 4.67 mm (Figure 3.25), while for RF curved filter (RF-CF) is about 9.93 mm. EM-simulations in amplitude and group delay of RF-CF with coupling between the stubs of resonators 1 and 6, are depicted in Figure 3.28. The insertion loss S 21 and return loss S 11 are 0.7 dB and 11.5 dB, respectively. The first transmission zero is located at 7.92 GHz, and the second one is located at 12.3 GHz. By comparing RF-FF and RF-CC, both have an insertion loss is less than 1 dB, and a return loss is more than 10 dB. However, the first transmission zero is located at a slightly different by 0.05 GHz, but the second transmission zero occurs practically exactly at the frequency (12.3 GHz).

Folded design

A ripple in the group delay appears at the center frequency in a range of 1 GHz (9.5 ~10.5 GHz). Table 3.9 shows the delay ripples of the folded design for a control voltage varying respectively from 12 to 20 Volts. The obtained delay ripple of RF-CF is greater than the one obtained by RF-FF (see Table 3.7 and Table 3.9).

Tunable radio frequency phase shifter

As seen in the beginning of this chapter, to achieve TTD, a RF-phase shifter is needed after the RF-filter in order to provide a tunable phase offset 𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 . In a phase shifter, different configurations may have the same slope of phase shift, hence the phase difference between two different configurations can be constant over a given frequency range. In true time delay (TTD), instead, different configurations have different slopes, thus, phase difference between two different configurations is not constant over frequency. What is constant in this case is the group delay difference between various configurations, which is defined in (1.12).

To obtain an offset on the phase response, a linear phase shift is required over the bandwidth of operation. The most promising technique employs analog phase shifters, which are built with varactor diodes and offer continuous phase shift by controlling the voltage of the varactor. Many analog passive phase shifters have been reported in the literature, such as reflection type phase shifters (RTPS) [11], RTPS based on coupled-lines [12], and loaded transmission lines phase shifters [13].

In order to obtain an offset on the output phase response, we present here a topology based on transmission lines and varactor diodes. This technology meets the low cost, simple voltage control, easy implementation requirements, furthermore, it allows a continuous tunable phase shift. The basic building blocks for the proposed RF-PS shown in Figure 3.29 consist of two parallel networks. First, the upper network composed of one varactor diode (Cv1). Second, the lower network which consists of a loaded lines phase shifter containing two cascading identical microstrip transmission lines (TL) and a shunt varactor diode (Cv2). To provide a continuously tunable phase offset, two varactor diodes are used as variable capacitors. The varactor provides an electronically adjustable phase shift through changing the diodes bias voltages over the Xband without increasing the phase shifter size. The optimized placement of varactors (Cv1 and Cv2) is set as all-pass network topology, as in [14] [15]. 

Analysis of the proposed structure

The proposed RF-PS can be divided into two circuits, upper and lower, as seen in Figure 3.29. The lower circuit is constituted of three cascading networks containing two lossless transmission lines (TL) with a shunt varactor (Cv2). In this case, it is favorable to have transmission parameters that can be multiplied one to another. ABCD matrices can be used to achieve this function; it is often used for the analysis of cascaded structures, an ABCD matrix for the lower circuit is given below: with:

 A l = 𝑐𝑜𝑠θ 1 𝑐𝑜𝑠θ 1 - Z 1 Z 1 𝑠𝑖𝑛θ 1 (𝜔C v2 Z 1 𝑐𝑜𝑠θ 1 + 𝑠𝑖𝑛θ 1 ) = 𝑐𝑜𝑠2θ 1 - Z 1 𝜔Cv 2 2 𝑠𝑖𝑛2θ 1 .  B l = 𝑗[Z 1 𝑠𝑖𝑛θ 1 𝑐𝑜𝑠θ 1 + Z 1 𝑠𝑖𝑛θ 1 (𝑐𝑜𝑠θ 1 -𝜔C 2 Z 1 𝑠𝑖𝑛θ 1 )] = 𝑗[Z 1 𝑠𝑖𝑛2θ 1 -𝑍 1 2 𝜔C v2 𝑠𝑖𝑛 2 θ 1 ].  C l = 𝑗 𝑍 1 2 [Z 1 𝑠𝑖𝑛θ 1 𝑐𝑜𝑠θ 1 + Z 1 𝑐𝑜𝑠θ 1 (𝜔C v2 Z 1 𝑐𝑜𝑠θ 1 + 𝑠𝑖𝑛θ 1 )] = 𝑗 𝑍 1 2 [Z 1 𝑠𝑖𝑛2θ 1 +𝑍 1 2 𝜔C 2 𝑐𝑜𝑠 2 θ 1 ] = 𝑗 [ 𝑠𝑖𝑛2θ 1 Z 1 + 𝜔C v2 𝑐𝑜𝑠 2 θ 1 ].  D l = cos2θ 1 - Z 1 ωC v2 2 sin2θ 1 .
where 𝑍 1 and 𝜃 1 are the characterictic impedance and electrical length of the lower circuit transmission lines, respectively. The electrical length of the transmission line is directly proportional to its operating frequency of a transmission line.

where 𝜃 𝑓 0 is the electrical length defined at the operating frequency 𝑓 0 .

The ABCD matrix of the upper circuit which is comprised of Cv1 in series is given below:

[ A l B l C l D l ] = [ A 𝑇𝐿 B 𝑇𝐿 C 𝑇𝐿 D 𝑇𝐿 ] × [ 1 0 𝑗𝜔C v2 1 ] × [ A 𝑇𝐿 B 𝑇𝐿 C 𝑇𝐿 D 𝑇𝐿 ] [ A l B l C l D l ] = [ 𝑐𝑜𝑠θ 1 𝑗Z 1 𝑠𝑖𝑛θ 1 𝑗𝑠𝑖𝑛θ 1 Z 1 𝑐𝑜𝑠θ 1 ] × [ 1 0 𝑗𝜔C v2 1 ] × [ 𝑐𝑜𝑠θ 1 𝑗Z 1 𝑠𝑖𝑛θ 1 𝑗𝑠𝑖𝑛θ 1 Z 1 𝑐𝑜𝑠θ 1 ] (3.36 
)

𝜃 𝑓 = 𝜃 𝑓 0 𝑓 𝑓 0 (3.37) HYBRID STRUCTURE
The upper and lower circuits are two-port networks connected in parallel. In this case, it is preferable to have transmission parameters that can be summed up by computing the Y-matrix. The transformation from [A u ] to [Y u ] matrix of upper circuit and [A l ] to [Y l ] of lower circuit can be expressed as:

For two-port networks where y-parameters are connected in parallel, the equivalent two-port y-parameters of the overall structure depicted in Figure 3.29 is then calculated by

[𝑌] = [𝑌𝑙] + [𝑌𝑢],
and is found to be:

Once the Y-matrix is obtained, the S-parameters of the design can be obtained using the wellknown Y-to-S-parameters transformation as shown below:

where 𝑌 0 is the characteristic admittance of the transmission line. Finally, the phase shift of the complete structure of RF-PS can be expressed as: 

[ A u B u C u D u ] = [ 1 1 𝑗𝜔C v1 0 1 ] (3.38) [𝑌𝑢] = [ 𝐷 𝑢 𝐵 𝑢 𝐵 𝑢 𝐶 𝑢 -𝐴 𝑢 𝐷 𝑢 𝐵 𝑢 - 1 𝐵 𝑢 𝐴 𝑢 𝐵 𝑢 ] = [ 𝑗𝜔𝐶 1 -𝑗𝜔𝐶 1 -𝑗𝜔𝐶 1 𝑗𝜔𝐶 1 ] (3.39) 

RF-PS design and simulation

RF-PS has been designed at a central frequency 𝑓 0 of 10 GHz to obtain a linear phase shift with respect to frequencies in the range of 8 to 12 GHz. The schematic diagram of the proposed tunable RF-PS is built on ADS, presented in Figure 3.30. The upper circuit is connected in parallel with the lower circuit that includes two transmission lines (TL) with characteristic impedance Z1 = 110 ohm and electrical length 𝜃 1 = 75° with a 1000 pF DC block (Cb). Two DC blocks are placed between the first varactor Cv1 to block the biasing voltage from input and output ports. Cv1 is fed into the DC via a 𝜆 𝑔 /4 transmission line, where 𝜆 𝑔 is the wavelength in the medium propagation at the operating frequency 𝑓 0 . The circuit has radio frequency chokes (RFC) to isolate the microwave signal from the biasing line via a radial stub and 𝜆 𝑔 /4 transmission line transformers, which transform the short circuit into an open circuit on the signal line.

The varactor diode Cv1 is connected from one side to the biasing network and from the other side with a short circuit transmission line of a length 𝜆 𝑔 /4, that form a ground plane. The capacitance Cv2 is set to two times greater than the Cv1 capacity to accommodate an optimum broadband adaptation. The varactor diode Cv2 is connected from one side with the TL and from the other with a ground plane. The design parameters of the simulation and the optimized physical lengths and widths of microstrip lines which are calculated from (3.6) and (3.7) are summarized respectively in Table 3.10 and Table 3.11. The layout design creates a physical representation of the circuit that must adhere to the limitations imposed by the manufacturing process such as the minimum line width and distance between lines (gap) and the width of the lines which is about 150 𝜇𝑚. After optimization, the layout of the design is shown in Figure 3.31, and the dimensions of each microstrip line are listed in Table 3.11. The overall tunable RF-PS has a dimension of 16.9×15.02 mm. We simulated the layout design of RF-PS with ADS software (Momentum Simulator), using the substrate RO4003C. Cv1 is varied from 0.15 to 0.5 pF, and Cv1 = 2×Cv1 (summarized in Table 3.11). The simulated phase of S21 versus frequency is presented in Figure 3.33(a). We achieve a phase up to a range Table 3.12 Slope and offset of S21 phase for different values of capacitors in the frequency range from 9.5 GHz to 10.5 GHz. between -220° and -415° at 8 GHz and 12 GHz, for a capacitance of Cv1 = 0.5 pF. The phaseshift variation range is up to 90°.

Cv1 (pF)

Cv1: The regression line of each phase is calculated from Figure 3.33(a) in order to define the slope and the offset. The slope and offset are given in Table 3.12 for different values of capacitors over the frequency range of 9.5 GHz to 10.5 GHz. The maximum phase ~ 258° is obtained at Cv1 = 0.15 pF. Besides, RF-PS has a tuning phase range of ~ 97° between lowest and highest capacitors values.

In Table 3.13, the performances of this analog RF-PS are compared with other studies based on topologies with varactors and distributed lines. In comparison, the phase shifter presented in this study has good performances and requires only two varactors.

Simulation of hybrid structure

As seen in Chapter 2, SOAs have nonlinear responses. In order to obtain a TTD, first we need to correct the nonlinearities responses of SOAs. In the current study, the nonlinearities of SOA responses can be corrected by combining a second RF stage, which is placed after the first stage (SOA). In this section, we choose the SOA-NL for simulation study since it has a nonlinear response. To correct the nonlinearity response of SOA-NL, RF-FF is used for the "Hybrid correction structure" stage. RF delay (𝜏) is constant with respect to RF frequency, which yields a linear phase shift with respect to the RF frequency: 𝜙 = 2𝜋𝜏𝑓 + 𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 , with 𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 = 360 °× k and k an integer number. Next, in order to realize a TTD, a tunable phase shifter is needed in order to adjust the phase offset, this is done in the "TTD hybrid structure" stage, which comprises a RF-FF and RF-PS in second stage.

The simulation of the hybrid structure is composed of two parts, in the first part the correction of SOA-NL response is presented in section 3.5.1 for the gain 0 and 5 dB (10 dB gain is fixed as reference), this is the hybrid correction structure. In the second part the simulation of the whole TTD hybrid structure is presented in section 3.5.2.

We compare, with and without using the hybrid correction, delay responses structure in terms of peak-to-peak variation ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 , % of improvement of reduction in ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 , standard deviation 𝜎 𝑑𝑒𝑙𝑎𝑦 to measure the divergence from the mean value, and the ratio of corrected σ 𝑑𝑒𝑙𝑎𝑦 with respect to non-corrected ones. The comparisons of RF power are done in terms of variation of peak-to-peak ∆ 𝑅𝐹𝑝𝑜𝑤𝑒𝑟 𝑝-𝑝 , standard deviation and the ratio of σ 𝑅𝐹𝑝𝑜𝑤𝑒𝑟 with respect to non-corrected ones. All the numerical calculations are done versus frequency bands. 

Simulation results of delay correction

SOA-NL photo-detected RF-FF HYBRID STRUCTURE

The block of SOA-NL photo-detected contains S21 parameters based on experimental data. The second stage contains the RF folded filter (RF-FF), which is done in section 3.3.4.1. Table 3.14 summarizes the delay depths and delay ripples obtained from Table 2.7 and Table 3.7. The delay correction is done by matching, for each delay depth of SOA-NL operating conditions, a corresponding delay ripple. Thus, we select for the SOA-NL gains: 0 dB and 5 dB of the first stage, the corresponding RF-FF VDC: 12 V and 14 V, respectively. We began our study by setting in second stage, VDC of RF-FF to 12 V, for gain 0 dB. In a second separate case, VDC is set to 14 V for a gain of 5 dB. The simulation results of delay correction over 1 GHz of frequency band are presented in Figure 3.35(a) for both cases. The comparison in terms of ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 and its improvement versus the frequency band, for the cases with and without the hybrid correction structure at gain 0 dB where RF-FF is set to 12 V, are presented in Figure 3.36(a). We can see an improvement in ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 in the range of 0.15 GHz to 1 GHz. A maximum improvement of 58.5 % is obtained for frequency bands ranging from 0.5 GHz to 0.75 GHz. The obtained results show that we can achieve delay correction in the range of 0.15 GHz to 1 GHz. This can be related to the fact that for a frequency band ≤ 0.125 GHz, SOA-NL has a low nonlinearity delay response, in other words a minimal depth. RF-FF cannot correct the minimum depth, due to the limit in ripples range of RF-FF. Figure 3.37(a) shows, ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 and its improvement versus frequency band, for cases with and without hybrid correction structure at gain 5 dB where RF-FF is set to 14 V. We can see that ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 improved in the range from 0.375 GHz to 1 GHz. A maximum enhancement of 61.5 % is obtained for 0.875 GHz frequency band, for frequency bands lower than 0.25 GHz, RF-FF cannot correct at the minimum depth, due to the limit in minimum ripples range of RF-FF.

Additionally, we notice a smaller improvement at the frequency band range of ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 , compared to the case of gain 0 dB (0.15 GHz to 1GHz). This is due to the fact that, the higher the gain is, the higher the injection current, the less the depth in delay response of SOA (Table 2.7). 3.15 shows the variation of normalized RF power noted as ∆ 𝑅𝐹𝑝𝑜𝑤𝑒𝑟 𝑝-𝑝 , with and without delay correction for both gains. It shows that, the normalized RF power manifests in a maximum variation of 0.2 dB and 0.08 dB over 1 GHz for "gain 0 dB + RF-FF VDC set to 12 V" and "gain 5 dB + RF-FF VDC set to 14 V", respectively. Compared to using only SOA-NL, the normalized RF power is enhanced over the entire frequency band for "gain 5 dB + RF-FF VDC set to 14 V". We can deduce that RF-FF does not degrade the system in terms of RF power. showing a linear phase shift over the instantaneous bandwidth. The evaluation of the linear relationship between the measured relative phase shift of the hybrid correction structure with respect to the linear regression line of phase shift, 𝜙 = 2𝜋𝜏 f + 𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 , are expressed by the linear phase error "𝜖". The linear regression line of each phase shift is calculated in order to define the delay and the offset. The phase shift regression lines are given by: 𝜙corrected,0dB = -258.49 f + 1800, with 𝜖 = 0.3×10 -6 𝜙corrected,5dB = -238.48 f + 1634, with 𝜖 = 0.2×10 -6 It shows that a low error around 0.2×10 -6 in phase linearity is registered for 𝜙corrected,5dB, using "gain 5 dB + RF-FF VDC set to 14 V". Besides, we notice from equations 𝜙corrected,0dB and 𝜙corrected,5dB that the offsets 𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 of the corrected delay responses are different, about 1800 and 1634 degrees, respectively. In other words, the microwave phase shift does not correspond to a true time delay. This reaffirms what we have presented before, which is that in order to obtain a TTD, a second RF filter should be added. C.: Correction using hybrid correction structure (SOA-NL + RF-FF).

Simulation results of TTD hybrid structure

In this section, we present the simulation of the TTD hybrid structure (see Figure 3.39) by placing RF-PS (presented in section 3.4.2) in series after a RF folded filter, so that the phase offset of the corrected responses can be tuned to achieve a TTD, by varying the capacitance values of RF-PS.

In order to obtain TTD, a reference phase offset of 1800° needed to be attained, which corresponds to 𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 = 360°× k (k = 5). Therefore, an offset of 166° is needs to be added to the offset of the corrected "gain 5 dB + RF-FF VDC 14V" having phase offset of 1634°. From Table 3.12 we select Cv1 = 0.45 pF, which has an offset of ~166°.

The simulation results of the TTD and normalized RF power of the hybrid structure are shown in Figure 3.40(a) shows the TTD response deviating by 4.6 ps with 𝜎 𝑑𝑒𝑙𝑎𝑦 of 1.25 ps over 1 GHz of bandwidth. Using the folded filter with a VDC set to 14 V + RF-PS set to 0.45 pF for gain 5 dB yields, rather than 4 ps using delay correction structure, a 𝜎 𝑑𝑒𝑙𝑎𝑦 of 1.12 ps. This is due to the response of the delay for Cv1 = 0.45 pF not being constant (see Figure 3.33(b)). Besides, we can notice that TTD response is shifted by 127 ps, compared to the response of delay correction, for "gain 5 dB + RF-FF 14 V + RF-PS 0.45 pF". A tunable TTD range of 67 ps is registered. 

SOA-NL photodetected

RF-FF RF-PS

-160-CHAPTER 3. RADIO FREQUENCY PHASE SHIFTER AND TRUE TIME DELAY HYBRID STRUCTURE to 14 V + RF-PS 0.45 pF", over 1 GHz. This is due to the response of the delay for Cv1 = 0.45 pF not being ideally constant (see Figure 3.32(a)). A low standard deviation no more than 0.03 dB is registered for "gain 5 dB + RF-FF VDC set to 14 V + RF-PS 0.45 pF", over 1 GHz.

Figure 3.41 presents phase shifts of the TTD hybrid structure, where the responses are linear with respect to frequency over the 1 GHz bandwidth. We calculate the regression line of the TTD hybrid structure phase shift for both gains and the error of phase linearity. As a result, we obtain the same offset:

This shows that a maximum error in phase linearity around 0.5×10 -6 is registered for 𝜙TTD,5dB over 1 GHz. Besides, we can see that both phase shifts intersect at the 𝜙-axis at a phase shift offset 𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 of 1800°. The point of intersection with the 𝜙-axis occurs at the null frequency, as shown in Figure 3.41(b). Thus, TTD is achieved, it is about 718.1 ps and 784.9 ps, for 𝜏 𝑇𝑇𝐷,0𝑑𝐵 : "gain 0 dB + RF-FF 12 V" and 𝜏 𝑇𝑇𝐷,5𝑑𝐵 : "gain 5 dB + RF-FF 14 V + RF-PS 0.45 pF", respectively. 

Conclusion

In this chapter, the concept of compact tunable RF phase shifts and tunable RF filter is presented. The concept of compact structure of tunable RF phase shift is validated through simulation. The tunable RF filter is realized by using half-wavelength open circuit stubs with cross coupling between resonators 1 and 6. The use of cross coupling creates additional transmission zeros which alters the filter responses of the group delay. As a result, a ripple appears at center frequency. We showed that the placement of capacitor, located at the minimum of electric field is a feasible solution, and demonstrated the suitability of our synthesis of folded and curved filters through simulation. Tunable delay is achieved by altering the bias voltage of the varactor. We have proposed a new configuration and, to the best of our knowledge, for the first time, the correction of the nonlinear responses of SOA-NL. It consists of a tunable RF phase shift, based on a RF folded filter, which aims to correct the nonlinearity in responses of the first stage. The corrected delays can be electrically controlled by voltage control of variable capacitances of RF filters with respect to the operating point of SOA. TTD hybrid structure is presented and validated through simulation based on experimental data; by combining two stages SOA-NL and the RF stage (RF-FF + RF-PS). TTD ~718.1 ps and 784.9 ps are obtained for SOA-NL, by adding RF-PS to the second stage. Additionally, a TTD tuning range of 67 ps is obtained. In the next chapter, we will experimentally present the hybrid correction structure of SOA-XN. Therefore, we will test the feasibility study of the hybrid correction structure through the association of two stages based on experimental data.

Introduction

The aim of this chapter is to test the hybrid correction structure based on experimental data. First, we present the measurement results of tunable RF filters; both folded (RF-FF) and curved (RF-CF). In the complete hybrid measurement, we can't use the DC input of the VNA, so we have to use an external bias tee to polarize the varactors in the RF-FF circuit. Therefore, we investigate the effects of using an external bias tee on the response behavior of RF-FF. Then, we introduce the problematic response of Up-CPO measured at low operating frequency, followed by a complete measurement of the hybrid correction structure. We show how the low operating frequency and the external bias tee affect the correction; this is done through measurement of the complete hybrid correction structure. In order to test the feasibility of the hybrid correction structure, we separate the measurement of the two blocks, then we present the simulation of the hybrid correction structure based on experimental data, by coupling the measured data of the first block "SOA-XN" with the measured data of "RF-FF".
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Experimental results of RF-FF using VNA bias tee

The selected varactor is a MA46H120 with a capacitance tuning voltage ranging from 12 to 20 Volts. During the measurement, an external DC bias is connected directly into the VNA's bias tee. Thanks to the internal bias tee of the VNA, both the RF signal and the DC bias are applied to the RF filter through the VNA port-1. The DC block capacitor (Cb) then blocks DC signal from passing thru port-2 of the VNA. Thus, port-2 acts as a ground plane for the varactor. The simulated and measured results of the RF folded filter for VDC = 16 Volts are reported in Figure 4.3(a). Both return losses are greater than 12 dB across the wide band range from 8 to 12 GHz. As it can be observed, there is a frequency offset that slightly shifts the measurement insertion and return losses to a lower frequency when compared to the simulated ones; there is also more insertion loss than projected by the EM-simulator. The transmission zeros for the measured design are obtained at 7.74 and 12.14 GHz, compared with the simulated ones of 7.86 and 12.3 GHz. The measured insertion loss is 2.5 dB, compared with the simulated value of 0.8 dB, across the frequency range from 8 GHz to 12 GHz, respectively. The insertion loss is due to losses in the copper, the dielectric substrate, and fabrication tolerances. We observed that there is a divergence between the simulated and measured performances. This is due to differences between the ideal theoretical varactor model and the real-world performance of the varactors as well as the manufacturing tolerances and real characteristics of the printed circuit board (PCB). To examine the sensitivity of the design to dielectric variations, we simulate the RF folded filter using different dielectric constants. We take 𝜀 𝑟 = 3.65 as the best correspondence to real design; this method is so-called retrofit simulation. A ripple in the group delay appears at 9.7 GHz in a range of 0.8 GHz (9.3 ~10.1 GHz). From prior simulation, it was expected that the ripple in the group delay would be located at 10 GHz, experimentally it was shown to appear at 9.7 GHz (Figure 4.5(b)). This is due to the sensitivity of the dielectric constant 𝜀 𝑟 of the substrate and the effect of the SMA connectors. Table 4.2 shows the tunable delay ripple of the curved filter design for a control voltage varying from 14 to 20 Volts at 1-Volt increments. The minimum delay ripple of 57 ps is obtained at 20 V, and the maximum delay ripple of around 79 ps is obtained at 14 V, in the frequency band of 9.2 to 10.2 GHz.

As seen in section 2.5.6, the maximum delay depth for gain 5 dB, for SOA-NL and SOA-XN, is shown to be around 8.2 and 13.5 ps, respectively. Besides, the maximum delay ripple of RF-FF is 12.6 ps at VDC = 14V, while for RF-CF the maximum is 79 ps at VDC = 14V. In order to correct the Up-CPO response of SOA-XN, the RF-FF will be used in the hybrid correction structure, since its delay ripple of 12.6 ps is contained within the range of the SOA-XN delay depth. In order to proceed with the measurement of the hybrid correction structure, the constraint that we face is that the Anritsu vector network analyzer used for measurements of the hybrid correction structure has no DC port to allow us to directly bias the varactor of the RF folded filter. In this case, an external bias tee is needed. The RF-FF is then characterized with the presence of an external bias tee.

The delay induced by the RF folded filter employing an external bias tee is illustrated in Figure 4.8. We can clearly see that the delays are not symmetric around 9.7 GHz over 1 GHz of frequency band. We can attribute this to the response of the bias tee. We define the ripple, first for 13 V, and 14 V, as the difference between point A and point B (minimum). Then, for 15 V, 16 V, 18 V, and 20 V we define the ripple as the difference between point A and point B' (minimum). Among all voltage values, the ripple is mostly symmetric in the range of 9.7 ± 0.25 GHz for 13 V, 14 V, and 15 V. The delay ripples are summarized in Table 4.3.

An increase in the delay ripple is observed when using the external bias tee, compared to the case of using the internal bias tee of the VNA. Figure 4.9 shows the delay response of RF-FF at VDC = 20 V using an external bias tee compared to RF-FF using the internal VNA bias tee. We can see that for a frequency band ranging from 9.4 GHz to 9.65 GHz the two responses are identical. An important difference between these two responses starts to appear at frequencies larger than 9.7 GHz, where an undesirable depth occurs at frequencies larger than 9.65 GHz which will be harmful to the correction of the Up-CPO response when we will cascade the SOA by the RF-FF via a photodiode.

The obtained results highlight a bias network must be integrated in the early stage of the design layout of the RF-FF. Before proceeding to the complete hybrid measurement, the characterization of the SOA-XN needs to be done.

Characterization of SOA-XN

In this section, we evaluate the Up-CPO response of the SOA-XN for different bias currents at 9.7 GHz. Regarding the response of RF-FF, we choose to correct the Up-CPO response of SOA-XN at the operating frequency of 9.7 GHz instead of 10 GHz, due to the fact that the delay ripple of RF-FF is located at 9.7 GHz, as seen in section 4.1.1.

As the characterization of SOA responses in chapter 2 was performed for only 3 different bias currents, we start first by characterizing the XGM and Up-CPO responses of the SOA-XN at more different bias currents.

For the XGM responses, we first recall the experimental pump-probe setup from section 2.5.3.1 in which an intensity-modulated optical pump of 5 dBm at 1545 nm and a continuous-wave (CW) optical probe of -5 dBm at 1550 nm were simultaneously injected into the SOA. An optical filter with a 1 nm bandwidth was used at the SOA output to measure the converted signal at 1550 nm through XGM. The measurement results of the XGM response are presented in A low-pass response of the RF power of SOA-XN from 0.1 GHz to 40 GHz is registered for different bias currents (Figure 4.10). The experimental results of relative RF power show that for bias currents higher than 300 mA, the SOA presents a cutoff frequency higher than the operating frequency of 9.7 GHz of the RF-FF. It can reach up to 22.7 GHz (for 450 mA) as depicted in Table 4.4.

As the SOA-XN can present a higher bandwidth than 𝑓 𝑐 = 9.7 GHz and as the theoretical Up-CPO response is independent from the operating frequency 𝑓 𝑐 (see chapter 2 section 2.5.5), we characterize the Up-CPO at 𝑓 𝑐 = 9.7 GHz and 30 GHz. Our experimental setup of Up-CPO is presented in Before starting the Up-CPO measurement, we need to select a reference in order to measure the phase shift. We take a high bias current I = 450 mA, which has a large bandwidth as a reference, in measurement of RF power and phase shift, the phase being, under these conditions, almost constant as a function of the frequency. We apply a 5% moving average to the measured phase shift, the delay is then calculated based on experimental data of the phase shift, using the negative derivative of phase shifts versus frequency (1.12). Figure 4.13(a) and (b) present the calculated delay for 𝑓 𝑐 at 9.7 GHz and 30 GHz, respectively, based on experimental data.

For 𝑓 𝑐 = 9.7 GHz, the delay response shows additional ripples and a small asymmetry in the delay response. The ripples and the asymmetry that appear in the experimental results, mostly above 𝑓 𝑐 , are a result of the operating frequency 𝑓 𝑐 (9.7 GHz) being smaller than the frequency bandwidth of XGM of about 22 GHz for the reference phase (I = 450 mA). For 𝑓 𝑐 = 30 GHz, the delay response is more symmetric, and the ripples are less frequent, compared to the case of 𝑓 𝑐 = 9.7 GHz (see Figure 4.13(b)). The delay for both operating frequencies is presented in Figure 4.13(c), where we can see a good agreement in delay response for both while the frequency is below 𝑓 𝑐 . As we go over 𝑓 𝑐 we start to notice a divergence in delay response between 9.7 GHz (dotted line) and 30 GHz (solid line).

As the Up-CPO response is independent from the operating frequency 𝑓 𝑐 and to avoid asymmetry and ripples in the Up-CPO response, we will use for the simulation with experimental results the delay of Up-CPO response characterized around 𝑓 𝑐 = 30 GHz. The higher the frequency is compared to the frequency bandwidth of XGM, the lower the presence of an additional ripples in the measured response. We will later shift the Up-CPO response from 30 GHz to 9.7 GHz.

In order to evaluate the variation of the delay around 𝑓 𝑐 = 30 GHz, we first calculate the delay through the negative derivative of measured phase shifts versus frequency, and we shift the response to 9.7 GHz by calculation. As the delay is not constant over the entire frequency range, we define the depth in delay response in the frequency range of 1 GHz (frequency band of interest) as peak-to-peak variation between the maximum value at 10.2 GHz (point B) and the minimum value at 9.7 GHz (point A). The calculation of the depth is done by using a polynomial fit of the calculated delay based on measured data. The calculated delay and polynomial fits of the delay are shown in Figure 4.14. This information will be used when correcting the Up-CPO response by the RF-FF filter. -179-CHAPTER 4. HYBRID CORRECTION STRUCTURE

Complete hybrid correction structure

In the previous section, we have first shown the impact of including an external bias tee to the RF-FF on its response. Secondly, we have shown the effects of operating at a low frequency on the SOA-XN response. In section 4.3.1, we experimentally shown the combined effects of both a low operating frequency and the external bias tee in the hybrid correction structure. In order to evaluate the combination of the two stages (SOA-XN and RF-FF), despite the abovementioned limitations, a solution is proposed in section 4.3.2.

Measurement of the hybrid correction structure

In order to experimentally test the complete hybrid correction structure, a measurement at 9.7 GHz is taken. The design of the RF-FF is limited to one operating frequency, which in our case is fixed at 9.7 GHz, regardless of the additional ripples in response to the Up-CPO at this operation frequency (as seen in section 4.2). Inside the SOA, the gain modulation induced by CPO modulates the second signal and an Up-CPO signal is created by XGM at 𝑓 𝑐 ± 𝑓 𝑑 . The optical power of the Up-CPO signal at the output of SOA-XN is filtered by an optical filter (OF) tuned at 𝜆 𝑐 with an optical bandwidth of about 1 nm, and then detected by a photodiode (Pd). The RF-FF associated to an external bias tee, is then placed after the photodiode (Pd). The experimental controls are the input optical powers and the input bias current to the SOA-XN, the microwave modulation frequencies, and the voltage control of the RF filter. The tunable delay correction can be obtained by tuning the pair "Bias current ~Gain" of SOA-XN and "VDC" of RF-FF.

We fix a high bias current I = 450 mA, which refers to gain 13.5 dB. The relative RF power and the relative phase shift of the RF signal 𝑃 𝑒,𝑜𝑢𝑡 are then measured by a VNA at different bias currents (different gains of SOA-XN) and different RF-FF VDC with respect to the reference. A photograph of the whole bench of the complete hybrid correction measurement is presented in For each SOA-XN gain, we select a specific VDC. Figure 4.17(a-b) depicts the measured relative RF power and the relative phase shift response of the hybrid correction structure. We notice that there are small ripples occurring over the measured relative RF power response, compared to the mean value (in dotted line). Besides, the level of relative RF power range can vary from -14.5 dB to -23.4 dB (maximum and minimum mean values).

We apply a 10% moving average to the measured relative phase shift response (of Figure 4.17(b)) before calculating the delay correction response noted as "Hybrid delay". The results

RF-FF

External bias tee pd are presented in Figure 4.17(c). We observe that additional ripples occur over the hybrid delay response. This is due to the effects of low operating frequencies on the SOA-XN response as seen in section 4.2. In the complete hybrid measurement, the use of the external bias tee with its imperfections, as seen in section 4.1.2, limits the possibility of the correction of the Up-CPO responses. In fact, the correction of the delay response is partially done for the frequency interval 9.2 -9.7 GHz, but the response of hybrid delay is asymmetric and shifted towards the low frequencies, which induces a significant shift at frequencies larger than 9.7 GHz, compared to frequencies smaller than 9.7 GHz. In order to verify the functionality of the hybrid correction structure without the artifact from the bias tee and from the low operating frequency, we need to separate the measurements of the SOA-XN and the RF folded filter. A solution of the simulation of hybrid correction structure based on experimental data is proposed in the next section. 4.1). We report that the minimum depth is about 0.2 ps and the maximum is 25.1 ps, for 300 mA and 95 mA, respectively. The calculated delay ripples of RF-FF, have a minimum ripple of 5.4 ps at VDC = 20 V, and a maximum of 12.6 ps at VDC = 14 V. When comparing the values of RF-FF delay ripples with the values of delay depths of Up-CPO (Table 4.5), we notice that we cannot correct the delay response for I ≤ 150 mA (which is referred to as a gain higher than 6 dB), since the maximum depth in Up-CPO response of SOA-XN is 2.5 ps, much smaller VDC:

(d) (c) than the minimum value of RF-FF ripple of about 5.4 ps at VDC = 20 V (as we can see in Table 4.5).

The delay correction for each gain is done by selecting for each delay depth of SOA-XN the suitable delay ripple from Table 4.5. To properly chose the correct delay ripple, we select the one closest to the delay depth and having the most symmetric response. Thus, we select for the SOA-XN gains: 3.5 dB, 4.25 dB, 4.75 dB, and 6 dB of the first stage, the corresponding RF-FF VDC: 16 V, 16 V, 18 V, and 20 V, respectively. Gains 2.25 and 3 dB have a delay depth larger than the delay ripple of RF-FF (over 1 GHz). Besides, we notice that these delays have a depth up to 6.8 ps across 0.5 GHz frequency range. Therefore, we select for these two gains the RF-FF VDC: 20 V, which has a complementary and more symmetric response across 0.5 GHz frequency band.

The simulation results of the combination of SOA-XN delay depths correction of each gain using the ripples of the RF folded filter based on experimental data of both stages are presented in Figure 4.20 shows the normalized delay correction response of SOA-XN+RF-FF of each gain, compared to the normalized delay response without using the hybrid correction structure. We notice that the delay responses for each gain is enhanced over the total instantaneous bandwidth of 1 GHz, compared to the delay of SOA-XN (dashed line).

The asymmetric response occurs in The delay response of the hybrid correction structure is presented in Figure 4.21. A tunability of ~ 56 ps for the corrected delay is obtained (between minimum and maximum mean values of gain).

In the following, we perform multiple numerical comparisons of the delay response with and without using the hybrid correction structure in terms of peak-to-peak variation ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 , % of improvement in terms of ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 reduction, standard deviation 𝜎 𝑑𝑒𝑙𝑎𝑦 to measure the divergence from the mean value and the ratio of corrected to non-corrected σ 𝑑𝑒𝑙𝑎𝑦 . We divided the comparisons into three categories of gain SOA-XN:

a-Large delay depths: the first category refers to gains of 2.25 and 3 dB, where the delay depth is maximum. Figure 4.22 illustrates ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 of the first category with and without correction, with the percentage of ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 improvement. We can see that ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 is improved in the frequency band ranging from 0.125 to 0.875 GHz for gains of 2.25 and 3 dB (Figure 4.22(a-b)). A maximum improvement of 80 % is achieved for 0.375 GHz frequency band as seen in Figure 4.22, at the gain 2.25 dB + RF-FF set to VDC = 20 V. This is due to the fact that SOA-XN has a depth equal to the delay ripple (RF-FF set to VDC = 20 V) at a frequency band ≤ 0.5 GHz. At 1 GHz the delay depths at gains 2.25 and 3 dB are larger than 20 ps, but RF-FF cannot correct the depth larger than 12.6 ps, due to limitations in ripple ranges of RF-FF (Table 4.5). The whole results are reported in Table 4.6, where we can see that over 1 GHz of frequency band we have a small improvement of no more than 0.29 dB for ∆ 𝑅𝐹𝑝𝑜𝑤𝑒𝑟 𝑝-𝑝 using the hybrid correction structure (C), compared to when no correction is employed (N.C). Table 4.6 shows that when using correction, ∆ 𝑅𝐹𝑝𝑜𝑤𝑒𝑟 𝑝-𝑝 is always lower than the noncorrected one in overall frequency band of 1 GHz. The common frequency band correction among the three gain categories ranges from 0.25 GHz to 0.875 GHz. The corresponding relative RF phase shifts are also depicted in Figure 4.26. The evaluation of the linear relationship between the measured relative phase shift of the hybrid correction structure with respect to the linear regression line of phase shift, 𝜙 = -2𝜋𝜏 f + 𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 , are expressed by the linear phase error "𝜖". The linear phase error is the difference between the relative phase shift of the hybrid correction structure and the linear regression line.

Table 4.7 gives the phase shift regression line equations for each case. It shows that at most 1.88×10 -5 error in phase linearity occurs for "gain 2.25 dB + RF-FF 20 V" (case 1), while at least 0.16×10 -5 error in phase linearity registered for "gain 6 dB + RF-FF 20 V" (case 6). Thus, the relative RF phase shifts in Figure 4.26 has a linear phase response over the frequency.

In this section, we have only corrected the Up-CPO response of SOA-XN. We notice that for all configuration cases, the phase offset in Table 4.7 (𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 : 2186.2, 2144.9, 2090.3, 2069.5, 2020.6, and 2000.5) is not the same.

In order to obtain the same offset, in other words a TTD, which refers to a regression graph to the point where the line intersects with the Y-axis, a second RF-PS can be added to the second stage. For cases 2 to 6, RF-PS must have a maximum phase shift of ~160° to attain a reference phase offset of 2160°, which corresponds to 𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 = 360°× k. Phase offsets of 15°, 70°, 90°, 140° and 160° can be added to cases 2 to 6, respectively, to obtain this phase reference. As a result, the intersection of the phase shift linear regression line for each configuration case of the tunable device at f = 0 Hz is at 𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 = 2160°: a TTD is obtained. A comparison between our work and different types of delay lines/TTD -which was presented in chapter 1-is summarized in Table 4.8. The comparison focuses on the delay range, the instantaneous bandwidth and the tunability.

In [1] a tunable delay is varied from 0.5 to 10 ns with an instantaneous bandwidth of 100 MHz, while increasing the Stimulated Brillouin Scattering (SBS) pump power. For TTD, the optical carrier phase shift is adjusted to ensure a constant extrapolated phase offset at the origin of RF frequencies (null frequency). The signal carrier is passed through a separate optical filter implementing an RF phase shift. Through altering the pump power, a tunable TTD of 0.5 to 50 ns is obtained over an instantaneous bandwidth of 10 MHz [2].

In [3] the time delay varies from 2.5 to 24 ns with an instantaneous RF bandwidth of 15 MHz, while the pump power is adjusted from 5.7 to 14.4 dBm. For TTD operation, the optical carrier (OC) phase shift has to be adjusted for each delay by tuning the DC bias of the DPMZM. Therefore, the Separate Carrier Tuning (SCT) delay line can operate as a TTD, providing a tunable TTD up to 24 ns. Using TTD hybrid structure, which is comprised of a SOA-NL cascaded with a RF-FF and a RF-PS (presented in chapter 3), and by tuning for each bias current (SOA-NL gain) the suitable VDC bias of folded filter and RF-PS, a tunable TTD 718.1 to 784.9 is obtained. Approximately 67 ps of tunability range is achieved over 1 GHz of instantaneous bandwidth.

For tunable delays using Up-converted CPO by XGM, a tunable delay from 0 to 380 ps is achieved by adjusting the SOA's current with an instantaneous bandwidth of 320 MHz [4]. For the simulated hybrid correction structure based on measured data, approximately 56 ps of tunability range is achieved over 1 GHz of instantaneous bandwidth by changing the pair of the "bias current" of the SOA and "VDC" of RF-FF.

Conclusion

In this chapter, the experimental results of tunable RF filters are presented (RF-FF and RF-CF). We have presented, and experimentally proved the combined effects of both a low operating frequency and an external bias tee addition. For RF-FF, the bias network must be integrated in the early stage of the design. Based on experimental data, we have also demonstrated, to the best of our knowledge, the feasibility of our approach to correct the Up-CPO responses of a SOA. We have also demonstrated that the improvement of reduction in delay variation is achieved by using a simulated hybrid correction structure based on measured data (SOA-XN and RF-FF). The common frequency band correction among the three gain categories is ranging from 0.25 GHz up to 0.875 GHz. We achieved a delay line tunability range of ~56 ps. A tunable delay is achieved by changing the bias voltage of the varactor with respect to gain categories of SOA-XN. A constant phase shift must be added after the RF folded filter, in order to tune the offset that will give an intersection point 𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 = 360°× k located at null frequency for all the operating points. Thus, a TTD can be obtained. A comparison between our work and different types of delay lines/TTD has been presented. The thesis began with the principle of MWP systems, we investigated the differences between phase shifter and true time delay. We have provided a review of the implementation of phase shifters, based on electrical and optical approaches, as well as an implementation of true time delay based on optical approaches. Electrical approaches operating at high frequency are susceptible to electromagnetic interference, and tend to be bulky and lossy. Indeed, CPO in a semiconductor optical amplifier is the most favorable technique, which suits the requirements in terms of bandwidth to a few GHz, low power, small footprint, and tunability of phase shift/delay based on SOA current or input optical power.

Chapter 2 has investigated at first, CPO effects in SOA devices for microwave photonics phase shifters, theoretically as well as experimentally. The obtained microwave phase shift is determined by the gain dynamics. We experimentally showed, via four SOAs structures, that we can attain a relative phase shift up to 89.3°, close to the theoretical maximum around 1 GHz for an extra nonlinear SOA (SOA-XN) at the cost of an increase in the RF gain penalty. Also, using SOA-XN, we showed theoretically and experimentally that a particular response with a high RF phase shift appears near 180° at low frequencies. In the second part of chapter 2, we showed that we can optically have control of the RF phase shifting in a SOA based on the addition of the XGM response of a CW signal at a SOA output. The phase shift can be independently controlled from the operating conditions of the SOA by varying the external CW power. The impact of the XGM response of the amplified spontaneous emission on the signal relative phase shift has also been studied. A small-signal analysis is developed, and a numerical calculation is used to analyze the controllable RF phase shift. The measurement results for several control signal powers are presented. We have obtained tunable phase shifts in the range from 16° to 45°, for an input optical signal at -15 dBm and an external CW power of 5 dBm.

In the last part of chapter 2, we have theoretically and experimentally analyzed the Up-CPO signal undergoing CPOs and pump-probe configuration in four different SOA structures. We have calculated the amplitude, phase, and delays of Up-CPO signal responses. We demonstrate that modeling SOAs by two sections is sufficient, both for linear and nonlinear SOAs, with a good agreement between theoretical and experimental results. Finally, we evaluate the absolute response delay of the SOAs, and we propose the use of a second stage to correct the nonlinear delay response of SOA-NL and SOA-XN in order to obtain a tunable delay line and a TTD system.

In chapter 3, the concept of compact tunable RF filter and tunable RF phase shifter is presented. We introduce a new approach of "Tunable RF filter" by using half-wavelength open circuit stubs with a cross coupling between resonators 1 and 6, in order to tune the delay response. We showed that the installation of a capacitor, located at the minimum of electric field is a feasible solution, and demonstrated the suitability of our synthesis of folded and curved filters through simulation and implementation. The tunable RF phase shifter (RF-PS) is implemented based on transmission lines and varactor diodes. The simulation results of tunable RF filters and RF phase shifter are presented. Tunable delay is achieved by altering the bias voltage of the varactor.

In the second part of chapter 3, a TTD hybrid structure is proposed and validated through simulation. By combining two stages SOA-NL and the RF stage (RF-FF + RF-PS), a TTD is obtained for SOA-NL. A maximum improvement of 60 % in the reduction of delay depth at Gain 0 dB is registered for frequency bands ranging from 0.5 GHz to 0.75 GHz. The obtained results show that we can achieve delay correction in the frequency band ranging from 0.15 GHz to 1 GHz, at Gain 0 dB and Gain 5 dB. A low error around 0.2×10 -6 in phase linearity is registered for 𝜙corrected,5dB, using "gain 5 dB + RF-FF VDC 14 V". Finally, by adding RF-PS to the second stage, a TTD is achieved over a 67 ps range from 718.1 ps to 784.9 ps.

In chapter 4, we demonstrated by simulation, based on experimental data, the feasibility of our approach to correct the nonlinear responses of SOA-XN. This is the first time that the RF phase shift technique has been applied to correct the nonlinear response of SOA devices to the best of our knowledge. The improvement of the reduction in delay variation is achieved using a hybrid correction structure based on measured data "SOA-XN and RF-FF". A maximum improvement of 80% is achieved for a frequency band of 0.375 GHz, at "gain 2.25 dB + RF-FF set to VDC = 20 V". The mutual frequency band correction among the three categories of gains is ranging between 0.25 GHz and 0.875 GHz. We obtained a delay line tunability range of ~56 ps for SOA-XN with a hybrid correction structure using a RF folded filter. Additionally, the effects of both a low operating frequency and the bias tee are experimentally investigated.

In experimental setup, an increase in delay ripple is observed when using a bias tee for linking the optical and the RF stages, compared to the case without one, which prevented to estimate the tunable delay improvement. In future work, a bias network must be integrated in the design layout of the RF tunable filter.

In our TTD hybrid structure, the RF second stage "RF-FF and RF-PS" was placed after the photonic stage "Up-CPO", which requires a new development of the RF stage when the working frequency is changed. On the contrary, Up-CPO has a full tunability up to some THz. In order to take the advantage of this feature, a possible correction can be done in the early stage by using a pre-distortion RF stage. Consequently, the nonlinearity in SOA response will be corrected at low frequencies by the microwave device before the step of increasing the frequency by the means of the Up-CPO technique which has the advantage to have a device independent of the carrier frequency. On the other hand, the device works at intermediate frequency, rather than at very high frequency, making its design and characterization easier. 
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 11611 IMPLEMENTATION OF PHASE SHIFT BASED ON RF AND OPTICAL APPROACHES -Phase shifter and true time delay for array antenna 1.1.1 Definition of phase shifter and true time delay
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 112 Figure 1.1 Illustration of error.

Figure 1 .

 1 Figure 1.3 illustrates the schematic diagram of beam steering using a phase shifter, where a linear array of 2 elements A and B, is separated by distance d.

Figure 1

 1 Figure 1.2 illustrated beam squint.
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 1314 Figure 1.3 Beam steering (a) using a phase shifter, and (b) using a delay line.[2] 

Figure 1 . 5

 15 Figure 1.5 Delay/phase shift experienced by RF signal travelling through transmission line.
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 161 Figure 1.6 Basic schematic of switched-line phase shifter.

Figure 1 .

 1 7 shows the standard 90° Schiffman phase shifter. It consists of a switched line with two SPDT switches, one reference line of length 3L, and two other parallel coupled lines of equal length L = 𝜆 𝑔 /4, directly connected to each other at one end. The phase shift is determined by the phase difference of signals transmitted through the coupled section of length L and the reference line of length 3L, provides a flat 90° phase difference over a fractional bandwidth as 5:1 in microwave range.
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 17 Figure 1.7 Schiffman phase shifter.
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Figure 1 . 9

 19 Figure 1.9 Schematic of the RTPS using 90° hybrid coupler and loaded lines.

Figure 1 .

 1 Figure 1.10 Tunable MWP delay line structure by using a length of DF.
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 111 where the frequencies of the two optical waves are symmetrically up and down shifted from that of the optical carrier by (Ω), which is approximately equal to the Brillouin frequency shift (𝑣 𝑏 ). Pump1 acting as an SBS pump wave (upper sideband) leads to a gain resonance in the vicinity of the optical carrier (Brillouin gain (b)), while Pump2 (lower sideband) acting as an SBS Stokes wave leads to a loss resonance in the vicinity of the optical carrier (Brillouin loss (a)).
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 1 Figure 1.11 Spectral distribution of Brillouin gain and loss resonances and the associated optical phase shifts.
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 11 Figure 1.12 Experimental configuration of tunable RF phase shift using SBS in optical fibers.
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 1 Figure 1.13 Fiber Bragg grating.

Figure 1 .

 1 Figure 1.14 TFBG based microwave photonic phase shifter, OSSB: optical signalsideband, Pd: photodetector.

Figure 1 .Figure 1 .CHAPTER 1 .

 111 Figure 1.15 Principle of CPO illustrated in a gain medium of two levels (E1 and E2), (a) Ωat low frequency, (b) Ω at high frequency.[START_REF] Berger | Lumière lente et rapide dans les amplificateurs optiques à semiconducteurspour des applications en optique micro-onde et aux RADAR[END_REF] 

Figure 1 .Figure 1 .

 11 Figure 1.17 Principle of Up-CPO, OF: Optical filter, Pd: Photodiode.

  group delay is given by[START_REF] Morton | Microwave Photonic Delay Line With Separate Tuning of the Optical Carrier[END_REF] [52][START_REF] Li | True-time delay line with separate carrier tuning using dual-parallel MZM and stimulated Brillouin scattering-induced slow light[END_REF] as:

Figure 1 .CHAPTER 1 . 37 - 1 . 2 . 2 . 8

 11371228 Figure 1.19 Principle of TTD (a) covering the full bandwidth and (b) using the separate carrier tuning technique. [53]

Figure 1 .

 1 Figure 1.20 Experimental set-up, DFB-LD; Distributed Feedback Laser Diodes DFB, EOM; electro-optic modulator, DSF; dispersion shifted fiber, PC; polarization controller, EDFA; erbium doped fiber amplifier, VOA; variable optical attenuator, Pd;photodetector.[START_REF] Gasulla | Application of slow and fast light effects to microwave photonics[END_REF] 

Figure 1 . 21 Figure 1 .

 1211 Figure 1.21 Schematic configuration of the TTD system, TLS: tunable laser source; DPMZM: dual-parallel Mach-Zehnder modulator; DSF: dispersion shifted fiber; EDFA1 and EDFA2: erbium-doped fiber amplifier; VOA: variable optical attenuator; PC: polarization controller; Pd: photodetector.[START_REF] Li | True-time delay line with separate carrier tuning using dual-parallel MZM and stimulated Brillouin scattering-induced slow light[END_REF] 
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 11 SOA operating principle SOAs are optical amplifiers whose gain medium is a semiconductor element that amplifies an optical signal. When the SOA is pumped, carriers (electrons from the conduction band and holes from the valence band) are injected into the active zone, where they can recombine in a radiative or a non-radiative manner. During radiative recombination, the energy (Ep) released by the electron-hole pair appears in the form of a photon whose angular frequency (ω) satisfies the following relationship: Ep = ℏ𝜔, with ℏ = ℎ 2𝜋 where h is the Planck's constant. This phenomenon occurs through either a spontaneous or a stimulated emission. These two mechanisms are illustrated in Figure 2.1.

Figure 2 . 1

 21 Figure 2.1 Schematic of: Spontaneous emission (a), and (b) Stimulated emission.

Figure 2 . 2

 22 Figure 2.2 Schematic diagram of an SOA.

Figure 2 . 3

 23 Figure 2.3 Evolution of the SOA gain as a function of bias current of SOA at low input signal power (a), output optical power (b), and wavelength (c).
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 2 COHERENT POPULATION OSCILLATIONS (CPO) AND UP-CONVERTED CPO IN DIFFERENT STRUCTURES OF SEMICONDUCTOR OPTICAL AMPLIFIERS 2.1.5 SOA nonlinearities

Figure 2 . 4 CHAPTER 2 .

 242 Figure 2.4 Schematic of dividing the cavity of the SOA into M-sections.

Figure 2 .

 2 Figure 2.5(a) shows the evolution of the optical gain as a function of injected input optical power, for a fixed maximum biasing current Imax, with Imax = 300 mA for SOA-L at wavelength 1527 nm and SOA-NL at wavelength 1550 nm, Imax = 380 mA for SOA-NL1 at wavelength 1550 nm, and Imax = 400 mA for SOA-XN at wavelength 1550 nm. The increase in the input optical power after saturation leads to a decrease in the SOA's optical gain. The optical gain of

Figure 2 .

 2 5(b) shows the evolution of the optical gain as a function of the output optical power, for a fixed maximum biasing current Imax.

Figure 2 .

 2 Figure 2.5(c) shows the evolution of the optical gain as a function of injected bias currents, for a fixed input optical power at -20 dBm, at wavelength 1527 nm for SOA-NL, at wavelength 1550 nm for SOA-NL1, SOA-NL and SOA-XN.Figure 2.5(d) shows the evolution of the optical gain as a function of wavelength, for a fixed maximum biasing current Imax and input optical power at -20 dBm for each SOA.

Figure 2 .

 2 Figure 2.5(c) shows the evolution of the optical gain as a function of injected bias currents, for a fixed input optical power at -20 dBm, at wavelength 1527 nm for SOA-NL, at wavelength 1550 nm for SOA-NL1, SOA-NL and SOA-XN.Figure 2.5(d) shows the evolution of the optical gain as a function of wavelength, for a fixed maximum biasing current Imax and input optical power at -20 dBm for each SOA.

Figure 2 . 5

 25 Figure 2.5 Experimental results of optical gain of the four SOAs as function of: the input optical powers applied at their input at bias current Imax (a), the output optical powers (b), the bias currents with input optical power at -20 dBm (c), and wavelength by fixing input optical power at -20 dBm and Imax (d).
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  as seen in Figure2.7(b).
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 26 Figure 2.6 Evolution of 𝑅 𝛼 as function of 𝐾 for several SOA gains.
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 2728 Figure 2.7 𝐴symptotic responses of 𝑝 𝑜𝑢𝑡 𝑥 in frequency domain of: (a) amplitude response, and (b) phase response, for the case of positive 𝑅 𝛼 .
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 29 A continuous-wave (CW) 𝑃 𝑖𝑛 𝑥

Figure 2 . 9 2 Figure 2 . 10 and

 292210 Figure 2.9 Experimental setup to measure microwave phase shifts induced by CPO effects in a SOA. PC: Polarization controller.

Figure 2 .

 2 Figure 2.10 Measured RF power as function of the frequency for different optical gains.

  associated with a maximum microwave phase shift. Besides, at high microwave frequencies, the limited response time of the SOAs leads to smaller microwave phase shifts due to the finite carrier lifetime, as shown in Figure2.11.

Figure 2 .

 2 Figure 2.11 Measured relative phase shift as function of the frequency for different optical gains.

Figure 2 . 12 and

 212 Figure 2.13 present the measured RF power and relative phase shift over 0.5 GHz. We can see that a linear response of the phase shift over a small bandwidth occurs for 4 SOAs in Figure 2.12 and Figure 2.13 (a) and (c).

Figure 2 .

 2 Figure 2.12 Measured relative phase shift as function of the frequency over 0.5 GHz for different optical gains, SOA-L (a), SOA-NL1 (c). Measured RF power as function of the frequency for different optical gains over 0.5 GHz, SOA-L (b), SOA-NL1 (d).

Figure 2 .

 2 Figure 2.13 Measured relative phase shift as function of the frequency over 0.5 GHz for different optical gains, SOA-NL (a), and SOA-XN (c). Measured RF power as function of the frequency for different optical gains over 0.5 GHz, SOA-NL (b), SOA-XN (d).
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 333 Case of 𝑅 𝛼 < 0 in SOA-XN In Figure2.14(a), we see that under certain conditions, the SOA-XN present a specific evolution of the phase shift below 1 GHz. It exhibits different behaviors, leading to a large range of phase values at 100 MHz, from 12° up to more than 150°.

Figure 2 .

 2 Figure 2.14 Measured phase shift as a function of both SOA-XN bias currents and frequency (fVNA) with (a) fixed optical input power (0 dBm). (b) fixed bias current (325 mA).

  In order to investigate the role of CW and ASE signals at the output of the SOA, the setup presented in Figure 2.15 is employed. An intensity-modulated optical signal 𝑃 𝑖𝑛 𝑠𝑖𝑔 at the wavelength λsig is injected in addition to a CW optical control power 𝑃 𝑖𝑛 𝐶𝑊 ̅̅̅̅̅̅ at λCW, at the SOA input. In the proposed configuration, we detect 𝑃 𝑜𝑢𝑡 the sum of the powers of the output modulated signal 𝑃 𝑜𝑢𝑡 𝑠𝑖𝑔 , the control signal 𝑃 𝑜𝑢𝑡 𝐶𝑊 and the SOA ASE output 𝑃 𝑜𝑢𝑡 𝐴𝑆𝐸 .

Figure 2 .

 2 Figure 2.15 Scheme of the operating principle.

( 2 .

 2 [START_REF] Berger | Time delay generation at high frequency using SOA based slow and fast light[END_REF] are in phase, yields to an increase in the phase shift to 𝜙sig+ASE as shown in Figure 2.16(b). Now, if an external control (a) power 𝑃 𝑖𝑛 𝐶𝑊 ̅̅̅̅̅̅ is injected, it contributes as the ASE power to increase the RF phase shift to 𝜙sig+ASE+CW as shown in Figure 2.16(c).

Figure 2 .

 2 Figure 2.16 Phasor diagram illustration of the phase in polar form with: (a) 𝑝 𝑜𝑢𝑡 𝑠𝑖𝑔 , (b) 𝑝 𝑜𝑢𝑡 𝑠𝑖𝑔 + 𝑝 𝑜𝑢𝑡 𝐴𝑆𝐸 , and (c) 𝑝 𝑜𝑢𝑡 𝑠𝑖𝑔 + 𝑝 𝑜𝑢𝑡 𝐴𝑆𝐸 + 𝑝 𝑜𝑢𝑡 𝐶𝑊 . (Component signals: solid vectors, resultant: dotted vector).

Figure 2 .

 2 Figure 2.17(a) shows that the maximum phase shift is about 7° around the frequency 𝑓 𝑚𝑎𝑥 = 1.15 GHz. This phase shift is accompanied by a penalty 𝜌 of 2.1 dB on the RF power (Figure 2.17(b)). By adding 𝑃 𝑜𝑢𝑡 𝐴𝑆𝐸 ̅̅̅̅̅̅ to 𝑃 𝑜𝑢𝑡 𝑠𝑖𝑔 and in absence of 𝑃 𝑖𝑛 𝐶𝑊 ̅̅̅̅̅̅ , case (ii), the phase shift at 𝑓 𝑚𝑎𝑥 clearly increases from 7° to 15° and is accompanied by an increase of 2.8 dB on 𝜌.

  (a)), the more the phase shift is high. The calculation of the maximum phase 𝑝 𝑜𝑢𝑡 (2.56) versus 𝑃 𝑖𝑛 𝑠𝑖𝑔 ̅̅̅̅̅̅ and for different 𝑃 𝑖𝑛 𝐶𝑊 ̅̅̅̅̅̅ ( -20,-15, -10, -5 , and 0 dBm) has been performed (see Figure2.18(b)), after resolving the rate equation in static state by using one calculation section for SOA presented in[12].

Figure 2 . 17

 217 Figure 2.17(a) Theoretical phase shift and (b) Normalized RF power of pout as function of

  Figure 2.17(a) Theoretical phase shift and (b) Normalized RF power of pout as function of the frequency for 𝑃 𝑖𝑛 𝑠𝑖𝑔 ̅̅̅̅̅̅ = -15 dBm and 𝑃 𝑖𝑛 𝐶𝑊 ̅̅̅̅̅̅ = 0 dBm in presence of the ASE.

Figure 2 .

 2 Figure 2.18(b) shows clearly that 𝜙 max increases for 𝑃 𝑖𝑛 𝐶𝑊 ̅̅̅̅̅̅ > 𝑃 𝑖𝑛 𝑠𝑖𝑔 ̅̅̅̅̅̅ , but at high values of 𝑃 𝑖𝑛 𝐶𝑊 ̅̅̅̅̅̅ (= 0 dBm) the enhancement of 𝜙 𝑚𝑎𝑥 will be reduced due to gain saturation. The increase of the power 𝑃 𝑖𝑛 𝑠𝑖𝑔 ̅̅̅̅̅̅ contributes to the reduction of K2 (Figure 2.18(a)) then, at high saturation of 𝐺 𝑠𝑖𝑔 ̅̅̅̅̅̅ , 𝜙 𝑚𝑎𝑥 decreases (Figure 2.18(b)).
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 43 Experimental realization and results of the controllable RF phase shifts in SOAThe SOA used in this work is a commercially available device from InPhenix (IPSAD1502), referred to by SOA-L. It typically has an optical gain of 21 dB and an output saturation power of up to 11 dBm, the static characteristics are shown in Figure2.5. In order to experimentally investigate the role of CW signal injected into the SOA, the set-up shown in Figure 2.19 is utilized where SOA-L is used. Two optical signals are injected into the SOA. A first signal, 𝑃 𝑖𝑛 𝑠𝑖𝑔 ̅̅̅̅̅̅ is generated from a laser source emitting at λsig = 1527 nm close to the peak of the SOA optical gain and modulated by an external Mach-Zehnder modulator (MZM). The MZM is driven by a continuous variable RF signal, swept from fVNA = 0.01 GHz to fVNA = 20 GHz, from a Vector Network Analyzer (VNA). For the second signal, a laser source emitting at λCW = 1532 nm generates the optical control power 𝑃 𝑖𝑛 𝐶𝑊 ̅̅̅̅̅̅ .

Figure 2 .

 2 Figure 2.18 (a) Factor K2. (b) 𝜙 𝑚𝑎𝑥 of pout as function of 𝑃 𝑖𝑛 𝑠𝑖𝑔 ̅̅̅̅̅̅ for several 𝑃 𝑖𝑛 𝐶𝑊 ̅̅̅̅̅̅ without ASE.

Figure 2 .

 2 Figure 2.19 Experimental setup to measure the microwave phase shifts induced by CPO effects in a SOA and by adding XGM response of an optical signal. PC: Polarization controller, Att: attenuator, OF: optical filter at λsig, Pd: photodetector, I: Bias current, EDFA: Erbium-doped fiber amplifier. Oc: optical coupler.

Figure 2 .

 2 Figure 2.20 Experimental set-up.

Figure 2 .

 2 Figure 2.20 shows the devices used in the experimental set-up.Figure 2.21(a) shows that the experimentally measured relative phase shift at 𝑓 𝑚𝑎𝑥 of 𝑝 𝑜𝑢𝑡 is almost 8°, with a penalty of 1.8

Figure 2 .

 2 Figure 2.20 shows the devices used in the experimental set-up.Figure 2.21(a) shows that the experimentally measured relative phase shift at 𝑓 𝑚𝑎𝑥 of 𝑝 𝑜𝑢𝑡 is almost 8°, with a penalty of 1.8 dB (Figure 2.21(b)), corresponding to a weak power 𝑃 𝑖𝑛 𝑠𝑖𝑔 ̅̅̅̅̅̅ (-15 dBm). Now, by removing the

Figure 2 .

 2 Figure 2.21 (a) Measured relative maximum phase shift, and (b) measured RF power of Pe,out as a function of frequency. 𝑃 𝑖𝑛 𝑠𝑖𝑔 ̅̅̅̅̅̅ is fixed at -15 dBm.

Figure 2 .

 2 Figure 2.22 (a) Measured relative maximum phase shift, and (b) measured RF power of Pe,out as a function of frequency for 𝑃 𝑖𝑛 𝑠𝑖𝑔 ̅̅̅̅̅̅ = -20 dBm. (c) Measured relative maximum phase shift, and (d) measured RF power of Pe,out as a function of frequency for 𝑃 𝑖𝑛 𝑠𝑖𝑔 ̅̅̅̅̅̅ = 0 dBm.

Figure 2 .

 2 Figure 2.23 (a) Measured maximum relative phase shift at 𝑓 𝑚𝑎𝑥 of 𝑝 𝑜𝑢𝑡 , and (b) RF penalty 𝜌 of 𝑝 𝑜𝑢𝑡 : 𝑝 𝑜𝑢𝑡 𝑠𝑖𝑔 only, 𝑝 𝑜𝑢𝑡 𝑠𝑖𝑔 with presence of ASE and with injection of several 𝑃 𝑖𝑛 𝐶𝑊 ̅̅̅̅̅̅ (-

Figure 2 .

 2 Figure 2.24 Principle of Up-CPO, OF: Optical filter, Pd: Photodiode.

Figure 2 .

 2 26(a) andFigure 2.26(c) depict the gain evolution versus the pump input optical power for 𝑃 𝑖𝑛 𝑃𝑟 ̅̅̅̅̅ = -30 dBm and 0 dBm, respectively. We deduce from these two figures 𝑃 𝑠𝑎𝑡,1 𝑃𝑢 and 𝑃 𝑠𝑎𝑡,2 𝑃𝑢 , where 𝑃 𝑠𝑎𝑡,𝑖 𝑃𝑢 = 𝑃 𝑜𝑢𝑡,𝑖 ̅̅̅̅̅̅̅̅ | -3 𝑑𝐵 𝑙𝑛(2) [3], with 𝑃 𝑜𝑢𝑡,𝑖 ̅̅̅̅̅̅̅ | -3 𝑑𝐵 the optical output power in section 𝑖 for the optical gain reduced by -3 dB.

Figure 2 .

 2 Figure 2.26 Gain for sections 1 and 2 for: 𝑃 𝑖𝑛 𝑃𝑟 ̅̅̅̅̅ = -30 dBm (a), 𝑃 𝑖𝑛 𝑃𝑟 ̅̅̅̅̅ = 0 dBm (c). Dynamic

  Figure 2.26(b) and Figure 2.26(d), 𝜏 𝑑,1 is always greater than 𝜏 𝑑,2 . When the optical gain in each section is nearly unsaturated, corresponding to 𝑃 𝑖𝑛 𝑃𝑢 ̅̅̅̅̅ lower than -10 dBm and 𝑃 𝑖𝑛 𝑃𝑟 ̅̅̅̅̅ set at -30 dBm, Figure 2.26(b) shows that 𝜏 𝑑,12 ~𝜏𝑑,1 .

Figure 2 .

 2 Figure 2.28(a), (b) and (c) show, in solid line, the normalized low-pass frequency response of the measured RF power 𝑝 𝑜𝑢𝑡,𝜔 𝑃𝑢 𝑃𝑟

Figure 2 .

 2 Figure 2.28 Normalized RF power for: SOA-L (a), SOA-NL (b) and SOA-XN (a). Calculated data are in dotted line and measured ones are in solid line.

  .93) We normalize the absolute power and the absolute phase shift of 𝑝 𝑜𝑢𝑡,𝜔 𝑐±𝑑 𝑐 at 𝑓 𝑐 (Figure 2.29 and Figure 2.30). The Up-CPO technique operates as a frequency up-conversion function where the responses of the pump-probe configuration are shifted around 𝑓 𝑐 . The calculation is done in a bandwidth range of 5 GHz around 𝑓 𝑐 . For a SOA gain of 0 dB, all the three SOAs present a high phase shift and a high power variation (Figure 2.29) due to their limited frequency bandwidth ≤ 2.24 GHz (Table

Figure 2 .

 2 28(b) and (c) also appears for the normalized absolute amplitude responses in Figure 2.29(b) and in Figure 2.30(b), (d), due to 𝑓 1 ≥ 𝑓 21 it corresponding to 𝜏 𝑑,12 ≤ 𝜏 𝑑,1 , as seen in section 2.5.2.3.

Figure 2 .

 2 Figure 2.29 Up-CPO normalized phase shift for the three SOAs at gain 0dB (a). Normalized RF power for the three SOAs at gain 0 dB (b).

Figure 2 .

 2 Figure 2.30 Up-CPO normalized phase shift for the three SOAs: at gain 5 dB (a), at gain 10 dB (c). Normalized RF power for the three SOAs: at gain 5 dB (b), and (d) at gain 10 dB.

Figure 2 .

 2 Figure 2.31 Experimental setup for Up-CPO measurements induced by slow and fast light effects and XGM in a SOA. PC1 and PC2: Polarization Controller, Pd: Photodetector, EDFA: Erbium-doped fiber amplifier, LPF: RF low-pass filter, SPL: RF Splitter.

  COHERENT POPULATION OSCILLATIONS (CPO) AND UP-CONVERTED CPO IN DIFFERENT STRUCTURES OF SEMICONDUCTOR OPTICAL AMPLIFIERStaken into account if 𝑓 𝑐 is close or below the cutoff frequency of 𝑛 𝑒 (𝜔). Thus, the frequency response of Up-CPO at 𝜔 𝑐±𝑑 depends on both 𝑛 𝑒,𝜔 𝑑 and 𝑛 𝑒,𝜔 𝑐 , as described in 2.5.2.1.

Figure 2 .

 2 Figure 2.32 Photograph of Up-CPO experimental set-up using SOA-XN. OC: Optical Coupler, OSA: Optical Spectrum Analyzer.
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Figure 2 .

 2 Figure 2.33 Measured and calculated results for a gain of 5 dB with a reference gain of 10 dB: (a) relative RF power for SOA-L, SOA-NL and SOA-XN, (b) relative phase shift for SOA-L, SOA-NL and SOA-XN. Calculated data are in dotted line and measured data are in solid line.

Figure 2 .Figure 2 .

 22 Figure 2.34 Measured and calculated results for a gain of 0 dB with a reference gain of 10 dB: (a) relative RF power for SOA-L, SOA-NL and SOA-XN, (b) relative phase shift for SOA-L, SOA-NL and SOA-XN. Calculated data are in dotted line and measured data are in solid line.

Figure 2 .

 2 Figure 2.36 Calculated delay of SOA-L, SOA-NL and SOA-X for 10 GHz of frequency band at Gain 0 dB (a). Normalized delay of SOA-L, SOA-NL and SOA-XN for 1 GHz of frequency band (b).

Figure 2 .

 2 Figure 2.37 Calculated delay of SOA-L, SOA-NL and SOA-X for 10 GHz of frequency band: at Gain 5 dB (a), and at Gain 10 dB (c). Normalized delay of SOA-L, SOA-NL and SOA-XN for 1 GHz of frequency band at: Gain 5 dB (b), and Gain 10 dB (d).

Figure 2 .

 2 Figure 2.38 ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 and 𝜎 𝑑𝑒𝑙𝑎𝑦 for SOA-NL and SOA-XN versus frequency band at: Gain 0 (a)-(b), and 5 dB (c)-(d).
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Figure 3 .

 3 2(a) shows the delay response of SOA-NL/XN (solid line), and the delay response of RF filter, which has a ripple in delay, and it is equal to the inverse of the depth (dashed line). By combining the delay response of SOA-NL/XN and RF filter, a flat delay is obtained (see Figure3.2(b)).

Figure 3 . 2

 32 Figure 3.2 Illustration of hybrid delay correction.
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 313 Figure 3.1 Characteristics of an ideal TTD over the instantaneous bandwidth (𝐵 𝑖𝑛𝑠 ) near the carrier operating frequency (𝑓 𝑐 ), (a) amplitude frequency response, (b) phase frequency response, (c) delay frequency response.

Figure 3 . 3

 33 Figure 3.3 TTD hybrid structure.

  Finally, RF-FF and RF-PS of the second stage are then merged with the first stage, in order to correct the nonlinearities and obtain a TTD. The simulation results of delay correction and TTD hybrid structure are presented. RADIO FREQUENCY PHASE SHIFTER AND TRUE TIME DELAY HYBRID STRUCTURE

CHAPTER 3 .Figure 3 . 4

 334 Figure 3.4 Schematic of (a) microstrip line, and (b) field distribution at the cross section of a microstrip line, 𝐻 ⃗ ⃗ : Magnetic field (doted lien), and 𝐸 ⃗ : 𝐸lectric field (solid line).

  value of 𝑍 0 and the dielectric constant of 𝜀 𝑟 , the ratio of w/h can be obtained by [

Figure 3 . 5

 35 Figure 3.5 Idealized filter responses: (a) Low-pass, (b) High-pass, (c) Bandpass, and (d) notch.

Figure 3 . 6 CHAPTER 3 .

 363 Figure 3.6 Chebyshev lowpass response, 𝜔 𝑐 is the cutoff angular frequency [6].

Figure 3 . 9 Figure 3 .

 393 Figure 3.9 Network representation of the single terminated (a) K-inverter and J-inverter, (b) Example of realization of the inverters by quarter-wavelength distributed lines.

Figure 3 .

 3 Figure 3.11 General circuit model of quarter-wavelength shunt short-circuited stubs.

Figure 3 .

 3 Figure 3.12 General circuit model of half-wavelength shunt open-circuited stubs connected by quarter-wavelength inverters.

Figure 3 .

 3 Figure 3.13 Network of bandpass filters of order n with admittance inverter.

Figure 3 . 15

 315 Figure 3.15 Initial design of half-wavelength shunt open-circuited stubs bandpass filters of order 6 with cross coupling 1-6.

Figure 3 .

 3 Figure 3.16 S-parameters for the simulated initial circuit obtained with half-wavelength shunt open-circuited stubs order-6 bandpass filter. Solid line without cross coupling 1-6, dashed line with cross coupling.

Figure 3 .

 3 Figure 3.17 Delays of S21 for the simulated initial circuit obtained with half-wavelength shunt open-circuited stubs order-6 bandpass filter. Solid line without cross coupling 1-6 and dashed line with cross coupling.

Figure 3 .

 3 18 by RF folded filter design (RF-FF) as shown in Figure 3.19. Besides, we consider the fringe effect, compensation for the open-end of the open-circuited stubs.The open-end effect in the microstrip is modeled in the frequency domain as an extension to the length of the microstrip stub. By applying the microstrip design equations described in theory parts (3.6) and (3.7), the widths and guided quarter-wavelengths associated with the characteristic admittances can be calculated. The microstrip lines are modeled using the MLIN component (via ADS), including conductor loss, dielectric loss and dispersion. The design has been simulated on a conventional RO4003 substrate 𝜀 𝑟 = 3.55, h = 0.813 mm, tan  = 0.0027, and T = 17 𝜇m. Once the physical dimensions have been obtained, the next design step is the electrical simulation and circuit tuning. The tuning consists of retouching the lengths of the lines to adjust the electrical response of the filter. In order to adjust the electrical response in microstrip lines of the 6 th order filter, it is necessary to slightly adjust the lengths of the stubs, the optimized lengths are presented in Table3.6.

Figure 3 .Figure 3 .

 33 Figure 3.18 Modified bandpass filters of order 6 with cross coupling 1-6.

CHAPTER 3 .Figure 3 .

 33 Figure 3.20 shows the simulated frequency response of the RF-FF, and Figure 3.21 shows the simulated group delay response of the filter, with and without coupling between the stubs of resonators 1 and 6 across wideband frequency ranging from 5 to 15 GHz. Here, C = 0.18 pF. For the case of cross coupling (in dotted lines), the two transmission zeros are located at 8.33 and 12.53 GHz. The insertion loss S 21 and return loss S 11 with coupling are 0.45 and 12.08 dB, respectively.

Figure 3 .

 3 Figure 3.20 Circuit simulation results of S-parameters of RF-FF. Solid line without cross coupling, dotted line with cross coupling.

Figure 3 .

 3 Figure 3.22 Flip tuning varactor equivalent circuit [9].

Figure 3 .Figure 3 .

 33 Figure 3.21 Delays of S21 for circuit simulation results of RF-FF. Solid line without cross coupling, dotted line with cross coupling.

Figure 3 .

 3 Figure 3.23 MA46H120 varactor model in ADS.

Figure 3 .CHAPTER 3 .

 33 Figure 3.24 Varactor capacitance variation versus bias voltage.

Figure 3 .

 3 Figure 3.25 displays the top view of the folded design layout and contains the DC block Cb and the varactor Cv.In order to reduce the parasitic couplings between port 1-2 and the stubs 2 and 5, we increase the space gap between them, by inclining port 1 and port 2 by 5°. The capacitor between stubs 1 and 6 is replaced by a MA46H120 varactor which has a capacitance tuning range from 0.16 pF to 0.82 pF and a parasitic resistor Rs of value 0.88 Ω. The ADS simulation (section 3.3.3) of this varactor is used as a guide to find their required biasing voltages based on the needed capacitances (Figure3.24). The EM-simulations in amplitude and group delay of the filter with coupling between the stub's resonators 1 and 6, are presented in Figure3.26.

Figure 3 .

 3 Figure 3.25 Layout of RF folded filter (RF-FF), where Cb is the DC blocking capacitors and CV is the MA46H120 varactors.

Figure 3 .

 3 Figure 3.26 Electromagnetic simulation (Momentum) of RF-FF (a) S-parameters, (b) delay of S21.

Figure 3 .

 3 Figure 3.27 Layout of RF curved filter (RF-CF).

Figure 3 .

 3 Figure 3.28 Electromagnetic simulation (Momentum) of RF-CF (a) S-parameters, (b) Delay of S21.

Figure 3 .CHAPTER 3 .

 33 Figure 3.29 Schematic of the proposed tunable RF-PS.

Figure 3 .CHAPTER 3 .

 33 Figure 3.30 Schematic of the proposed tunable RF-PS.

Figure 3 .

 3 Figure 3.31 Layout of tunable RF-PS.

Figure 3 .

 3 Figure 3.32(a) that the reflection coefficient S11 is lower than -10 dB over the entire frequency range of interest. An insertion loss of 0.8 dB is shown in Figure3.32(b). The simulated phase of S21 versus frequency is presented in Figure3.33(a). We achieve a phase up to a range

Figure 3 .Figure 3 .CHAPTER 3 .Figure 3 .

 3333 Figure 3.32 Simulated S parameters of the tunable RF-PS for different capacitances values. Amplitude variations of (a) reflection coefficient S21, and (b) Transmission coefficient S11.

Figure 3 .

 3 Figure 3.34 shows the structure of hybrid correction structure using ADS from Keysight. The first stage "SOA-NL photo-detected" contains the theoretical (calculated) values of the normalized RF power and phase responses using Up-CPO for SOA-NL based on experimental data (section 2.5.3.2), which was obtained from fitting the pump-probe frequency measured responses in section 2.5.3.1.

Figure 3 .

 3 Figure 3.34 Schematic structure of hybrid correction structure in ADS. RF-FF: RF folded filter.

Figure 3 .

 3 Figure 3.35 Hybrid delay correction (a), Normalized delay of SOA-NL (dotted line) and normalized hybrid delay correction (b).

CHAPTER 3 .Figure 3 .

 33 Figure 3.35(b) shows the normalized delay correction of gain 0 and 5 dB compared to normalized delay response of SOA-NL (presented in section 2.4.3). We notice that the delay responses of gains 0 and 5 dB are enhanced over the total instantaneous bandwidth of 1 GHz, compared to delay of SOA-NL (in dotted line) as shown in Figure3.35(b).

Figure 3 .

 3 Figure 3.36 Results of gain 0 dB for: ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 with and without using the hybrid correction structure and % of improvement (a). 𝜎 𝑑𝑒𝑙𝑎𝑦 and the ratio of 𝜎 𝑑𝑒𝑙𝑎𝑦 (b).

Figure 3 .

 3 Figure 3.36(b) shows the standard deviation 𝜎 𝑑𝑒𝑙𝑎𝑦 versus frequency band with and without using the delay correction. It also shows the ratio of 𝜎 𝑑𝑒𝑙𝑎𝑦 , which is defined as𝜎 𝑑𝑒𝑙𝑎𝑦 𝑤𝑖𝑡ℎ 𝑐𝑜𝑟𝑟𝑒𝑐𝑡𝑖𝑜𝑛 𝜎 𝑑𝑒𝑙𝑎𝑦 𝑤𝑖𝑡ℎ𝑜𝑢𝑡 𝑐𝑜𝑟𝑟𝑒𝑐𝑡𝑖𝑜𝑛. An improvement in terms of reduction of standard deviation is registered for gain 0 dB combined with a folded filter (RF-FF) at 14 V, over the entire frequency band. A smaller 𝜎 𝑑𝑒𝑙𝑎𝑦 indicates that the values tend to be close to the mean. A small ratio of 𝜎 𝑑𝑒𝑙𝑎𝑦 of about 0.38, is registered in the frequency band range from 0.625 GHz to 0.875 GHz. The use of RF-FF is effective in terms of ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 and 𝜎 𝑑𝑒𝑙𝑎𝑦 .

Figure 3 .

 3 Figure 3.37 Results of gain 5 dB for: ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 with and without using the hybrid correction structure and % of improvement (a). 𝜎 𝑑𝑒𝑙𝑎𝑦 and the ratio of 𝜎 𝑑𝑒𝑙𝑎𝑦 (b).

Figure 3 .

 3 Figure 3.37(b) presents the standard deviation of corrected and non-corrected delays, and the delay ratio. It shows that the improvement in 𝜎 𝑑𝑒𝑙𝑎𝑦 occurs in the frequency band from 0.5 GHz to 1.125 GHz. A low ratio of 𝜎 𝑑𝑒𝑙𝑎𝑦 around 0.42 is obtained at 0.875 GHz frequency band. The use of RF-FF is effective in terms of both ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 and 𝜎 𝑑𝑒𝑙𝑎𝑦 , in the frequency band ranging from 0.375 GHz to 1 GHz.

Figure 3 .

 3 Figure 3.38(a) shows, the normalized RF power for the hybrid delay correction for both cases, gain 0 and 5 dB versus frequency. Table3.15 shows the variation of normalized RF power noted as ∆ 𝑅𝐹𝑝𝑜𝑤𝑒𝑟 𝑝-𝑝 , with and without delay correction for both gains.

Figure 3 .

 3 Figure 3.38 Response of the hybrid correction structure: Normalized RF power (a), Phase shift (b).

CHAPTER 3 .

 3 RADIO FREQUENCY PHASE SHIFTER AND TRUE TIME DELAY HYBRID STRUCTURE

Figure 3 .

 3 Figure 3.38(b) presents the corresponding phase shift of the hybrid correction structure, showing a linear phase shift over the instantaneous bandwidth. The evaluation of the linear relationship between the measured relative phase shift of the hybrid correction structure with respect to the linear regression line of phase shift, 𝜙 = 2𝜋𝜏 f + 𝜙 𝑜𝑓𝑓𝑠𝑒𝑡 , are expressed by the linear phase error "𝜖". The linear regression line of each phase shift is calculated in order to define the delay and the offset. The phase shift regression lines are given by:

Figure 3 .

 3 Figure 3.40(b) shows that the TTD hybrid normalized RF power exhibited a 0.13 dB variation ∆ 𝑅𝐹𝑝𝑜𝑤𝑒𝑟 𝑝-𝑝 for "gain 5 dB + RF-FF 14 V + RF-PS 0.45 pF". Compared to hybrid correction structure, the normalized RF power is degraded by 0.015 dB for "gain 5 dB + RF-FF VDC set

Figure 3 .

 3 Figure 3.39 Schematic of TTD hybrid structure in ADS, RF-FF: RF folded filter, RF-PS: RF phase shifter.

Figure 3 .Figure 3 .

 33 Figure 3.40 (a) TTD hybrid structure response. (b) Normalized RF power response of TTD hybrid structure.

CHAPTER 4 .Figure 4 .

 44 Figure 4.1 photograph of (a) RF-FF, (b) RF-CF.

Figure 4 .Figure 4 . 2

 442 Figure 4.2 Experimental setup of S-parameters measurement of RF curved filter.

Figure 4 .

 4 Figure 4.3(b) shows the delay response based on measured data of the phase shift. A shift in response to lower frequencies occurs compared with the simulated ones where the delay ripple in the frequency of interest (9 to 11 GHz) is reported at 9.7 GHz, compared to the simulated one at 10 GHz.

Figure 4 .Figure 4 . 3

 443 Figure 4.4(a) illustrates the S 11 and S 21 responses of the retrofit EM-simulation for VDC = 16 V.The EM-simulation of the RF folded filter shows that the transmission zeros of both simulated and measured results are obtained at 7.74 and 12.14 GHz, and the measured and simulated filters have the same bandwidth. However, for measured S 21 the level is -2.5 dB, which is lower compared to simulated ones. The frequency shift between both sets of data is likely

Figure 4 .

 4 4(b) shows the simulated and calculated delay responses of S21 based on measured data.

Figure 4 . 4

 44 Figure 4.4 Retrofit electromagnetic simulation and measured results of RF-FF for VDC =16V: S11 and S21 (a). Delay of S21 (b). Retrofit simulated results (dashed lines) and measured results (solid lines).

Figure 4 .

 4 Figure 4.5 shows all the measured results of RF-FF when VDC is varied between 14 and 20 V. The transmission zeros are obtained at 7.74 and 12.14 GHz (Figure 4.5(a)). The insertion and return losses are 2.5 dB and 14 dB across the frequency range from 8 to 12 GHz, respectively.

Table 4 . 1

 41 shows the tunable delay ripple of the folded design for a control voltage varying from 14 to 20 Volts at 1-Volt increments. For the high tunable voltages 18 V to 20 V, the ripples in delay, are almost symmetric (deviation of ± 0.2 ps) in the frequency band of 9.2 to 10.2 GHz.

Figure 4 . 5

 45 Figure 4.5 Measurement of RF-FF (a) S11 and S21, (b) Delay of S21 with 5% moving averages.

Figure 4 .

 4 Figure 4.6 shows the measured S 11 and S 21 for the curved design. An important ripple appears in the overall frequency band, that causes a large ripple in the delay at 9.7 GHz, this was probably induced by residual solder acting as a parasitic capacitance. In turn, this leads to significant ripple increases in the delay at frequency 9.7 GHz as shown in Figure 4.7.Table 4.2 gives the delay ripples of RF-CF for various voltages.

Figure 4 . 6

 46 Figure 4.6 Measurement of RF-CF S11 and S21.

Figure 4 .

 4 Figure 4.7 RF-CF delay of S21 with 5% moving averages.

Figure 4 . 8

 48 Figure 4.8 Delay of RF-FF employing an external bias tee.

Figure 4 . 9

 49 Figure 4.9 Normalized delay of RF-FF employing an external bias tee and VNA bias tee at VDC = 20 V.

Figure 4 . 10 .

 410 The RF power of the output RF signal is measured relatively to a back-to-back measurement, without the SOA in the optical path. Therefore, the measured RF power is obtained by 20 log(|𝑆 21,𝑧 |) -20 log(|𝑆 21,𝑦 |), where z refers to SOAs bias current and y is the back-toback measurement without SOA.

Figure 4 .

 4 11. A first optical signal is modulated at 𝑓 𝑐 via the Mach-Zehnder modulator MZM1. A second signal is modulated at a low RF frequency 𝑓 𝑑 < 2 GHz via the Mach-Zehnder modulator MZM2. Both modulated signals propagate through the SOA-XN. The wavelengths of the optical signal are emitted at 𝜆 𝑐 = 1550 nm and 𝜆 𝑑 = 1545 nm. An EDFA amplifies the modulated input data signal. The optical input powers are adapted by the optical attenuators Att1 and Att2, respectively at -5 and 5 dBm. The optical power of the Up-CPO signal at the output of SOA-XN is filtered by an optical filter (OF) tuned at 𝜆 𝑐 with an optical bandwidth of about 1 nm, detected by a photodiode (Pd). After the photodiode (Pd), the RF power and the phase shift of the RF signal 𝑃 𝑒,𝑜𝑢𝑡 are measured by a VNA at different bias currents for SOA-XN. The VNA generates the signal at the frequency 𝑓 𝑉𝑁𝐴 which is converted by an RF mixer down to 𝑓 𝑑 , and amplified by an RF amplifier. A photograph of Up-CPO experimental setup using SOA-XN is presented in Figure 4.12.

Figure 4 .

 4 Figure 4.10 Measured relative RF power of SOA-XN with different bias currents.

Figure 4 .

 4 Figure 4.11 Up-CPO experimental set-up using SOA-XN. SPL: RF splitter, LPF: Low Pass Filter, PC: Polarization Controller, Att: Attenuator, Pd: Photodiode, OF: Optical Filter, VNA: Vector network analyzer.

Figure 4 .

 4 Figure 4.12 Photograph of Up-CPO experimental set-up using SOA-XN. OSA: Optical Spectrum Analyzer.

Figure 4 .

 4 Figure 4.13 Calculated delay response of SOA-XN: at 9.7 GH (a) and at 30 GHz (b). Delay at both 9.7 GHz (solid lines) and 30 GHz (dotted lines) (c).

Figure 4 .

 4 Figure 4.14 Calculated delay from measurement data at 30 GHz, shifted at 9.7 GHz at different bias currents for SOA-XN. Delay polynomial fits (dashed line).

Figure 4 .

 4 Figure 4.15 shows the experimental setup of the hybrid correction structure including the circuit of RF-FF with an external bias tee. A first optical signal emitted at 𝜆 𝑐 = 1550 nm is intensity-modulated at a high radiofrequency 𝑓 𝑐 = 9.7 GHz via the MZM1. A second signal emitted at 𝜆 𝑑 = 1545 nm is intensity-modulated via the MZM2 by a low RF frequency 𝑓 𝑑 varying from 0.1 to 1 GHz. Both optical signals are propagating into the SOA-XN. The signal of CPO at the frequency 𝑓 𝑑 is generated by the difference between 𝑓 𝑉𝑁𝐴 and 𝑓 𝑐 using an RF mixer, amplified by an RF amplifier. An EDFA amplifies the modulated input data signal. The optical injected powers are adjusted by the optical attenuators Att1 and Att2. Inside the SOA, the gain modulation induced by CPO modulates the second signal and an Up-CPO signal is created by XGM at 𝑓 𝑐 ± 𝑓 𝑑 . The optical power of the Up-CPO signal at the output of SOA-XN is filtered by an optical filter (OF) tuned at 𝜆 𝑐 with an optical bandwidth of about 1 nm, and then detected by a photodiode (Pd). The RF-FF associated to an external bias tee, is then placed after the photodiode (Pd). The experimental controls are the input optical powers and the input bias current to the SOA-XN, the microwave modulation frequencies, and the voltage control of the RF filter. The tunable delay correction can be obtained by tuning the pair "Bias current ~Gain" of SOA-XN and "VDC" of RF-FF.

Figure 4

 4 

Figure 4 .

 4 Figure 4.15 Experimental set-up of hybrid correction structure using RF-FF with external bias tee.

Figure 4 .

 4 Figure 4.16 photograph experimental set-up of hybrid correction structure using RF-FF with external bias tee.

Figure 4 .

 4 Figure 4.17 Measurement of hybrid correction structure over 1 GHz of: (a) relative RF power (solid lines) and mean values (dotted lines). (b) Relative phase shift. (c) Calculated delay (solid line) and polynomial fit (dashed lines).
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 32 Simulation of the hybrid correction structure based on experimental data of SOA-XN This section presents the simulation of the hybrid correction structure of the SOA-XN coupled with the RF-FF filter, via the ADS simulator, based on the experimental data.

Figure 4 .

 4 Figure 4.18 below shows the structure of the hybrid delay generation for simulation. The first stage contains RF power and phase shift responses of Up-CPO for SOA-XN, based on experimental data presented in section 4.2. The second stage contains the measurement results of the RF folded filter employing a bias tee internal to the VNA, as presented in section 4.1.1.After obtaining the results of the first and second stages separately, we combine both stages through the ADS simulator.

Figure 4 .

 4 Figure 4.18 Hybrid correction structure of SOA-XN + RF-FF (RF folded filter).

Figure 4 .

 4 Figure 4.19(a-b) depicts the delay response of Up-CPO using SOA-XN (stage #1), and the delay response of RF-FF (stage #2), over 1 GHz of frequency band (which is the desired correction region from 9.2 to 10.2 GHz).Figure 4.19(c-d) presents the normalized delay responses of stages #1 and #2. We can see from all the precedent figures Figure4.19(a-d) that in the frequency range 9.3 to 10.1 GHz, RF-FF presents an opposite ripple compared to the delay response of Up-CPO using SOA-XN. So, the combination of the two stages will give an expected optimum correction in this frequency range (9.3 to 10.1 GHz).
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 45 Figure 4.19(a-b) depicts the delay response of Up-CPO using SOA-XN (stage #1), and the delay response of RF-FF (stage #2), over 1 GHz of frequency band (which is the desired correction region from 9.2 to 10.2 GHz).Figure 4.19(c-d) presents the normalized delay responses of stages #1 and #2. We can see from all the precedent figures Figure4.19(a-d) that in the frequency range 9.3 to 10.1 GHz, RF-FF presents an opposite ripple compared to the delay response of Up-CPO using SOA-XN. So, the combination of the two stages will give an expected optimum correction in this frequency range (9.3 to 10.1 GHz).

Figure 4 .

 4 Figure 4.19 Calculated delay response from measured phase shift of: SOA-XN and polynomial fits (dashed line) (a). RF-FF (b). Normalized calculated polynomial delay of SOA-XN (c), and normalized calculated delay of RF-FF (d).

Figure 4 .

 4 20 and Figure 4.21.

Figure 4 .

 4 20(c)-(d) for frequencies smaller or equal to 9.55 GHz, due to the asymmetric response of the RF-FF for VDC = 17 V to 14 V (Figure 4.5(b)). A numerical comparison of each case (a)-(f) with and without using the hybrid correction structure is presented next.

Figure 4 .

 4 Figure 4.20 Normalized delay response of SOA-XN with (solid line) and without (dashed line) the hybrid correction structure for different gains (a)-(f).

Figure 4 .

 4 Figure 4.21 Delay response of the hybrid correction structure for different gains. Mean values (dotted line) over 1 GHz.

Figure 4 .Figure 4 .

 44 Figure 4.22 Results of first category for: ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 and % of improvement (a) and (c). 𝜎 𝑑𝑒𝑙𝑎𝑦 and the ratio of 𝜎 𝑑𝑒𝑙𝑎𝑦 (b) and (d).

Figure 4 .

 4 Figure 4.23(d)). A small ratio of 𝜎 𝑑𝑒𝑙𝑎𝑦 ~0.49 is obtained for a frequency band of 0.75 GHz.

Figure 4 .

 4 24(a) and Figure4.24(c) show that we can realize a delay correction in the frequency band range between 0.25 and 0.875 GHz. A maximum reduction of ~64% in the variation of delay for gain 4.75 dB is registered using RF-FF VDC set to 18 V, at the frequency band 0.625 GHz (Figure4.24(a)). These improvements are not only limited to the reduction of the delay variation, but also in the divergence from the mean value 𝜎 𝑑𝑒𝑙𝑎𝑦 , in the range of 0.625 to 1 GHz (Figure4.24(b and d)).

Figure 4 .

 4 Figure 4.23 Results of second category for: ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 and % of improvement (a) and (c). 𝜎 𝑑𝑒𝑙𝑎𝑦 and the ratio of 𝜎 𝑑𝑒𝑙𝑎𝑦 (b) and (d).

Figure 4 .

 4 Figure 4.25 shows the relative RF powers based on experimental data of the hybrid corrected structure (solid lines) and the mean values (dotted lines). Hence, the mean value is calculated from the measured data over the range of 9.2 to 10.2 GHz. It shows that the relative RF power have close response to the mean value.

Figure 4 .

 4 Figure 4.24 Results of third category for: ∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 and % of improvement (a) and (c). 𝜎 𝑑𝑒𝑙𝑎𝑦 and the ratio of 𝜎 𝑑𝑒𝑙𝑎𝑦 (b) and (d).

Figure 4 .

 4 Figure 4.25 Hybrid correction structure response of relative RF power (solid lines) and mean value (dotted lines).

Figure 4 .

 4 Figure 4.26 Hybrid correction structure response: (a) Relative phase shift over 1 GHz. (b) Relative phase shift across 9.95 to 10.2 GHz.
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Table 1 .

 1 2 Typical qualitative performance of integrated phase shifter approaches.

		1 stage					
	Type of PS	Maximum	Bandwidth	Size	Power	Loss Tunability
		phase					
	Switched-lines	∞	Large	Large	Medium	Small	D.C
	Loaded-lines	45°	Medium	Large	High	Small	D.C /
							Varactor
	RTPS	180°	Large	Medium	High	Small	D.C /
							Varactor
			D.C: Digital control, technology for these RF phase shifts is printed circuit.

Table 2 .

 2 1 Static characteristics of four commercial SOAs at wavelength 1550 nm. 𝑛 𝑖,𝜔 is the complex amplitude of the carrier density modulation in section i at 𝜔, and 𝑛 𝑖,𝜔 * is the complex conjugate of 𝑛 𝑖,𝜔 . The 𝑅 𝑛𝑟,𝑖 and 𝑅 𝐴𝑆𝐸,𝑖 can be taken into account from (2.12)-(2.13) by: 𝑖 is the effective carrier lifetime calculated from the carrier lifetimes 𝜏 𝑖 , due to 𝑅 𝑛𝑟,𝑖 , and 𝜏 𝑎𝑠𝑒,𝑖 , due to 𝑅 𝐴𝑆𝐸,𝑖 , with At the SOA's output, 𝑃 𝑜𝑢𝑡 𝑥 = 𝑃 𝑖𝑛 𝑥 𝐺 𝑥 presents a modulation component at the angular frequency 𝜔 due to the modulation of the carrier density N. The output power at the angular frequency 𝜔 is given by: where the self-gain modulation (SGM) term 𝑝 𝑆𝐺𝑀 is related to the modulation of N given as the following: By substituting (2.28) and (2.29) into (2.31), we obtain the RF small-signal modulation component at the output of the SOA: 2. COHERENT POPULATION OSCILLATIONS (CPO) AND UP-CONVERTED CPO IN DIFFERENT STRUCTURES OF SEMICONDUCTOR OPTICAL AMPLIFIERS 2.3.2 Asymptotic behavior of the CPO responses in amplitude and phase In this section we portray the asymptotic CPO frequency responses in amplitude and phase to highlight the theoretical limits of the CPO frequency responses. In (2.33) the phase evolution is depending on the sign of 𝑅 𝛼 . The evolution of 𝑅 𝛼 as a function of 𝐾 for several SOA gains after resolving the rate is given in Figure 2.6. It is obtained by resolving the rate equation (2.26) in function of 𝑃 𝑖𝑛

		SOA-L	SOA-NL1	SOA-NL	SOA-XN
	Unsaturated gain (dB)	18.8	24	30.2	30.5
	Pout,-3dB (dBm)	12.6	15	13.7	14.5
	Imax	at 300 mA	at 380 mA	at 300 mA	at 400 mA

The recombination rate induced by the amplification of the optical carrier at wavelength is given by the following equation from

(2.16) 

as: 𝑖 is the material saturation power, where 𝑊 𝑝 𝑥 is the photon energy at the signal wavelength𝜆 𝑥 , Γ is the optical confinement factor in the active zone and 𝑎 𝑖 𝑥 is the peakgain coefficient in section i at the signal wavelength 𝜆 𝑥 . By substituting (2.17) and (2.25) into (2.11), the rate equation for section i is given as: Considering exclusively first-order modulation terms, the rate equation (2.26) can be derived for the SOA modeled by one section device i = 1 as: By substituting the derivative of gain with respect to 𝑁 𝑖 (2.23) into (2.27), the small-signal modulation component 𝑛 𝜔 of the carrier density at the angular frequency 𝜔 relative to the optical modulation power 𝑝 𝑖𝑛 𝑥 can be given as: where 𝐺 𝑥 ̅̅̅̅ , 𝑔 𝑚 𝑥 ̅̅̅̅ and 𝑔 𝑛 𝑥 ̅̅̅̅ are considered in the static regime. The dynamic carrier lifetime 𝜏 𝑑 is developed from the small signal analysis by:

where 𝑠𝑔𝑛(𝑅 𝛼 ) refers to a positive or a negative sign of 𝑅 𝛼 , and

It should be noted that, for positive 𝑅 𝛼 , 𝛼 = 0 and CHAPTER 𝑥 for different SOA bias currents, by using one calculation section for the SOA presented in [5]

[12] 

(see Table

A1

[Appendix]). Figure

2

.6 shows that 𝑅 𝛼 becomes negative for 𝐾 range and for high SOA gain.

From (2.35), we have 𝜏 𝑛 > 𝜏 𝑑 for 𝐺 𝑥 ̅̅̅̅ > 1. For 𝑅 𝛼 > 0, Figure

2

.7(a) shows that the asymptotic amplitude of the CPO's frequency response presents a change from 𝑝 𝛼 at high frequency (𝜔 → ∞). Thus, the ratio between the CPO's amplitude response variation at low and high frequency is dependent on

Table 2 .

 2 2 Maximum relative phase shifts, RF penalty and CPO bandwidth for the 4 SOAs at the gain 10 dB.

		Maximum relative phase	Penalty (dB)	CPO3dB (GHz)
		shift		
	SOA-L	21.4°	7.1	0.78
	SOA-NL1	68°	28.2	0.41
	SOA-NL	63.7°	24	0.32
	SOA-XN	89.3°	36.2	0.16

  The equation(2.49) shows that the frequency responses of the RF amplitude and the phase shift of 𝑝 𝑜𝑢𝑡 are related to 𝜔 1 and 𝜔 2 that are governed in turn by the carrier lifetime 𝜏, 𝑃 𝐴𝑆𝐸 , the incident optical powers and their related gain and 𝑃 𝑠𝑎𝑡 . We defined 𝜌 (2.54) as the RF penalty on the amplitude 𝑝 𝑜𝑢𝑡 due to the optical gain saturation that occurs at low frequencies. From (2.49) 𝑝 𝑜𝑢𝑡,𝜔→0 =

	-77-	CHAPTER 2. COHERENT POPULATION OSCILLATIONS (CPO) AND UP-CONVERTED
			CPO IN DIFFERENT STRUCTURES OF SEMICONDUCTOR OPTICAL AMPLIFIERS
			𝐾 2 =	𝑊 𝑝 𝐴𝑆𝐸 𝑃 𝑜𝑢𝑡 𝐴𝑆𝐸 𝑊 𝑝 𝑠𝑖𝑔 𝑃 𝑠𝑎𝑡 𝐴𝑆𝐸 + 𝐾 1 𝐺 𝑠𝑖𝑔 𝐸 𝐶𝑊 𝑃 𝑖𝑛 𝐶𝑊 ̅̅̅̅̅̅ 𝐺 𝐶𝑊 ̅̅̅̅̅̅ 𝑊 𝑝 𝐶𝑊 𝑠𝑖𝑔 𝑃 𝑠𝑎𝑡 ̅̅̅̅̅̅		(2.53)
	𝑝 𝑠𝑖𝑔,𝑆𝐺𝑀 Re Im	𝜙 𝑠𝑖𝑔 𝜌 =	𝜔 2 𝜔 1	𝑝 𝑜𝑢𝑡 𝐴𝑆𝐸	𝜙 𝑠𝑖𝑔+𝐴𝑆𝐸	𝑝 𝑜𝑢𝑡 𝐴𝑆𝐸 𝑝 𝑜𝑢𝑡 𝐶𝑊	𝜙 𝑠𝑖𝑔+𝐴𝑆𝐸 𝜙 𝑠𝑖𝑔+𝐴𝑆𝐸+𝐶𝑊 (2.54)
			𝑝 𝑜𝑢𝑡 𝑠𝑖𝑔	𝑝 𝑠𝑖𝑔,𝑆𝐺𝑀	𝜙 𝑠𝑖𝑔	𝑝 𝑠𝑖𝑔,𝑆𝐺𝑀	𝜙 𝑠𝑖𝑔
		𝑝 𝑖𝑛 𝑠𝑖𝑔 𝐺 𝑠𝑖𝑔 ̅̅̅̅̅̅ 𝑝 𝑖𝑛 𝑠𝑖𝑔 𝐺 𝑠𝑖𝑔 ̅̅̅̅̅̅	(b)	𝑝 𝑖𝑛 𝑠𝑖𝑔 𝐺 𝑠𝑖𝑔 ̅̅̅̅̅̅	(c)	𝑝 𝑖𝑛 𝑠𝑖𝑔 𝐺 𝑠𝑖𝑔 ̅̅̅̅̅̅
								51)
			𝐾 1 =	𝑃 𝑠𝑎𝑡 𝑠𝑖𝑔 𝑃 𝑖𝑛 𝑠𝑖𝑔 ̅̅̅̅̅̅				(2.52)

𝜌

, this saturation disappears at high frequencies where 𝑝 𝑜𝑢𝑡,𝜔→∞ = 𝑝 𝑖𝑛 𝑠𝑖𝑔 𝐺 𝑠𝑖𝑔 ̅̅̅̅̅̅

[2]

.

  equation(2.56) shows that for high enough 𝐺 𝑠𝑖𝑔 ̅̅̅̅̅̅ , the theoretical maximum phase shift of 90° can be asymptotically reached. Besides, the control of 𝜙 𝑚𝑎𝑥 by 𝑃 𝑖𝑛

				𝐶𝑊 ̅̅̅̅̅̅ is dependent on the
	ratio between 𝑃 𝑖𝑛 𝑠𝑖𝑔 ̅̅̅̅̅̅ and 𝑃 𝑖𝑛 𝐶𝑊 ̅̅̅̅̅̅ through the factor K2, where the control of 𝜙 𝑚𝑎𝑥 is effective
	if	𝑊 𝑝 𝐶𝑊 𝑃 𝑖𝑛 𝐶𝑊 ̅̅̅̅̅̅̅ 𝐺 𝐶𝑊 ̅̅̅̅̅̅̅ 𝑊 𝑝 𝑠𝑖𝑔 𝑃 𝑠𝑎𝑡 𝐶𝑊	>	𝑃 𝑖𝑛 𝑠𝑖𝑔 ̅̅̅̅̅̅ 𝐺 𝑠𝑖𝑔 ̅̅̅̅̅̅ 𝑃 𝑠𝑎𝑡 𝑠𝑖𝑔

  the same pulsations as the carrier density around the static operating point 𝐺 ̅ . √𝐺 can be written, by using a first-order Taylor expansion, as: 𝜆 𝑐 , the complex amplitude terms of the Up-CPO signal output power at the pulsations 𝜔 𝑐+𝑑 and 𝜔 𝑐-𝑑 can be obtained by the quadratic detection that were calculated in (2.19), (2.57) and (2.60) as: CPO frequency responses at 𝜔 𝑐+𝑑 and 𝜔 𝑐-𝑑 are related to the frequency response of the carrier density of the data signal, 𝑛 𝑒,𝜔 𝑑 . To access experimentally to the frequency response of 𝑛 𝑒,𝜔 𝑑 due to XGM, without the oscillation of 𝑃 𝑖𝑛

	𝜔 𝑑 2 𝜕𝐺 𝜕𝑁 𝑒 2𝐺 ̅ ( 𝑛 𝑒,𝜔 𝑑 𝑒 𝑗𝜔 𝑑 𝑡 + 2 𝑒 𝑗𝜔 𝑑 𝑡 + 𝑛 𝑒,𝜔 𝑑 * 2 𝑛 𝑒,𝜔 𝑑 𝑒 -𝑗𝜔 𝑑 𝑡 + * 2 𝑒 -𝑗𝜔 𝑑 𝑡 + 𝑛 𝑒,𝜔 𝑐 2 𝑛 𝑒,𝜔 𝑐 𝑒 𝑗𝜔 𝑐 𝑡 + 2 𝑒 𝑗𝜔 𝑐 𝑡 + 𝑛 𝑒,𝜔 𝑐 * 2 𝑛 𝑒,𝜔 𝑐 𝑒 -𝑗𝜔 𝑐 𝑡 * 2 𝑒 -𝑗𝜔 𝑐 𝑡 )) 𝑛 𝑒,𝜔 𝑑 𝜕𝐺 𝜕𝑁 (1 + 𝑃 𝑖𝑛 𝑐 ̅̅̅̅ 𝑝 𝑖𝑛 𝑐 𝑛 𝑒,𝜔 𝑐 𝜕𝐺 𝜕𝑁 ) = 𝑝 𝑖𝑛 𝑐 4 𝑛 𝑒,𝜔 𝑑 𝜕𝐺 𝜕𝑁 (1 + 𝜀 𝑐+𝑑 (𝜔 𝑐 )) 𝑛 𝑒,𝜔 𝑑 * 𝜕𝐺 𝜕𝑁 (1 + 𝑃 𝑖𝑛 𝑐 ̅̅̅̅ 𝑝 𝑖𝑛 𝑐 𝑛 𝑒,𝜔 𝑐 * 𝜕𝐺 𝜕𝑁 ) = 𝑝 𝑖𝑛 𝑐 4 𝑛 𝑒,𝜔 𝑑 * 𝜕𝐺 𝜕𝑁 (1 + 𝜀 𝑐-𝑑 (𝜔 𝑐 )) 𝑃 𝑖𝑛 𝑝 𝑖𝑛 𝑐 4 𝑝 𝑖𝑛 𝑐 4 with 𝜀 𝑐+𝑑 (𝜔 𝑐 ) = Therefore, at 𝑝 𝑜𝑢𝑡,𝜔 𝑐+𝑑 𝑐 = 𝑝 𝑜𝑢𝑡,𝜔 𝑐-𝑑 𝑐 = 𝑐 ̅̅̅̅̅ 𝑝 𝑖𝑛 𝑐 𝑛 𝑒,𝜔 𝑐 𝜕𝐺 𝜕𝑁 and 𝜀 𝑐-𝑑 (𝜔 𝑐 ) = 𝑃 𝑖𝑛 𝑐 ̅̅̅̅̅ 𝑝 𝑖𝑛 𝑐 𝑛 𝑒,𝜔 𝑐 * 𝜕𝐺 𝑝 𝑜𝑢𝑡,𝜔 𝑐+𝑑 𝑐 ~𝑝𝑖𝑛 𝑐 4 𝑛 𝑒,𝜔 𝑑 𝜕𝐺 𝜕𝑁 𝑝 𝑜𝑢𝑡,𝜔 𝑐-𝑑 𝑐 ~𝑝𝑖𝑛 𝑐 4 𝑛 𝑒,𝜔 𝑑 * 𝜕𝐺 𝜕𝑁 2.5.2.2 Small-signal frequency response of the carrier density 𝑁 √𝐺~√𝐺 ̅ (1 + As shown in (2.61) and (2.62), the Up-	(2.59) (2.60) (2.61) (2.62) (2.63) (2.64)

𝑒 ̅̅̅ represents the static operating point and 𝑛 𝑒,𝜔 𝑥 is the complex amplitude of the mean carrier density modulation at 𝜔 𝑥 . Due to the cross-gain modulation, the SOA gain 𝐺(𝑡) at 𝜆 𝑐 is modulated at 𝜕𝑁 . These two terms must be taken into account if 𝑓 𝑐 is close or below the cutoff frequency of 𝑛 𝑒 (𝜔). In system application, 𝜔 𝑐 = 2𝜋𝑓 𝑐 is the high up-mixing fixed angular frequency. Usually, 𝑓 𝑐 is significantly higher than the cutoff frequency of 𝑛 𝑒,𝜔 𝑐 , thus the response in phase and amplitude of 𝑛 𝑒,𝜔 𝑐 is negligible. It appears through (2.61) and (2.62) that the frequency response in amplitude and phase of the Up-CPO signals at 𝜔 𝑐+𝑑 and 𝜔 𝑐-𝑑 depends only on the frequency response of the mean carrier density oscillation due to the data signal through 𝑛 𝑒,𝜔 𝑑 and 𝑛 𝑒,𝜔 𝑑 * respectively. Therefore, the Up-CPO frequency response in this case can be simplified as: 𝑐 , a pump-probe setup is used. In this case, 𝑃 𝑖𝑛 𝑐 is set as a continuous-wave signal and used as a probe noted 𝑃 𝑖𝑛 𝑃𝑟 ̅̅̅̅̅ , and 𝑃 𝑖𝑛 𝑑 is considered as the pump, a time varying signal noted 𝑃 𝑖𝑛 𝑃𝑢 .

  𝜆 𝑃𝑟 , 𝑊 𝑝 𝑃𝑢 and 𝑊 𝑝 𝑃𝑟 are the photon energy at the signal wavelength 𝜆 𝑃𝑢 and 𝜆 𝑃𝑟 , respectively. 𝛤 is the optical confinement factor in the active zone, 𝑎 is the peak-gain coefficient. The 𝑅 𝑛𝑠𝑡,𝑖 and 𝑅 𝐴𝑆𝐸,𝑖 can be taken into account from (2.12)-(2.13) by: 𝑖 is the effective carrier lifetime calculated from the carrier lifetimes 𝜏 𝑖 , due to 𝑅 𝑛𝑠𝑡,𝑖 , and 𝜏 𝑎𝑠𝑒,𝑖 , due to 𝑅 𝐴𝑆𝐸,𝑖 , with At the SOA output, the complex amplitude of the probe signal at ±𝜔 𝑃𝑢 can be given from (2.21) and (2.65) by considering the first order terms to be: Equations (2.76) and (2.77) show that a pump-probe setup can lead to access into the frequency response of the dynamic carrier density, which will be used to analyze the Up-CPO frequency response defined in (2.63) and (2.64). Substituting (2.69) and (2.71) into (2.76) and (2.77) yields an expression of the output probe power 𝑝 𝑜𝑢𝑡,±𝜔 𝑃𝑢 𝑃𝑟 , 𝑛 𝑒,𝜔 𝑃𝑢 and 𝑛 𝑒,𝜔 𝑃𝑢 *
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	𝑝 𝑜𝑢𝑡,𝜔 𝑃𝑢 𝑃𝑟	𝑅 𝑠𝑡,𝑖 = 𝑑𝑁 2 𝑑𝑡 = 𝐼 2 𝛤𝑎𝐿𝜏 𝑒,𝑖 2 𝑞𝑉 -𝑁 2 𝜏 𝑒,2 = 𝑃 𝑖𝑛,1 𝑃𝑟 ̅̅̅̅̅ 𝐺 1 ̅̅̅ 𝐺 2 ̅̅̅ 𝛤𝑎 𝐿 2 𝑛 1,𝜔 𝑃𝑢 ( 𝑃 𝑖𝑛,𝑖 𝑃𝑢 (𝐺 𝑖 -1) 𝑃 𝑠𝑎𝑡,i 𝑃𝑢 -𝑃 𝑖𝑛,2 𝑃𝑢 (𝐺 2 -1) + 𝛤𝑎𝐿 2 𝜏 𝑒,2 𝑃 𝑠𝑎𝑡,2 𝑃𝑢 -𝑃 𝑖𝑛,𝑖 𝑃𝑟 ̅̅̅̅̅ (𝐺 𝑖 -1) 𝑃 𝑠𝑎𝑡,i 𝑃𝑟 𝑃 𝑖𝑛,2 𝑃𝑟 (𝐺 2 -1) ) 𝛤𝑎𝐿 2 𝜏 𝑒,2 𝑃 𝑠𝑎𝑡,2 𝑃𝑟 2 + 𝑃 𝑖𝑛,1 𝑃𝑟 ̅̅̅̅̅ 𝐺 1 ̅̅̅ 𝐺 2 ̅̅̅ 𝛤𝑎 𝐿 2 𝑛 2,𝜔 𝑃𝑢 2 = 𝑃 𝑖𝑛,1 𝑃𝑟 ̅̅̅̅̅ 𝐺 ̅ 𝛤𝑎𝐿	𝑛 𝑒,𝜔 𝑃𝑢 2	(2.66) (2.70) (2.76)
	where 𝑃 𝑠𝑎𝑡,i 𝑃𝑢 = The complex amplitude of the carrier density modulation 𝑛 2,𝜔 𝑃𝑢 in the second section can be 𝑤𝑑𝑊 𝑝 𝑃𝑢 𝛤𝑎𝜏 𝑒,𝑖 is the material saturation power at 𝜆 𝑃𝑢 , 𝑃 𝑠𝑎𝑡,i 𝑃𝑟 = 𝑤𝑑𝑊 𝑝 𝑃𝑟 𝛤𝑎𝜏 𝑒,𝑖 is the material calculated as in (2.71) by small-signal modeling using (2.20)-(2.21), and by applying the 𝑝 𝑜𝑢𝑡,-𝜔 𝑃𝑢 𝑃𝑟 = 𝑃 𝑖𝑛,1 𝑃𝑟 ̅̅̅̅̅ 𝐺 ̅ 𝛤𝑎𝐿 * 𝑛 𝑒,𝜔 𝑃𝑢 2 (2.77)
	Section 2 𝐼 2 = 𝐼/2 N2 𝐺 2 𝑃𝑢 , 𝐺 2 𝑃𝑟 derivative of (2.70). We consider first order modulation terms, and substitute the partial 𝐼 1 = 𝐼/2 𝑃 𝑖𝑛 𝑃𝑟 ̅̅̅̅̅ 𝑃 𝑖𝑛 𝑃𝑢 𝑃 𝑜𝑢𝑡 𝑃𝑟 𝑃 𝑜𝑢𝑡 𝑃𝑢 N1 𝐺 1 𝑃𝑢 , 𝐺 1 𝑃𝑟 Section 1 𝑃 𝑖𝑛,2 𝑃𝑢 𝑃 𝑜𝑢𝑡,1 𝑃𝑟 𝑃 𝑖𝑛,1 𝑃𝑟 𝑃 𝑖𝑛,1 𝑃𝑢 𝑃 𝑜𝑢𝑡,1 𝑃𝑢 𝑃 𝑖𝑛,2 𝑃𝑟 𝑃 𝑜𝑢𝑡,2 𝑃𝑢 𝑃 𝑜𝑢𝑡,2 𝑃𝑟 derivative of the gain (2.23) into the derivative of (2.71). with 𝑛 𝑒,𝜔 𝑃𝑢 = 𝑛 1,𝜔 𝑃𝑢 +𝑛 2,𝜔 𝑃𝑢 2 and 𝑛 𝑒,𝜔 𝑃𝑢 * = 𝑛 1,𝜔 𝑃𝑢 * +𝑛 2,𝜔 𝑃𝑢 * 2 equivalent to the mean value of the complex amplitude of the carrier density. saturation power at 𝑁 𝑖 (2.67) 𝑛 2,𝜔 𝑃𝑢 = -1 𝛤𝑎𝐿 2 (1 + 𝐾 2 𝑃𝑟 + 𝐾 2 𝑃𝑢 )𝑃 𝑠𝑎𝑡,2 𝑃𝑢 ( 𝐺 2 ̅̅̅ -1 ) 1 + 𝑗𝜔𝜏 𝑑,2 (𝑝 𝑖𝑛,1 𝑃𝑢 𝐺 1 ̅̅̅ + 𝑃 𝑖𝑛,1 𝑃𝑢 ̅̅̅̅̅ 𝑛 1,𝜔 𝑃𝑢 𝜕𝐺 1 𝜕𝑁 1 + 𝑃 𝑖𝑛,1 𝑃𝑟 ̅̅̅̅̅ 𝑛 1,𝜔 𝑃𝑢 (2.71) 𝜕𝐺 1 ) 𝜕𝑁 1 that can be written 𝜏 𝑒,𝑖 where 𝜏 𝑑,2 = 𝜏 e,2 1+𝐾 2 𝑃𝑟 +𝐾 2 𝑃𝑢 is the dynamic carrier lifetime in the second section, 𝐾 2 𝑃𝑢 = 𝑃 𝑖𝑛,1 𝑃𝑢 ̅̅̅̅̅̅̅ as: 𝑃𝑢 𝐺 ̅ 𝑃 𝑠𝑎𝑡,2 with 𝜏 𝑒,1 𝜏 𝑒,𝑖 = 1 𝜏 𝑖 + 1 𝜏 𝑎𝑠𝑒,𝑖 [17] [18]. and 𝐺 ̅ = 𝐺 1 ̅̅̅ 𝐺 2 ̅̅̅ . 𝑝 𝑜𝑢𝑡,±𝜔 𝑃𝑢 𝑃𝑟 = -𝐾 𝑛1𝑛2 𝑃 𝑖𝑛,1 𝑃𝑟 ̅̅̅̅̅ 𝐺 ̅ 2𝑃 𝑠𝑎𝑡,1 𝑃𝑢 𝑃 𝑠𝑎𝑡,2 𝑃𝑢 ( 1 ± 𝑗𝜔𝜏 𝑑,12 (1 ± 𝑗𝜔𝜏 𝑑,1 )(1 ± 𝑗𝜔𝜏 𝑑,2 ) ) 𝑝 𝑖𝑛,1 𝑃𝑢 (2.78)
	𝐿 2 = 𝐿/2 ̅̅̅̅̅ 𝑛 1,𝜔 𝑃𝑢 𝑒 𝑗𝜔 𝑃𝑢 𝑡 + 𝑃 𝑖𝑛,1 𝑃𝑟 * 2 𝜕𝐺 1 𝜕𝑁 1 𝑒 -𝑗𝜔 𝑃𝑢 𝑡 𝑃𝑢 𝑃 𝑠𝑎𝑡,2 ̅̅̅̅̅ 𝑛 1,𝜔 𝑃𝑢 ̅̅̅ + 𝑃 𝑖𝑛,1 ̅̅̅̅̅ 𝐺 1 𝑃𝑟 (𝑡) = 𝑃 𝑖𝑛,1 𝑃 𝑖𝑛,2 𝑃𝑟 𝑃𝑟 2 𝜕𝐺 1 𝜕𝑁 1 𝑛 𝑒,𝜔 𝑃𝑢 = -𝐾 𝑛1𝑛2 𝛤𝑎𝐿𝑃 𝑠𝑎𝑡,1 𝑃𝑢 ( 1 + 𝑗𝜔𝜏 𝑑,12 (1 + 𝑗𝜔𝜏 𝑑,1 )(1 + 𝑗𝜔𝜏 𝑑,2 ) ) 𝑝 𝑖𝑛,1 𝑃𝑢		(2.72) (2.79)
	𝑑𝑁 1 𝑑𝑡 ̅̅̅̅̅ 𝐺 1 𝑃𝑢 (𝑡) = 𝑃 𝑖𝑛,1 𝑃 𝑖𝑛,2 𝑃𝑢 ̅̅̅ + ( = 𝑝 𝑖𝑛,1 𝐼 1 𝑞𝑉 -𝑃𝑢 2 𝐺 1 𝑁 1 𝜏 𝑒,1 ̅̅̅ + 𝑃 𝑖𝑛,1 -𝑃 𝑖𝑛,1 𝑃𝑢 (𝐺 1 -1) 𝛤𝑎𝐿 1 𝜏 𝑒,1 𝑃 𝑠𝑎𝑡,1 𝑃𝑢 -𝑃𝑢 ̅̅̅̅̅ 𝑛 1,𝜔 𝑃𝑢 2 𝜕𝐺 1 𝑛 𝑒,𝜔 𝑃𝑢 * = -𝐾 𝑛1𝑛2 𝛤𝑎𝐿𝑃 𝑠𝑎𝑡,1 𝑃𝑢 𝑃 𝑠𝑎𝑡,2 𝑃𝑢 ( 1 -𝑗𝜔𝜏 𝑑,12 𝑃 𝑖𝑛,1 𝑃𝑟 ̅̅̅̅̅ (𝐺 1 -1) 𝛤𝑎𝐿 1 𝜏 𝑒,1 𝑃 𝑠𝑎𝑡,1 ) 𝑝 𝑖𝑛,1 𝑃𝑢 (1 -𝑗𝜔𝜏 𝑑,1 )(1 -𝑗𝜔𝜏 𝑑,2 ) ) 𝑒 𝑗𝜔 𝑃𝑢 𝑡 𝜕𝑁 1 + ( 𝑝 𝑖𝑛,1 * 𝑃𝑢 2 𝐺 1 ̅̅̅ + 𝑃 𝑖𝑛,1 𝑃𝑢 ̅̅̅̅̅ 𝑛 1,𝜔 𝑃𝑢 * 2 𝜕𝐺 1 𝜕𝑁 1 ) 𝑒 -𝑗𝜔 𝑃𝑢 𝑡 with:	(2.80) (2.73)
	2.5.2.2.2 Probe output power 𝐾 𝑛2 𝐺 1 ̅̅̅̅ 𝜏 𝑑,1 𝑃 𝑠𝑎𝑡,1 𝑃𝑢 +𝐾 𝑛1 𝜏 𝑑,2 𝑃 𝑠𝑎𝑡,2 𝑃𝑢  𝜏 𝑑,12 = 𝐾 𝑛1𝑛2	
	𝑖𝑛,1 𝑃𝑢 = 𝑃 𝑖𝑛 𝑃𝑢 ̅̅̅̅̅ + ̅̅̅̅̅ is the average optical input power at 𝜆 𝑃𝑢 , 𝑝 𝑖𝑛 𝑝 𝑖𝑛 𝑃𝑢 2 𝑒 𝑗𝜔 𝑃𝑢 𝑡 + 𝑝 𝑖𝑛 * 𝑃𝑢 2 where 𝑃 𝑖𝑛 𝑃𝑢 𝑛 1,𝜔 𝑃𝑢 = -1 𝛤𝑎 𝐿 1 (1 + 𝐾 1 𝑃𝑢 )𝑃 𝑠𝑎𝑡,1 𝑃𝑢 ( 𝐺 1 ̅̅̅ -1 𝑒 -𝑗𝜔 𝑃𝑢 𝑡 1 + 𝑗𝜔𝜏 𝑑,1 𝑃𝑢 ) 𝑝 𝑖𝑛,1 𝑃𝑢 is the modulation part at the angular (2.65) (2.69) frequency 𝜔 𝑃𝑢 of the optical signal at wavelength 𝜆 𝑃𝑢 and '*' stands for the complex conjugate value. A second signal, a continuous-wave power acting as a probe signal 𝑃 𝑖𝑛1 𝑃𝑟 = 𝑃 𝑖𝑛 𝑃𝑟 ̅̅̅̅̅ at 𝜆 𝑃𝑟 where 𝜏 𝑑,1 = 𝜏 e,1 1+𝐾 1 𝑃𝑢 is the dynamic carrier lifetime in the first section and 𝐾 1 𝑃𝑢 = 𝑃 𝑖𝑛,1 𝑃𝑢 ̅̅̅̅̅̅̅ 𝑃 𝑠𝑎𝑡,1 𝑃𝑢 𝐺 1 ̅̅̅ . 𝑝 𝑜𝑢𝑡,𝜔 𝑃𝑢 𝑃𝑟 = 𝑃 𝑖𝑛,1 𝑃𝑟 ̅̅̅̅̅ 𝐺 2 ̅̅̅ 𝑛 1,𝜔 𝑃𝑢 2 𝜕𝐺 1 𝜕𝑁 1 + 𝑃 𝑖𝑛,1 𝑃𝑟 ̅̅̅̅̅ 𝐺 1 ̅̅̅ 𝑛 2,𝜔 𝑃𝑢 2 𝜕𝐺 2 𝜕𝑁 2 (2.74)
	is injected simultaneously at the SOA input. Now, for the second section i = 2, the input powers of the second section depends on the output powers of section 1, where 𝑃 𝑜𝑢𝑡,1 𝑃𝑢 = 𝑃 𝑖𝑛,2 𝑃𝑢 = 𝑃 𝑖𝑛,1 𝑃𝑢 𝐺 1 and 𝑃 𝑜𝑢𝑡,1 𝑃𝑟 = 𝑃 𝑖𝑛,2 𝑃𝑟 = 𝑃 𝑖𝑛,1 𝑝 𝑜𝑢𝑡,-𝜔 𝑃𝑢 𝑃𝑟 = 𝑃 𝑖𝑛,1 𝑃𝑟 ̅̅̅̅̅ 𝐺 2 ̅̅̅ 𝑛 1,𝜔 𝑃𝑢 * 2 𝜕𝐺 1 𝜕𝑁 1 + 𝑃 𝑖𝑛,1 𝑃𝑟 ̅̅̅̅̅ 𝐺 1 ̅̅̅ 𝑛 2,𝜔 𝑃𝑢 * 2 𝜕𝐺 2 𝜕𝑁 2 (2.75)

From

(2.16)

, the recombination rate 𝑅 𝑠𝑡,𝑖 due to the amplification of the optical pump and probe signals at wavelengths 𝜆 𝑃𝑟 and 𝜆 𝑃𝑢 , can be given in both sections by the following equation: Figure 2.25 Principle of SOA modeling by two calculation sections in presence of an intensity-modulated pump signal 𝑃 𝑖𝑛 𝑃𝑢 at 𝜆 𝑃𝑢 and a continuous-wave probe signal 𝑃 𝑖𝑛 𝑃𝑟 ̅̅̅̅̅ at 𝜆 𝑃𝑟 . 𝐿 1 = 𝐿/2

2.5.2.2.1 Carrier density modulation in the first and second section For the first section i = 1, we introduce (2.66) and (2.67) into the general form of the ate equation (2.11), the rate equation for the first section becomes: 𝑃𝑟 (2.68) The complex amplitude of the carrier density modulation 𝑛 1,𝜔 𝑃𝑢 (2.69) is given by small-signal modeling (section 2.3.1). By introducing the expression of the carrier density and the gain (2.20)-(2.21), for 𝜆 𝑥 = 𝜆 𝑃𝑢 , and (2.65) into (2.64). Then we derivative (2.68). We consider first order modulation terms, and substitute (2.23) into the derivative of (2.68). 𝑃𝑟 ̅̅̅̅̅ 𝐺 1 . Therefore, the rate equation for the second section is given as: The probe and pump optical powers at the input of the second section can be written respectively from the gain expression (2.21) where 𝜆 𝑥 = 𝜆 𝑃𝑢 , and (2.65) by considering firstorder terms as: Then, by using (2.23) we express 𝑝 𝑜𝑢𝑡,±𝜔 𝑃𝑢 𝑃𝑟 in terms of the mean carrier density as:

  Evaluation of the dynamic carrier lifetimeAs the frequency response of 𝑝 𝑜𝑢𝑡,±𝜔 𝑃𝑢 𝑃𝑟 (2.78) depends on the dynamic carrier lifetimes 𝜏 𝑑,12 , 𝜏 𝑑,1 and 𝜏 𝑑,2 , we analyze in this paragraph their evolution as a function of the injected powers The calculation of 𝜏 𝑑,12 , 𝜏 𝑑,1 and 𝜏 𝑑,2 is done after resolving the rate equations (2.68) and (
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		(2.84)
		2 𝑃𝑢 +𝐾 2 𝑃𝑟 )

  Thereby, the power of Up-CPO responses, 𝑝 𝑜𝑢𝑡,𝜔 𝑐±𝑑

								𝑐	, can be calculated by
	substituting the carrier density expressions (2.79)-(2.80) into (2.61)-(2.62):
	𝑝 𝑜𝑢𝑡,𝜔 𝑐±𝑑 𝑐	= -	𝑝 𝑖𝑛,1 𝑐 4	( 𝑃 𝑠𝑎𝑡,1 𝐾 𝑛1𝑛2 𝐺 ̅ 𝑑 𝑃 𝑠𝑎𝑡,2 𝑑	𝑇 ± (𝜔)𝑝 𝑖𝑛,1 𝑑 ) (1 -	𝐾 𝑛1𝑛2 𝑃 𝑖𝑛,1 𝑐 ̅̅̅̅̅ 𝐺 ̅ 𝑃 𝑠𝑎𝑡,1 𝑑 𝑃 𝑠𝑎𝑡,2 𝑑 𝑇 ± (𝜔 𝑐 ))	(2.85)
	with						
	𝑇 ± (𝜔) =	1±𝑗𝜔𝜏 𝑑,12 (1±𝑗𝜔𝜏 𝑑,1 )(1±𝑗𝜔𝜏 𝑑,2 ) , and 𝑇 ± (𝜔 𝑐 ) =	1±𝑗𝜔 𝑐 𝜏 𝑑,12 (1±𝑗𝜔 𝑐 𝜏 𝑑,1 )(1±𝑗𝜔 𝑐 𝜏 𝑑,2 )

Table 2 .

 2 

	𝑗𝜔𝜏 𝑑,1 )(1 + 𝑗𝜔𝜏 𝑑,2 )	=	(1 + 𝑗 1 + 𝑗 𝑓 𝑓 1 ) (1 + 𝑗 𝑓 𝑓 12	𝑓 2 𝑓	)	(2.87)
	where 𝑓 𝑡 is the cutoff frequency for each 1 + 𝑗	𝑓 𝑓 𝑡	term with 𝑓 𝑡 =	1 2𝜋𝜏 𝑑,𝑡	and t = 12, 1 and 2. The

obtained value of 𝑓 𝑑,12 , 𝑓 𝑑,1 and 𝑓 𝑑,2 are shown in Table 2.3, Table 2.4, and Table 2.5, respectively.

Figure 2.27 Pump-probe setup, OF: Optical filter, Pd: Photodiode.

Table 2 .

 2 

		0 dB	5 dB	10 dB
	𝒇 𝟏𝟐	0.6	1.26	2.5
	𝒇 𝟏	0.64	1.5	2.8
	𝒇 𝟐	1.91	4	12
	𝒇 𝟑𝒅𝑩	2.14	5.23	14.65

4 Cut-off frequency of SOA-NL (GHz)

Table 2 .

 2 

		0 dB	5 dB	10 dB
	𝒇 𝟏𝟐	0.6	1.3	3.37
	𝒇 𝟏	0.8	1.8	4.43
	𝒇 𝟐	1.45	3.9	12
	𝒇 𝟑𝒅𝑩	2.24	5.97	18.45

5 Cut-off frequency of SOA-XN (GHz)

  The absolute amplitude and phase responses of Up-CPO signals can be calculated by substituting the normalized function (2.87) of the calculated 𝑓 𝑡 in Table 2.3, Table 2.4, and Table 2.5, and into equations (2.85). 𝑝 𝑜𝑢𝑡,𝜔 𝑐±𝑑 optical input signal at 𝜆 𝑐 . We vary 𝑓 in a range of 5 GHz around 𝑓 𝑐 with 𝑓 = 𝑓 𝑐 ± 𝑓 𝑑 . 2. COHERENT POPULATION OSCILLATIONS (CPO) AND UP-CONVERTED CPO IN DIFFERENT STRUCTURES OF SEMICONDUCTOR OPTICAL AMPLIFIERS where 𝐵 𝐺 and 𝐶 𝐺 are constant terms with:

	-96-						
						𝐵 𝐺 = 10𝑙𝑜𝑔	𝐴 𝐺 4𝑚	𝑝 𝑖𝑛,1 𝑑 10 -3 |1 -𝐴 𝑇 ± (𝑓 𝑐 )|	(2.92)
						𝑐		can be written as:
	𝑝 𝑜𝑢𝑡,𝜔 𝑐±𝑑 𝑐	= -	𝑝 𝑖𝑛,1 𝑐 4	( 𝑃 𝑠𝑎𝑡,1 𝐾 𝑛1𝑛2 𝐺 ̅ 𝑑 𝑃 𝑠𝑎𝑡,2 𝑑	𝑇 ± (𝑓)𝑝 𝑖𝑛,1 𝑑 ) (1 -	𝐾 𝑛1𝑛2 𝑃 𝑖𝑛,1 𝑐 ̅̅̅̅̅ 𝐺 ̅ 𝑃 𝑠𝑎𝑡,1 𝑑 𝑃 𝑠𝑎𝑡,2 𝑑 𝑇 ± (𝑓 𝑐 ))	(2.88)
	The resulting 𝑝 𝑜𝑢𝑡,𝜔 𝑐±𝑑 𝑐	can be rewritten as follows:
			𝑝 𝑜𝑢𝑡,𝜔 𝑐±𝑑 𝑐	= -	𝐴 𝐺 4𝑚	𝑝 𝑖𝑛,1 𝑑 𝑇 ± (𝑓) (1 -𝐴 𝑇 ± (𝑓 𝑐 ))	(2.89)
	where 𝐴 𝐺 =	𝐾 𝑛1𝑛2 𝑃 𝑖𝑛,1 𝑐 ̅̅̅̅̅̅̅ 𝑃 𝑠𝑎𝑡,1 𝑑 𝑃 𝑠𝑎𝑡,2 𝑑	𝐺 ̅ is a constant for an operating point and 𝑚 =	𝑐 𝑝 𝑖𝑛,1 𝑃 𝑖𝑛,1 𝑐 ̅̅̅̅̅̅̅ is the modulation
	index of the The power, in dBm, and the phase of 𝑝 𝑜𝑢𝑡,𝜔 𝑐±𝑑 𝑐	for an operating point corresponding to an
	optical gain 𝐺 can be written form (2.89) as:
				|𝑝 𝑜𝑢𝑡,𝜔 𝑐±𝑑 𝑐	|	𝐺	(𝑑𝐵𝑚) = 𝐵 𝐺 + 10𝑙𝑜𝑔|𝑇 ± (𝑓)|	(2.90)
	𝑎𝑟𝑔(𝑝 𝑜𝑢𝑡,𝜔 𝑐±𝑑 𝑐	)|		

𝐺

= 𝜋 + 𝐶 𝐺 + 𝑎𝑟𝑔 (𝑇 ± (𝑓)) + 𝑎𝑟𝑔(𝑝 𝑖𝑛,1 𝑑 ) -𝑎𝑟𝑔(𝑝 𝑖𝑛,1 𝑐 ) (2.91) CHAPTER

Table 2 .

 2 6 Phase offset for different bias current, at 𝑓 𝑐 = 10 and 30 GHz.

	Bias current	75 mA	100 mA	125 mA	150 mA
	𝑓 𝑐 = 10 GHz	9.2°	5.5°	3.4°	1.8°
	𝑓 𝑐 = 30 GHz	2.5°	1.5°	0.4°	0°

Table 2 .

 2 7 Delay variation (∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 ) over a frequency band of 1 GHz.

	Delay depth (ps) at Gain	0 dB	5 dB	10 dB
	SOA-NL	8.1	7.7	0.87
	SOA-XN	41.1	11.2	0.91
	∆ 𝑑𝑒𝑙𝑎𝑦 𝑝-𝑝 is measured for different frequency bands		

  Prototype lowpass Chebyshev filter ................................................................ 3.2.3 Chebyshev bandpass filter with lumped networks .......................................... 3.2.4 Lowpass to bandpass transformation using immittance inverter .................... 3.2.5 Richards transformation .................................................................................. 3.2.6 Stub-type microstrip bandpass filters .............................................................. 3.2.7 Generalized coupling matrix ........................................................................... 3.2.8 Cross coupling .................................................................................................

3.2.1 Transfer functions and general definition ....................................................... 3.2.2 3.3.1 Tunable filter design with ideal transmission lines ......................................... 3.3.2 Synthesis of the tunable RF filter with distributed lines ................................. 3.3.3 Basic model of varactor diodes ....................................................................... 3.3.4 Layout and EM simulation ..............................................................................

  .1 presents a summary of equivalent results from the Richards transformation.

	𝑌 𝑖 =	1 𝑗𝐿 𝑖 𝜔	+ 𝑗𝐶 𝑖 𝜔 = 𝑗𝐵 𝑖 (𝜔)	(3.21)
		𝑏 𝑖 =	𝑑𝐵 𝑖 (𝜔) 𝑑𝜔	𝜔=𝜔 0 |	(3.22)
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Table 3 .

 3 1 Transmission lines equivalent circuit in lumped element.

	𝒍 =	𝝀 𝟎 𝟖	𝒍 =	𝝀 𝟎 𝟒	𝒍 =	𝝀 𝟎 𝟐
	𝐿 =	𝑍 0 𝜔 0				

Table 3 .

 3 3 Element values of 6 th order Chebyshev lowpass prototype with LAr = 0.01 dB.

	𝒈 𝟎	𝒈 𝟏	𝒈 𝟐	𝒈 𝟑	𝒈 𝟒	𝒈 𝟓	𝒈 𝟔	𝒈 𝟕
	1	0.7813	1.3600	1.6896	1.5350	1.4978	0.7098	1.1007
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Table 3 .

 3 

	𝒀 𝟎		FBW	a	d	𝑪 𝒂	𝜽 𝒍
	1/50 ( Ω 1	)	0.29	0.5	0.52	0.81	77°

4 Parameters used in synthesis of half-wavelength shunt open-circuited stubs.

Table 3 .

 3 

5 Design parameters of the synthesized initial design half-wavelength shunt opencircuited stubs order-6 bandpass filter.

Admittance inverters Resonators n 1, 3, 4 and 6 Resonators n 2 and 5
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													HYBRID STRUCTURE
								[	0 𝑗. 𝐽 1,6	𝑗/𝐽 1,6 0	]
			𝑌 1,2	𝑌 2,3					𝑌 3,4		𝑌 4,5	𝑌 5,6
			𝑌 01	′	𝑌 02	′		𝑌 03	′		𝑌 04	′	𝑌 05	′	𝑌 06	′
			𝑌 01	′′	𝑌 02	′′		𝑌 03	′ ′		𝑌 04	′ ′	𝑌 05	′′	𝑌 06	′′
	𝑌 1,2 = 𝑌 5,6 = 0.015		𝑌 01	′ = 𝑌 03	′ = 𝑌 04	′ = 𝑌 06	′ =	𝑌 02	′ = 𝑌 05	′ = 0.015
						0.016				
	𝑌 2,3 = 𝑌 4,5 =0.011 𝑌 3,4 = 0.010		𝑌 01 𝑌 06	′′ = 𝑌 03 ′′ = 0.008 ′′ = 𝑌 04	′′ =	𝑌 02	′′ = 𝑌 05	′′ = 0.007
	𝑙 =	𝜆 0 4				𝑙 =	𝜆 0 4					𝑙 =	𝜆 0 4

Table 3 .

 3 7 Delay ripple of RF-FF for various voltages.

	Voltages	Delay ripple (9.5-10 GHz)	Delay ripple (10-10.5 GHz)
	12 V	11.43 ps	10.39 ps
	14 V	8.21 ps	7.49 ps
	16 V	6.53 ps	5.32 ps
	18 V	5.60 ps	3.76 ps
	20 V	5.07 ps	2.65 ps

Table 3 .

 3 8 Curved lines.

		Lines		Angle
	𝐿 1,2 𝑎𝑛𝑑 𝐿 5,6	53°
	𝐿 2,3 𝑎𝑛𝑑 𝐿 4,5	60°
	𝐿 01	′ 𝑎𝑛𝑑 𝐿 06	′	55°

Table 3 .

 3 9 Delay ripple of RF-CF for various voltages.

	Voltages

Delay ripple (9.5-10 GHz) Delay ripple (10-10.5 GHz)
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	12 V	15.61 ps	12.69 ps
	14 V	10.59 ps	11.48 ps
	16 V	7.78 ps	9.51 ps
	18 V	5.82 ps	8.05 ps
	20 V	4.55 ps	7.39 ps

Table 3 .

 3 10 Design parameters of simulation.

	Parameters	Value
	PCB	RO4003C
	Substrate thickness (h)	508 m
	Relative permittivity ( r )	3.55
	Copper thickness (T)	17 m
	tan 	0.0027
	Cb	1000 pF
	Cv1	0.15-0.5 pF
	Cv2	2×Cv1

Table 3 .

 3 11 Design parameters and dimension values for the proposed RF-PS in 8-12 GHz frequency band.

	Line width	Value (mm)	Line length	Value (mm)
	Wcb	0.35	Lcb	0.45
	Wv1	0.35	Lv1	0.45
	W2	0.75	L2	0.75
	W3	0.20	L3	3.99
	W4	0.15	L4	4.82
	W50	0.11	L50	5

W: line width, L: line length -150-CHAPTER 3. RADIO FREQUENCY PHASE SHIFTER AND TRUE TIME DELAY HYBRID STRUCTURE

Table 3 .

 3 13 Varactor-based analog phase shifters.

	Principle	Num.	Bandwidth	Phase control	Max. IL	Ref.
		varactors	(GHz)		(dB)	
	All-pass	3	12-14	180	4.7	[14]
	network					
	All-pass	3	6-7	180	1.8	[15]
	network					
	Schiffman PS	6	10-13	168	1.8	[16]
	(simulation)					
	RTPS	4	1.7-2.7	390	1.5	[17]
	(simulation)					
	Line loaded by	16	5-6	360	5.7	[18]
	varactors					
	(simulation)					
	RF-PS	2	8-12	97	0.8	This work
	(simulation)					
					Num.: number, IL: insertion loss

Table 3 .

 3 14 Delay response of SOA-NL and RF-FF over frequency range 9.5 GHz to 10.5 GHz.

	Stage #1: SOA-NL		Stage #2: RF-FF	
	Gain	Delay depth	VDC	Delay ripple	Delay ripple
				(9.5~10 GHz)	(10~10.5 GHz)
	0 dB	8.1 ps	12 V	11.43 ps	10.39 ps
	5 dB	7.7 ps	14 V	8.21 ps	7.49 ps
			16 V	6.53 ps	5.32 ps
			18 V	5.60 ps	3.76 ps
			20 V	5.07 ps	2.65 ps

Table 3 .

 3 15 ∆ 𝑅𝐹 𝑝𝑜𝑤𝑒𝑟 𝑝-𝑝 (dB) of the normalized RF power comparison between responses of SOA-NL without and with hybrid correction structure versus frequency band.

		0.15 GHz	0.25 GHz	0.5 GHz	0.75 GHz	1 GHz
	Gain	N.C	C.	N.C	C.	N.C	C.	N.C	C.	N.C	C.
	0 dB	0.007 0.005 0.014 0.012 0.05	0.05	0.06	0.12	0.06 0.203
	5 dB	0.004 0.004 0.009 0.008 0.045 0.034 0.07	0.06 0.115 0.08

N.C: No correction (response of SOA-NL only).

Table 4 . 1

 41 Delay ripple of measured RF-FF for various voltages.

	Voltages	Delay ripple (9.2~9.7 GHz)	Delay ripple (9.7~10.2 GHz)
	14 V	12.6 ps	4.6 ps
	15 V	10.7 ps	5.3 ps
	16 V	8.7 ps	5.9 ps
	17 V	7.4 ps	5.7 ps
	18 V	6.0 ps	5.8 ps
	19 V	5.9 ps	6.1 ps
	20 V	5.2 ps	5.4 ps

Table 4 . 2

 42 Delay ripple of measured RF-CF for various voltages.

	Voltages	Delay ripple (9.2~9.7 GHz)	Delay ripple (9.7~10.2 GHz)
	14 V	79 ps	78 ps
	15 V	75 ps	76 ps
	16 V	70 ps	72 ps
	17 V	66 ps	68 ps
	18 V	64 ps	67 ps
	19 V	60 ps	63 ps
	20 V	57 ps	60 ps

Table 4 .

 4 

	3 Delay ripples
	of RF-FF and external
	bias tee
	Voltage	Ripple (ps)
	13 V	15.2
	14 V	11.4
	15 V	12.1
	16 V	12.6
	18 V	14.1
	20 V	14.8

Table 4 .

 4 

		4 Cutoff frequency of
		SOA-XN.	
	Bias	Gain	f-3dB
	current	(dB)	(GHz)
	450 mA	13.5	22.74
	400 mA	11.5	21.58
	300 mA	9.5	16.38
	200 mA	6.5	9.91
	150 mA	6	6.65
	125 mA	4.75	5.01
	100 mA	4.25	3.25
	85 mA	3	2.21
	80 mA	2.25	1.52

Table 4 .

 4 5 Delay response of SOA-XN and RF-FF over frequency range 9.2 GHz to 10.2 GHz.

		Stage #1: SOA-XN		Stage #2: RF-FF
	Bias	Gain (dB)	Delay depth	VDC	Delay ripple	Delay ripple
	current		(ps)		(9.2~9.7 GHz)	(9.7~10.2 GHz)
	(mA)				(ps)	(ps)
	80	2.25	22.9	14 V	12.6	4.6
	85	3	25.1	15 V	10.7	5.3
	95	3.5	16.5	16 V	8.7	5.9
	100	4.25	15.1	17 V	7.4	5.7
	115	4.75	8.9	18 V	6.0	5.8
	125	6	6.9	19 V	5.9	6.1
	150	6.5	2.5	20 V	5.2	5.4
	200	9.5	0.3			
	300	11.5	0.2			
	450	13.5	0			

Table 4 .

 4 6 ∆ 𝑅𝐹𝑝𝑜𝑤𝑒𝑟 𝑝-𝑝 (dB) of the normalized RF power comparison between responses of SOA-XN without and with hybrid correction structure versus the frequency band.

		0.15 GHz	0.25 GHz	0.5 GHz	0.75 GHz	1 GHz
	Gain	N.C	C.	N.C	C.	N.C	C.	N.C	C.	N.C	C.
	2.25 dB 0.121 0.076 0.121 0.115 0.121 0.117 0.215 0.135 0.301 0.148
	3 dB	0.095 0.089 0.111 0.109 0.173 0.137 0.236 0.144 0.429 0.207
	3.25 dB 0.065 0.060 0.151 0.124 0.151 0.116 0.229 0.153 0.449 0.206
	4.25 dB 0.081 0.079 0.098 0.095 0.111 0.093 0.228 0.111 0.446 0.152
	4.75 dB 0.111 0.095 0.146 0.097 0.112 0.108 0.151 0.113 0.383 0.175
	6 dB	0.098 0.083 0.122 0.120 0.122 0.120 0.171 0.108 0.336 0.171
							N.C: No correction (response of SOA-XN only).
					C.: Correction using hybrid correction structure (SOA-XN + RF-FF).

Table 4 .

 4 7 Linear regression line for phase shift of the hybrid correction structure over 1 GHz of frequency band.

	Case	Hybrid correction structure	Linear regression line	𝝐
	1	Gain 2.25 dB + RF-FF 20 V	𝜙 = -287.07 f + 2186.2	1.88×10 -5
	2	Gain 3 dB + RF-FF 20 V	𝜙 = -282.97 f + 2144.9	1.03×10 -5
	3	Gain 3.5 dB + RF-FF 16 V	𝜙 = -277.21 f + 2090.3	0.58×10 -5
	4	Gain 4.25 dB + RF-FF 16 V	𝜙 = -275.08 f + 2069.5	0.74×10 -5
	5	Gain 4.75 dB + RF-FF 18 V	𝜙 = -269.95 f + 2020.6	0.22×10 -5
	6	Gain 6 dB + RF-FF 20 V	𝜙 = -267.82 f + 2000.5	0.16×10 -5

Table 4 .

 4 8 Comparison between tunable delay/TTD approaches. This thesis presents theoretically and experimentally the analysis of CPO and Up-CPO SOA responses, the design and the characterization of RF tunable filters and the demonstration of realizing high frequency tunable delay lines and a true time delay via a hybrid structure.

	Tunable delay	Delay range	Instantaneous	Tunability
	lines/TTD		bandwidth	
	[1]	0.5 to 10 ns	100 MHz	-Carrier frequency
	[2]	0.5 to 50 ns	10 MHz	-Pump power
				-Frequency detuning
	[3]	2.5 to 24 ns	15 MHz	-Pump power
				-Dc bias of DPMZM
	[4]	0 to 89 ps	320 MHz	-Bias current of SOA
				-Pump power
	TTD hybrid structure	718.1 to 784.9	1 GHz	-Bias current of SOA-
	simulation (SOA-NL)	ps		NL
				-Dc bias of RF-FF
				-Dc bias of RF-PS
	Simulated hybrid	745 to 801 ps	1 GHz	-Bias current of SOA-
	correction structure			XN
	based on measured			-Dc bias of RF-FF
	data			

  This development will be performed within the upcoming project READER (Architecture d'un système de REtards Accordables photonique micro-ondes DEporté pour des Réseaux d'antennes allant jusqu'au THz) which is supported by the Brittany Region and the Finistère Departement Council.Figure 1.12 Experimental configuration of tunable RF phase shift using SBS in optical fibers. .................................................................................................................................................. 29 Figure 1.13 Fiber Bragg grating. ............................................................................................ 31 Figure 1.16 Schematic diagram of CPO based phase shifter. ................................................. 32 Figure 1.17 Principle of Up-CPO, OF: Optical filter, Pd: Photodiode. ................................ 34 Figure 1.18 TTD beamforming system based on an FBG prism. TLS, Tunable laser source; PC, Polarization controller; Pd, photodetector; MZM, Mach-Zender modulator. [50] ......... 35 Figure 1.19 Principle of TTD (a) covering the full bandwidth and (b) using the separate carrier tuning technique. [53] .............................................................................................................. 36 Figure 2.8 𝐴symptotic responses of 𝑝𝑜𝑢𝑡𝑥 in frequency domain of: (a) amplitude response, and (b) phase response, for the case of negative 𝑅𝛼. .............................................................. 65 Figure 2.9 Experimental setup to measure microwave phase shifts induced by CPO effects in a SOA. PC: Polarization controller. ........................................................................................ 66 Figure 2.10 Measured RF power as function of the frequency for different optical gains. .... 67 Figure 2.11 Measured relative phase shift as function of the frequency for different optical gains. ........................................................................................................................................ 68
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	A.1 Parameter values of the model implemented under ADS

Table A1 :

 A1 Parameter values of the model implemented under ADS

	Appendix			
	Parameters	Value	Unite	Definition
	L	750×10 -6	m	Length of the active area of SOA
	w	2.4×10 -6	m	Width of the active area of SOA
	d	95×10 -9	m	Thickness of the active area of SOA
	a0	5×10 -20	m 2	Differential gain
	𝝀 𝟎	1 580×10 -9	m	Wavelength at peak gain for 𝑁 0
	𝑵 𝟎	6.5×10 23	m -3	Carrier density at transparency
	α0	2973	m -1	Losses in the active zone at 𝑁 0 and 𝜆 0
	Γ0	0.234		Reference confinement factor at 𝑁 0 and 𝜆 0
	A	2×10 9	s -1	Non-radiative recombination coefficient
	B	8.64×10 -19	m 3 s -1	Spontaneous recombination coefficient
	C	3.61×10 -40	m 6 s -1	Auger recombination coefficient

Transmission zero

Delay ripple
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-3--24-Figure 1.8 Loaded-line phase shifter, switch here is to choose between two lines of different length and impedance.

Abstract : Tunable true-time delay (TTD) at a microwave frequency by association of microwave and photonic (MWP) technologies is extremely valuable for embedded systems, satellite communications and radars. Moreover, a hybrid structure using MWP technology increases the capabilities and design freedoms of functions to be realized while benefiting from a high immunity to electromagnetic interference and low losses of optical fibers. Two of the most promising photonic approaches to provide a tunable microwave phase shift are the Coherent Population Oscillation (CPO) and the Upconverted CPO in a semiconductor optical amplifier (SOA).

In this PhD thesis, we analyze theoretically by small signal analysis and experimentally CPO and Up-CPO RF responses for four different SOA structures. We then proposed a new architecture combining two stages based on a photonics approach for the first stage using an Up-converted CPO technique. The second stage consists of a tunable RF phase shifter and a tunable RF filter, which corrects the nonlinearity responses of the first stage and adds a phase offset needed to obtain a TTD. By using a microwave-photonics approach combining Up-converted CPO in a SOA with an RF tunable filter at an operating frequency of 9.7 GHz, we demonstrate by simulations using the experimental results the possibility of realizing high frequency tunable TTD of about 56 ps with a maximum improvement of 80% for a 0.375 GHz frequency band.