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General Introduction Thesis Context:

It has been long held that radio systems cannot transmit and receive on the same frequency at the same time, as the higher powered transmit signal would be unavoidably coupled to the receiver circuitry, which results in a comparatively strong self-interference (SI), thereby obscuring the weaker receive signal and preventing its reception. In fact, radio systems typically transmit signal powers which are many orders of magnitude higher than the received signals from other radios (often by over 100 dB), this is mainly due to the high path loss between the local receiver and the distant transmitter which weakens the received signal. Nonetheless, for any two radios, achieving a full-duplex communication, where both radios can transmit and receive simultaneously, is vital for many applications, in particular for mobile telephony. Until now, radio systems have achieved full-duplex operation by simply circumventing self-interference using the conventional out-of-band full-duplex (OBFD) techniques, such as Time Division Duplexing (TDD) and Frequency Division Duplexing (FDD), which utilizes orthogonal resources such as time or frequency to separate the transmit and receive signals in the time domain or in the frequency domain.

In fact, the available time and frequency resources are limited, and the demand for additional wireless services continues to expand as the population increases, thus the limited spectral resources in a licensed frequency band are becoming scarcer, and soon the conventional out-of-band full-duplex techniques will become inefficient and might fail to serve the demand. This requires finding new approaches to increase the spectral efficiency of the available bands. Recently, in-band full-duplex (IBFD) emerged as a promising solution for this problem. In-band full-duplex does much more than trying to avoid selfinterference, as it reuses the same frequency spectrum for simultaneously transmitting and receiving by employing various methods to reduce and cancel the self-interference, in order to suppress it to below the receiver noise floor, such that it does not significantly impact the receiver signal-to-noise ratio. In essence, cancellation is simple: the transmitted signal is known, and therefore it can be subtracted at the receiver. However, in reality, it is far from easy because the "known" transmit signal will be corrupted by noise and nonlinearities in the transmitter, and also because circuit imperfections in the cancellation hardware will limit its effectiveness.

Every radio system requires at least one antenna, this being the interface between the electrical signals in the radio circuits, and the radio waves propagating in space.

Therefore, when designing in-band full-duplex transceivers to isolate the receiver from the transmitter, the antenna domain is an obvious place to start, although cancellation can be performed at other stages of the front-end in the analog and digital domains. Indeed, a substantial amount of transmit-to-receive (Tx-Rx) isolation is required prior to the receiver input, in order to prevent the high powered transmit signal from overloading (or even destroying) the receiver front-end, and to provide adequate suppression of nonlinearities and noise components. Depending on the design, antenna-based techniques alone may not provide the necessary levels of isolation, and it is common for in-band full-duplex transceivers to deploy additional self-interference cancellation circuitry at the analog and digital stages.

The simultaneous transmit-receive property of in-band full-duplex technology can enable the introduction of novel and efficient multiple access techniques, physical layer security protocols, relaying solutions, and can reduce air interface delay. Also, it might benefit radar systems, radio-frequency identification (RFID) tags, cognitive radios (CR), and multiple-input multiple output (MIMO) arrays. Considering their appealing advantages, it is highly desirable to implement full-duplex systems over wide bandwidths for multi-standard applications, such as radars or cognitive radios. A wideband fullduplex front-end can be considered as a general-purpose tool that can serve many applications and eliminates the necessity to design multiple front-ends for different standards. However, available publications on self-interference cancellation techniques were focused on achieving high levels of cancellation over a narrow bandwidth, and little work was done to extend their performances over a wide bandwidth, hence more effort needs to be invested in that domain.

Thesis Objectives:

The aim of this work is to provide a solid evidence of the capability of implementing inband full-duplex systems for wideband applications, while maintaining an acceptable level of self-interference cancellation throughout the band. This is achieved by investigating the different self-interference cancellation techniques and choosing the one(s) that might have a wideband potential, and then by designing and fabricating the wideband devices needed to implement those techniques. However, recent works on wideband full-duplex systems indicate that achieving high levels of self-interference cancellation over a relatively wide bandwidth is possible at the antenna level, but the analog and digital parts fall far behind with achieving wideband cancellation, mainly, due to circuitry bandwidth limitations, complexity, and cost. Although it might not be feasible or possible to implement a fullydeveloped wideband full-duplex front-end, with wideband analog and digital cancellation, but at least it is good to have a wideband full-duplex antenna system as a first step, which in turn can be used in multiple applications while the analog and digital parts can be tailored several times based on the application requirements. In the light of this, in this work, we mainly focus on implementing a wideband full-duplex antenna system that can provide a high level of self-interference cancellation, good gain, relatively compact size, and that can transmit and receive in the same direction.

Thesis Organization:

Based on the above, Chapter 1 will discuss the state-of-the-art of in-band full-duplex technology starting by a brief demonstration of some traditional techniques that were used to solve the spectrum congestion problem, and how in-band full-duplex technology can be superior to those techniques in enhancing spectrum efficiency. After that, it will present the basic concepts of in-band full-duplex like how it works, what the components of self-interference signals are, the requirements that a full-duplex system should achieve, advantages and disadvantages, and then a global overview of a full-duplex system circuitry. After that, the chapter will introduce our frame of work and what are the specifications that we are looking for. This will be followed by a wide survey on the different techniques to achieve self-interference cancellation at the antenna level and which techniques could be qualified to operate over a wide bandwidth with a decent level of self-interference cancellation. Finally, the chapter concludes that near-field cancellation is the selfinterference cancellation technique that is best suitable to build a wideband "bistatic" in-band full-duplex system and it requires at least four wideband antennas and two 180 • out-of-phase power dividers (or baluns), which will be discussed in Chapter 2.

So, Chapter 2 will describe the different devices necessary for the implementation of the full-duplex antenna systems and it will be divided into two parts: the first part will discuss the different ways to implement 180 • out-of-phase power dividers and the second part will discuss the different types of wideband antennas. In fact, out-of-phase power dividers can be built as 180 • -hybrids or by connecting an in-phase power divider to a 180 • phase shifter or a phase inverter. Thus, a broad literature review on wideband in-phase power dividers, phase shifters, phase inverters, and hybrids will be presented first, then the different implementations of wideband out-of-phase power dividers will be presented after. From this literature review we will pick an out-of-phase power divider based on wideband microstrip-to-slotline transitions. The theory of microstrip-to-slotline transition will be demonstrated and will be followed by a parametric analysis to optimize the transition and maximize its bandwidth. Then the out-of-phase power divider will be introduced with its performance, and an enhanced power divider with better isolation between the output ports will be presented next. Following this, this chapter will show a brief summary of the available wideband antennas and we will choose and design the Vivaldi antenna which can satisfy our specifications. Finally, the chapter will end by showing the fabricated antenna with its performance and will pave the way for Chapter 3 which deals with the whole full-duplex system implementation. Chapter 3 will discuss the different implementations of ultra-wideband full-duplex antenna system, and it will commence by showing the first system implementation using the printed-circuit board (PCB) components that were designed and built in Chapter 2. The principle of system operation will be described mathematically first, then will be followed by a description of the system assembly and performance while pointing to the major defects and drawbacks that the system suffers from. The major weakness of the PCB system will be the mechanical fragility especially of the antennas. Thus, Chapter 3 moves to demonstrate a new antenna system with the same configuration but with thicker antennas which are built from metallized 3D-printed parts. The 3D-printed system overcomes the mechanical fragility problem but shares a common drawback with the PCB system which is the presence of two significant grating lobes alongside the main lobe of radiation, the grating lobes are related to the minimum separation distance between the antennas which is limited by the antenna size, so, we will demonstrate an approach based on partial size reduction for the antennas to reduce the grating lobe level without degrading the antenna performance.

After that, Chapter 3 will discuss the implementation of a dual-polarized full-duplex array, which can transmit and receive simultaneously two orthogonal linear polarizations while operating in full-duplex mode. The design of a dual-polarized Vivaldi antenna with a novel feeding technique will be presented first and will be compared to the conventional way of feeding, then the implementation of the full-duplex array will be presented after with its feeding network. The novel dual-polarized Vivaldi antenna suffers from asymmetry in its radiation pattern, where more energy is radiated toward one side of the antenna, thus we propose another way of feeding of the antenna that balances the antenna and restores symmetry to the radiation pattern. At the end, Chapter 3 will propose a new figure of merit dedicated to wideband full-duplex systems to evaluate and compare their performances. The proposed figure of merit takes into consideration the system bandwidth, gain, level of self-interference cancellation, and the system of the size. The introduction of the new figure of merit will be followed by a table that compares our designed systems to other works in the literature.

Finally, this dissertation will be wrapped up with some general conclusions and perspectives for future work, and with our publications in national and international conferences and journals that resulted from our work. 

Chapter 1

State of the Art

Introduction

Estimates of future mobile traffic indicate that the global number of mobile subscriptions could be 13.8 billion in 2025 and 17.1 billion in 2030, whereas this number has reached 6.7 billion in 2013 [1]. The increase in the number of mobile users creates an increased demand on mobile services which in turn leads to spectrum congestion problems and spectral resources scarcity and elevates the pressure on the available mobile infrastructure. To keep up with the increased demand on mobile services and serve the population, these problems need to be mitigated, thus a new approach is required to find more spectrum resources by exploiting traditional spectrum sharing techniques or harnessing new ones: for instance, new frequency bands are being licensed for commercial use, however, this requires the modification of available mobile devices and infrastructure to be able to operate in the newly licensed bands, which might not be feasible or might be costly. Another approach exploits intensively the concepts of cell division and frequency reuse in mobile networks: by reducing the cell size, a smaller number of mobile users per cell is obtained, which reduces the quantity of spectrum resources needed. Yet, this approach requires increasing the number of base transceiver stations (BTSs) and limiting their emitted powers, which might also become costly and complex.

One other approach that has been long used to increase the spectral resources is based on multiple access techniques which permit multiple users to access a shared communication medium and transmit or receive their data simultaneously. Traditionally, multiple access techniques utilize orthogonal resources such as frequency, time, or code, which are becoming scarcer with increased number of mobile users, this led to the development of non-orthogonal multiple access (NOMA) [2] as an alternative for the traditionally used orthogonal multiple access (OMA) techniques such as frequency division multiple access (FDMA), time division multiple access (TDMA), and code division multiple access (CDMA). The basic NOMA scheme is called the power-domain NOMA, and it allows multiple users to share the same resources (time, frequency, or code) by controlling the transmitted power of each user and implementing successive interference cancellation techniques. The power-domain NOMA scheme allocates less power to users with good channel conditions (termed as NOMA strong users) and higher power to users that have poor channel conditions (termed weak users). NOMA strong users can decode their own signals by removing the signals intended to NOMA weak users using successive interference cancellation. On the contrary, NOMA weak users, which experience poor channel conditions, are lightly affected by the interference caused by NOMA strong users, as such, the reception ability of the weak users is not affected. NOMA is still underdeveloped and suffers greatly with increased number of simultaneous users, and it can, also, pose a security risk as all users can access all the transmitted signals.

In addition to all the above approaches, cognitive radios (CR) [3] were also introduced to allow an unlicensed user (or the secondary user) to use a certain frequency band if it is not occupied by a licensed user (or the primary user), or if the unlicensed user can respect some interference constraints while the licensed user is transmitting. In general, a cognitive period consists of two phases: spectrum sensing and cognitive transmission. In the spectrum sensing phase, unlicensed users sense the radio environment and collect spectrum information (e.g., occupation status, traffic, energy), and in the cognitive transmission phase, unlicensed users select the best spectrum bands and adapt transmissions according to the collected spectrum information [START_REF] Zhang | A Survey of Advanced Techniques for Spectrum Sharing in 5G Networks[END_REF]. Nonetheless, conducting cognitive operations in unlicensed bands requires the approval of the band owner, or, in worst cases, a lease which increases the cost of the system. Moreover, cognitive nodes need to adopt complex coordination procedures with neighboring cognitive nodes to prevent transmission on similar bands, which might become more complex with the increase in the number of simultaneous users. And, finally, cognitive transmission takes double the time needed for regular transmissions, because cognitive systems spend half the time sensing the spectrum.

Recently, in-band full-duplex (IBFD) technology emerged as a promising solution to mitigate spectrum congestion and spectral resources scarcity. This technology challenges a long-held axiom which claims that "it is generally not possible for radios to receive and transmit on the same frequency band due to the interference that results [START_REF] Goldsmith | Wireless Communications[END_REF]." To better understand this point, few things need to be put in context first. In modern wireless telecommunication technology, there exist three modes of transmission between two communicating nodes or devices: simplex, half-duplex, and full-duplex (Figure 1.1). In simplex mode only one device can transmit a signal, on a certain frequency, to the other device but can never receive a signal, that is, the communication is unidirectional, like in a remote-control device (RCD). However, in half-duplex mode both devices can transmit and receive on the same frequency but not at the same time, a device in such mode needs to wait until the other device ends its transmission in order to transmit its own signal, that is, the communication is now bidirectional but not simultaneous, like in walkie talkies. And, finally, in full-duplex mode both devices can transmit and receive at the same time, that is, the communication is now bidirectional and simultaneous, like in mobile phones. Full duplex is the preferred mode of transmission for mobile communications and is conventionally implemented using two techniques: Frequency Division Duplexing (FDD) and Time Division Duplexing (TDD). In Frequency Division Duplexing, two frequencies are allocated for a device, one frequency is used for transmission and the second is used for reception, that is, both transmission and reception are happening simultaneously in the time domain, yet they are separated in the frequency domain, of course, this technique requires the availability of sufficient number of frequencies in order to serve all the users. In Time Division Duplexing, transmission and reception may use the same frequency but they occur at different time slots, that is, they are happening simultaneously in the frequency domain but separately in the time domain. A time slot at a certain frequency is called a communication channel. Usually, both Time Division Duplexing and Frequency Division Duplexing are used to generate the maximum number of communication channels possible in a licensed spectrum. The full-duplex mode implemented using Frequency Division Duplexing or Time Division Duplexing is called out-of-band full-duplex (OBFD) because a device transmits and receives data signals utilizing orthogonal resources (time or frequency).

To enhance the effectiveness of full-duplex it is highly desirable to be able to transmit and receive simultaneously in time and frequency domains. In this case, the full-duplex mode is called in-band full-duplex (IBFD) because a device uses the same resources to transmit and receive, which might, theoretically, double the available spectral resources in a certain frequency band. One might wonder why, originally, no attempts were made to achieve simultaneous transmission and reception using similar resources instead of orthogonal resources, and why the previously mentioned axiom assumes that radios cannot simultaneously transmit and receive. The answer can be extracted from Figure 1.3. If two nodes attempt to communicate simultaneously at the same frequency and the same time slot, the power coupled from the transmitter of one node to its own receiver will be much greater than the power received from the other node. This power coupling between the transmitter and the receiver of the same node is usually referred to as self-interference (SI), and basically it saturates the node's receiver and jams the signal transmitted by the other node. The level of self-interference depends basically on the transmitted power, which might be a few milli-Watts or a couple of Watts for short-range and indoor applications, such as mobile phones and WiFi, and might reach tens and hundreds of Watts for longrange outdoor applications, such as radars and base transceiver stations (BTSs).

In order to implement an in-band full-duplex system it is necessary to totally cancel self-interference signals by reducing their level below the noise floor of the receiver, where, typically, the noise floor of most radios is between -70 dBm and -110 dBm. So, if we take as an example the mobile phone that can transmit a maximum power of 33 dBm (2 Watts) [START_REF]Digital cellular telecommunications system (Phase 2+)-Radio Transmission and Reception[END_REF] depending on how far it is from the base station, with a -90 dBm noise floor (as in many references, here the "noise floor" refers to the noise power in the bandwidth under consideration), then the required level of self-interference cancellation would be about 123 dB. Similarly, for WiFi applications, the average level of self-interference cancellation is about 110 dB [START_REF] Bharadia | Full Duplex Radios[END_REF]. Note that it is not sufficient just to reduce the level of self-interference by 80% or 90% for example, because although the residual self-interference will not saturate the receiver, yet it will act as additional noise in the system and will degrade its signalto-noise ratio (SNR), which will, consequently, degrade its demodulation and throughput, and, in this case, it is better to operate in the traditional out-of-band full-duplex mode rather than the in-band mode.

In-Band Full-Duplex Systems: Challenges and Requirements

In essence, the self-interference cancellation mechanism is straightforward and direct: the transmitted signal is known, and therefore it can be subtracted at the receiver. However, in practice, it is not an easy task. In fact, when we think about how the front-end of the radio prepares the data for transmission, we would assume that the digital baseband signal is first converted to analog, then used to modulate the carrier signal, and after that it gets amplified and transmitted. Thus, we naively assume that the radio front-end maintains the baseband signal without distortion before transmission, except for amplitude scaling 1.2. IN-BAND FULL-DUPLEX SYSTEMS: CHALLENGES AND REQUIREMENTS and phase shifting. Also, we might tend to think that the transmitted signal remains the same when traveling between the transmitter and the receiver. Nonetheless, in practice, the signal gets significantly distorted (in amplitude, frequency, or phase) as it passes through the different components of the front-end and as it travels through air (or any desired propagation medium). Various imperfections in the transmit chain can cause noise and distortion; all of the components will contribute thermal noise, the digital-to-analog converter (DAC) will add quantization noise, and the local oscillator (LO) will introduce phase noise. Furthermore, many components, in particular the power amplifier (PA), will introduce non-linear distortions.

Self-Interference Components

It is important to distinguish between the different distortion types to identify the different components of the self-interference signals, and accordingly, we can plan and design the circuitry required to deal with each component. The main components of the selfinterference signals can be classified into three major categories:

1. Linear Components: this corresponds to the actual signal intended for transmission, which travels through the direct path between the transmitter and the receiver, and its replicas, which are generated by the multipath reflections from the surrounding environment. These signals can be expressed as a linear combination of delayed copies of the original signal. Note that the direct path signal is much stronger, in terms of power, than the replicas and all the other components of the self-interference signals, and more effort is needed to suppress it.

2. Non-Linear Components: digitally modulated signals, after passing through the non-linear components of the radio front-end such as the amplifiers and the mixers, will produce spurious signals through a phenomenon called "Spectral Regrowth". The different frequencies constituting the modulated signal will interact together to form other components at harmonic frequencies (integer multiples), at the sum and difference frequencies of the original frequencies, and at the sums and differences of multiples of those frequencies. These non-linear components might be, typically, 30 dB below the transmitted power, and some of them might reside inside the frequency band of the modulated signal, while the rest might fall outside this band. The inband components will contribute directly to the self-interference signals while the out-of-band components will interfere with other radios operating in the adjacent frequency bands. Both components need to be reduced, however, the main concern of in-band full-duplex systems is the in-band components.

3. Transmitter Noise: is mainly predominated by the thermal noise that is generated in each component of the transmit chain, and then amplified by the power amplifier. However, its value remains flat over an extremely wide bandwidth, which is, typically, 50-60 dB below the transmitted power level, and thus, it is usually called the broadband noise. Now, after indicating the different components of the self-interference signals, we can say that to implement an in-band full-duplex system it is necessary to cancel all these components, especially the main signal which has the highest power level. The different components need to be mitigated at the different stages of the front-end (as we will see in the next section): at the antenna(s), in the analog domain, and in the digital domain. Several requirements need to be considered, at each stage, when dealing with each individual component or the self-interference signals as a whole:

Requirements for Self-Interference Cancellation

It is required to bring all the self-interference signals below the receiver noise floor, in particular the linear component(s) which is(are) the strongest among all. So, if we consider for example a radio that can transmit an average power of 20 dBm with a receiver noise floor of -90 dBm, then the strongest transmitted signal power (the main signal) will be 110 dB higher than the receiver noise floor, and hence 110 dB of linear self-interference cancellation is needed.

The non-linear components will be 30 dB below the main signal, or 80 dB above the receiver noise floor, thus a total of 80 dB of non-linear self-interference cancellation is required.

Unlike the other components of the self-interference signals, the transmitter noise is, by nature, non-deterministic, that is it cannot be inferred by digital algorithms. So, the only way to cancel the transmitter noise is by taking a copy of it from where it originated (in the analog domain), and then subtract it from the received signal. Since the transmitter noise is 60 dB below the transmitted signal and 50 dB above the receiver noise floor, then any in-band full-duplex system needs to contain some analog circuitry that can provide 50 dB of analog noise cancellation.

To avoid saturating the receiver, it is necessary to have a first level of cancellation, preferably before the amplifiers, to reduce the power of the self-interference signals to a level below the maximum input power of the receiver, which is determined by the dynamic range of the analog-to-digital converter (ADC). Assuming a 10bit converter, the dynamic range is typically 60 dB above the receiver noise floor, and hence the maximum input power would be -30 dBm (with a -90dBm receiver noise floor). Accordingly, to satisfy this condition, we need to make sure that the strongest component (the main signal) is sufficiently canceled below the maximum input power, therefore, at least 50 dB of self-interference cancellation are needed before entering the amplifiers.

Another parameter that needs to be considered, to avoid saturating the analog-todigital converter, is the peak-to-average power ratio (PAPR), which determines the acceptable power peak compared to the average power content of a certain signal or waveform. A 1 dB PAPR indicates that no peaks exist in the waveform (as in DC signals) and a higher level of PAPR indicates that peaks exist in the waveform (as in sinusoidal signals). If a considerably extreme peak is present in the waveform, then it might saturate the receiver, and, in the best cases, it might reduce the accuracy of the analog-to-digital conversion, which means that the low-level signals will be lost in the quantization process. Thus, it is vital to keep the PAPR as low as possible, but, typically, a 10 dB PAPR is accepted, that is the peak power can be 10 times higher than the average power and still get an acceptable conversion quality. Hence, for any in-band full-duplex system, we need to have an extra 10 dB of margin below the maximum input power before entering the analog-to-digital converter, and consequently, we need to have at least 60 dB of analog cancellation before going to the digital domain.

In summary, any in-band full-duplex system need to provide at least 110 dB of linear self-interference cancellation, 80 dB of non-linear cancellation, 50 dB of analog noise cancellation, and, in general, at least 60 dB need to be achieved before reaching the digital domain. Also, the self-interference signals will be canceled at every stage of the receiver (antenna, analog, and digital), except for the transmitter noise which can only be canceled in the antenna and analog domains. to show the places at which self-interference cancellation takes place; the same concept can be extended to homodynes, super-heterodynes, and other radio architectures. Usually, self-interference cancellation takes place at three stages or levels: at the antenna level, at the analog level, and at the digital level. At the antenna level a single (or multiple) shared antenna(s) might be used simultaneously for transmission and reception, or multiple unshared antennas can be placed together, typically two, where one or more antennas are used for transmission while one or more antennas are used for reception. For shared antenna systems, the antenna(s) is (are) usually connected to a duplexing device, such as a circulator or a hybrid transformer which isolates the transmitted signal from the received signal. In the case of multiple unshared antenna systems, the main sources of self-interference are the direct path coupling between the transmit and receive antennas, and the multipath coupling resulting from wave reflections by objects from the surrounding environment. Direct path and multipath couplings are also present in the shared antenna(s) case, however, the direct path coupling mechanism is rather different: due to the finite isolation provided by the duplexing devices, a portion of the transmitted power manages to leak to the receiver. Also, an additional source of self-interference is present, which is the power reflected from the antenna(s) due to the impedance mismatch with the duplexing devices. The direct path coupling and antenna mismatch reflections are considered the strongest sources of self-interference and can be majorly predicted and measured, so they are usually the main focus of many works at the antenna and analog levels, while, on the other hand, multipath coupling is considered a minor source of self-interference and it varies greatly with the surrounding environment, so usually they are dealt with at the digital level along with the residual part of the direct path coupling.

In-Band Full-Duplex Systems Overview

Both the analog and digital levels benefit from the fact that the transmit and receive antennas are co-located on the same board or platform, and therefore, the receiver section has knowledge of the originally transmitted signal and of the characteristics of the direct path coupling, which can be predicted and measured. At the analog level, self-interference cancellation circuits can be deployed at three different stages: at the RF stage before the first pair of mixers, commonly before the low noise amplifier and the power amplifier, then at the intermediate frequency (IF) stage between the two pairs of mixers, and finally, at the base band (BB) stage directly before the analog-to-digital converter (ADC) and the digital-to-analog converter (DAC). But, typically, only one analog stage is adopted. The basic idea of analog cancellation is to take a copy of the transmitted signal before feeding it to the antenna, then processing it in some analog circuitry to create a replica of the selfinterference signals, that will couple from the transmit antenna to the receive antenna. The analog circuitry will try to emulate the amplitude and phase changes of the self- interference signals that propagate through air, and finally, the replica will be subtracted from the total received power. Figure 1.6 depicts a basic block diagram of an analog cancellation scheme based on feedforward loops, which is implemented between the antennas and the power amplifiers. The first step to achieve self-interference cancellation using this scheme is to take a copy of the transmitted signal, before going to the antennas, and then feed it to the analog part. The copied signal needs to be inverted so that when it reaches the receiver it will be out-of-phase with respect to the received self-interference signals, and then they will cancel each other. This can be achieved by either using a 180 • out-of-phase power divider (or a balun) to divide the transmitted signals into two out-of-phase signals, one will go to the antenna and the second one will go to the analog circuits, or by simply using an in-phase power divider to take a sample of the transmitted signal, and then a 180 • phase shift can be generated inside the analog circuits using delay lines. After that, the sampled copy of the transmitted signal will be split into different branches known as taps. Each of these taps has a different time delay, denoted by D N , and can independently adjust the signal's amplitude and phase before being combined into a single output. The time delay and the complex weighting of the taps allow the analog cancellation circuits to match the copied signal to both the direct path and the reflection path couplings, and to produce a signal that destructively combines with the self-interference signals at the receiver side. This type of circuit is known as an analog echo canceller.

At the digital level, the same self-interference cancellation procedure is implemented: a copy of the baseband digital signal is taken from the transmit chain and then fed to a digital signal processing (DSP) circuitry, which deploys various algorithms to create an inverse image of the digital self-interference signals, and then subtracts the replica from the received signals. The main purpose of the digital self-interference cancellation is to fully suppress any residual self-interference that remains after the different antenna and analog cancellation schemes. To achieve this, the digital processing unit needs to accurately model the different components of the self-interference signals. The benefit of digital-domain cancellation is the increased flexibility in terms of modeling and parameter estimation, which facilitates the use of advanced self-interference signal models. This means that the significant analog impairments can be explicitly included in the modeling within the digital canceler, and consequently they do not pose a limit for the cancellation performance. Considering that in most cases the error vector magnitude (EVM) of the transceiver is dominated by the non-linear behavior of its power amplifier, incorporating a model of this non-linearity source into the digital processor can provide a significant improvement in the digital cancellation performance [START_REF] Alves | Full-Duplex Communications for Future Wireless Networks[END_REF].

Finally, the total required level of self-interference cancellation can be accumulated at the antenna, analog, and digital stages consecutively, and achieving higher levels at a former stage can greatly relief the later stages in terms of requirements, complexity, and cost.

In-Band Full-Duplex Systems: Advantages and Disadvantages

By allowing simultaneous transmission and reception on the same frequency and the same time slot, in-band full-duplex not only doubles the spectral resources in a certain frequency band, but it can also provide many other advantages:

Firstly, it enables the introduction of novel and efficient multiple access techniques [START_REF] Amin | In-Band Full Duplex Wireless LANs: Medium Access Control Protocols, Design Issues and Their Challenges[END_REF]: full-duplex capable wireless devices can simultaneously listen to the radio channel while transmitting a signal to an access point in order to probe if other transmissions are occurring in the same radio channel, this would enable fast collision detection especially in packet-based multiple access techniques.

Moreover, in-band full-duplex can be used in cognitive radios [START_REF] Khalid A Darabkh | A-Z Overview of the In-Band Full-Duplex Cognitive Radio Networks[END_REF] to reduce the time needed to complete one cognitive period by half, that is, the two phases of the cognitive period (spectrum sensing and cognitive transmission), which occur serially, can now commence simultaneously by the aid of in-band full-duplex, thus halving the time of one cognitive period.

Also, continuous wave radar systems, which traditionally used primitive selfinterference cancellation techniques [START_REF] Andrew G Stove | Linear FMCW Radar Techniques[END_REF], can benefit from the advancements in in-band full-duplex to enhance their performance and reduce their size; these techniques will be discussed in a later section. Traditionally, radar systems needed to reduce their transmitted power to minimize the level of self-interference and to be able to receive properly, which limited continuous-wave radar systems to shortrange applications, however, if enhanced self-interference techniques are used, the performance of radar systems can be extended to longer-range applications.

Similarly, advances in self-interference cancellation can benefit antenna arrays, in particular multiple-input multiple-output (MIMO), which seek to increase the isolation between the individual elements of the array [START_REF] Du | MIMO Broadcast Channel with Continuous Feedback Using Full-Duplex Radios[END_REF].

Another advantage, which also relates to MIMO, is that transmitting at the same frequency and at the same time allows the transmitter and the receiver to have quite 1.4. IN-BAND FULL-DUPLEX SYSTEMS: ADVANTAGES AND DISADVANTAGES the same Channel State Information (CSI), if the channel is quasi-reciprocal. This allows the transmitter to code the data tacking into account this accurately known CSI, which results in a better spectral efficiency of the transmission [START_REF] Arnau | Timely csi acquisition exploiting full duplex[END_REF].

Furthermore, implementing in-band full-duplex can reduce the air interface delay, this is achieved by simultaneously receiving feedback information (control channels, signaling related to error correction, etc.) while transmitting data, which minimizes the latency in data transmission [START_REF] Debaillie | In-band full-duplex transceiver technology for 5g mobile networks[END_REF].

In addition to that, in-band full-duplex can form novel relay solutions [START_REF] Liu | In-Band Full-Duplex Relaying: A survey, Research Issues and Challenges[END_REF] to enable almost instantaneous re-transmission. Also, it can allow a base transceiver station (BTS) to receive from one mobile user while transmitting to another at the same time and the same frequency. In both cases, only the relay or the base station need to operate in full-duplex mode while the source and destination nodes can operate in half-duplex mode.

Finally, in-band full-duplex can add an extra level of security at the physical layer by adopting coordinated procedures between two nodes [START_REF] Van Nguyen | Physical Layer Security Schemes for Full-Duplex Cooperative Systems: State of the Art and Beyond[END_REF], whether solely or by the help of an intermediate relay, by injecting a jamming signal by the receiving node (or relay) while the transmitting node (or relay) is sending the data. The receiver node acquires a self-immunity to the jamming signal, with the aid of in-band full-duplex, and will be able to demodulate the data received from the transmitting node, while jamming the receiver of any eavesdropper in its range.

Despite this attractive list of advantages of in-band full-duplex systems, we should not dismiss their disadvantages which can be summarized as follows:

Self-interference signals: perhaps the major challenge for in-band full-duplex systems is to totally eliminate the self-interference signals, which couple from the transmitter of the local node to its own receiver at a higher power level than the power received from a remote node, and failing to achieve that in a full scale might lead to dire consequences regarding the ability of the radio to receive properly, taking into consideration that any residual self-interference signals, although they might not saturate the receiver, but can act as noise and might degrade the receiver's sensitivity to low-power signals.

Imperfect interference cancellation: in practice, we will not obtain the expected level of self-interference cancellation as in theory or simulation, and this can be referred to several reasons: fabrication imperfections in the realized circuits which might operate differently in practical measurements, the inaccurate estimation of self-interference signals especially those that might change with surrounding environment (reflected signals), and also the non-linearity of some components of the front-end itself and the self-interference cancellation circuitry, in particular at the analog level, which might grow out of control and manage to bypass the cancellation process.

Higher power consumption and system complexity: as will be obvious later, to achieve self-interference cancellation in an in-band full-duplex system, additional components or parts need to be added to the radio front-end, which increases the complexity of the system and increases its power consumption, and might, in some cases, degrade the efficiency of the system. Increased inter-user interference: this is especially critical to mobile communications in cellular networks and applications that require their users to transmit and receive in adjacent bands. In out-of-band full-duplex, one of the two communicating nodes can interfere with users on adjacent channels, mainly because the two nodes are always separated in frequency or time, however, for in-band full-duplex systems, both nodes transmit and receive on the same frequency and at the same time, and thus both nodes can now interfere with the adjacent users at the same time. Thus, we can say that the inter-user interference of in-band full-duplex, in theory, is twice that of out-of-band full-duplex.

Frame of Work

The field of in-band full-duplex is very recent, where the first works appeared in 2012, and it remains under development. The previously published works in this field were dedicated for narrowband applications, and the proposed self-interference cancellation techniques in those works could achieve high levels of cancellation over a very narrow bandwidth. However, considering their appealing advantages, it is highly desirable to implement fullduplex systems over wide bandwidths for civil, military, and space applications. A wideband full-duplex front-end can be considered as a general-purpose tool that can serve many applications and eliminates the necessity to design multiple front-ends for different standards; which can fit well the Software Defined Radio (SDR) approach. This type of wideband systems can be considered for diverse applications where capacity, low latency, and secrecy capabilities are required. That may concern, for example, in cellular telecommunication systems, backhaul microwave links between the core network and the radio access network, or wireless links between two remote base stations instead of using fiber optic. More broadly, the "sensing-as-transmitting" property, along with all other characteristics of in-band full-duplex, can be valuable for any wideband multi-standard communication operation, especially for cognitive radios and radar systems, which require continuously scanning a wide range of frequencies while transmitting.

Little work has been done on in-band full-duplex systems to extend their performances to cover wide bandwidths. Thus, the topic of wideband in-band full-duplex systems remains underdeveloped, vague, and not easy to implement, so more effort needs to be invested in that field. Some of the more recent publications on wideband full-duplex systems indicate that achieving high levels of self-interference cancellation over a relatively wide bandwidth is possible at the antenna level, but the analog and digital parts fall far behind with achieving wideband cancellation, mainly, due to circuitry bandwidth limitations, complexity, and cost. Although it might not be feasible or possible to implement a fully-developed wideband full-duplex front-end, with wideband analog and digital cancellation, but at least it is good to have a wideband full-duplex antenna system as a first step, which in turn can be used in multiple applications while the analog and digital parts can be tailored several times based on the application requirements. In the light of this, in this work, we mainly focus on implementing a wideband full-duplex antenna system that can provide a high level of self-interference cancellation, good gain, and relatively compact size. Also, some self-interference cancellation techniques might require separating the beams of the transmitter and the receiver to achieve a higher level of isolation between them, and in this case the implemented system has to transmit in one direction and receive from a different direction, but in this work, we would like to have a system that can transmit and receive in the same direction.

Based on the above, a group of self-interference cancellation techniques will be presented in the next section, and after, we will determine the best suitable selfinterference cancellation technique that we can use to build our system, taking into account the above-mentioned specifications.

Antenna Level Self-Interference Cancellation Techniques

The term self-interference cancellation became well known and widely used in the context of in-band full-duplex, however the concept appeared in different literatures many years ago, namely in fixed telephony, continuous-wave radar systems, multiple-input multipleoutput (MIMO) antenna arrays, and radio-frequency identification (RFID). Terms like Transmitter-Receiver Isolation, Transmit Leakage Cancellation, and Carrier Suppression were used in those literatures to describe the same process or concept. Accordingly, some of the techniques presented in this section are invoked from these literatures and built upon toward in-band full-duplex. But, although the concept was investigated long time ago, yet it was not widely researched, mainly, because, in those literatures, the cancellation level needed was not so high and demanding. However, with the emergence of in-band full-duplex and the recent works [START_REF] Bharadia | Full Duplex Radios[END_REF][START_REF] Bliss | Simultaneous Transmission and Reception for Improved Wireless Network Performance[END_REF][START_REF] Choi | Achieving Single Channel, Full Duplex Wireless Communication[END_REF][START_REF] Jain | Practical, Real-Time, Full Duplex Wireless[END_REF][START_REF] Duarte | Full-Duplex Wireless Communications Using Off-the-Shelf Radios: Feasibility and First Results[END_REF][START_REF] Duarte | Experiment-Driven Characterization of Full-Duplex Wireless Systems[END_REF][START_REF] Duarte | Full-Duplex Wireless Communications Using Off-the-Shelf Radios: Feasibility and First Results[END_REF][START_REF] Sabharwal | In-Band Full-Duplex Wireless: Challenges and Opportunities[END_REF][START_REF] Kim | A Survey of In-Band Full-Duplex Transmission: From the Perspective of PHY and MAC Layers[END_REF][START_REF] Kenneth E Kolodziej | In-band Full-Duplex Technology: Techniques and Systems Survey[END_REF][START_REF] David Nwankwo | A Survey of Self-Interference Management Techniques for Single Frequency Full Duplex Systems[END_REF] in that field, self-interference cancellation gained more attention and investment by the scientific community, where some researchers managed to achieve notable breakthroughs and were able to achieve levels higher than 90 dB of self-interference cancellation.

When it comes to classifying self-interference cancellation techniques it turns out that there is no one way to do this, mainly because there are some techniques that can be collectively grouped in one or more families of techniques, and there are individual unique techniques that cannot be incorporated in any of those families. So, in this section, we organize the different techniques in a way that gives a broad view of the available techniques while focusing on the most relevant ones for our targeted wideband in-band full-duplex system. So, as previously mentioned, to accumulate the required levels of selfinterference cancellation, several techniques can be applied successively at the antenna, analog, and digital domains. But in this work, we only focus on the antenna level where the self-interference cancellation techniques can be divided into two main categories: monostatic and bistatic.

The term monostatic was used in the literature of radar systems to describe a radar that simultaneously transmits and receives using a single shared antenna or multiple collocated antennas, and the term bistatic was used in the same literature to describe a radar system that uses separate antennas for transmission and reception at sufficiently different locations that their angles or ranges to the target are significantly different [START_REF]IEEE Standard for Radar Definitions. IEEE Std[END_REF]. However, in the context of in-band full-duplex, the definitions of these two terms have
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Figure 1.7: Different antenna configurations and their classification into monostatic and bistatic from the radar literature point of view and in-band full-duplex point of view (a) a dual fed circular patch antenna with one port connected only to the transmitter and the second port connected to the receiver, (b) two circular patch antennas with one feeding port: one connected to the transmitter and the second one connected to the receiver, (c) a dual fed circular patch antenna with the two ports simultaneously connected to the transmitter and the receiver, and (d) two circular patch antennas with one feeding port simultaneously connected to the transmitter and the receiver.

to be modified to better describe what is already published in the literature, because in some publications a single antenna with multiple ports can have a bistatic behavior and multiple antennas with single ports can provide a monostatic performance. So, in this context, both monostatic and bistatic systems can use single or multiple antennas, which can be collocated or not. But what distinguishes them from each other is that in a monostatic system, all ports of each individual antenna have to be physically connected to both the transmit and the receive feeding networks at the same time. Whereas in a bistatic system, one or more ports of each antenna should be only connected to the transmit feeding network, while the rest of the ports must be only connected to the receive feeding network. they are classified into monostatic and bistatic from the radar literature point of view and in-band full-duplex point of view.

After that, for each of the aforementioned categories, self-interference cancellation techniques can be further divided into two subcategories: passive and active. The terms passive and active might also be slightly misleading in this context, and it does not mean necessarily that passive self-interference cancellation techniques use only passive devices or that active techniques use only active devices, but, on the contrary, both types of techniques can use active and/or passive devices. In fact, in this context, an active technique is a technique that requires a prior knowledge of the characteristics of the system components, surrounding environment, or transmitted signal to actively operate based on the available information; in such techniques, usually, the whole system needs to be tuned or redesigned if a single component is changed. On the other hand, passive techniques are agnostic to the system characteristics, surrounding environment, and the transmitted signal, and can operate independently without any prior knowledge of the system's parameters. Moreover, for passive techniques, changing a component in the system does not usually require redesigning the whole system. Thus, based on the above definitions, analog and digital self-interference cancellation techniques are considered active as their operation depends mainly on a prior knowledge of the transmitted signal and the surrounding environment of the system. Table 1.1 organizes some of the published techniques under their categories, however, note that the names of these techniques in the diagram might be slightly different from the names given to them by the different authors, but for the sake of generality and consistency we try to give them expressive names that suit the coherence of this narrative, and more clarity of these names will appear when we explain them later in this section. Finally, for monostatic systems, the antennas need to be connected to a duplexing device, mainly a circulator or a hybrid transformer, hence in the monostatic category the techniques are subcategorized into circulator-based techniques and hybrid transformer-based techniques. Figure 1.8 depicts a circulator which is a three-port microwave device that can be lossless and matched at all ports but nonreciprocal, that is, power can flow from port 1 to port 2, port 2 to port 3, and port 3 to port 1, but not in the reverse directions [START_REF] David M Pozar | Microwave Engineering[END_REF]. Circulators were traditionally built using ferrite (or magnetic) materials, but, more recently, they have also been designed using periodically switched devices, such as capacitors or transistors. Since the power entering the circulator is forced to circulate in a single direction but not in the opposite, its ports possess an inherent isolation from signals coming from the opposite direction, however, in practice, this isolation is finite and limited to more or less than 20 dB over a narrow bandwidth, or more or less than 10 dB over a slightly wider bandwidth. Although the inherent isolation of the circulator is limited and does not provide the targeted level of self-interference cancellation at the antenna level (50 dB), yet it constitutes a first step toward accumulating that level, especially if it is paired with additional self-interference cancellation techniques. However, the main drawback of all circulator-based self-interference cancellation techniques is the circulator's bandwidth constraint, which restrains such techniques from extending to wideband operation. Moreover, circulators are relatively bulky and, in some cases, are not easy to integrate on some boards or circuits.

Usually, the transmitted signal is fed to Port 1, and the antenna is connected to port 2, while the receiver is connected to port 3. Due to the finite and low level of isolation between its ports, a portion of the transmitted signal (S T x ) is leaked to the receiver. In addition to that, in practice, there will be a mismatch between the antenna and the circulator, this means that also a portion of the transmitted signal will be reflected back to the circulator and will go directly to the receiver. So, in total, the receiver will receive three signals: the received signal (S Rx ), the leaked signal (S L ), and the reflected signal (S Ref ). The received signal is the only wanted signal while the leaked and reflected signals are considered as self-interference signals and need to be eliminated. Mainly, most circulatorbased self-interference cancellation techniques manage to greatly reduce the leaked signal, however, some of them does not deal with the reflected signal, maybe because the reflected signal is not as much significant as the leaked signal. In what follows, we present some of these techniques that can also be subcategorized as passive or active:

I. Loop Circulation:

This technique [START_REF] Ho | New Circulator Structure With High Isolation for time Division Duplexing Radio Systems[END_REF][START_REF] Meyer | A Comparison of Several Carrier Suppression Techniques[END_REF] uses three circulators instead of one arranged as shown in Figure 1.9, such that the transmitted, the received, the reflected, and the leaked signals have always to pass through at least two of the three circulators. Since the leaked signal moves against the direction of circulation, it gets weaker each time it passes through a circulator till it reaches the receiver. So, in this configuration the leaked signal is only weakened and is not totally eliminated. Also, in case there is a mismatch between the antenna and the circulator, the reflected signal, due to the mismatch, will flow directly to the receiver. But, perhaps, if the distances between the circulators are manipulated, then it is possible to alter the characteristics of both the leaked and reflected signals such that they combine 180 • out-of-phase at the receiver. Anyhow, the obtained isolation between the transmitter and receiver is not significant and is not worthy, especially that it introduces some drawbacks. For instance, the size of one circulator is considered relatively bulky, so the size of three circulators can drastically increase the size of the system, also it increases the complexity of integrating all circulators on the same board and the cost of the system. 

II. Reflection-Leakage Collision:

In [START_REF] Khaledian | Inherent Self-Interference Cancellation at 900 MHz for In-Band Full-Duplex Applications[END_REF][START_REF] Khaledian | Inherent Self-Interference Cancellation for In-Band Full-Duplex Single-Antenna Systems[END_REF] the reflected signal (S Ref ) from the antenna to the circulator and the leaked signal (S L ) from the Tx port to the Rx port are forced to combine destructively at the Rx port by adding a tunable impedance mismatched terminal (IMT) between the antenna and circulator, the role of the terminal is to modify the phase and amplitude of the reflected signal such that the reflected signal and the leaked signal will have equal amplitudes and will be 180 • out-of-phase such that the two signals will combine out-ofphase at the output (Rx) port and will eliminate each other, which drastically increases the level of self-interference cancellation. This technique requires a prior knowledge of the circulator's characteristics to be able to predict the characteristics of the leaked signal, and also requires a prior knowledge of the antenna's impedance mismatch with the circulator to predict the characteristics of the reflected signal. If a different antenna or a different circulator are to be used, a new terminal has to be designed to adapt to the new characteristics of the newly added components. Moreover, the terminal contains tunable components (variable capacitors or transistors) which induces non-linear effects in the system, and, in addition to that, the effect of the terminal on the antenna's effective gain was not demonstrated by the author's, but it is expected to decrease due to the power lost in the terminal components. Hybrid transformers, also known as Electrical balanced transformers and balanced duplexers, belong to a class of networks called maximum output networks [START_REF] George | Maximum Output Networks for Telephone Substation and Repeater Circuits[END_REF], that were first introduced in fixed telephony to deliver the maximum transmitted power from one fixed telephone apparatus to another, and to receive the maximum power from the second apparatus at the same time, while trying to isolate the two signals from each other. In simpler words, they were used to isolate the receive port of the telephone from its own transmit port, that is, to achieve self-interference cancellation in fixed telephony. After the birth of wireless communications, especially after the invention of continuous-wave radar systems, techniques based on hybrid transformer networks were exploited to cancel the power leaked from the transmit path of a wireless device to its own receive path, and after the emergence of in-band full-duplex, similar techniques were re-invoked to aid in the cancellation of self-interference. But before presenting these techniques, a description of the main characteristics and the behavior of hybrid transformers is presented next.

The hybrid transformer is a four-port network where each pair of opposite ports are conjugate (or isolated) depending on the matching at each port, that is, if the transmit and receive ports and a third port are matched, then the degree of conjugacy (or isolation) is directly related to the mismatch between the third and fourth port [START_REF] Sartori | Hybrid Transformers[END_REF]. Hybrid transformers were conventionally built from windings, however, for RF applications they can be implemented using a combination of 90 • -or 180 • -hybrid couplers, in-phase or 180 • out-of-phase power dividers, and also can contain circulators, which will be described in details later. Figure 1.11(a) shows a schematic of the conventional symbol used for hybrid transformers in old publications, also Figure 1.11(b) shows a more recent symbol used in microwaves theory. To demonstrate the conventional theory of hybrid transformers, the old symbol will be used, while the new symbol will be used after to explain its principle of operation in in-band full-duplex.

A network is called a hybrid transformer if it possesses the following four properties, by referring to Figure 1.11(a) and assuming ideal transformer: if the impedances at Ports B and D are equal (R B = R D ), then no signal arrives from Port A to Port C; thus, Ports A and C are called conjugate ports. And, similarly, if the impedances at Ports A and C are equal (R A = R C ), then Ports B and D are also conjugate. Hence, the usual hybrid transformer networks are biconjugate systems. The second property states that if the network is biconjugate and an impedance match exists at one port, then all the other ports of the network will be matched. And conversely, if all the ports are matched then the network will be biconjugate.

Under ideal conditions, there are no power losses inside the network and if the network is biconjugate, then the power from Port A can only reach Ports B and D. So, if we designate the power entering Port A as P A and the powers received at Ports B and D as P B and P D respectively, then P A = P B + P D . Based on this, the hybrid transformer can be designed to obtain any desired ratio between the powers P B and P D by manipulating the impedances between each two ports while preserving the matching at all ports and the biconjugacy conditions. If we designate this ratio as r = P B /P D , then we have:

P B P A = r r + 1 P D P A = 1 r + 1 (1.1)
The same power ratios P B /P A and P D /P A can be also expressed in dB as follows:

R BA = 10 log 10 r r + 1 dB R DA = 10 log 10 1 r + 1 dB (1.2)
Usually, in most publications r = 1, that is the power entering Port A will be divided equally to Ports B and D, because it is much easier and simpler to have equal power division than unequal power division, but the latter is also possible to implement. Now, the third property of hybrid transformers states that the power transmitted from Port A to Port B must be equal to the power transmitted from Port B to Port A, and a similar condition holds for Ports A and D. In addition to that, if the used components in the network are lossy, then the power loss from Port A to Port B should be identical to the loss from Port D to Port C, and, similarly, the power loss from Port A to Port D must be identical to the loss from Port B to Port C. And, finally, the fourth property of hybrid transformers deals with the phases of the signals passing throw the four paths: A to B, B to C, C to D, and D to A, and it states that the phases of any three signals in any of the three paths should be zero, while the phase of the signal in the fourth path should be 180 • .

II. Full-Duplex Operation:

For in-band full-duplex applications any two conjugate ports of the hybrid transformer can be chosen as transmit and receive ports, then an antenna will be connected to the third port and its equivalent impedance will be connected to the fourth port, as shown in Figure 1.12. If the transformer is designed to have equal power splitting (i.e., r = 1), then the power fed to the transmit port (Port A) will be divided equally, and, after that, half of the divided power will be delivered to the antenna (at Port B) while the other half will be delivered to the equivalent impedance (at Port D) where it will be absorbed. Similarly, the signal received by the antenna will be divided equally at Port B, then half the power will be delivered to the receiver at Port C and the other half will be delivered to the transmitter at Port A, however, in this case, the performance of the transmitter would not be affected because the transmitted signal is much stronger than the received signal. Nonetheless, half the transmitted and received powers will be lost in the transformer, which is the price we pay to implement a duplexing device without using magnetic materials. But these losses can be reduced by doing the following:

To mitigate the power losses in the reception path, the power split ratio at Ports B and D can be increased or decreased to force more received power to go toward the receiver port and less power to go toward the transmit port. But it should be noted that if not the same splitting ratio is present at all four ports, then the third property is violated, and the network can no more be called a hybrid transformer.

On the other hand, to reduce the power losses in the transmit path, the equivalent impedance at Port D can be removed and a second antenna, which is identical to the first one, is connected to the port. Or, alternatively, both the equivalent impedance and the antenna can be removed from the circuit, and a dual-fed antenna with two feeding ports can be connected to Ports B and D, respectively. The reader might wonder now why not a second antenna was connected at Port D in the first place, knowing that this solution can eliminate power losses in the transmission path. This is not the only advantage of this solution, but, additionally, it has two other important advantages: firstly, by using two identical antennas we eliminate the necessity to design the equivalent impedance, which might be cumbersome is some cases, and, secondly, if the two used antennas are wideband, then the performance of the full-duplex system can be potentially extended to wideband operation if there exists a wideband hybrid transformer. Nevertheless, although these advantages may seem alluring, but they come at a great cost in the far-field behavior of the antennas if they operate with single linear polarizations, because no matter what kind of antennas is used or the way the antennas are placed, oriented, and fed with respect to one another, there will always be a far-field null in either the transmit or the receive paths of the system, mainly in the broadside lobe of the radiation pattern, which means that the system will not be able to transmit or receive in a certain direction; this will be demonstrated later. However, this issue is not a big problem for dual-polarized or circularly-polarized antennas.

In practice, there will always be some power leakage from the transmitter to the receiver depending on the devices used to implement the hybrid transformer and on the mismatch between the transformer and the antenna on one side, and the mismatch between the equivalent impedance and the transformer on the other side, and, also, depending on whether both mismatches have equal values or not. Nonetheless, if there is a 180 • phase shift in one of the paths between Ports A and C, then the two leaked signals and the two reflected signals will combine, ideally, out-of-phase at the receiver port. But, although the leaked and reflected signals will be canceled at the receiver, it is always better to have less leakage in the transformer and better matching with the antennas to allow more energy to get radiated by the antenna(s) and less power to get destroyed inside the transformer, which enhances the power efficiency of the full-duplex system.

It is obvious that for in-band full-duplex operation, only the transmit and receive ports need to be conjugate (Ports A and C), and that conjugacy is not necessary for the other two ports (Ports B and D), thus the biconjugacy condition of the hybrid transformers is not necessary for in-band full-duplex operation, and it is sufficient just to have one pair of conjugate ports. Thus, this allows us to violate the biconjugacy condition for hybrid transformer without affecting the performance of the in-band full-duplex system, and the resultant transformer will have a quasi-hybrid behavior. By violating the biconjugacy condition we get more degrees of freedom for designing the transformer with a diverse variety of components. In addition to that, for in-band full-duplex applications, it is not necessary for the conjugate ports to be facing each other, and any two ports can be conjugate whether they are adjacent or on opposite sides, which also gives more freedom in the circuit design.

Based on the above, self-interference cancellation techniques using hybrid transformers are firstly subcategorized into passive and active techniques. Passive techniques describe the various methods to implement a hybrid transformer focusing mainly on the components inside the network, while active techniques focus mainly on manipulating the characteristics of the components connected to the transformer, namely the antenna and the equivalent impedance. Finally, for passive techniques, depending on whether the transformer network respects or violates the biconjugacy condition, the presented networks will be classified into "True-Hybrid Transformer Networks" and "Quasi-Hybrid Transformer Networks". Also, in the case of passive techniques, it is always assumed that the two antenna ports of the transformer (Ports B and D), unless otherwise mentioned, are always connected to a single dual-fed antenna and that there is no equivalent impedance at any port.

III. True-Hybrid Transformer Networks:

A. Single 180 • -Hybrid: 180 • -Hybrids can be actually considered as hybrid transformers as they satisfy all the properties of hybrid transformers. Classically, there are two devices that can be used as 180 • -Hybrids: the rat-race couplers and the tapered coupled line coupler. For instance, let us consider the rat-race hybrid that is depicted in Figure 1.13, it has four ports with a characteristic impedance Z 0 , each placed at a quarter-wavelength away from each other around the top half of a ring. The ring has an impedance equal to the characteristic impedance of the ports multiplied by the square root of two (Z 0 √ 2), and the bottom half of the ring is three quarters of the wavelength. Its operation can be described as follows:

If all ports are matched and a power is injected at Port A, then it will be split equally between Ports B and D while Port C remains isolated, but the signal at Port D will be phase-shifted by 180 • with respect to the signal at Port B. Similarly, if the power injected at Port D then it will be split equally between Ports A and C while Port B remains isolated, such that the signal at Port A is also shifted by 180 • with respect to the signal at Port C. Moreover, if the power is injected at Port B, then it will be split equally and in-phase at Ports A and C while Port D remains isolated. Similarly, if the power is injected at Port C, then it will be split equally and in-phase at Ports B and D while Port A remains isolated. So, it can be said that Ports A and C are isolated, and Ports B and D are also isolated, which means that the biconjugacy property is satisfied.

In addition to that, the power that flows from one port to a second port is exactly equal to the power that flows from the second port to the first one, whatever two ports are selected.

And, finally, only one path in the circuit generates 180 • phase shift, which is the bottom half of the ring, while all other paths are in-phase. Hence, the rat-race coupler satisfies all properties of a hybrid transformer.

The isolation between any two conjugate ports of the rat-race hybrid is caused by the standing waves that originate during its transient state operation, mainly, due to the halfwavelength difference between the two paths that the signal takes to travel form the input port to its conjugate. For example, in the transient state, if the input signal is injected at Port A, as in Figure 1.13, then the power will travel to Port C following two paths: the first path passes by Port B and is half-wavelength long, while the second path passes by Port D and is one wavelength long. Obviously, there is a half-wavelength difference between the two paths, which causes standing waves to occupy the transmission lines between Ports B and C and also between Ports D and C. The standing waves will block those transmission lines and will prevent any signal from passing through them in the steady state, and that is how the isolation between the conjugate ports originates. However, the isolation provided by the rat-race hybrid is finite and can reach 80 dB in simulation, but in practice it drops sometimes below 20 dB depending on the fabrication tolerances. Only, one publication on self-interference cancellation using a single conventional 180 • -hybrids was found in [START_REF] Hu | A High Isolation Rate Race Circuit Compose the Carrier Leakage Canceler for RFID[END_REF]. Also, a novel 180 • -hybrid based on microstrip-to-slotline transitions was demonstrated in [START_REF] Zhang | A Dual-Polarized Linear Antenna Array with Improved Isolation Using a Slotline-Based 180°Hybrid for Full-Duplex Applications[END_REF] for dual-polarized in-band full-duplex arrays.

B. Balun-Power Divider Combination:
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Figure 1.14: (a) A hybrid transformer network implemented using a rat-race coupler and three Wilkinson power dividers/combiners and (b) an equivalent schematic showing its operation as an in-band full-duplex system.

For this technique, the proposed network is depicted in Figure 1.14 and it consists of a rat-race hybrid and three Wilkinson power dividers/combiners. The rat-race hybrid, in this case, operates as a 180 • out-of-phase power divider/combiner (also known as balun) by connecting the input's conjugate port to a 50 Ω matching load; the load is represented in the figure by a red circle inside a metallic square; so, alternatively, the rat-race hybrid can be replaced with any three-port 180 • out-of-phase power divider (or balun). Also, the Wilkinson power divider at Port C can be substituted by another rat-race hybrid that operates as an in-phase power combiner. Nonetheless, it is important to note that the demonstrated network with the rat-race hybrid cannot be actually considered as a true hybrid transformer, because the powers that flow from Port A to Ports B and D are not equal to the powers that flow from Ports B and D to Port A, since the power entering Port A will be divided in half between ports B and D, while only quarter the powers entering Ports B and D will reach Port A. Thus, the powers flowing from Port A to Ports B and D are twice the powers flowing from Ports B and D to Port A, which violates the third property of hybrid transformers. However, if the rat-race hybrid is replaced with a three-port 180 • out-of-phase power divider, then the third property will be respected again and the network can be considered as a true hybrid transformer, but, in either cases, the network operates similar to what is expected. Also, it is good to know that the mechanism of isolating the conjugate ports in this network is different than the mechanism of isolation in the rat-race hybrid:

The power entering the rat-race hybrid from Port A for example does not flow, ideally, to Port C, and instead it only flows toward Ports B and D, this happens because there will be standing waves between Ports B and C and between Ports D and C, which prevents the incoming power from flowing to Port C and, consequently, no power reaches Port C. But, as mentioned previously, the isolation of the rat-race hybrid is finite in practice and some power manages to leak to the receiver.

On the other hand, for the proposed network, there are two layers of isolation: the first stage of isolation takes place inside the Wilkinson power dividers which try to force all the power coming from Port A to go directly to Port B or Port D, and try to prevent any power from leaking to Port C. But, similarly, the isolation of the Wilkinson power dividers is finite in practice, typically 20 dB, and some power will manage to flow to Port C through Ports B and D.

However, the flowing powers in different branches of the network will arrive, ideally, equal in magnitude and 180 • out-of-phase with respect to one another, and will cancel each other inside the power divider at Port C, which means that no power, ideally, reaches Port C from Port A. But in practice the second layer of isolation is sensitive to phase imbalances inside the network, and these imbalances will be present in the network due to fabrication tolerances which degrades the isolation.

Thus, the difference between the rat-race hybrid and this network is that the power is preserved in the rat-race, while it is destroyed in the proposed network, which affects the power efficiency of the system.

To describe mathematically how the transmitted, leaked, and reflected signals are behaving in the system, and how their amplitudes and phases are changing at each stage, it is easier and more expressive to use some equations to describe the signals' behavior. For these equations, we think it is most suitable to work with power waves because they are compatible with S-parameters, where a n denotes the power wave incident at the port n, and b n denotes the power wave reflected or coming out from that port. Consequently, the incident and reflected powers carried by each wave are given as |a n | 2 and |b n | 2 respectively. The flow of power waves is depicted in Figure 1.14(b), and based on it, it can be shown that the power wave leaked from the transmitter to the receiver b l is equal to zero (red dotted path in Figure 1.14(b)):

a l = √ 2 2 S 32 a i a l = √ 2 2 S 32 a i e jπ (1.3) b l = a l + a l = √ 2 2 S 32 a i 1 + e jπ = 0 (1.4) (a) Ω (b)
Figure 1.15: (a) An in-band full-duplex system based on a hybrid transformer network implemented using one rat-race coupler operating as a 180 • out-of-phase power divider, a second rat-race coupler acting as an in-phase power combiner, and two quadrature hybrids feeding two dual-fed patch antennas for circular polarization and (b) its equivalent schematic.

Similarly, it can also be shown that the two reflected signals from the antenna will combine 180 • out-of-phase at the receiver (blue dotted path in Figure 1.14(b)):

a f = √ 2 2 S 12 S 31 Γa i a f = √ 2 2 S 12 S 31 Γa i e jπ (1.5) b f = a f + a f = √ 2 2 S 12 S 31 Γa i 1 + e jπ = 0 (1.6)
This topology was implemented in [START_REF] Du | Implementation of an X Band Leakage Cancellation Network for Bandwidth Improvement[END_REF] using one rat-race hybrid and three Wilkinson power dividers and in [START_REF] De | A Passive STAR Microwave Circuit for 1-3 GHz Self-Interference Cancellation[END_REF] using one 180 • out-of-phase and three in-phase power dividers. Also, there are some other variations of this technique that can be found in the literature:

In [START_REF] Lee | 24-GHz Transceiver Patch Array Front-End with a Balanced Tx Leakage Canceller[END_REF][START_REF] Lim | 24 GHz Balanced Doppler Radar Front-End with Tx Leakage Canceller for Antenna Impedance Variation and Mutual Coupling[END_REF] the Wilkinson power divider at Port C was replaced by another raterace hybrid working as in-phase power combiner, and the lateral Wilkinson power dividers were replaced by quadrature hybrids, as shown in Figure 1.15, however, the quadrature hybrids, in this case, are used to feed circularly-polarized patch antennas and the 90 • phase shift generated between the output ports of the quadraturehybrids does not interfere with the operation of the network, that is, at any time, the phase difference between the two signals propagating in the two branches of the network will always be 0 • or 180 • but never 90 • or 270 • . Similarly, in [START_REF] Ehab | Wideband Monostatic Spiral Array for Full-Duplex Applications[END_REF] the lateral Wilkinson power dividers in Figure 1.14 were replaced with two 180 • -hybrids, which also do not affect the performance of the network but were used to differentially feed a dual-polarized spiral antenna array.

Finally, in [START_REF] Kim | Balanced Topology to Cancel Tx Leakage in CW Radar[END_REF][START_REF] Kim | A Circularly Polarized Balanced Radar Front-End with a Single Antenna for 24-GHz Radar Applications[END_REF][START_REF] Kim | Balanced Topology to Cancel Tx Leakage in CW Radar[END_REF] the lateral Wilkinson power dividers were also replaced by Lange couplers, and the rat-race hybrid was removed from the network and was replaced by an integrated differential voltage-controlled oscillator (VCO) that internally generates two 180 • out-of-phase output signals.

IV. Quasi-Hybrid Transformer Networks:

Quasi-hybrid transformer networks may contain circulators or quadrature hybrids: if two quadrature hybrids are placed at any two conjugate ports of the transformer such that 90 • -output arms of both quadrature hybrids are in the same branch of the network, then for one path, between the two conjugate ports, the total phase shift is 180 • . However, in this case, the phase shift between any two consecutive ports is always 0 • or 90 • but never 180 • , hence the fourth property of hybrid transformers will be violated, and the implemented network will be a quasi-hybrid transformer. Moreover, for circulators, if at least one circulator is used in the network, let us assume at the antenna port, then the power going from Port A to Port B will not be equal to the power flowing from Port B to Port A, which also violates the third property of hybrid-transformers. Finally, note that circulator-less quasi-hybrid transformer networks as well as true-hybrid transformer networks can be potentially extended to wideband operation as they are not constrained in bandwidth as the circulator-based networks. In what follows, we present some of the quasi-hybrid transformer networks.

A. Single Quadrature-Hybrid: delivered to two other ports while no power reaches the fourth port, just like the rat-race hybrid. Mainly, there are three devices that can be considered as quadrature hybrids: the branchline coupler, the coupled line coupler, and the Lange coupler. Let us take for example the branchline coupler which is depicted in Figure 1.16, it consists of two pairs of quarter-wavelength transmission lines: the vertical pair have their impedances equal to the characteristic impedance of the input ports (Z 0 ), while the horizontal pair have their impedances equal to the characteristic impedance divided by the square root of two (Z 0 / √ 2). If a signal is injected at Port A while all other ports are terminated with matched impedances, then the signal will be split equally between Ports B and D while Port C remains isolated. The signal flowing from Port A to Port B will accumulate 90 • of phase as it passes through the bottom quarter-wavelength transmission line, and the signal coupled from Port A to Port D will accumulate 180 • of phase as it needs to pass throw two quarter-wavelength transmission lines, thus the phase difference between the two output signals is 90 • . Similar to a rat-race coupler, the isolation in the branchline coupler is a result of the standing waves which occupy the transmission lines leading to the isolated port. However, the isolation provided by the branchline coupler is also finite, about 30 dB of isolation in simulations and might be less than that in practice, depending on the fabrication tolerances. But, although its isolation is limited and does not provide the targeted level of self-interference cancellation at the antenna level (50 dB), yet it constitutes a first step toward accumulating that level, especially if it is paired with additional selfinterference cancellation techniques. The branchline coupler can provide isolation over a narrow bandwidth, due to its wavelength dependence, but its bandwidth can be extended by cascading multiple transmission line sections together. Also, another drawback of quadrature hybrids for in-band full-duplex applications arises when there are impedance mismatches between the hybrid and the antenna, in this case, a portion of the transmitted signals will be reflected back to the hybrid, and the reflected signals will flow back to the transmit and receive ports at the same time. Now, assuming that the mismatches at both ports are identical, then the two reflected signals will combine out-of-phase at the transmit port and in-phase at the receive port, which might be good for systems that are sensitive to power reflections at the input, but it is not good for in-band fullduplex applications because the level of self-interference cancellation is reduced. This technique was discussed in [START_REF] Bai | A Novel Rx-Tx Front-Ends for Passive RFID Reader with High Isolation[END_REF] and implemented using single patch antenna [START_REF] Bouça | Low-Profile Aperture-Coupled Patch Antenna Array for CubeSat Applications[END_REF][START_REF] Huy | A Compact Dual Circularly Polarized Antenna with Wideband Operation and High Isolation[END_REF] and two orthogonal slot antennas [START_REF] Le Bihan | Dual-Circularly Polarized Patch Antenna Using Simple Isolation Techniques and Its Array Application[END_REF][START_REF] Berg | Circularly Polarized GPS Antenna for Simultaneous LHCP and RHCP Reception with High Isolation[END_REF][START_REF] Lai | A Dual Circularly Polarized RFID Reader Antenna with Wideband Isolation[END_REF].

B. Two Circulators with Two Quadrature-Hybrids

The proposed network in this section is depicted Figure 1.17 and it can be described as follows:

The network is implemented using two hybrid couplers at the transmit and receive ports and two circulators at the antenna ports.

The arms of both hybrids that produce the 90 • phase shift should be in the same branch of the circuit, to make sure that the signals that manage to leak from the transmitter to the receiver will be 180 • out-of-phase, and thus they will combine destructively. Otherwise, they will combine in-phase and reduce the level of isolation between the transmitter and receiver.

Ω Ω Figure 1.17: In-band full-duplex system based on quasi-hybrid transformer network using two quadrature hybrids and two circulators with a circularly-polarized patch antenna.

Also, the circulators, in this case, are not the only source of isolation in the network, but rather the network as a whole is responsible for achieving the desired isolation.

The other role of the circulators in the circuit is to direct the maximum power generated by the transmitter to the antenna, and also to direct the maximum power received by the antenna to the receiver. So, the circulators preserve the power efficiency of the system. Also, another advantage for this network is that the transmitter and the receiver are co-polarized, that is, the transmitter can transmit left-handed circularly-polarized waves and the receiver can only receive the same type of polarization. By referring to Figure 1.17, it can be shown that the power wave leaked from the transmitter to the receiver b l is equal to zero (red dotted path in Figure 1.17):

a l = √ 2 2 S 31 a i e j π 2 a l = √ 2 2 S 31 a i (1.7) b l = a l e j π 2 + a l = √ 2 2 S 31 a i e jπ + 1 = 0 (1.8)
Similarly, it can also be shown that the two reflected signals from the antenna will combine 180 • out-of-phase at the receiver (blue dotted path in Figure 1.17):

a f = √ 2 2 S 32 S 21 Γa i e j π 2 a f = √ 2 2 S 32 S 21 Γa i (1.9) b f = a f e j π 2 + a f = √ 2 2 S 32 S 21 Γa i e jπ + 1 = 0 (1.10) Ω Ω Ω Figure 1
.18: Linearly-polarized in-band full-duplex system based on quasi-hybrid transformer network using three quadrature hybrids and two circulators with a single-fed patch antenna. Thus from Equations (1.8) and (1.10) it can be inferred that this topology can achieve, theoretically, infinite isolation between the transmit and receive ports by eliminating the signals leaked from the circulators and the signals reflected from the antennas, only if it is assumed that similar components in the system have identical performances or Sparameters, and if both mismatches between the antenna and the two circulators are also identical. This technique was presented in [START_REF] Michael | Single Antenna Full Duplex Communications Using a Common Carrier[END_REF][START_REF] Michael | Passive Interference Cancellation in a 2× 2 STAR MIMO Antenna Network[END_REF][START_REF] An | Double Balanced Feed Network for the Self-Interference Cancellation in Full Duplex Communication System[END_REF][START_REF] Kim | Effective Self-Interference Cancellation for IBFD (In-Band Full Duplex) Communication System[END_REF][START_REF] Kim | Bandwidth Expansion of the IBFD Communication System Using Balanced Feed Networks[END_REF] using a single patch antenna, in [START_REF] Valale | Full-Duplex Antenna Subsystem for Microwave Radio Links[END_REF][START_REF] Valale Prasannakumar | Broadband Monostatic Simultaneous Transmit and Receive Reflector Antenna System[END_REF][START_REF] Valale Prasannakumar | Broadband Reflector Antenna with High Isolation Feed for Full-Duplex Applications[END_REF] using reflector antennas, and in [START_REF] Ehab | Wideband Multimode Monostatic Spiral Antenna STAR Subsystem[END_REF] using a four-arm spiral antenna. Also, the same system was studied in [START_REF] Meyer | A Comparison of Several Carrier Suppression Techniques[END_REF][START_REF] Lim | Balanced Circulator Structure with Enhanced Isolation Characteristics[END_REF] without any antennas. In addition to that, some other variations of this technique also exist in the literature:

In [START_REF] Lim | Balanced Directional Coupler Structure with Insensitive Isolation for Load Impedance[END_REF], the quadrature hybrids at the transmit and receive ports were replaced with Wilkinson power dividers connected to a quarter-wavelength transmission lines at one of their outputs to create the 90 • phase shift.

Moreover, the basic configuration can be slightly modified to generate linear polarization by incorporating a third quadrature hybrid between the circulators and a single-fed patch antenna as shown in Figure 1. [START_REF] Choi | Achieving Single Channel, Full Duplex Wireless Communication[END_REF]. This has been demonstrated in [START_REF] Siu K Cheung | High Isolation Lange-Ferrite Circulators with NF Suppression for Simultaneous Transmit and Receive[END_REF], and also in [START_REF] Cheung | Active Quasi-Circulators Using Quadrature Hybrids for Simultaneous Transmit and Receive[END_REF][START_REF] Siu K Cheung | MMIC-Based Quadrature Hybrid Quasi-Circulators for Simultaneous Transmit and Receive[END_REF] but the circulators were substituted with transistors that provide a quasi-circulator behavior.

In [START_REF] Milosevic | Tx Leakage Cancellation Using Antenna Image Impedance for CW Radar Applications[END_REF] the same network as in Figure 1.17 was used to generate single linear polarization by connecting one circulator to a patch antenna array while connecting the second circulator to an equivalent impedance.

Finally, the circulators in the above network can be replaced with another two quadrature hybrids as shown in Figure 1.19, and the new quadrature hybrids will be used to feed two circularly polarized antennas. As compared to the circulators, the added hybrids can be considered more compact and can provide better isolation over a wider bandwidths. This has been implemented in [START_REF] Lim | RFID Reader Front-End Having Robust Tx Leakage Canceller for Load Variation[END_REF][START_REF] Jang | UHF RFID Reader Front-End Having Wideband and Stable Tx/Rx Isolation Characteristic[END_REF][START_REF] Lee | Four-Port Balanced Antenna Feeding Network for Switchable Polarizations and Stable Tx/Rx Isolation Characteristics[END_REF][START_REF] Lee | An LTCC Multilayer Packaged 24-Ghz Short-Range Radar with an Embeded Tx Leakage Canceller[END_REF][START_REF] Kim | A Quadrature Radar Topology with Tx Leakage Canceller for 24-GHz Radar Applications[END_REF][START_REF] Kim | Tx Leakage Cancellers for 24 GHz and 77 GHz Vehicular Radar Applications[END_REF].

C. Two Circulators with Balun-Power Divider Combination:

The proposed network in this section is depicted in Figure 1.20 and it is composed of an in-phase power divider, a 180 • out-of-phase power divider (or balun), and two circulators connected to a dual-fed patch antenna to generate dual-linearly-polarized waves. This network operates in a manner similar to the "balun-power divider combination" network that was previously demonstrated. However, the only difference that the circulators introduce to the network is that they direct the maximum transmitted power to the antenna and the maximum received power to the receiver, but over a narrow bandwidth.

It can be shown that the power wave leaked from the transmitter to the receiver b l (red dotted path in Figure 1.20) is equal to zero:

a l = √ 2 2 S 31 a i e jπ a l = √ 2 2 S 31 a i (1.11) b l = a l + a l = √ 2 2 S 31 a i e jπ + 1 = 0 (1.12)
Similarly, it can also be shown that the two reflected signals from the antenna, a f and a f , will combine 180 • out-of-phase at the receiver (blue dotted path in Figure 1.20):

a f = √ 2 2 S 32 S 21 Γa i e jπ a f = √ 2 2 S 32 S 21 Γa i (1.13)
Figure 1.20: In-band full-duplex system based on quasi-hybrid transformer network using an inphase power divider, a 180 • out-of-phase power divider (or balun), and two circulators connected to a dual-polarized patch antenna.

b f = a f + a f = √ 2 2 S 32 S 21 Γa i e jπ + 1 = 0 (1.14)
Thus, from Equations (1.12) and (1.14) it can be said that this topology can also achieve, theoretically, infinite isolation between the transmit and receive ports by eliminating the signals leaked from the circulators and the signals reflected from the antennas, only if it is assumed that the circulators have identical performances or S-parameters, and if both mismatches between the antenna and the two circulators are also identical. This technique was presented in [START_REF] Tang | Balanced RF-Circuit Based Self-Interference Cancellation for Full Duplex Communications[END_REF][START_REF] Mahdi | Balun Based Transmitter Leakage Cancellation for Wide-Band Applications[END_REF][START_REF] Foroughian | Wideband Leakage Cancellation Network for Monostatic Continuous-Wave Radars[END_REF].

V. Reflection-Leakage Collision:

The basic full-duplex operation of hybrid transformers where the antenna is placed at one port (Port B) and its equivalent impedance at a second port (Port D), as in Figure 1.12, is considered active, because it requires the prior knowledge of the antenna's impedance to mimic it. As an alternative to the basic approach, the technique presented here achieves self-interference cancellation by replacing the equivalent impedance with a mismatched load at Port D, as depicted in Figure 1.21. The load can consist of lumped components, delay lines, or transmission line stubs, and is specifically designed to reflect the signal coming from the transmitter (S T x ) to the receiver, such that the reflected and leaked signals from the antenna port (S A ) and the reflected signal from the mismatched load (S ref ) will combine 180 • out-of-phase at the receiver [START_REF] Kim | A Passive Circulator with High Isolation Using a Directional Coupler for RFID[END_REF][START_REF] Kim | A High Isolated Coupled-Line Passive Circulator for UHF RFID Reader[END_REF][START_REF] Zhuang | Duplexer Design and Implementation for Self-Interference Cancellation in Full-Duplex Communications[END_REF][START_REF] Wei | A New Directional Coupler for UHF RFID Reader[END_REF]. However, in this case, the isolation is only obtained at an extremely narrow bandwidth, so in order to obtain isolation over a slightly wider bandwidth, the same approach was implemented in [START_REF] Jung | A Reconfigurable Carrier Leakage Canceler for UHF RFID Reader Front-Ends[END_REF][START_REF] Lee | Lumped Directional Coupler with a Varactor Tuned Reflector for RFID Applications[END_REF][START_REF] Edward | A Low-Cost, High-Speed, High-Resolution, Adaptively Tunable Microwave Network for an SDR UHF RFID Reader Reflected Power Canceller[END_REF] by adding tunable components in the mismatched load to tune its impedance and obtain the maximum possible isolation. In [START_REF] Yoo | Quasi-Circulator Using an Asymmetric Coupler for Tx Leakage Cancellation[END_REF] a modified branchline coupler with mismatched circuit placed at the equivalent impedance port is presented. The impedances and lengths of the transmission lines of the branchline coupler were modified to force more power to flow from the transmitter to the antenna and from the antenna to the receiver, and to force less power to flow toward the equivalent impedance port, and, finally, the mismatched impedance was designed to counter the impedance and phase imbalances of the modified coupler and make sure that the reflected signal from the mismatched impedance and the power leaked from the transmitter will combine 180 • out-of-phase. Any wave that propagates in the air suffers from free space path loss (FSPL) [START_REF] Harald | A Note on a Simple Transmission Formula[END_REF] which attenuates its radiated power flux density with the square of the distance traveled by the wave. Thus, by increasing the distance between the transmit and receive antennas [START_REF] Everett | Passive Self-Interference Suppression for Full-Duplex Infrastructure Nodes[END_REF][START_REF] Jastram | Isolation of Millimeter Wave Antennas Over Cylindrical and Rectangular Ground Planes[END_REF] (Figure 1.22(a)), the level of self-interference is expected to drop, however, at the expense of a larger system size. Figure 1.22(c) shows the simulated self-interference cancellation level as a function of the separation distance between two inset-fed circular patch antennas designed at 10 GHz, the distance was increased from λ up to 10λ then the levels of self-interference cancellation were recorded. It can be seen that the increase in the level of self-interference cancellation becomes much less significant as the separation distance increases where the most rapid increase in the cancellation is observed between λ and 2λ.

II. Beam Separation:

Instead of increasing the physical separation between antennas, the main beams radiated by the antennas can be separated instead [START_REF] Everett | Passive Self-Interference Suppression for Full-Duplex Infrastructure Nodes[END_REF][START_REF] Valale Prasannakumar | Wideband Bi-static Offset-Fed Reflector Simultaneous Transmit And Receive Antenna System[END_REF], this is achieved by rotating the patch antennas in Figure 1.22(b) along the y-axis in opposite directions, the transmit antenna can be rotated in a clockwise direction while the receive antenna can be rotated in a counter-clockwise direction. As the antennas rotate away from their initial positions, the overlap between the transmit and receive beams decreases, which in turn decreases the level of self-interference between the transmit and receive antennas. Nonetheless, this means that the system transmits in one direction and receives from another directions, and not all applications can tolerate to transmit and receive in different directions. Moreover, this technique is only applicable to directive antennas and is useless in omnidirectional antenna applications. If two antennas radiate orthogonal electric fields then it can be said that they are crosspolarized. For instance, if the transmit antenna radiates an electric field that is vertically polarized, then the receive antenna can be placed in such a way it radiates horizontally polarized fields, this is demonstrated in Figure 1.23. Similarly, if the transmit antenna is right-hand circularly polarized (RHCP) then the receive antenna should be left-hand circularly polarized (LHCP). The transmit and receive antennas can be selected to operate on orthogonal polarizations which provides an inherent isolation between them because cross-polarizations do not couple to one another. In practice, the achievable level of selfinterference cancellation is limited by the manufacturing imperfections of the antennas, especially, imperfections in antennas' placement and orientation. Also, if two systems were built with orthogonal polarizations, then it is required to have the transmit antennas of one system to be aligned with the receive antennas of the second system. Finally, crosspolarization can be considered a complementary source of cancellation and is usually implemented with some other primary techniques, and it cannot be always implemented depending on the targeted application. This concept has been implemented using linear polarization for monopole antennas [START_REF] Kumari | A dual band full-duplex monopole antenna for wlan application[END_REF], dipole antennas [START_REF] Zhong | Ultra-Wideband Dual-Linear Polarized Phased Array With 60°Scanning for Simultaneous Transmit and Receive Systems[END_REF], a single patch antenna [START_REF] Nawaz | Three Dual Polarized 2.4 GHz Microstrip Patch Antennas for Active Antenna and In-Band Full Duplex Applications[END_REF][START_REF] Nawaz | Three Ports Microstrip Patch Antenna With Dual Linear and Linear Co-polarisation Characteristics[END_REF][START_REF] Nawaz | Compact Dual-Polarised Microstrip Patch Antenna With High Interport Isolation for 2.5 GHz In-Band Full-Duplex Wireless Applications[END_REF][START_REF] Nawaz | High Isolation Slot Coupled Antenna With Integrated Tunable Self-Interference Cancellation Circuitry[END_REF][START_REF] Nawaz | Single Layer, Dual Polarized, 2.4 GHz Patch Antenna With Very High RF Isolation Between DC isolated Tx-Rx ports for Full Duplex Radio[END_REF][START_REF] Nawaz | 2.4 GHz Dual Polarised Monostatic Antenna with Simple Two-Tap RF Self-Interference Cancellation (RF-SIC) Circuitry[END_REF][START_REF] Nawaz | Co-polarized Monostatic Antenna With High Tx-Rx Isolation for 2.4 GHz Single Channel Full Duplex Applications[END_REF][START_REF] Nawaz | Dual Polarized, Slot Coupled Monostatic Antenna With High Isolation for 2.4 GHz Full Duplex Applications[END_REF][START_REF] Nawaz | A Compact Proximity-Fed 2.4 GHz Monostatic Antenna With Wide-Band SIC Characteristics for In-Band Full Duplex Applications[END_REF][START_REF] Mikail Yilan | Monostatic Antenna In-Band Full Duplex Radio: Performance Limits and Characterization[END_REF][START_REF] Sohaib | A Low-Complexity Full-Duplex Radio Implementation With a Single Antenna[END_REF][START_REF] Chaudhary | High Self-Interference Cancellation Antenna for In-Band Full Duplex Communication System[END_REF], two patch antennas [START_REF] Chaudhary | Differential Fed Antenna With High Self-Interference Cancellation for In-Band Full-Duplex Communication System[END_REF][START_REF] Chaudhary | Microstrip antenna with high self-interference cancellation using phase reconfigurable feeding network for in-band full duplex communication[END_REF][START_REF] Nawaz | Dual-Polarized, Monostatic Antenna Array With Improved Tx-Rx Isolation for 2.4 GHz In-Band Full Duplex Applications[END_REF][START_REF] Dinc | A 60 GHz CMOS full-duplex transceiver and link with polarization-based antenna and RF cancellation[END_REF], three patch antennas [START_REF] Khaledian | Robust Self-Interference Cancellation for Microstrip Antennas by Means of Phase Reconfigurable Coupler[END_REF][START_REF] Lu | An Interior Parasitic Patch Antenna with Wide Isolation Bandwidth for Simultaneous Transmit and Receive (STAR)[END_REF], and four patch antennas [START_REF] Juan M Laco | Patch Antenna Design for Full-Duplex Transceivers[END_REF][START_REF] Nguyen | Planar Patch Antenna System With High Isolation for Full-Duplex Applications[END_REF], as well as substrate integrated waveguide (SIW) antennas [START_REF] Cai | Millimeter Wave Low-Profile Relay Antennas for 5G Full Duplex Self-Interference Suppression[END_REF].

In addition to that, this technique was demonstrated with right-and left-hand circular polarizations using three patches [START_REF] Nawaz | Single Layer, Differentially Driven, LHCP Antenna With Improved Isolation for Full Duplex Wireless Applications[END_REF], four patches [START_REF] Ha | Monostatic Co-polarized Full-Duplex Antenna With Left-or Right-Hand Circular Polarization[END_REF][START_REF] Wu | A Wideband, Unidirectional Circularly Polarized Antenna for Full-Duplex Applications[END_REF][START_REF] Wu | Circularly-Polarized, Unidirectional Antennas for Simultaneous Transmit and Receive (STAR) Applications[END_REF][START_REF] Wu | A Compact, Monostatic, Co-Circularly Polarized Simultaneous Transmit And Receive (STAR) Antenna With High Isolation[END_REF][START_REF] Pen | Broadside FD Antenna Topologies for Nanosat Intersatellite Link[END_REF][START_REF] Ranjbar Nikkhah | A Concurrently-Dual-Polarized, Simultaneous Transmit and Receive (STAR) Antenna[END_REF][START_REF] Zhou | Monostatic Copolarized Simultaneous Transmit and Receive (STAR) Antenna by Integrated Single-Layer Design[END_REF][START_REF] Zhang | Analyses and Full-Duplex Applications of Circularly Polarized OAM Arrays Using Sequentially Rotated Configuration[END_REF], and spiral antennas [START_REF] Deo | Broadband Antenna for Passive Self-Interference Suppression in Full-Duplex Communications[END_REF][START_REF] Deo | EBG Enhanced Broadband Dual Antenna Configuration for Passive Self-Interference Suppression in Full-Duplex Communications[END_REF].

IV. Near-Field Nulling:

Near-field nulling is a family of techniques that uses at least two transmit antennas or two receive antennas or both, then they introduce fixed phase differences between antenna elements to create near-field nulls in the transmit or receive radiation pattern, or both, then the receive antennas can be placed at the position of the transmit null, which can increase the level of self-interference cancellation. It was noticed by simulation that the level of self-interference cancellation of these techniques is highly sensitive to phase changes in the feeding signals and is less sensitive to amplitude changes, however, the contribution of amplitude changes is not negligible. The amplitude and phase changes come from various sources, mainly the phase and amplitude imbalances of the feeding device and the precision of the antenna fabrication and placement. There are four techniques that utilize this concept:

A. Half-Wavelength Separation: This technique [START_REF] Choi | Achieving Single Channel, Full Duplex Wireless Communication[END_REF] uses two transmit antennas and one receive antenna (Figure 1.24): one transmit antenna is placed at a distance d to one side of the receive antenna, while the second transmit antenna is placed at a distance d+λ/2 on the other side of the receive antenna. Due to the half-wavelength difference between the two paths, both transmitted signals will arrive at the receive antenna with 180 • phase difference, and hence both signals will combine destructively and will create a near-field null at the receive antenna's interface. This should yield, theoretically, a high level of self-interference cancellation. Note that since the distances between the receive antenna and the two transmit antennas are not equal, then the power received from the near antenna is higher than the power received from the far antenna, which means that although the two received signals are 180 • out-of-phase, yet they are not of equal amplitudes, thus the signals will not cancel each other perfectly at the receiver's interface. So, in order to achieve better signal cancellation, the amplitudes of both signals need to be equalized, this is achieved by attenuating the stronger signal by using an attenuator or by feeding the far antenna more power than the near antenna by using an unequal split power divider. In addition to that, this technique suffers from several drawbacks:

d d + λ/2
The main drawback of this technique is that once the system is built and configured, then any further changes require redesigning the whole system especially the attenuation ratio or the power split ratio of the fed signals.

Another major drawback of this technique is the wavelength (or frequency) dependence of the antennas' separation distance, which means that self-interference cancellation only takes place at the frequency of design and becomes weaker as we move away from this frequency, which renders the antenna placement technique useless for wideband applications.

Also, we can observe multiple drawbacks of this technique concerning the far-field radiation patterns of the transmit and receive antennas, some of these drawbacks might also apply to other techniques that use multiple antennas to transmit or receive: firstly, since two antennas are used to transmit and one antenna is used to receive, the gain of the transmit link is higher than the gain of the receive link (G t = G r + 3 dB), also the shapes of the far-field radiation patterns might differ for both links depending on the type of the used antennas, as it was observed that the main beam of the transmit link seems be more directive than the main beam of the receive link.

Secondly, the two transmitted signals combine constructively in the far-field region at the center of the system, which is considered an advantage compared to other techniques presented in this section because no null regions are present in the farfield radiation pattern. However, the problem is that the receive radiation pattern is located at the position of the receive antenna and not at the center of the system, which means that there is a slight shift or skew between the transmit and receive radiation patterns.

And, finally, if the separation distance between the two transmit antennas is higher than a half-wavelength at the frequency of design, two significant grating lobes will be observed in the far-field radiation pattern of the transmit link, yet the minimum separation distance is constrained by various factors in particular the size of the used antennas.

B. Antiphase Feeding:

In this technique an antenna configuration similar to that in the antenna placement technique is adopted but with some modifications (Figure 1.25(a)). The two transmit antennas are now placed at the same distance d away from the receive antenna, then both antennas are fed signals that are equal in amplitude but 180 • out-of-phase, this is achieved by using a 180 • power divider (or balun). Similar to the half-wavelength separation technique, the two transmitted signals will combine destructively at the receive antenna's interface and achieve, theoretically, infinite amount of self-interference cancellation. Also, the same level of self-interference cancellation and system performance can be, theoretically, obtained if the central antenna is used as transmitter and the lateral antennas are used as receivers. This technique solves several drawbacks that the halfwavelength separation technique suffers from:

Since the two transmit antennas are placed at the same distance away from the receive antenna, no power attenuation or unequal power split is needed to feed the antennas, which simplifies the system design and reconfiguration.

Also, since the distances between the transmit antennas and the receive antenna are independent of wavelength or frequency, then this technique can be used for wideband applications. But the only constraint on its bandwidth is the bandwidth of the antennas and the feeding balun, especially its ability to provide a relatively constant 180 • phase difference between the two transmitted signals over the desired bandwidth.

In addition to that, the radiation patterns of the transmit and receive links are now aligned at the center of the system, which means that the system can transmit and receive in the same direction or location.

Although this technique overcomes many drawbacks of the half-wavelength separation technique, yet it inherits two drawbacks from half-wavelength separation and introduces a third drawback: Firstly, since this technique uses two transmit antennas and one receive antenna then the transmit and receive links will have different gains and radiation patterns.

Secondly, if the separation distance between the two transmit antennas is higher than a half-wavelength at the frequency of design, two grating lobes will be observed in the far-field radiation pattern.

Thirdly, the near-field null, which is located at the center of the system, extends to the far-field region, and creates a null zone where no other device can receive the transmitted signals, this is depicted in Figure 1. [START_REF] Kenneth E Kolodziej | In-band Full-Duplex Technology: Techniques and Systems Survey[END_REF]

(c).

This technique was demonstrated for monopole antennas [START_REF] Makar | A High-Isolation Monopole Array With Ring Hybrid Feeding Structure for In-Band Full-Duplex Systems[END_REF][START_REF] Raymondi | Compact and Power-Efficient 5 GHz Full-Duplex Design Utilizing the 180°Ring Hybrid Coupler[END_REF][START_REF] Snow | Multi-Antenna Near Field Cancellation Duplexing for Concurrent Transmit and Receive[END_REF][START_REF] Lee | 2 x 2 MIMO In-Band Full-Duplex Radio Front-End With 50 dB Self-Interference Cancellation in 90 MHz Bandwidth[END_REF][START_REF] Lee | 1-TX and 2-RX In-Band Full-Duplex Radio Front-End With 60 dB Self-Interference Cancellation[END_REF], dipole antennas [START_REF] Elie | A Dipole Antenna System for Simultaneous Transmit and Receive[END_REF], and patch antennas [START_REF] Nawaz | Three Ports Microstrip Patch Antenna With Dual Linear and Linear Co-polarisation Characteristics[END_REF][START_REF] Nawaz | Compact Dual-Polarised Microstrip Patch Antenna With High Interport Isolation for 2.5 GHz In-Band Full-Duplex Wireless Applications[END_REF][START_REF] Nawaz | Co-polarized Monostatic Antenna With High Tx-Rx Isolation for 2.4 GHz Single Channel Full Duplex Applications[END_REF][START_REF] Jouvaud | High Self-Interference Mitigation Achieved Thanks to Significant Antenna Isolation and Advanced RF Frontend for In-Band Full-Duplex Communications[END_REF][START_REF] Luo | Design of Dual-Feed Dual-Polarized Microstrip Antenna With High Isolation and Low Cross Polarization[END_REF]. To eliminate the far-field null, the two lateral antennas should be placed and oriented oppositely or symmetrically with respect to the center of the system as depicted in Figure 1.25(b). Although the transmit and receive antennas are cross polarized in Figure 1.25(b) yet they can be co-polarized, however, cross-polarization is better because it increases the level of self-interference cancellation. The electric field distribution of this configuration is shown in Figure 1. 25(d) where it can be observed that far-field null does not exist anymore while the near-field null is preserved. This concept was also implemented using single patch [START_REF] Nawaz | Single Layer, Dual Polarized, 2.4 GHz Patch Antenna With Very High RF Isolation Between DC isolated Tx-Rx ports for Full Duplex Radio[END_REF][START_REF] Nawaz | Dual Polarized, Slot Coupled Monostatic Antenna With High Isolation for 2.4 GHz Full Duplex Applications[END_REF][START_REF] Nawaz | A Compact Proximity-Fed 2.4 GHz Monostatic Antenna With Wide-Band SIC Characteristics for In-Band Full Duplex Applications[END_REF][START_REF] Mikail Yilan | Monostatic Antenna In-Band Full Duplex Radio: Performance Limits and Characterization[END_REF], two patches [START_REF] Chaudhary | High Self-Interference Cancellation Antenna for In-Band Full Duplex Communication System[END_REF][START_REF] Chaudhary | Microstrip antenna with high self-interference cancellation using phase reconfigurable feeding network for in-band full duplex communication[END_REF], three patches [START_REF] Khaledian | Robust Self-Interference Cancellation for Microstrip Antennas by Means of Phase Reconfigurable Coupler[END_REF][START_REF] Nawaz | Single Layer, Differentially Driven, LHCP Antenna With Improved Isolation for Full Duplex Wireless Applications[END_REF][START_REF] Gbafa | Tx/Rx Antenna System for Full-Duplex Application[END_REF][START_REF] Gbafa | High Isolated MIMO Antenna System for Full-Duplex 5G Applications[END_REF], spiral antennas [START_REF] Ehab | Co-Channel Simultaneous Transmit and Receive with 3-Element Array Antenna[END_REF], and monopole antennas [START_REF] Kumari | A dual band full-duplex monopole antenna for wlan application[END_REF].

C. Near-Field Cancellation:

The near-field cancellation technique was proposed in [START_REF] Mohammad | The Case for Antenna Cancellation for Scalable Full-Duplex Wireless Communications[END_REF][START_REF] Aryafar | MIDU: Enabling MIMO Full Duplex[END_REF] and it follows a 2-step approach: in the first step, an antenna configuration similar to that in Figure 1.25(b) is adopted, where two transmit antennas are symmetrically placed at a distance d away from the center of the system and fed by a balun. After that, in the second step, two receive antennas are symmetrically placed along the perpendicular bisector of the transmit antennas at the same distance d away from the center, such that the transmit antennas also lie along the perpendicular bisector of the receive antennas, and then the two receive antennas are fed by another balun as shown in Figure 1.26. By using two antennas in the transmit and receive links, each fed by a balun, we obtain near-identical radiation patterns for both links with identical gains, which overcomes one drawback of the antiphase feeding technique while inheriting all its advantages. In addition to that, in theory, it is sufficient to connect just the transmit antennas to a balun or just the receive antennas to obtain infinite self-interference cancellation, however, in practice, a finite amount of self-interference cancellation is obtained due to imperfections in antennas' fabrication and placement, and also due to phase and amplitude imbalances of the used balun, thus having two baluns in the system can, in practice, increase the obtained level of self-interference cancellation.

Moreover, the distance from the center to the transmit antennas and the distance to the receive antennas can have equal or different values, and in both cases the same system performance is obtained in terms of self-interference cancellation and antenna gains, however, if the distances are not equal then differences between the transmit and receive far-field radiation patterns will emerge, thus it is preferable to keep the distances equal and maintain high system symmetry to obtain similar radiation patterns. Above all its appealing advantages, near-field cancellation is the most suitable technique for inband full-duplex multiple-input multiple-output (MIMO) applications and systems that implement this technique are the most compact as compared to all other techniques. This technique was implemented using one patch antenna [START_REF] Chaudhary | Differential Fed Antenna With High Self-Interference Cancellation for In-Band Full-Duplex Communication System[END_REF], two patch antennas [START_REF] Nawaz | Dual-Polarized, Monostatic Antenna Array With Improved Tx-Rx Isolation for 2.4 GHz In-Band Full Duplex Applications[END_REF], four patch antennas [107, 108, 111-117, 134, 135], and an 8 × 8 patch array [START_REF] Zhang | Differential-Series-Fed Dual-Polarized Traveling-Wave Array for Full-Duplex Applications[END_REF]. As well as single spiral antenna [START_REF] Dejan S Filipovic | On wideband Simultaneous Transmit and Receive (STAR) With a Single Aperture[END_REF][START_REF] Elias A Alwan | Ultra-Wideband Dual Polarization Arrays With Collocated Elements for High Isolation Simultaneous Transmit and Receive Systems[END_REF][START_REF] Elmansouri | Wideband Antenna Array for Simultaneous Transmit and Receive (STAR) Applications[END_REF][START_REF] Hovsepian | Wideband Scanning Array of Spiral Antennas for Simultaneous Transmit and Receive (STAR)[END_REF][START_REF] Hovsepian | Wideband Beam Steering Using a 4-Arm Spiral Array for Simultaneous Transmit and Receive (STAR) Operation[END_REF][START_REF] Hovsepian | A Wideband, Scanning Array of Four-Arm Spiral Elements for Simultaneous Transmit and Receive[END_REF][START_REF] Ehab | Wideband Monostatic Simultaneous Transmit and Receive (STAR) Antenna[END_REF][START_REF] Ehab | Wideband Monostatic Co-Polarized Co-Channel Simultaneous Transmit and Receive Broadside Circular Array Antenna[END_REF], four spiral antennas [START_REF] Ehab | Wideband Monostatic Spiral Array for Full-Duplex Applications[END_REF], and quad-ridged horn antennas (QRHA) [START_REF] Ha | Monostatic Co-polarized Full-Duplex Antenna With Left-or Right-Hand Circular Polarization[END_REF].

D. Circularly Phased Arrays:

The concept of circularly phased arrays can be considered as an extension to the near-field cancellation concept explained previously. Usually, an even number of antenna elements are placed on a circle of a fixed radius and uniformly separated from one another, then the antenna elements are fed with a linear progressive phase shift, usually with the aid of a butler matrix, and each couple of opposite elements can be used for transmission or reception. As a result of the progressive phase shift and the opposite feeding of the antenna elements, a near-field null and a quasi-omnidirectional far-field radiation pattern are created. configuration all the antennas are placed on a single layer and in the second configuration the transmit and receive antennas are placed on separate layers, this separation aids in reducing the level of self-interference. In the single layer case, four non-consecutive antennas can be used to transmit and the other four to receive, but in some publications the whole array can be used to transmit or receive, and an additional antenna can be placed at the center of the array to receive or transmit, by doing this the system exploits the beam diversity technique, which will be explained in the next section and which has its own disadvantages. In general, any number of antenna elements can be used in the array to increase its gain and directivity, however, at the expense of a greater system size and a more complex feeding network. This technique was implemented using monopole antennas [START_REF] Kolodziej | Ring Array Antenna With Optimized Beamformer for Simultaneous Transmit and Receive[END_REF][START_REF] Kolodziej | Vehicle-Mounted Star Antenna Isolation Performance[END_REF][START_REF] Kolodziej | Simultaneous Transmit and Receive Antenna Isolation Improvement in Scattering Environments[END_REF], monocone antennas [START_REF] Ehab | Wideband Simultaneous Transmit and Receive (STAR) Bi-Layer Circular Array[END_REF][START_REF] Ehab | Wideband Simultaneous Transmit and Receive (STAR) Circular Array System[END_REF][START_REF] Ehab | Broadband Full-Duplex Monostatic Circular-Antenna Arrays: Circular Arrays Reaching Simultaneous Transmit and Receive Operation[END_REF], loop antennas [START_REF] Lian | A High-Isolation, Ultra-Wideband Simultaneous Transmit and Receive Antenna With Monopole-Like Radiation Characteristics[END_REF][START_REF] Wu | A Compact, Low-Profile Simultaneous Transmit and Receive Antenna With Monopole-Like Radiation Characteristics[END_REF], dipole antennas [START_REF] Ahmed | Antenna System for Full-Duplex Operation of Handheld Radios[END_REF][START_REF] Ahmed | Full Duplex Antenna Subsystem for Handheld Radios[END_REF], monopoles-dipoles combination [START_REF] Sun | Compact Co-Horizontally Polarized Full-Duplex Antenna with Omnidirectional Patterns[END_REF], patch antennas [START_REF] Zhang | Analyses and Full-Duplex Applications of Circularly Polarized OAM Arrays Using Sequentially Rotated Configuration[END_REF]156], horn antennas [START_REF] William F Moulder | Wideband Antenna Array for Simultaneous Transmit and Receive (STAR) Applications[END_REF][START_REF] Elie G Tianang | High Isolation Diplexer-Free Dual-Polarized Array for Geostationary Satellites[END_REF], reflector antenna [START_REF] Valale Prasannakumar | High-Directivty Broadband Simultaneous Transmit and Receive (STAR) Antenna System[END_REF], spiral antennas [START_REF] Ehab | Wideband Dual-Mode Monostatic Simultaneous Transmit and Receive Antenna System[END_REF][START_REF] Ehab | In-Band Full-Duplex Multimode Lens-Loaded Eight-Arm Spiral Antenna[END_REF], conical sinuous antennas [START_REF] Elmansouri | Multioctave Antenna Array for Simultaneous Transmit and Receive Applications[END_REF], planar inverted-F antennas (PIFA) [START_REF] Kee | Circularly Polarized PIFA Array for Simultaneous Transmit and Receive Applications[END_REF], and quadruple inverted-F antennas (QIFA) [164].

V. Beam Diversity:

This technique is mainly applicable in antenna arrays where the beams of the transmit and receive antennas can be chosen differently by manipulating the transmit and receive beam-forming networks. In fact, by referring to Figure 1.28, manipulating the phase of the signals fed to each individual antenna in the array, can generate different beams that can be directed in several directions. To increase the isolation between the transmit and receive arrays, their beams can be steered away from one another to decrease the overlap between them, or at least two different beams can be selected even though they are overlapped. Similar to polarization diversity, different beams do not couple well as identical beams, which increases the level of self-interference cancellation, although the obtained isolation might not be significant in some cases. The main disadvantage of this technique is that the implemented system will have to transmit and receive in different directions, that is, if two in-band full-duplex systems were each built with diverse beams, then the transmit beam of one system needs to be identical to the receive beam of the second system, otherwise the quality of communication between both systems will be degraded. This technique was used in [149-152, 155, 157]. Finally, beam diversity can be considered for monostatic arrays, however it cannot be easily implemented, mainly, because the transmit and receive beamforming networks in monostatic arrays are shared and restricted in the choice of devices, while in bistatic arrays the feeding networks are separate which gives more freedom of implementation using different devices.

VI. Surface Current Suppression:

Surface suppression techniques typically relate to directional antennas and involve the suppression of surface currents flowing between the transmit and receive antennas by using a specifically designed material, especially if the antennas are integrated on the same platform or share a common ground plane. Mainly, three types of materials or surfaces are used: absorbing surfaces, reflective surfaces, and high-impedance surfaces (HIS). Absorbing surfaces are comprised of dielectric materials with high loss tangents, and they are used to attenuate the self-interference signal that passes through them in a resistive manner [START_REF] Everett | Passive Self-Interference Suppression for Full-Duplex Infrastructure Nodes[END_REF][START_REF] Cacciola | Impact of Transmit Interference on Receive Sensitivity in a Bi-Static Active Array System[END_REF]. On the other hand, reflective surfaces aim to shield the receive antenna from the transmitted signal by introducing metallic parts between them [START_REF] Kee | Circularly Polarized PIFA Array for Simultaneous Transmit and Receive Applications[END_REF][START_REF] Elmansouri | Realization of Ultra-Wideband Bistatic Simultaneous Transmit and Receive Antenna System[END_REF][START_REF] Xu | Multimode Decoupling Technique With Independent Tuning Characteristic for Mobile Terminals[END_REF][START_REF] Xun | A Self-Interference Suppression Structure for Collinear Dipoles[END_REF][START_REF] Iwamoto | Design of an Antenna Decoupling Structure for an Inband Full-Duplex Collinear Dipole Array[END_REF][START_REF] Iwamoto | Antenna Decoupling Structure For a Single-Frequency Full-Duplex Planar Dipole Array[END_REF][START_REF] Alibakhshikenari | Mutual-Coupling Isolation Using Embedded Metamaterial EM Bandgap Decoupling Slab for Densely Packed Array Antennas[END_REF][START_REF] Park | Isolation Enhancement of Wide-Band MIMO Array Antennas Utilizing Resistive Loading[END_REF][START_REF] Zhu | Mutual Coupling Reduction of±45°Dual-Polarized Closely Spaced MIMO Antenna by Topology Optimization[END_REF][START_REF] Muhammad Irshad Khan | Design and Investigation of Modern UWB-MIMO Antenna with Optimized Isolation[END_REF][START_REF] Habib Ullah | Design of swb mimo antenna with extremely wideband isolation[END_REF]. And, finally, high-impedance surfaces operate in a resistive manner similar to absorptive materials, however, they additionally incorporate reactive elements that modify the phase of self-interference signal to aid in its cancellation. Such surfaces can be implemented in different configurations:

For instance, wavetraps which are a series of planar quarter-wavelength transmission lines or parasitic patches that are short-circuited at one end to the ground plane [START_REF] Heino | Design of Wavetraps for Isolation Improvement in Compact In-Band Full-Duplex Relay Antennas[END_REF][START_REF] Korpi | Compact Inband Full-Duplex Relays With Beyond 100 dB Self-Interference Suppression: Enabling Techniques and Field Measurements[END_REF][START_REF] Zhang | A Wavetrap-Based Decoupling Technique for 45°Polarized MIMO Antenna Arrays[END_REF][START_REF] Zhang | A Simple and Wideband Decoupling Method for Antenna Array Applications[END_REF], as depicted in Figure 1.29(a). Also, feed corrugations, which are quarter-wavelength rings or sections inscribed into the ground plane around the transmit antenna, as in Figure 1.29(c), can create a high negative reactance which forces the surface currents to radiate rather than propagate along the surface of the ground plane [START_REF] John Am Lyon | Electromagnetic Coupling Reduction Techniques[END_REF] thereby improving the selfinterference cancellation. This concept was demonstrated with horn antennas [START_REF] Valale Prasannakumar | Wideband Quasi-Monostatic Simultaneous Transmit and Receive Reflector Antenna[END_REF].

In addition to that, another type of high-impedance surfaces are the periodic surfaces such as the capacitive bed-of-nails, Figure 1.29(c), which consists of a grid of metallic pins (or Vias) structured in a periodic manner, and has also been demonstrated for horn antennas [START_REF] Elmansouri | Single and Dual-Polarized Wideband Simultaneous Transmit and Receive Antenna System[END_REF][START_REF] Valale Prasannakumar | Wideband Decoupling Techniques for Dual-Polarized Bi-Static Simultaneous Transmit and Receive Antenna Subsystem[END_REF].

Moreover, in [START_REF] Valale Prasannakumar | Wideband Decoupling Techniques for Dual-Polarized Bi-Static Simultaneous Transmit and Receive Antenna Subsystem[END_REF] the tops of the pins were loaded with metallic patches, known as metasurfaces or electromagnetic bandgap (EBG) materials, as in Figure 1.29(c), to enhance the bandwidth of the bed-of-nails. Electromagnetic bandgap materials were also implemented solely between patch antennas [START_REF] Alibakhshikenari | Mutual-Coupling Isolation Using Embedded Metamaterial EM Bandgap Decoupling Slab for Densely Packed Array Antennas[END_REF][START_REF] Abdalla | Compact Transmit Receive Hybrid Electromagnetic Isolation in Antenna Array Transceiver System for Full Duplex Applications[END_REF][START_REF] Alibakhshikenari | Study on Antenna Mutual Coupling Suppression Using Integrated Metasurface Isolator For SAR and MIMO Applications[END_REF][START_REF] Alibakhshikenari | Mutual Coupling Suppression Between Two Closely Placed Microstrip Patches Using EM-Bandgap Metamaterial Fractal Loading[END_REF][START_REF] Mohamed | Perfect Isolation Performance Among Two-Element MIMO Antennas[END_REF][START_REF] Ibrahim S Mohamed | Extreme Suppression for Mutual Coupling by Means of Miniaturized Uniplanar Electromagnetic Bandgap[END_REF][START_REF] El-Sewedy | Isolation Enhancement of MIMO Antennas Using Bilateral CEBG Structures[END_REF], triple-ring antennas [START_REF] Habib Ullah | Isolation Improvement of Dual Feed Patch Antenna by Assimilating Metasurface Ground[END_REF], and spiral antennas [START_REF] Deo | EBG Enhanced Broadband Dual Antenna Configuration for Passive Self-Interference Suppression in Full-Duplex Communications[END_REF].

In addition to the above, defected ground structures were used in [START_REF] Mohamed | TX/RX Radar Array Antennas With Small Correlation[END_REF][START_REF] Lu | Design of High-Isolation Wideband Dual-Polarized Compact MIMO Antennas With Multiobjective Optimization[END_REF][START_REF] Xing | Efficient Isolation of an MIMO Antenna Using Defected Ground Structure[END_REF], as in Figure 1.29(b), to filter the surface currents between the transmit and receive antennas in the bandwidth of design.

Finally, in [START_REF] Kim | Dual-Polarized Multi-Channel 24 GHz Radar Sensor Antenna for High Channel-to-Channel Isolation[END_REF][START_REF] Li | Broadband and High-Isolation Dual-Polarized Microstrip Antenna With Low Radar Cross Section[END_REF] walls of vias were placed around the collocated transmit and receive antennas to prevent surface currents from coupling from one antenna to the other, as illustrated in Figure 1.29(b).

1.6.2.2 Active Techniques: I. Decoupling Networks:

Any two closely co-located antennas can be represented in the form of an admittance π-network as depicted in Figure 1.30, where -Y 21 represents the admittance of the direct path coupling between the two antennas. Thus, to eliminate the direct path coupling another network with admittance Y D can be connected between the two antennas such that Y D -Y 21 = 0. In fact, what happens is that the direct path signal and the signal passing from the transmit antenna to the receive antenna through the decoupling network will be of equal amplitudes and 180 • out-of-phase, and thus they will eliminate each other. Once the decoupling network is introduced between the two antennas, the matching at the input ports will be probably lost, thus it is necessary to add matching networks at each antenna port to restore the matching to the system. Hence, it can be said that this technique adopts a 3-step approach: (step 1) design the antennas and measure the direct path admittance, (step 2) design a decoupling network to counter that admittance, and (step 3) design a matching network at the inputs of the antennas to fix the mismatch caused by the decoupling network. Decoupling networks are usually implemented with lumped components such as resistors, capacitors, or inductors, or sometimes using transmission lines, but also can be implemented using transistors or tunable components.

The main drawback of this technique is its bandwidth limitation due to the change in the value of the admittance with frequency, which requires designing multiple decoupling networks for different frequencies, and that in turn increases the size and complexity of the system. Alternatively, tunable components could be used to adaptively reconfigure the decoupling network, but this causes many problems in the system, mainly, because changing a single parameter in any of the components can drastically change the matching of the system, and even if the matching networks are also tunable there is no way to predict the impact of the change in the decoupling network on the performance of the system, and thus it will not be possible to counter this change by naively tuning the matching network. Another drawback is concerned with the power efficiency of the system, where the added matching and decoupling networks will absorb some of the transmitted or received powers, and also the power that passes through the decoupling network to the receive antenna will be destroyed at the receiver, which means that more power is being lost in the system. This technique was implemented using two monopole antennas [START_REF] Sathya N Venkatasubramanian | Impact of Using Resistive Elements for Wideband Isolation Improvement[END_REF][START_REF] Cheng | Compact Wideband Decoupling and Matching Network Design for Dual-Antenna Array[END_REF][START_REF] Zhao | A Coupled Resonator Decoupling Network for Two-Element Compact Antenna Arrays in Mobile Terminals[END_REF][START_REF] Chen | A Decoupling Technique for Increasing the Port Isolation Between Two Strongly Coupled Antennas[END_REF][START_REF] Cheng | A Novel Dual-Band Decoupling and Matching Technique for Asymmetric Antenna Arrays[END_REF][START_REF] Li | A Novel Wideband Decoupling Network for Two Antennas Based on the Wilkinson Power Divider[END_REF][START_REF] Meng | An LC Decoupling Network for Two Antennas Working at Low Frequencies[END_REF][START_REF] Rashid | Compact Antenna Array with Port Decoupling for LTE-Standardized Mobile Phones[END_REF][START_REF] Tang | Dual-Band Decoupling and Matching Network Design for Very Closely Spaced Antennas[END_REF][START_REF] Mohammed M Albannay | Dual-Frequency Decoupling for Two Distinct Antennas[END_REF][START_REF] Cheng-Hsun | Very Compact Fully Lumped Decoupling Network for a Coupled Two-Element Array[END_REF][START_REF] Cheng-Hsun | Stub-Loaded Reactive Decoupling Network for Two-Element Array Using Even-Odd Analysis[END_REF][START_REF] Li | T-Shaped Decoupling Network for Wideband Isolation Improvement Between Two Strongly Coupled Antennas[END_REF], two patches [START_REF] Andrew | Simultaneous Transmit and Receive With a Small Planar Array[END_REF][START_REF] Andrew | Broadband Near-Field Filters for Simultaneous Transmit and Receive in a Small Two-Dimensional Array[END_REF][START_REF] Andrew | Coupled Antenna Scheme Using Filter Design Techniques and Tunable Resonators to Show Simultaneous Transmit and Receive[END_REF][START_REF] Andrew | High Isolation in Antenna Arrays for Simultaneous Transmit and Receive[END_REF][START_REF] Qi | A Decoupling Technique for Increasing the Port Isolation Between Two Closely Packed Antennas[END_REF], three patches [START_REF] Andrew | Simultaneous Transmit and Receive with a Small Planar Array[END_REF], and four patches [START_REF] Batgerel | High-Isolation Microstrip Patch Array Antenna For Single Channel Full Duplex Communications[END_REF].

II. Co-Polarized Reflections:

Figure 1.31 shows the diagram of the proposed antenna configuration for this technique which consists of two collocated antennas with orthogonal polarizations to increase the initial isolation between the transmit and receive ports (Ports 1 and 3). Then, a copolarized auxiliary port with the transmitter is introduced at the receiving antenna (Port 2) and is terminated with a variable reflective load. The impedance of the variable load is intentionally mismatched with the auxiliary port to force the co-polarized power to reflect back to the cross-polarized port (Port 3). The power wave reaching the receiver (b o ) is a sum of the direct-path cross-polarized power wave (a t ) and the reflected co-polarized power wave (a r ), and it can be expressed in terms of the input power wave (a i ) at Port 1 as follows:

b o = (S 31 + S 32 S 21 Γ) a i (1.15)
It can be seen from equation (1.15) that if the variable load's impedance was designed such that S 32 S 21 Γ = -S 31 , then the power coupling from the transmit antenna to the receive antenna will be zero, and, consequently, the isolation between them will be infinite. This technique was proposed in [START_REF] Dinc | A 60 GHz CMOS full-duplex transceiver and link with polarization-based antenna and RF cancellation[END_REF][START_REF] Dinc | A T/R Antenna Pair with Polarization-Based Reconfigurable Wideband Self-Interference Cancellation for Simultaneous Transmit and Receive[END_REF].

Wideband Full-Duplex Systems

In this section we point to the self-interference cancellation techniques that were used to implement wideband in-band full-duplex systems, and to the techniques that have the potential to provide a wideband performance, however, before we commence, we need to reach a consensus on a common definition of a wide bandwidth and a wideband system. For this reason, if we assume that a full-duplex system operates over a certain bandwidth with an upper frequency f u and a lower frequency f l , then the fractional bandwidth can be defined as follows: According to [START_REF]Electronic Code of Federal Regulations (eCFR), Part 15[END_REF] if a certain system has at least 20% of fractional bandwidth or at least 500 MHz of bandwidth (regardless of the fractional bandwidth), that is if f u = 1.5f l or f u = f l + 500MHz, then the system can be considered as wideband. However, the important question that arises is: according to what criteria we choose the upper and lower frequencies? Apparently, there are no specific criteria to choose from and it really depends on the field of application and its specifications.

FBW = f u -f l f u + f l f u f l = 1 + FBW 1 -FBW (1.
Firstly, there is the matching bandwidth of the antenna system, which corresponds to a voltage standing-wave ratio (VSWR) less than 2:1, or a reflection coefficient less than -10 dB. However, the matching bandwidth does not always mean that the performance of the system is good, because, in many cases, the antenna can be well matched, but its gain can be very low, which means that the power is being lost in the system, hence it is important to consider a gain bandwidth that corresponds to a gain level higher than a certain value. Similarly, if the system has a high gain then it does not mean necessarily that the system is well matched, so it is vital for the application to consider both the matching bandwidth and the gain bandwidth. Also, for some applications, it is essential to have a constant beam shape over a certain bandwidth, especially for circularly-polarized antenna systems that need to maintain the axial ratio below 3 dB, thus the bandwidth is determined by those metrics. For in-band full-duplex applications a new parameter needs to be considered when specifying the bandwidth, which is the level of self-interference cancellation that needs to be kept higher than a certain value over the chosen bandwidth. Consequently, in this work, the bandwidth of the presented self-interference cancellation techniques will be ruled by all the aforementioned parameters.

Based on the previous definition of wideband systems, some circulator-based techniques can be considered as wideband if a circulator with a 500 MHz of bandwidth is used [217], thus wideband circulator-based quasi-hybrid transformer networks can be found in [START_REF] Valale | Full-Duplex Antenna Subsystem for Microwave Radio Links[END_REF][START_REF] Valale Prasannakumar | Broadband Monostatic Simultaneous Transmit and Receive Reflector Antenna System[END_REF][START_REF] Valale Prasannakumar | Broadband Reflector Antenna with High Isolation Feed for Full-Duplex Applications[END_REF][START_REF] Ehab | Wideband Multimode Monostatic Spiral Antenna STAR Subsystem[END_REF]. However, no matter how much wideband the circulators are in their band of operation, yet they remain band limited and cannot be scaled to other frequency bands. On the other hand, circulator-less quasi-hybrid transformers and true-hybrid transformer networks have the potential to operate in wideband, mainly because their operation depends on transmission-line power dividers, baluns, or quadrature hybrids that can be easily modified and scaled to any frequency range and any percentage of fractional bandwidth. Wideband circulator-less quasi-hybrid transformer networks were not reported in the literature, but wideband true-hybrid transformer networks are reported in [START_REF] Du | Implementation of an X Band Leakage Cancellation Network for Bandwidth Improvement[END_REF][START_REF] Ehab | Wideband Monostatic Spiral Array for Full-Duplex Applications[END_REF].

The majority of the wideband systems found in the literature are bistatic, basically because their operation does not depend on duplexing devices, which in most cases are narrowband. Techniques like antenna separation, beam separation, polarization diversity, and beam diversity are frequency-independent, and thus they can be classified as wideband, although the amount of self-interference cancellation can vary with frequency. Moreover, those techniques are not usually used as primary techniques for self-interference cancellation, rather, they are used as a complementary source of cancellation with other techniques. On the other hand, near-field nulling techniques, except for half-wavelength separation, have proven to be the most adequate techniques to implement wideband fullduplex systems, in particular, near-field cancellation and circularly-phased arrays. Those techniques can provide 50 dB of self-interference cancellation and a good far-field behavior with a relatively compact size. The main requirements to implement those techniques is the availability of wideband baluns and wideband antennas. interference cancellation, the gain, and the main disadvantages of the system.

Conclusion

In this chapter we have presented the context of in-band full-duplex technology and its ability to mitigate the spectrum congestion and spectral resources scarcity problems. Also, we have pointed to the main problem that stands in the way of implementing this technology, which is the high level of self-interference coupling between the transmitter and receiver of the same node that needs to be reduced. Then we have presented a general view of in-band full-duplex systems and indicated the different stages at which self-interference cancellation occurs and the targeted level of cancellation at each stage. After that, we listed the potential advantages of in-band full-duplex in different applications and stressed on the importance of implementing wideband full-duplex systems as general-purpose tools for multi-standard or high data rate applications. Following that, we have demonstrated a number of the already published self-interference cancellation techniques at the antenna level, explained their principle of operation, and pointed to their strengths and weaknesses. Finally, we have specified which techniques were already used to implement wideband fullduplex systems and which ones have the potential to operate in wideband. Our preliminary study in the previous chapter has led us to the conclusion that the best self-interference cancellation techniques to implement a wideband in-band full-duplex system are near-field cancellation and circularly phased arrays. However, the targeted application of this system is a wireless link between two distant base stations, which might be tens of kilometers far away from one another, and thus the system needs to be directive and to have a high gain. As a result, the circularly phased array technique will be discarded, as it provides a quasi-omnidirectional radiation pattern, and, instead, a system based on near-field cancellation will be designed. Recall that the near-field cancellation technique requires at least four antennas and two 180 • out-of-phase power dividers as shown in Figure 2.1, thus, to implement a wideband full-duplex system based on near-field cancellation we must find a wideband directive antenna and a wideband 180 • out-of-phase power divider. This chapter is dedicated to the study and design the most suitable components to implement a wideband full-duplex antenna system with the following characteristics: high self-interference cancellation level, wideband matching, good radiation patterns and gain across the entire bandwidth. We will begin by discussing the different ways to implement wideband 180 • out-of-phase power dividers. In fact, there are two main approaches to implement an out-of-phase power divider:

1. The first approach is based on using a four-port 180 • hybrid junction, such as a ratrace coupler or a tapered coupled line coupler, which can inherently perform outof-phase power division. Or, alternatively, two quadrature hybrids can be cascaded together to obtain the 180 • phase difference between the two output signals.

2. The second approach is based on connecting a 180 • phase shifter or a phase inverter at the outputs of an in-phase power divider. Phase shifters and phase inverters can be also incorporated inside hybrids to extend their bandwidths.

In the light of this, we need first to make a review of the available wideband in-phase power dividers, phase shifters, and phase inverters, then we can move to discuss the implementation of wideband 180 • out-of-phase power dividers based on each approach and on the presented wideband passive devices. This state-of-the-art will help us with choosing and designing the best 180°out-of-phase power divider topology that suits our needs, where wideband performance, compactness, and ease of design and implementation using planar transmission lines are highly desirable. A step-by-step design and optimization process of the proposed out-of-phase power divider is detailed and the simulated results will be compared to measured ones.

Finally, in this chapter, wideband antennas will be discussed, and their performances will be compared prior to choosing the best antennas for our applications, i.e. the Vivaldi antennas. To ensure the wideband performance of the antennas, a wideband microstripto-slotline transition, which will be introduced and used, initially, for the wideband outof-phase power divider, will be, then, slightly modified and re-used to feed the Vivaldi antennas. The single antenna will be described, simulated, and fabricated, and after, the measurements will be carefully compared to the expected simulated results.

Wideband In-phase Power Dividers

The most commonly used types of in-phase power dividers (Figure 2.2) are the T-junction power divider and the Wilkinson power divider [START_REF] Wilkinson | An N-way Hybrid Power Divider[END_REF]. The T-junction power divider, usually, consists of a 50 Ω input transmission line connected to two 100 Ω output lines, but a quarter-wavelength transformer can be placed at the output to bring the impedance down to 50 Ω. In both cases the outputs are not matched and not isolated, this is due to the fact that a 3-port device cannot be reciprocal, lossless, and simultaneously matched at all ports. On the other hand, the Wilkinson power divider is, in fact, a T-junction with quarter-wavelength transformers and a 100 Ω resistor placed between them. By adding the resistor to the circuit, it becomes lossy and, hence, it can be now matched at all ports at the same time. Also, the added resistor aids in isolating the output ports. Theoretically, the signals in both branches of the Wilkinson power divider are of equal amplitudes and phases, thus the resistor will behave as an open circuit and no power will flow from one output port to the other, and no power will be lost in the resistor.

Apparently, the T-junction has a simpler design but it lacks matching and isolation at the output ports, while, on the other hand, the Wilkinson power divider is more complex to implement but it possesses matching and isolation at the output ports. Now, the legitimate question is which power divider is better for in-band full-duplex applications? Typically, for bistatic systems, a power divider with isolation is not required, because these systems use separate feeding networks for the transmit and receive links, and, usually, it is not necessary to isolate the antennas of the same link. On the other side, for most monostatic systems the isolation between the power divider's output ports is required, because such systems utilize a shared feeding network for both the transmit and the receive links, and, hence, it is necessary to isolate the transmit link from the receive link, otherwise, the level of self-interference cancellation can be degraded.

The T-junction power divider has no limit on its bandwidth, theoretically, if it does not contain any quarter-wavelength transformers, mainly, because the operation of the T-junction is based on persevering a 2:1 impedance ratio between the input transmission line and the two output transmission lines. Usually, the impedance of planar transmission lines remains relatively constant with frequency, which means that the 2:1 impedance ratio is frequency-invariant. On the other hand, the Wilkinson power divider contains quarter-wavelength transmission lines and thus it is a frequency-dependent device. Several approaches have been used to increase the bandwidth of the Wilkinson power divider: for example, by using three parallel coupled lines as the main power division mechanism [START_REF] Henin | Planar Wideband In-Phase Power Divider Using Three-Line Coupled Structure[END_REF][START_REF] Zhu | Ultra-Wideband Unequal In-Phase Power Divider Using Three-Line Coupled Structure[END_REF][START_REF] Dang | Ultra-Wideband Power Divider Using Three Parallel-Coupled Lines and One Shunt Stub[END_REF][START_REF] Zhu | Compact Ultra-Wideband In-Phase Power Divider Using Three-Line Coupled Structure[END_REF][START_REF] Yang | Ultra-Wideband Power Divider Employing Coupled Line and Short-Ended Stub[END_REF][START_REF] Mondal | Multi-Mode Resonator-Based Ultra-Wideband Power Divider[END_REF], loading the outputs of the power divider with coupled lines [START_REF] Mondal | Multi-Mode Resonator-Based Ultra-Wideband Power Divider[END_REF][START_REF] Liu | Design of a Compact Ultra-Wideband Power Divider[END_REF][START_REF] Zhuge | Ultra-Wideband (UWB) Power Divider Based on Signal Interference Techniques[END_REF][START_REF] Sai | Ultra-Wideband Power Divider with Good In-Band Splitting and Isolation Performances[END_REF][START_REF] Wong | Ultra-Wideband Power Dividers with Good Isolation and Improved Sharp Roll-Off Skirt[END_REF], loading the input or output ports with short/open-circuit stubs [START_REF] Henin | Planar Wideband In-Phase Power Divider Using Three-Line Coupled Structure[END_REF][START_REF] Dang | Ultra-Wideband Power Divider Using Three Parallel-Coupled Lines and One Shunt Stub[END_REF][START_REF] Yang | Ultra-Wideband Power Divider Employing Coupled Line and Short-Ended Stub[END_REF][START_REF] Mondal | Multi-Mode Resonator-Based Ultra-Wideband Power Divider[END_REF][START_REF] Liu | Design of a Compact Ultra-Wideband Power Divider[END_REF][START_REF] Zhuge | Ultra-Wideband (UWB) Power Divider Based on Signal Interference Techniques[END_REF][START_REF] Sai | Ultra-Wideband Power Divider with Good In-Band Splitting and Isolation Performances[END_REF][START_REF] Wong | Ultra-Wideband Power Dividers with Good Isolation and Improved Sharp Roll-Off Skirt[END_REF][START_REF] Wai | Ultra-wideband power dividers with good isolation and sharp roll-off skirt[END_REF][START_REF] Weng | Design of Compact Microstrip UWB Power Divider Using Square Ring Multiple-Mode Resonator[END_REF], or loading the quarter-wavelength section with stubs [START_REF] Ahmed | A Modified Wilkinson Power Divider/Combiner for Ultrawideband Communications[END_REF][START_REF] Zhou | A Novel UWB Wilkinson Power Divider[END_REF]. In addition to all the above, in [START_REF] Abbosh | Planar Ultra Wideband Inphase Power Divider[END_REF][START_REF] Han | A Wideband Planar Hybrid Coupler Using Coupled-Line Power Divider and Broadband Phase Shifter[END_REF] a microstrip T-junction with an elliptical patch at the input is paired with a parallel slotline in the ground plane, then a resistor is placed inside the slotline to provide isolation between the output ports. Nevertheless, most of these techniques only deal with the matching bandwidth and do not address the isolation bandwidth.

One wideband technique that addresses both the matching and the isolation bandwidths was proposed by Cohn [START_REF] Seymour B Cohn | A Class of Broadband Three-Port TEM-Mode Hybrids[END_REF]. This technique proposes creating a multi-section Wilkinson power divider by cascading multiple pairs of quarter-wavelength transmission lines between the input and output ports, then terminating each pair of transmission lines by a shunt resistor. The impedances of the quarter-wavelength pairs decrease monotonically from 100 Ω near the input to 50 Ω at the output, which allows the propagating signals to smoothly flow from the input to the output without severe reflections, and thus provides a wideband matching. Also, the usage of multiple shunt resistors ensures a good isolation level over the matching bandwidth. This technique is the most used technique to implement wideband Wilkinson power dividers, mainly, because it can theoretically provide an infinite bandwidth with good isolation between output ports, depending on the number of the quarter-wavelength sections and the shunt resistors, and, also, because it can be scaled up or down, to operate at higher or lower frequencies, by just changing the length of the quarter-wavelength sections without affecting its performance. This technique was used to implement wideband Wilkinson power dividers using microstrip lines and striplines [START_REF] Pc Goodman | A Wideband Stripline Matched Power Divider[END_REF][START_REF] Kim | Ultra-Wideband Multi-Section Power Divider on Suspended Stripline[END_REF][START_REF] Zairil | Wideband Planar Wilkinson Power Divider Using Double-Sided Parallel-Strip line Technique[END_REF][START_REF] Po Afanasiev | A Novel Design of Ultra-Wideband Strip-Line Power Divider for 2-18 GHz[END_REF], where most of these implementations can provide a multi-octave bandwidth, and some can provide more than a decade bandwidth. Finally, Table 2.1 summarizes some of the discussed in-phase power dividers, showing the technique used to implement them, the matching bandwidths, the level of isolation between output ports, and their sizes.

Wideband Phase Shifters

In general, phase shifters can be viewed as four-port networks consisting of two transmission lines: a reference line and a delay line, as the one in Figure 2.3. The delay line might be composed of one or more transmission lines with different characteristics, such that the total length of the delay line must be longer or shorter than the reference line. The length difference between the two lines induces a time delay between the signals passing through them, which translates into a phase shift between the two output signals. Usually, the length of the delay lines is set to a fraction of a wavelength at the desired frequency of operation, which makes them narrowband due to their frequency-dependence. The need for wideband phase shifters motivated many researchers to investigate alternative ways to obtain a relatively flat phase shift over a wide bandwidth. Several approaches have been reported in the literature, but, mainly, only two of them have managed to achieve a relatively wide bandwidth using planar technologies: the first one is based on coupled transmission lines while the second is based on stub-loaded multi-section transmission lines having different characteristics. Before demonstrating these approaches, note that not all the cited phase shifters can provide 180 • of phase shift, most of them can provide less than 120 • , typically, 45 • or 90 • . In fact, it is much easier to obtain a lower value of phase shift over a relatively wide bandwidth, while it is more difficult to obtain higher phase shift values. Anyhow, several phase shifters with low phase shifting value can be cascaded together to obtain 180 • of phase shift but the system's size increases. Also, the bandwidth of the phase shifter is determined according to the frequency range in which the phase shifter can maintain the targeted level of phase shift plus/minus a margin of error, this margin could be ≤ ±5 • for lower phase shift values and might reach ±10 • for higher values.

One of the earliest attempts to implement a wideband phase shifter was carried out by Schiffman [START_REF] Bm Schiffman | A New Class of Broad-Band Microwave 90-Degree Phase Shifters[END_REF], who showed that the phase difference between a quarter-wavelength coupled transmission line, inter-connected at its ends, compared to a 3/4 wavelength reference line, would provide a nearly flat 90 • phase difference over a wide bandwidth, as compared to conventional phase shifters. The bandwidth of the Schiffman phase shifter can be further increased by increasing the coupling factor between the coupled lines, this can be achieved by reducing the spacing between them. Unfortunately, this approach is limited by manufacturing constraints. Several modifications of the Schiffman phase shifter were adopted in different works [START_REF] Jl Ramos | Novel Schiffman Phase Shifters[END_REF][START_REF] Lyu | Design and Analysis of Schiffman Phase Shifter Under Operation of its Second Phase Period[END_REF][START_REF] Guo | Improved Wide-Band Schiffman Phase Shifter[END_REF][START_REF] Zhang | Modified Broadband Schiffman Phase Shifter Using Dentate Microstrip and Patterned Ground Plane[END_REF][START_REF] Rhee | Broadband Schiffman Phase Shifter Using Coupled Suspended Lines with Tuning Septums[END_REF][START_REF] Kumar | Design of Compact Wideband 90°Schiffman Phase Shifter Incorporating CSRR[END_REF] in an attempt to increase its bandwidth, nevertheless, all these approaches can hardly achieve 85% of fractional bandwidth in the best case. In addition to those, the theory of cascading multiple sections of coupled lines was demonstrated by Schiffman himself [START_REF] Bm Schiffman | Multisection Microwave Phase-Shift Network (Correspondence)[END_REF] and others [START_REF] Valery Petrovich Meschanov | A New Structure of Microwave Ultrawide-Band Differential Phase Shifter[END_REF][START_REF] Shelton | Synthesis and Design of Wide-Band Equal-Ripple TEM Directional Couplers and Fixed Phase Shifters[END_REF][START_REF] Ap Krenitskii | Synthesis of Ultrawideband Differential Phase Shifters Based on coupled Transmission Lines[END_REF][START_REF] Vi Alekseev | New Structure of Ultrawideband Fixed Phase Shifters Based on Stepped Coupled Transmission Lines with Stubs[END_REF], however, we could not find in the literature any implementation of these theories, probably due to fabrication difficulties and design complexity. Some other works, that utilize coupled transmission lines loaded with stubs, impedance transformers, and/or defected ground planes, were reported in [START_REF] Dong | A Compact Single-Layer Ultra-Wideband Phase Shifter Using Weakly Coupled Lines[END_REF][START_REF] Huang | Improvement of the Phase Shifter in 90°Power Splitter for UWB Applications[END_REF][START_REF] Guo | Planar UWB Phase Shifter Using Parallel Coupled Lines Combined with Short-Ended Stubs and Impedance Transformer[END_REF][START_REF] Guo | Wideband Phase Shifter with Wide Phase Range Using Parallel Coupled Lines and L-Shaped Networks[END_REF][START_REF] Liu | Wideband Single-Layer 90°Phase Shifter Using Stepped Impedance Open Stub and Coupled-Line With Weak Coupling[END_REF]. The phase shifters reported in these works can achieve at least 100% of fractional bandwidth.

As an alternative solution, Abbosh [START_REF] Amin | Ultra-Wideband Phase Shifters[END_REF][START_REF] Abbosh | Tunable Ultra Wideband Phase Shifter Using Liquid Crystal Polymer[END_REF] introduced a tri-layered wideband phase shifter based on broadside coupled microstrip patches, which have shown a potential to operate over more than 120% of fractional bandwidth with a relatively constant phase. The phase shifter is depicted in Figure 2.4 where two elliptical microstrip fed patches are etched on the top and bottom layers respectively, such that they are aligned face-toface. The patches couple power to one another through an elliptical slot which is etched in the middle layer between the two patches. This structure can maintain a constant coupling factor over a wide bandwidth, which translates into a constant phase shift over the bandwidth of operation. The dimensions of the microstrip patches and the elliptical slot dictate the obtainable phase shift. To increase the bandwidth of the proposed phase shifter, the microstrip patches were terminated by open-circuited stubs in [START_REF] Wang | Ultra-Wideband 45°Phase Shifter Based on Multi-Section Broadside Coupling Structure[END_REF], and exponentially tapered patches with a square slot were adopted in [START_REF] Tebache | Compact 45°Phase Shifter Based on Coupled Tapered Transition for UWB Applications[END_REF]. Also, to reduce the number of layers needed to realize this phase shifter, Abbosh introduced a bi-layer structure based on coplanar waveguide patches [START_REF] Amin | Ultra-Wideband Phase Shifter Using Broadside-Coupled Coplanar Waveguide Structure[END_REF][START_REF] Amin | Broadband Fixed Phase Shifters[END_REF]. The above-mentioned phase shifters were designed to provide 45 • of phase shift, so, several works were carried out to build 90 • [284-287] and 180 • [START_REF] Tebache | Frequency Independent 180°Phase Shifter Based on UWB Coupled Sections[END_REF][START_REF] Guo | Phase Shifters with Wide Range of Phase and Ultra-Wideband Performance Using Stub-Loaded Coupled Structure[END_REF][START_REF] Guo | Ultra-Wideband Phase Shifter Using Broadside-Coupled Microstrip Coplanar Waveguide[END_REF] phase shifters based on the same structure. Most of these works either manipulate the shapes of the patches, the slot, and the terminating stubs to obtain a higher phase shift, or cascade two phase shifters of a lower phase shifting level to obtain a higher phase shifting level.

Ref.

Technique In [START_REF] Wang | Double Microstrip-Slot Transitions for Broadband ±90°Microstrip Phase Shifters[END_REF] a wideband phase shifter that utilizes microstrip-to-slotline transitions was reported. Although such transitions rely on a coupling mechanism to operate, however, in this case, the coupling is not the only factor that determines the value of the phase shift. From a different perspective, phase shifters based on coupled lines, although they provide a wideband performance, might be difficult to fabricate and might couple some unwanted power to other components in the system. Moreover, some of them have a multi-layered structure, which does not allow their integration with other components of the system on the same board. These drawbacks lead some researchers to investigate alternative methods for implementing wideband phase shifters without using coupled lines. Works in [START_REF] Karim Alizadeh | Single-Layer Wideband Differential Phase Shifter Using High-Order Multimode Resonator Structure[END_REF][START_REF] Lyu | Ultra-Wideband (UWB) Phase Shifter on Multimode Resonator: Concept, Theory, and Design[END_REF][START_REF] Lyu | A New Design of Ultrawideband Single-Layer 90°Phase Shifter in the View of Group Delay[END_REF][START_REF] Lyu | Wideband Phase Shifters With Miniaturized Size on Multiple Series and Shunt Resonators: Proposal and Synthetic Design[END_REF][START_REF] Lyu | Single-Layer Broadband Phase Shifter Using Multimode Resonator and Shunt λ/4 Stubs[END_REF][START_REF] Jin | Microstrip Stepped-Impedance Ring All-Pass Filter and Wideband 90°Phase Shifter[END_REF][START_REF] Ho Yeung | Broadband 90°Differential Phase Shifter Constructed Using a Pair of Multisection Radial Line Stubs[END_REF][START_REF] Ho Yeung | Design and Testing of a Single-Layer Microstrip Ultrawideband 90 Differential Phase Shifter[END_REF] reported phase shifters based on transmission line resonators, which usually consists of one or more sections of transmission lines, having different characteristics (impedance and length) and terminated with open-or short-circuited stubs of different shapes. Such phase shifters are built on a single layer and can achieve more than 100% of fractional bandwidth. Their bandwidth can be further extended by increasing the number of transmission line sections and/or stubs, which comes at the expense of bigger system size. Finally, Table 2.2 demonstrates some of the presented phase shifters, showing the technique to build them, their matching bandwidth, their phase shifting level, and the phase error in the bandwidth of operation.

All the reported wideband phase shifters operate at low frequencies; the highest reported frequency of operation is 12 GHz in [START_REF] Wang | Double Microstrip-Slot Transitions for Broadband ±90°Microstrip Phase Shifters[END_REF]; and we could not find a publication on wideband phase shifters operating at higher frequencies, at which transmission line parasitics become significant and have a great impact on the propagating signals and their phases. This indicates that phase shifters might not be the best choice for wideband high-frequency applications, rather, phase inverters might be better in this case, as their principle of operation is independent of frequency and of transmission line dimensions.

Wideband Phase Inverters

Phase inverters can be implemented using balanced-to-unbalanced (Balun) transformers, which are transitions that transform an unbalanced transmission line to a balanced transmission line. Transmission lines that have two conductors with equal impedances along their lengths with respect to a common ground plane are considered balanced, and otherwise they are considered as unbalanced. This means, any transmission line that uses two conductors of different sizes is necessarily unbalanced, while balanced transmission lines use symmetric conductors with equal sizes. Examples of unbalanced transmission lines are microstrip lines, striplines, and coplanar waveguides (CPW). While slotlines, coplanar striplines (CPS), and parallel striplines (PSL) are considered as balanced transmission lines. Those balanced transmission lines will be referred to, hereinafter, as two-conductor balanced transmission lines, and the currents flowing on the two conductors are of equal amplitudes and 180 • out-of-phase, in this case, the line is said to be differentially balanced. Note that, two-conductor balanced transmission lines do not require the presence of a physical ground plane to operate. The ground plane is virtual in this case and there is only one signal that propagates between the two conductors, and it relies on the differential currents flowing in them. Now, how does transitioning from a balanced transmission line to an unbalanced transmission line generates phase inversion? To illustrate this point, let us consider the double microstrip-to-coplanar stripline transition which is depicted in Figure 2.5. It consists of two transitions cascaded together. To transition from the microstrip line to the coplanar stripline, two strips with equal widths are placed on the top of the substrate, then the ground plane of the microstrip line is tapered until its width matches the width of the top strip. After that, the second strip is connected to the tapered ground plane using several vias. Finally, when the taper reaches the last via at position C, the metal below the strips is removed after that point, and no ground plane exists below the strips between C and E. Thus, the two strips of equal widths behave as a two-conductor balanced transmission line. The phase inversion of the input signal takes place after transitioning back from the balanced line to the unbalanced line, notice which strip of each transition is connected to the ground by vias in Figure 2.5(a). The opposite connection of strips results in inverting the electric fields at the output, this process is depicted in detail below the transition in Figure 2.5(a). On the other hand, if similar strips were connected to the ground plane, no phase inversion is induced in the transition, this is also shown in Figure 2.5(b). So, in summary, in order to obtain phase inversion, we need to transition from an unbalanced to a balanced transmission line first, then to transition back to another unbalanced transmission line, such that, the ground planes of the two unbalanced transmission lines need be connected to different conductors of the balanced transmission line. For most transitions, the impedance of the balanced line will be much higher than the impedance of the unbalanced line, so, usually, a taper is used in the transitions to match their impedances, and hence the bandwidth and the size of the transition will be determined by the shape and length of the taper. This is why the ground plane of the microstrip-to-coplanar stripline transition is tapered. Fortunately, there are plenty of publications on extremely wideband transitions that can easily achieve a decade bandwidth, to mention a few: coplanar waveguide-to-coplanar stripline transitions [START_REF] Anagnostou | A 0-55-GHz Coplanar Waveguide to Coplanar Strip Transition[END_REF][START_REF] Mao | Analysis of Coplanar Waveguide-to-Coplanar Stripline Transitions[END_REF][START_REF] Dong | Ultra-Wideband Coplanar Waveguide-to-Asymmetric Coplanar Stripline Transition From DC to 165 GHz[END_REF][START_REF] Dong | Coplanar Transitions Based on Aluminum Nitride Interposer Substrate for Terabit Transceivers[END_REF][START_REF] Kim | Ultra-Wideband (from DC to 110 GHz) CPW to CPS Transition[END_REF], coplanar waveguide-to-parallel stripline transitions [START_REF] Kim | Design of an Ultra-Wideband Transition From Double-Sided Parallel Stripline to Coplanar Waveguide[END_REF][START_REF] Kim | A Pair of Ultra-Wideband Planar Transitions for Phase Inversion Applications[END_REF][START_REF] Jacob Nelson | Broadband Vertical Transitions Between Double-Sided Parallel-Strip Line and Coplanar Waveguide[END_REF][START_REF] Xiu Yin Zhang | Broadband Transition Between Double-Sided Parallel-Strip Line and coplanar Waveguide[END_REF], microstrip-to-coplanar stripline transitions [START_REF] Kim | A new ultra-wideband microstrip-to-cps transition[END_REF][START_REF] Seok | Design of an Ultra-Wideband Microstrip-to-Slotline Transition on Low-Permittivity Substrate[END_REF][START_REF] Hui | Wideband Bended CPS-to-Microstrip Transition for Millimeter-Wave Antenna-Detector Module[END_REF][START_REF] Jiang | A Wideband Low Loss Planar Microstrip-to-CPS Balun[END_REF][START_REF] Hui | Asymmetric Ultra-Wideband Microstrip-to-Coplanar Stripline Transition[END_REF][START_REF] Kanti | Compact Ultra-Wideband Microstrip-to-Coplanar Stripline Transitions[END_REF][START_REF] Suh | A Wideband Coplanar Stripline to Microstrip Transition[END_REF], microstrip-to-parallel stripline transitions [START_REF] Chramiec | Design of Impedance-Transforming Microstrip-Balanced Stripline Tapered Transitions[END_REF][START_REF] Kim | Ultrawide-Band Transitions and New Microwave Components Using Double-Sided Parallel-Strip Lines[END_REF][START_REF] Eubanks | Low-Loss Ultra-Wideband Double-Sided Parallel-Strip Line Transition and Power Divider[END_REF][START_REF] Fang | Broadband Conductor-Backed Coplanar Waveguide to Double-Sided Parallel Strip Line Transition at Millimeter wave[END_REF], and microstrip-to-slotline transitions [START_REF] Mm Zinieris | A Broadband Microstrip-to-Slotline Transition[END_REF][START_REF] Wang | A Simple Low-Loss Broadband 1-14 GHz Microstrip-to-Slotline Transition[END_REF][START_REF] Li | An Ultra-Wideband Microstrip-to-Slotline Transition[END_REF]. Also, a detailed and broad review of coplanar waveguide transitions can be found in [START_REF] Simons | Coplanar Waveguide Circuits, Components, and Systems[END_REF]. In addition to that, substrate-integrated waveguide (SIW) transitions [START_REF] Chen | Low-Loss Ultra-Wideband Transition Between Conductor-Backed Coplanar Waveguide and Substrate Integrated Waveguide[END_REF][START_REF] Kordiboroujeni | New wideband Transition From Microstrip Line to Substrate Integrated Waveguide[END_REF][START_REF] Taringou | Substrate-Integrated Waveguide Transitions to Planar Transmission-Line Technologies[END_REF] have the ability to operate as phase inverters, yet they are more narrowband than other kinds of transitions.
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Also, we found in the literature two phase inverters that do not employ a balancedunbalanced (balun) transition, and they are depicted in Figure 2.6. The first one [START_REF] Abdelnasser | Design of Ultra Wideband Microstrip 180 Degree Phase Shifter[END_REF][START_REF] Abdelnasser | Microstrip 180 Degree Phase Shifter for Ultra Wideband Applications[END_REF][START_REF] Abdelnasser | Wideband 180°Phase Shifter Using Microstrip-CPW-Microstrip Transition[END_REF] is a coplanar waveguide inverter (Figure 2.6(a)) that starts and ends with 50 Ω microstrip lines in the upper layer. At the middle of the upper layer, the first microstrip line is divided gradually into two branches which surround the second microstrip line to compose a coplanar waveguide. The ends of both microstrip lines are semi-circular and the ground conductor below them is truncated in a semi-elliptical manner. After that, the ends of each microstrip line are connected to the ground conductor of the other microstrip line using via holes. This forces the currents flowing in the upper conductor of one microstrip line to go to the bottom conductor of the second line, and similarly, the opposite currents, which flow in the bottom conductor of the first line, will be forced to move to the upper conductor of the second line. The outcome of this process is an inverted electric field at the output port with respect to the input port. The second inverter (Figure 2.6(b)) employs a similar phase inversion mechanism using parallel striplines [START_REF] Wong | Wideband Parallel-Strip Bandpass Filter Using Phase Inverter[END_REF] such that all the strip parts have the same area to preserve line balance, and the strip parts in each layer are symmetric to one another with respect to their centers, while the strip parts in the upper layer are symmetric to the strip parts in the bottom layer with respect to the plane parallel to the strips. Now, the top part of each stripline is connected, using a via, to the bottom part of the other stripline, which yields the signal inversion. Finally, Table 2.3 summarizes some of the most relevant articles that deal with wideband transitions.

Wideband 180°Out-of-Phase Power Dividers

Before we commence with presenting the approaches used to implement wideband 180 • out-of-phase power dividers, we need to clarify one point. In the literature, the term balun is usually used to refer to a 180 • out-of-phase power divider, that is, it is assumed that 180 • out-of-phase power dividers can transform an unbalanced transmission line to a balanced transmission line. But how could it be? In fact, balanced transmission lines can be also created by combining two unbalanced transmission lines of the same type and of the same characteristics. For instance, by having two microstrip lines of equal widths on the same board with a shared ground conductor. The two strips together, in this case, act as a balanced pair, because they have the same impedance with respect to the shared ground plane, although each individual strip with the ground conductor is unbalanced. This kind of balanced transmission lines will be referred to as three-conductor balanced transmission line, because it has three conductors: a pair of balanced conductors and a ground conductor.

Note that, unlike two-conductor balanced transmission lines, two signals flow in a three-conductor balanced transmission line, and they do not flow between the balanced pair directly, but, rather, between each balanced conductor and the ground plane. This implies that the currents flowing in the balanced conductors are not necessarily differential, that is, the two currents can be of equal amplitudes and phases. In fact, if two conductors carry differential currents that does not imply that they are balanced, and if they are balanced that does not also mean that they carry differential currents. This is due to the fact that balance is related to the line impedance and not to the properties of the propagating wave. So, we can have two differential lines with different impedances, and we can have balanced lines that are not differential. Based on the above explanations, power dividers can be considered as balanced-unbalanced (balun) transformers, because they transform a single unbalanced line into a three-conductor balanced line at the output. However, for some reason, the terms balanced lines and differential lines were used interchangeably in the literature to mean the same thing, although that is not always true, and based on this, the term balun was assigned to 180 • out-of-phase power dividers and used by convention. Hence, in this manuscript, we will follow the same convention and use the term balun to refer to a 180 • out-of-phase power divider. One of the earliest wideband baluns is the one proposed by Marchand [START_REF] Marchand | Transmission Line Conversion Transformers[END_REF], which was originally designed to transform an unbalanced coaxial line to a pair of balanced transmission lines carrying differential signals. The attractive performance of Marchand balun encouraged many researchers to implement it using planar transmission lines [START_REF] Canning | Optimal Design Of Broadband Microwave Baluns Using Single-layer Planar Circuit Technology[END_REF][START_REF] Ta | Development Of A Defected Ground Structure Wide Bandwidth Balun On Multilayer Organic Substrate[END_REF][START_REF] Van Pham | A 46: 1 Bandwidth Ratio Balun On Multilayer Organic Substrate[END_REF][START_REF] Lan | An Ultra-wideband Balun Using Multi-metal GaAs MMIC Technology[END_REF][START_REF] Lin | A Simple Printed Compensated Balun For Enhanced Ultra-wideband Performances[END_REF][START_REF] Chin | Design Of An IPD Ultra Wideband Marchand Balun Using A Phase Compensation Line[END_REF][START_REF] Xu | Optimum Design of Wideband Compensated and Uncompensated Marchand Baluns With Step Transformers[END_REF][START_REF] Itapu | A 0.8-8 GHz Multi-Section Coupled Line Balun[END_REF]. The balun is depicted in Figure 2.7(a) and it consists of two quarter-wavelength coupled transmission lines. The top parts of both lines are connected together at one end, and the other end of one part acts as the input port while the other end of the second part is left open-circuited. The bottom parts of each coupled line are short-circuited at one end while the other ends act as output ports. Another wideband balun that consists of multiple sections of half-wavelength transmission lines separated by quarter-wavelength transmission lines was reported by Al Basraoui [START_REF] Al | Wideband Planar Log-Periodic Balun[END_REF]. Al Basraoui also suggested that if the half-wavelength transmission lines were designed with lengths that vary according to a fixed geometric ratio, such that the geometry of the balun is log-periodic as depicted in Figure 2.7(b), then the balun can provide more bandwidth. This balun was also implemented in [START_REF] Chen | A Symmetric Log-Periodic Balun for Ultra-Wideband Application[END_REF][START_REF] Morishita | A Liquid-Metal Reconfigurable Log-Periodic Balun[END_REF][START_REF] Shao | A Compact Log-Periodic Branch-Line Balun with an Octave Bandwidth[END_REF]. As mentioned previously, wideband 180 • out-of-phase power dividers can be, mainly, implemented by either using wideband four-port hybrids or cascading a wideband threeport in-phase power divider with a wideband phase shifter or phase inverter. In the case of hybrids either two wideband 90 • hybrids can be cascaded together to yield the 180 • phase difference, or a single 180 • hybrid can be used instead. In the literature there are three approaches to implement wideband hybrids:

Early Wideband Balun Designs

Wideband Hybrids

1. The first approach uses the classical theory of multi-section transmission lines to increase its bandwidth. This approach was used to implement wideband branchline couplers [START_REF] Zhi | Miniaturized and Folded Multisection Quadrature Hybrid for UWB Applications[END_REF][START_REF] Velan | A Compact Single Layer Branch-Line Coupler for Ultra-Wideband (UWB) Applications[END_REF][START_REF] Tang | Tunable Decoupling and Matching Network for Diversity Enhancement of Closely Spaced Antennas[END_REF], 90 • coupled line coupler [START_REF] Chan | Decade Bandwidth Circularly Polarized Antenna Array[END_REF][START_REF] Anselmi | Design and Realization of 3 dB hybrid stripline coupler in 0[END_REF], and 180 • coupled line couplers [START_REF] Chan | Decade Bandwidth Circularly Polarized Antenna Array[END_REF][START_REF] Pfeiffer | Millimeter-Wave Ultra-Wideband PCB 180°Hybrid for 12-67 GHz[END_REF][START_REF] Pfeiffer | UWB Millimeter-Wave 180°H ybid Couplers[END_REF][START_REF] Nakajima | A Design Technique for Raising Upper Frequency Limit of Wide-Band 180°Hybrids[END_REF][START_REF] Gruszczynski | Design of Compensated Coupled-Stripline 3-dB Directional Couplers, Phase Shifters, and Magic-T's-Part II: Broadband Coupled-Line Circuits[END_REF][START_REF] Lin | 2-20 GHz Non-Uniform Coupler for Six-Port Reflectometer[END_REF][START_REF] Lopez-Berrocal | High Performance 1.8-18 GHz 10-dB Low Temperature Co-Fired Ceramic Directional Coupler[END_REF].

2. The second approach is based on introducing a phase inverter in the hybrid such as a microstrip-to-slotline transition to build 90 • hybrids [START_REF] Fc De | A New Class of Microstrip Directional Couplers[END_REF] and 180 • hybrids [START_REF] Marek | Wideband Microstrip 180°Hybrid Utilizing Ground Slots[END_REF][START_REF] Huda Yusof | Analysis of Wideband Ground-Slotted 180°Hybrid Design[END_REF][START_REF] Ma Ashraf | Design of a Slot-Coupled Ultra-Wideband 180°Hybrid Coupler[END_REF][START_REF] Scherr | Ultrawide Bandwidth-Hybrid-Coupler in Planar Technology[END_REF][START_REF] Abdalla | Ultra-Wideband Compact Slot-Coupled 180°H ybrid Based on Ultra-Wideband Wilkinson Power Divider[END_REF][START_REF] Aikawa | A New MIC Magic-T Using Coupled Slot Lines[END_REF][START_REF] Henin | Wideband Hybrid Using Three-Line Coupled Structure and Microstrip-Slot Transitions[END_REF], or a coplanar waveguide-to-slotline transition to build 90 and 180 • hybrids [START_REF] Fan | Wide-Band Reduced-Size Uniplanar Magic-T, Hybrid-Ring, and de Ronde's CPW-Slot Couplers[END_REF][START_REF] Chien-Hsun | Broad-Band Uniplanar Hybrid-Ring and Branch-Line Couplers[END_REF][START_REF] Marco A Llamas | A Rigorous Multimodal Analysis and Design Procedure of a Uniplanar 180°Hybrid[END_REF][START_REF] Murgulescu | New Small Size, Wideband 180°Ring Couplers: Theory and Experiment[END_REF][START_REF] Murgulescu | New Wideband, 0.67λ g Circumference 180°Hybrid Ring Coupler[END_REF]. Also, a 180 • hybrid using microstrip-to-parallel stripline and microstrip-to-slotline transitions is demonstrated in [START_REF] Feng | Compact Planar Magic-T Based on the Double-Sided Parallel-Strip Line and the Slotline Coupling[END_REF], using the coplanar waveguide swap inverter in [START_REF] Kim | A Compact Wideband Ring Coupler Utilizing a Pair of Transitions for Phase Inversion[END_REF], and the parallel stripline swap inverter in [START_REF] Chiu | A Compact Wideband Parallel-Strip 180°Hybrid Coupler[END_REF].

3. The third approach is based on using a wideband phase shifter in the hybrid. For instance, the phase shifter using broadside coupled patches, which was described previously in Figure 2.4, can be modified to operate as a 90 • hybrid [START_REF] Amin | Design of Compact Directional Couplers for UWB Applications[END_REF][START_REF] Marek E Bialkowski | Wideband Performance of 3 dB Microstrip-Slot Coupler Using Different Substrates[END_REF][START_REF]Design of Ultra Wideband 3 dB Quadrature Microstrip-Slot Coupler[END_REF][START_REF] Norkhairunnisa | Mountain-Shaped Coupler for Ultra Wideband Applications[END_REF][START_REF] Muhammad A Ashraf | Parametric Analysis of Multi Section slot Coupled Quadrature Coupler[END_REF][START_REF] Marek E Bialkowski | Design of a Compact Ultra Wideband 3 dB Microstrip-Slot Coupler with High Return Losses and Isolation[END_REF][START_REF] Salehah Binti Muklas | Ultra Wideband Coupler Design for Butler Matrix Application[END_REF][START_REF] Snam Ghazali | Design and Cross-Section Analysis of Wideband Rectangular-Shaped Directional Coupler[END_REF][START_REF] Dyg | Low Cost and Compact Directional Coupler for Ultrawideband Applications[END_REF][START_REF] Osama | A Novel Butterfly-Shaped Multilayer Backward Microstrip Hybrid Coupler for Ultrawideband Applications[END_REF][START_REF] Dna Zaidel | A Design of Octagon-Shaped 3-dB Ultra Wideband Coupler Using Multilayer Technology[END_REF][START_REF] Norkhairunnisa | Compact UWB Multilayer 3 dB Directional Coupler Design and Analysis on Coupler Performances[END_REF][START_REF] Moscoso-Martir | Slot-Coupled Multisection Quadrature Hybrid for UWB Applications[END_REF][START_REF] Moscoso-Martir | High Performance Multi-Section Corrugated Slot-Coupled Directional Couplers[END_REF][START_REF] Muhammad A Ashra | B4. Analysis and Design of Single Section and Three-Section Ultra-Wideband Quadrature Hybrid Couplers[END_REF][START_REF] Oborovski | Multi-Octave Planar Microwave Slot-Coupled Directional Coupler Up to 28 GHz with Novel Phase Velocity Compensation[END_REF], as illustrated in Figure 2.8. This broadside coupled 90 • hybrid, in [START_REF] Wang | Design of Ultra-Wideband Magic-T Using Microstrip/Slot Coupler and Phase Shifter[END_REF], was cascaded with a broadside coupled phase shifter to implement a 180 • hybrid, and in [START_REF] Abbosh | Design of a UWB Planar 180°Hybrid Exploiting Microstrip-Slot Transitions[END_REF] it was combined with microstrip-to-slotline and microstrip-to-parallel stripline transitions also to implement a 180 • hybrid. And, finally, in [START_REF] Safaie | A Systematic Method to Design Desired Wideband 180°Couplers[END_REF], a 180 • hybrid was implemented using four Wilkinson power dividers and two cascaded broadside coupled phase shifters.

Finally, Table 2.4 compares different implementations of wideband hybrids based on the above approaches.

Wideband Baluns using Phase Shifters/Inverters

Wideband 180 • power dividers can also be formed by cascading a wideband in-phase power divider with any wideband phase shifter or phase inverter that were demonstrated previously. Note that, not all of the demonstrated phase shifters and inverters were used in the literature to implement wideband 180 • power dividers, rather only few works were reported using some of them. In particular, in-phase power dividers with a coupled line phase shifter, as shown in Figure 2.9(a), were demonstrated in [START_REF] Jacques | Novel Wide Band Microstrip Balun[END_REF][START_REF] Sewiolo | An Ultra-Wideband Coupled-Line Balun Using Patterned Ground Shielding Structures[END_REF][START_REF] Abbosh | Ultra-wideband Quasi-Yagi Antenna Using Dual-Resonant Driver and Integrated Balun of Stepped Impedance Coupled Structure[END_REF][START_REF] Sanchez-Martinez | Generalized Analytical Design of Broadband Planar Baluns Based on Wire-Bonded Multiconductor Transmission Lines[END_REF][START_REF] Rogers | A 6 to 20 GHz Planar Balun Using a Wilkinson Divider and Lange Couplers[END_REF], and using delay line phase shifters, as shown in Figure 2.9(b), were demonstrated in [START_REF] Zietz | A Compact Ultra-Wideband Double Balun Feeding Network on a Single Layer PCB[END_REF][START_REF] Zhang | A New Wide-Band Planar Balun on a Single-Layer PCB[END_REF]. Similarly, power dividers with phase inversion were reported in [START_REF] Wu | A Novel Ka-Band Planar Balun Using Microstrip-CPS-Microstrip Transition[END_REF][START_REF] Chen | 75-110 GHz Integrated Active Sextupler Module[END_REF] using microstrip-to-coplanar stripline transitions, coplanar waveguide-to-microstrip transition [START_REF] Meng | Compact 30: 1 Bandwidth Ratio Balun for Printed Balanced Antennas[END_REF][START_REF] Sengele | An Ultra Wideband, 1-20 Ghz Balun in an Electrically Small Conducting Enclosure[END_REF][START_REF] Lim | 800-5000 MHz Ultra-Wideband CPW Balun[END_REF][START_REF] Mohammad | A Planar Ultra Wide Band Single Layer Microstrip Balun Operating From 200 Mhz to 10 Ghz[END_REF], and the parallel stripline swap inverter [START_REF] Tamjid | A Compact Wideband Balun Design Using Double-sided Parallel Strip Lines With Over 9: 1 Bandwidth[END_REF][START_REF] Chiu | A Parallel-Strip Balun for Wideband Frequency Doubler[END_REF][START_REF] Chiu | A Wideband Compact Parallel-Strip 180°W ilkinson Power Divider for Push-Pull Circuitries[END_REF][START_REF] Binh | 23: 1 Bandwidth Ratio Quasi-Lumped Component Balun on a Multilayer Organic Substrate[END_REF]. An example of 180 • power divider implemented using a Wilkinson power divider cascaded with inverting transitions, microstrip-to-coplanar stripline transitions (previously introduced in Figure 2.5), is depicted in Figure 2.9(c). Notice that two double transitions are needed in this case, one of transitions will perform phase inversion while the second will not. The input power will be divided equally and in-phase by the Wilkinson power divider, and one of the divided signals will get inverted while the second will not. This results in two output signals that are, ideally, equal in magnitude and 180 • out-of-phase. The bandwidth of the transitions could be a decade or more, thus a power divider with a decade bandwidth will also be required, and the only way to do this is by increasing the number of sections in the Wilkinson power divider. This can drastically increase the size of the circuit taking into consideration that the size of the transitions is also huge. The wideband performance of phase inverters is highly attractive and desirable in implementing 180 • out-of-phase power dividers, nevertheless, the big size of the implemented circuit can be limiting for some applications. There are two points to consider for size reduction: the first point is the size of the multi-section Wilkinson power divider used to cover the desired bandwidth, which increases as the number of sections increases. The second point is the use of the double transitions, that is, we need to transition from microstrip line, or any unbalanced line, to any balanced line first, then we need to transition back from the balanced line to the unbalanced line again to perform phase inversion. The first point can be solved by replacing the Wilkinson power divider by a T-junction power divider, which has no theoretical bandwidth limit, and this can greatly reduce the size of the circuit at the expense of unmatched and unisolated output ports. The second point can be solved by implementing the T-junction in the balanced section rather than implementing it using the unbalanced lines. To better understand this point let's consider the power dividers in Figure 2.10, which consist of three microstripto-parallel stripline transitions connected in a T-junction configuration. To implement this kind of transitions, the ground plane of the microstrip line is continuously tapered until its width becomes equal to the width of the strip on the top layer. The first transition is responsible for transitioning from microstrip-to-parallel stripline, and then a T-junction is implemented in the parallel stripline section, which eliminates the need for a double transition at the output and we can directly transition back to microstrip from the junction. The beauty of this technique is not only limited to wideband performance and compactness, but also the fact that wideband in-phase and 180 • out-of-phase power dividers can be generated using this technique by simply choosing whether to invert one of the outputs or not. For example, if all the microstrip lines are placed on the top layer, as in Figure 2.10(a), then an in-phase power divider is generated. On the other hand, if one of the output microstrip lines is placed on the bottom layer while keeping the other microstrip lines on the top layer, as in Figure 2.10(b), then the two output lines will be inverted with respect to one another in this case, and a 180 • out-of-phase power divider is generated. This technique was implemented using microstrip-to-parallel stripline transitions [START_REF] Eubanks | Low-Loss Ultra-Wideband Double-Sided Parallel-Strip Line Transition and Power Divider[END_REF][START_REF] Li | Design of a Novel Ultra Wide Band Balance Microstrip Balun[END_REF][START_REF] Abbosh | An UWB Planar Out-of-Phase Power Divider Employing Parallel Stripline-Microstrip Transitions[END_REF][START_REF] Am Abbosh | An UWB Planar Out-of-Phase Power Divider Employing Microstrip-Slot and Parallel Stripline-Microstrip Transitions[END_REF], microstrip-to-slotline transitions , coplanar waveguide-to-coplanar stripline transitions [START_REF] Wu | Wideband Planar Balun Using Microstrip to CPW and Microstrip to CPS Transitions[END_REF][START_REF] Li | Design of Output-Input Inversed Polarity Pulse Power Divider for Ultra-Wideband Communications[END_REF], and coplanar waveguide-to-slotline transitions [START_REF] Wang | Design of Several Power Dividers Using CPW-to-Microstrip Transition[END_REF][START_REF] Ali | Ultra-Wideband Balun and Power Divider Using Coplanar Waveguide to Microstrip Transitions[END_REF][START_REF] Shaterian | Ultra-Wideband Multi-Section Wilkinson Power Divider[END_REF].

Wideband Compact Baluns

Another 2-in-1 topology to implement both in-phase and 180 • out-of-phase power dividers using broadside coupled patches was proposed in [START_REF] Abbosh | Ultra Wideband Inphase Power Divider for Multilayer Technology[END_REF][START_REF] Abbosh | Multilayer Inphase Power Divider for UWB Applications[END_REF]. The power dividers are depicted in Figure 2.11 and they consist of five metal layers and four dielectric layers. The input patch, which is placed in the middle layer, is a stripline fed patch sandwiched between two ground planes. Elliptical slots are etched in each ground plane to couple power from the input patch to the output patches, which are microstrip fed patches that are placed on the bottom and top layers. Notice that in Figure 2.11(a) the two output microstrip lines are oriented in the positive y-direction, which yields an in-phase power divider. On the other hand, if one of the output microstrip lines is oriented in the negative y-direction, while the second output is oriented in the positive y-direction, then a 180 • out-of-phase power divider is obtained. Although, in the original work, the authors only presented the in-phase power divider, however, our simulations confirm that 180 • phase difference between the output ports is obtained if one of the output microstrip lines is inverted with respect to the other. Also, we think that the number of layers can be reduced by eliminating one output patch and one ground plane, and the two output ports could Table 2.5: Summary of some wideband three-port 180 • out-of-phase power dividers .

be derived from the same output patch. Moreover, the layers could be further reduced by incorporating coplanar waveguide patches.

Conclusion

Table 2.5 provides a summary of some wideband three-port 180 • out-of-phase power dividers, while Table 2.4 provides a summary of some wideband hybrids. After a thorough study of each of the presented topologies, it turns out that devices implemented using multi-section transmission lines or using phase inverters, can provide extremely wide bandwidths, more than a decade, and their bandwidths can be easily extended to the high frequency range. In fact, each topology has its advantages and disadvantages.

For instance, the 180 • tapered line coupler can occupy a very large size, but it can provide a good amount of isolation between its ports, and, also, it can be implemented using striplines, which gives it the advantage of being protected from unwanted coupling from other components in the system, and, at the same time, prevents it from coupling unwanted power to the other components. On the other hand, most of the phase inverters, especially those based on balanced-unbalanced transitions, cannot be implemented in a stripline-like configuration (up to our knowledge), thus they might couple power to other components in the system. Nevertheless, 180 • out-of-phase power dividers employing phase inverters remain more compact than the tapered hybrid, even those that use a multisection Wilkinson power divider. Moreover, 180 • out-of-phase power dividers implemented using balanced-unbalanced T-junctions are much more compact than those implemented by cascading a multi-section Wilkinson power divider and a phase inverter, however, they lack isolation and matching at the output ports.

As mentioned before, for bistatic in-band full-duplex systems, it is usually not necessary to have isolation and matching at the outputs of the 180 • out-of-phase power divider, thus we disregard the tapered line coupler and devices containing Wilkinson power dividers, and instead we work on a 180 • out-of-phase power divider employing a balanced-unbalanced T-junction. In particular, we think that the microstrip-to-slotline power dividers, presented in [START_REF] Ul Rohde | Ultra Wide Band Balun/180 • Power Divider Using Microstrip-Slotline-Microstrip Transition[END_REF], are the best candidates for our application. These power dividers can operate from 4 to 45 GHz with ±1 dB and ±7 • of amplitude and phase imbalances, respectively, between the two output ports. Also, such power dividers are characterized by their extreme compactness if compared to other power dividers in the same category, and also by their ease of design and implementation. In fact, they do not require any vias or wire bonds, unlike other types of transitions, and they can easily be fabricated using the standard printed circuit board (PCB) technology. In the following section we give a detailed description of the chosen power dividers, but first, we present the theoretical background of microstrip-to-slotline transitions and their design procedure followed by a parametric analysis. After that, the designed and fabricated power dividers will be presented, and new power dividers with enhanced isolation will be proposed.

Microstrip-to-Slotline Devices

Microstrip-to-Slotline Transitions

A microstrip-to-slotline transition, which is depicted in Figure 2.12, consists of a slotline etched in the metallic layer at one side of the substrate, and a microstrip line perpendicular to it is etched on the other side of the substrate. After that, the microstrip line and the slotline are terminated with virtual short-circuited stubs that are quarter-wavelength at the frequency of design, although other shapes of stubs can be used as terminations. The different stubs shown in Figure 2.12 control the bandwidth and the total size of the transition, for instance, the quarter-wavelength stubs occupy more space and are more narrowband than the radial and the circular stubs. A detailed analysis of microstrip-toslotline transitions can be found in [START_REF] Garg | Microstrip Lines and Slotlines[END_REF], yet here we present a brief description for the reader to be consistent with the following sections.

The equivalent circuit of a microstrip-to-slotline transition terminated with microstrip and slotline quarter-wavelength stubs is given by [START_REF] Jeffrey | Slot-Line Transitions (Short Papers)[END_REF] and is demonstrated in Figure 2.13(a), where Z m and Z s denote the characteristic impedances of the microstrip line and the slotline, respectively. θ m and θ s are the electrical lengths of the microstrip and slot stubs, respectively. C m denotes the equivalent capacitance of the microstrip stub, L s denotes the equivalent inductance of the slotline stub, and n represents the magnitude of coupling between the microstrip line and the slotline. The equivalent circuit can be simplified as in Figure 2.13(b) by transforming the inductance and the capacitance of the microstrip and slotline stubs, respectively, to the position of the transition. Hence, we get:

jX s = Z s jωL s + jZ S tan θ s Z s -ωL s tan θ s (2.1)
jX m = Z m 1/jωC m + jZ m tan θ m Z m + 1/ωC m tan θ m (2.2)
Z s and jX s are in parallel, thus their equivalent impedance can be written as:

Z eq = jX s Z s Z s + jX s × Z s -jX s Z s -jX s = X 2 s Z s + jX s Z 2 s Z 2 s + X 2 s = X 2 s Z s Z 2 s + X 2 s + jX s Z 2 s Z 2 s + X 2 s = R eq + jX eq (2.
3)

Where R eq = Re{Z eq } and X eq = Img{Z eq }. Now, the input impedance Z in , seen by the input port when looking at the transition, can be expressed as follows: For good matching between the microstrip line and the slotline the input impedance should be equal to the port impedance, that is, Z in = Z m , but since Z m is purely real, then the imaginary part of Z in needs to go to zero (X m + n 2 X eq = 0), which can only happen if the equivalent capacitance of the microstrip stub goes to zero and the equivalent inductance of the slotline stub goes to infinity. In practice, these conditions cannot be totally satisfied, however, the stubs can be optimized to reduce the value of the imaginary part of the input impedance to a minimum value. But for now, let's assume that the conditions are satisfied and that the imaginary part is equal to zero, this also means that X m and X s are equal to zero, consequently, we obtain:

Z in = jX m + n 2 Z e q = n 2 R eq + j X m + n 2 X eq (2.4) (a) 
Z m = Z in = n 2 R eq = n 2 Z s (2.5)
Equation (2.5) implies that if the reactive behavior of the stubs is neglected, then the matching of the transition will be determined by the impedance of the microstrip line Z m , the impedance of the slotline Z s , and the coupling factor between them n. The coupling factor can be obtained from the following equations:

n = cos 2π h λ 0 u -cot(A) sin 2π h λ 0 u (2.6) A = 2π h λ 0 u + arctan u v (2.7) u = ε r - λ 0 λ s 2 v = λ 0 λ s 2 -1 (2.8)
Where h and ε r are the thickness and the relative permittivity of the substrate, respectively. λ 0 and λ s are the free space wavelength and the guided wavelength in the slotline, respectively. To calculate the guided wavelength in the slotline, and also to calculate the microstrip line and slotline impedances, one can use the closed form equations which are included in Appendix A. Usually, we want the port impedance to be equal to 50 Ω, but if we assume that n = 1, then we need to have the slotline impedance also to be equal to 50 Ω. In practice, the minimum slotline width realizable by the classical technology for printed circuit boards (PCBs) is around 100 µm, for this slotline width we obtain a slotline impedance which is higher than 100 Ω (at least for ε r ≤ 20 and h ≤ 1.6 mm). The impedance of the slotline, unlike the impedance of microstrip lines, decreases only if the slotline width is decreased, however, since the minimum slotline width, provided by the available fabrication technology, yields an impedance higher than 100 Ω, thus there will always be a mismatch between the microstrip line and the slotline depending on the actual value of the coupling factor n, which limits the bandwidth of the transition.

To reduce the mismatch between the microstrip line and the slotline there are several approaches that can be adopted:

1. Firstly, the slotline impedance, corresponding to a fixed slotline width, can be further reduced by manipulating the characteristics of the substrate. For instance, the slotline impedance can be decreased by increasing the thickness or the relative permittivity of the substrate, or both, however, this requires a drastic increase in the thickness or the permittivity to obtain a minor reduction in the impedance value. Moreover, sandwiching the slotline by two dielectric layers can greatly help in reducing its impedance, but this increases the size of the transition. Nonetheless, we do not prefer to manipulate the characteristics of the substrate to reduce the slotline impedance, mainly, because the passive devices and the antennas presented in this chapter will be fabricated on the same substrate, and we give the priority in the substrate choice to the antennas, which require a low permittivity substrate with a relatively low thickness.

2. Alternatively, the low impedance of the microstrip line can be tapered to match the high impedance of the slotline by using any microstrip taper (linear, exponential, or Klopfenstein), which also increases the size of the transition depending on the length of the taper which is a function of the lowest frequency of operation.

3. Finally, the coupling factor n can be also manipulated to ensure a proper matching between the microstrip line and the slotline, this can be done by manipulating the thickness or the relative permittivity of the substrate, but, as we stated earlier, those parameters will be chosen in the favor of the antennas and cannot be manipulated after, so the value of n will be fixed. To determine the bandwidth of matching between the microstrip line and the slotline, it is necessary to know the values of the equivalent capacitance C m and the equivalent inductance L s of the microstrip and slotline stubs, respectively. However, there are no theoretical studies that can provide closed form equations to describe the behavior of the stubs, especially the slotline stubs. Hence, an empirical approach is required to study the behavior of the stubs and their effect on the bandwidth of the transition. For this reason, in this section, we present a parametric analysis of the microstrip-to-slotline transition based on full-wave simulations performed in CST Microwave Studio, but, before, we need to decide the type or shape of the terminating stubs. For wideband operation, it was shown in [START_REF] Wang | Analysis and Design of Ultra-Wideband Power Divider by Micro-Genetic Algorithm[END_REF] that more than a decade bandwidth can be obtained using radial stubs, and, moreover, radial stubs have two parameters that can be manipulated to optimize the bandwidth, namely their radius and angle, which gives us more degrees of freedom in the transition design as compared to other types of stubs.

Parametric Analysis

A double microstrip-to-slotline transition terminated with radial stubs was demonstrated in [START_REF] Mm Zinieris | A Broadband Microstrip-to-Slotline Transition[END_REF], this transition is depicted in Figure 2.14. The double configuration facilitates the simulation of the transition, and is necessary to conduct measurements, because slotlines cannot be directly measured. The transition was built on a 0.635 mm thick RT/Duroid 6010 substrate with ε r = 10.2. First, the microstrip line and the slotline impedances were calculated using the equations presented in the previous section and taking into account the fabrication limitations, then the radii of the stubs were set to one sixth of a wavelength at 10 GHz, and the angles of the stubs were set to 90 • to prevent the stubs from overlapping, otherwise, the overlap might induce unwanted effects in the circuit. This transition was reproduced in CST and simulated with the initial parameters' values as in [START_REF] Mm Zinieris | A Broadband Microstrip-to-Slotline Transition[END_REF], which are also included in the captions of Figure 2.14.

The S-parameters of the simulated transition are demonstrated in Figure 2.15, where it can be noticed that the bandwidth is characterized by some specific points on the S 11 curve: the position of the first local minimum (A), the level of the first local maximum (B), the level of the last local maximum (D), the position and the level of the last local minimum (E), and the level of the in-band section (C) that is situated between the two local maxima. Usually, the in-band section level is controlled by the levels of its bounding maxima, therefore, by keeping their values as low as possible we ensure that the level of (C) is also low. In order to obtain the widest bandwidth, the position of (A) should be shifted to the left of the frequency axis while decreasing the level of (B). In parallel, the position of (E) should be shifted to the right of the frequency axis, while maintaining its value and the value of (D) at a low level.

The parametric analysis will only study five parameters of the transition: the microstrip stub radius (R m ), the microstrip stub angle (θ m ), the slotline stub radius (R s ), the slotline stub angle (θ s ) and the slotline length (L s ). The microstrip line width (W m ) and the slotline width (W s ) were kept fixed as they correspond to fixed microstrip and slot impedances, respectively, and should not be altered. Also, the length of the microstrip line (L m ) has no effect on the behavior of the transition. The results of the parametric analysis are summarized in Table 2.6 that shows how different parts of the S 11 plot are affected by increasing each parameter. The dashes in the table indicate that varying a specific parameter has no or negligible effect on a certain part of the bandwidth, while the arrow tells how and in which direction the curve will globally move if the parameter is increased. Also notice that different parts of the curve might be affected by multiple parameters simultaneously, and sometimes are affected oppositely, so a good balance and a good trade-off between the different parameters is needed to achieve the widest bandwidth possible. Finally, the optimized S-parameters are depicted in Figure 2. [START_REF] Van Nguyen | Physical Layer Security Schemes for Full-Duplex Cooperative Systems: State of the Art and Beyond[END_REF], where the optimized values of the transition parameters are included in the captions of the figure. Initially, the transition operated in the 3-15 GHz frequency range, and after optimization it operated from 3 GHz and up to more than 20 GHz.

Ultra-Wideband Transitions

Although the optimized transition, from the previous section, can already operate over a wide bandwidth but we were looking for something that is more wideband. Also, the relative permittivity of the used substrate is very high and does not suit the antennas, because a high permittivity substrate absorbs and stores more energy and reduces the power radiated by the antenna. In addition to that, to reach higher frequencies we need to reduce the thickness of the substrate, otherwise, higher order modes will start to propagate in the substrate, and those modes can either remain trapped in the substrate as surface waves or might manage to reach the antenna and might get radiated, in this case, the radiation pattern of the antenna will be negatively affected as those modes will appear mainly as side lobes. For all these reasons we have selected the RO4003C substrate (ε r = 3.55) with a thickness of 203.2 µm to build our circuits on.

After selecting the substrate, we can now calculate the width of a 50 Ω microstrip line based on the equations in Appendix A, which turns to be equal, approximately, to 0.4 mm. Then by letting the width of the slotline to be 100 µm, we obtain the impedance of the slotline which is, approximately, 120 Ω at 20 GHz. The reason for specifying a frequency point for the slotline impedance is because the slotline impedance is frequency-dependent and can vary significantly with frequency, unlike microstrip lines which have a relatively constant impedance with frequency. Although the mismatch between the impedances of the microstrip line and the slotline is significant, we can still tune the parameters of the slotline stubs to reduce their reactances which in turn decreases the mismatch according to Equations (2.3) and (2.4). The parameters of the microstrip stubs can be tuned to reduce the imaginary part in Equation (2.4), which can further aid in the mismatch reduction. So, based on the above analysis, a new transition was designed in CST using the selected substrate and the calculated microstrip line and slotline widths, while letting the values of the rest of the parameters, namely the radii and the angles of the stubs and the slotline length, be equal to the optimized values in the previous section. The new transition was simulated with the initial parameters and then manually optimized based on the observations of the parametric analysis explained previously. And, finally, after the manual tuning, the transition was further optimized using the native optimizer in CST. In fact, two types of transitions were designed and simulated, and they are depicted in Figure 2.17. The transition in Figure 2.17(a) will be named Type-1 transition and the transition in Figure 2.17(b) will be named Type-2 transition.

The output microstrip line (the right microstrip line) of Type-1 transition is oriented oppositely with respect to the input microstrip line, while the output of Type-2 transition is oriented in the same direction of its input. The purpose of designing the two transitions with different configurations can be explained by looking at the electric field distributions in each transition, which are demonstrated in Figure 2.17(c) and Figure 2.17(d), respectively. It can be observed form Figure 2.17(c) that the output electric fields of the output microstrip line of Type-1 transition are inverted with respect to the input electric fields, while for Type-2 transition the output electric fields are not inverted with respect to the input electric fields. This means that the output electric fields of both transitions are inverted with respect to one another, consequently, the two output signals from both transitions will be 180 • out-of-phase. And this will be our tool to create phase inversion. Figure 2.18 shows the simulated and measured S-parameters of each transition and the values of the optimized parameters of these transitions. The actual size of the transitions is 12 mm × 4 mm, however, they were built on a 40 mm × 40 mm board for mechanical convenience. Three main observations can be extracted from the S-parameters plots: first, both transitions have good matching between 4 and 45 GHz, however, the measured S 11 becomes worse at frequencies beyond 30 GHz as compared to the simulated results, this might be caused by the high frequency cables and connectors (Southwest 2.4 mm Connectors) used for measurements, these cables and connectors suffer from poorer matching at higher frequencies. The second observation is regarding the insertion loss which increases as the frequency increases, and this is mainly due to the dielectric losses and the slotline radiation losses. Radiation losses might become more significant than the dielectric losses at higher frequencies, where the radius of the slotline stub becomes comparable to the wavelengths at those frequencies. Also, the measured insertion loss is higher than the simulated one, and this can be caused by the change in the dielectric constant of the substrate during the fabrication process.

In fact, the dielectric constant of a lossy material is given by the following equation:

ε r = ε r + jε r (2.9)
where ε r and ε r are the real and imaginary parts of the dielectric constant. The real part ε r represents the relative permittivity of the material that is usually found in the data sheet of the substrate (3.55 in our case), and it controls the phase that will be accumulated by the wave propagating inside the material, while the imaginary part ε r is usually represented as a loss tangent (tan δ) in the datasheet, and it controls the rate of attenuation of the wave propagating inside the material. The higher insertion loss in the measured results indicates that the imaginary part has increased during circuit fabrication; and as we will see later, the real part has also changed.

The third observation is also regarding the insertion loss of the circuits, both simulated and measured. The insertion loss increases normally as frequency increases due to substrate dielectric losses and slotline radiation losses, but it is abnormal to sharply drop around 20.5 GHz. The reason behind this drop is the overlap between the microstrip stub and the slotline stubs. In fact, the microstrip stub acts like a small patch antenna that radiates energy and resonates around 45 GHz, which is outside the band of operation. However, when the microstrip stub is mated with a slotline stub below it, it will act as a small patch antenna with a defected ground plane, which results in decreasing the resonant frequency of the antenna down to 20.5 GHz. Although, in this case, the antenna is not perfectly matched at the resonant frequency, the stub still radiates a decent amount of energy causing the dip in the insertion loss. This problem can be solved by reducing the overlap between microstrip and slotline stubs, which was achieved by reducing the size of the microstrip stubs as shown in Figure 2.19. The simulated and measured S-parameters of the modified transitions, with reduced microstrip stubs, indicate that the insertion loss dip is eliminated, and a flatter curve is obtained, however, this comes at the expense of a slightly worse matching at lower frequencies.

Ultra-Wideband In-Phase and 180 • Out-of-Phase Power Dividers

Based on microstrip-to-slotline transitions, a novel topology to implement both in-phase and 180 • out-of-phase power dividers with an ultra-wideband matching was demonstrated in [START_REF] Ul Rohde | Ultra Wide Band Balun/180 • Power Divider Using Microstrip-Slotline-Microstrip Transition[END_REF]. Both types of power dividers are depicted in Figure 2.20 along with the electric fields distributions at different stages of each power divider. The power dividers have similar layouts with three microstrip-to-slotline transitions: the input power is injected in the middle transition, which is responsible for dividing the power equally between the right and left paths of the slotline, while the output powers are extracted from the two lateral transitions, which are responsible for phase inversion or non-inversion. Note that, full-size microstrip stubs were used in the original publication although the dip in the insertion loss was significant, however, here we continue to use full-size stubs because primary simulations did not show a significant insertion loss dip, in this case, and we did not think it was necessary to use half-size stubs.

To obtain in-phase power division, the output microstrip lines of the two lateral transitions should be oriented in the same direction with respect to one another, regardless of their orientation with respect to the input microstrip line. This can be verified by inspecting the electric fields distribution in Figure 2.20(c), where it can be seen that the two output electric fields oscillate in the same direction, although they are inverted with respect to the input electric field, but, anyhow, the two output signals will be in-phase. Also, to obtain 180 • out-of-phase power division, the output microstrip line of one lateral transition should be oriented in the same direction of the input microstrip line, while the output microstrip line of the second lateral transition should be oriented in the opposite direction of the input microstrip line. Or, in simpler words, the two output microstrip lines need to be oriented in different directions with respect to one another. This can be verified by looking at the electric fields distribution in Figure 2. 20(d), where it can be seen that the two output electric fields are inverted with respect to each other, and, consequently, the two output signals will be 180 • out-of-phase. Figure 2.21 illustrates the equivalent circuit of the proposed power dividers, where θ l denotes the electrical length of half of the slotline. The input impedance of the equivalent circuit will not be developed here, as it does not provide any useful information about the choice of the slotline impedance, rather we will adopt an empirical approach to determine the slotline impedance based on the parametric analysis of the microstripto-slotline transition. However, before we initiate the manual tuning procedure, it would be helpful to use the following theoretical analogy in order to have an initial guess of the value of the impedance. In fact, the structure of the proposed power dividers is similar to a T-junction power divider, where the characteristic impedance of the two output ports should be twice the impedance of the input port (Z o = 2Z i ), that is, if the impedance of the input port is 50 Ω then the impedance of the output ports needs to be 100 Ω. In this case, we can let the impedance of the slotline and the output microstrip lines be equal to 100 Ω, however, this is not suitable for us because the power dividers will be connected to other circuits in the system that have a 50 Ω input port impedance. Alternatively, all port impedances of the T-junction can be set to 50 Ω and a quarter-wavelength transformer can be used to transform the output ports impedances to 100 Ω at the junction. Similarly, for the proposed power dividers, all the microstrip line impedances will be 50 Ω while the two halves of the slotline will be treated as quarter-wavelength transformers at the central frequency (20 GHz) and their impedances should be equal to 50 √ 2 Ω or 70.71 Ω. Nonetheless, this analogy does not take into consideration the effect of the radial stubs on the impedance of the power dividers and that the minimum realizable slotline width is 100 µm which yields a slotline impedance of 120 Ω at 20 GHz. In any case, the microstrip lines can be tapered starting from a high impedance at the intersection with the slotline to reach 50 Ω at the output port, which might increase the size of the circuit depending on the size of the taper.

Initially, we let all microstrip impedances to be 50 Ω without using any tapers, also we let W s = 100 µm and L s ≈ λ s /2 (or quarter-wavelength per half slotline length), and finally, we let the stubs' parameters be equal to the optimized values of the microstripto-slotline transition that are mentioned in Figure 2.18. The initial simulation results were satisfying and proved that the proposed power dividers can be matched over an extremely wide bandwidth, although the slotline and the output microstrip lines were not properly matched and no microstrip line tapers were implemented at the outputs. Note that, in the original publication [START_REF] Ul Rohde | Ultra Wide Band Balun/180 • Power Divider Using Microstrip-Slotline-Microstrip Transition[END_REF] the authors used 75 Ω microstrip lines at the outputs to compensate for the mismatch between the slotline and the output ports impedances, however, in our work, we were able to implement the same topology with an ultra-wideband matching by using 50 Ω microstrip lines at all ports. Nonetheless, the obtained bandwidth was slightly less than the bandwidth obtained in the original work. After that, the power dividers were manually tuned and then were optimized in CST to obtain the maximum bandwidth possible.

The optimized parameters can be found in the captions of Figure 2.22 which shows the simulated and the measured S-parameters of both types of power dividers, respectively. The actual size of the transitions is also 12 mm × 4 mm, however, they were built on a 40 mm × 40 mm board for mechanical convenience. It can be observed that both types of power dividers are matched at the input port from 3.2 GHz up to 42.3 GHz and that the insertion loss starts with an approximate value of 3 dB at the lower band edge and reaches more than 8 dB at the upper band edge in simulation, and more than 10 dB in measurements, of which 3 dB are primarily caused by the power division. Also, both power dividers have poor matching and isolation between their output ports, which is normal due to the fact that a three-port device cannot be lossless, reciprocal, and simultaneously matched at all ports. And, finally, the measured amplitude and phase imbalances between the output ports are ±1 dB and ±7 • respectively, at least up to 40 GHz. It can be noticed that the measured imbalances fluctuate more irregularly as compared to the simulated ones, especially the phase imbalances. This can be attributed to fabrication inaccuracies, in particular, the change in the value of the dielectric constant of the substrate (both the real part and the imaginary part), where this change does not seem uniform at different locations in the board.

The extremely wideband performance of those power dividers might be attractive for many applications, and not just for in-band full-duplex systems. But some of these applications might require isolation and matching at the outputs of the power dividers, which is the case for monostatic in-band full-duplex systems. In the light of this, we present, in the next section, wideband power dividers with enhanced output isolation and matching. In order to have matching and isolation at the output ports of the previous power dividers, we need to make them lossy by introducing one or more resistive elements. So, if we compare them to a Wilkinson power divider, which has a resistor placed between the quarter-wavelength transmission lines, then we need to introduce a resistor between the two halves of the slotline, which is technically not feasible. Hence, we need a different approach to introduce the resistive elements. If we take a deeper look at the anatomy of the proposed power dividers, Figure 2.23, we can see that the middle transition is responsible for the wideband power division, while the lateral transitions are responsible for the wideband phase shifting. We need to introduce the resistive elements in the part that is responsible for the power division, but as mentioned earlier, it is not feasible. Thus, we can replace the middle transition with a Wilkinson power divider, which is characterized by the matching and isolation at its output ports. But the Wilkinson power divider, which is totally made of microstrip lines, cannot be directly connected to the slotlines of the lateral transitions. So, as a result, the lateral transitions can be replaced by two double transitions of Type-1 or Type-2, which are microstrip-compatible at all ports. Although Figure 2.23 only depicts the 180 • out-of-phase power divider, however, the same approach can be applied also to the in-phase power divider. In fact, to obtain an in-phase power divider, two Type-1 or two Type-2 transitions need to be connected to the Wilkinson power divider, while, on the other hand, to implement a 180 • out-ofphase power divider, one Type-1 and one Type-2 transitions need to be connected to the Wilkinson power divider. Both types of transitions were designed and optimized in a previous section, and they operate over an ultra-wide bandwidth. Now, all what we need to do is to implement an ultra-wideband Wilkinson power which can operate in the same frequency range of the transitions, and the best way to do this is to implement a A multi-section Wilkinson power divider (Figure 2.24) is composed of multiple couples of quarter-wavelength microstrip lines with gradually decreasing impedance steps from 100 Ω at the input microstrip line, and down to 50 Ω at the output microstrip lines. The gradual impedance steps ensure a smooth propagation of waves in the power divider over a wide bandwidth. Each couple of quarter-wavelength microstrip lines are then terminated with an isolation resistor with a specific value, the presence of the resistors in the circuit makes it lossy, and hence it can be matched and isolated at the output ports. Normally, no power should pass through the resistors as both microstrip lines carry the same voltage. So, theoretically, no power is actually lost in the resistors. Also, the bandwidth of the power divider is determined by the number of the quarter-wavelength sections, that is, if we want to increase the bandwidth of the power divider, we need to increase the number of sections, thus leading to an increase in the size of the power divider. Also, after a certain number of sections, the increase in the bandwidth becomes almost negligible, hence we need to wisely choose the minimum number of sections that can fit in our bandwidth. Although, in our work, we are not constrained by any size specifications, and we prioritize bandwidth and isolation over size.

Power Dividers with Enhanced Isolation

The design method of a multi-section Wilkinson power divider was studied by Cohn [START_REF] Seymour B Cohn | A Class of Broadband Three-Port TEM-Mode Hybrids[END_REF]. By following the guidelines laid in his paper, it turns out that at least a 6section Wilkinson power divider is needed to cover the decade frequency range from 4 to 40 GHz. Based on this, we have calculated the impedance of each section and its corresponding resistor value; the calculated values can be found in the captions of Figure 2.24. As a first step, this calculated set of values is entered into an Advanced Design Systems (ADS) schematic to optimize and tune the structure, stressing mostly on the isolation between output ports. After that, a 3D simulation is performed in CST to confirm the results obtained in ADS, and then, full-wave optimization is performed to ensure maximum bandwidth and isolation. The actual size of the power divider is 8.6 mm×1.8 mm but it was built on a 30 mm×30 mm board for mechanical convenience. The measured S-parameters of the 6-section Wilkinson power divider indicate that the matching bandwidth, at the input port, is between 2 and 45 GHz, although we observe a worse matching compared to simulated results, especially at high frequencies where the mismatch comes, mainly, from the connectors and cables used in measurements. Also, we observe higher insertion loss in measurements due to the change in the imaginary part of the dielectric constant of the used substrate. Moreover, at the moment, there are no measurements available of the output ports matching and isolation due to technical issues and due to an extra delay in the delivery of the high-frequency resistors. However, simulated results indicate that good matching and at least 20 dB of isolation between the output ports can be obtained from 5 to 37 GHz, and at least 15 dB of isolation can be obtained between 4 and 44 GHz. As mentioned before, the enhanced in-phase power divider can be obtained by connecting the 6-section Wilkinson power divider to either two Type-1 or two Type-2 microstrip-to-slotline transitions, while the enhanced 180 • out-of-phase power divider can be obtained by connecting the 6-section Wilkinson power divider to one Type-1 and one Type-2 transitions. Both types of power dividers are depicted in Figure 2.25. Transitions with reduced microstrip lines were used in this design to avoid any abnormal drop in the insertion loss of the circuits. Of course, there is no need to generate an in-phase power divider using this topology, instead, the 6-section Wilkinson power divider can be used directly as it exhibits lower losses and smaller size. However, if an application requires using both in-phase and out-of-phase power dividers with similar performances, that is, if the application requires the same insertion loss in different branches of the system, then using the enhanced in-phase power divider with the enhanced balun may become vital.
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The enhanced power dividers were also built on the same RO4003C substrate and they both occupy an area of 40 mm × 45 mm. The simulated and measured S-parameters of both power dividers can be found in Figure 2.26. Both power dividers are well matched between 4 and 40 GHz, except for a small mismatch around 36 GHz for the out-ofphase power divider. Also, because of some technical issues, the output matching and isolation were not correctly measured, but in simulation, they exhibit the same isolation performance as the Wilkinson power divider over the targeted frequency band. Finally, the maximum amplitude difference between the two output ports is ±1.2 dB and the maximum phase difference is ±10 • . It seems that when the geometry of the power divider contains more bends in the microstrip lines, the phase and amplitude imbalances between the output ports become more severe.

Wideband Antennas

We define a wideband antenna as an antenna that has constant characteristics over a wide bandwidth; characteristics such as matching, gain, radiation pattern, beamwidth, and/or polarization. For our work, we are looking for a directive antenna with relatively high gain (> 5 dBi) and that is relatively compact, preferably planar, and that is easy to design and implement using the available technology. In general, antennas can be classified as traveling wave antennas and standing wave antennas. Traveling wave antennas, also called non-resonant antennas, use a traveling wave on a guiding structure as the main radiating mechanism, where the current that generates the radio waves travels through the antenna in one direction and the vast majority of the radiated power propagates also in that direction. This is in contrast to a standing wave (or resonant) antenna, such as monopoles or dipoles, in which the antenna acts as a resonator, with radio currents traveling in both directions, bouncing back and forth between the ends of the antenna, and thus forming a standing wave pattern along the antenna. The main advantage of traveling wave antennas is that since they are non-resonant, they often have a wider bandwidth than resonant antennas.

One family of traveling wave antennas is the frequency independent antennas described by Rumsey [START_REF] Victor H Rumsey | Frequency independent antennas[END_REF], which is a group of antennas that can maintain constant characteristics, theoretically, over an infinite bandwidth if their geometry is a function of angles, and if they are not constrained by size. This means that the characteristics of such antennas are invariant even if their sizes were scaled up or down. This family of antennas includes equiangular (or logarithmic) spiral antennas, log-periodic antennas, and sinuous antennas, which are balanced antennas that require a balanced feeding. The total size of the antenna determines the lowest frequency radiated by that antenna, and the minimum separation between the feed points determines the highest frequency. So, in practice, the actual realizable bandwidth depends on manufacturing constraints. Also, such antennas are characterized by their bidirectional radiation pattern, which might be suitable, mainly, for relaying applications, but for most applications, the back radiation needs to be suppressed by either adding an absorbent cavity or a reflective cavity at the back of the antenna, which increases the size of the antenna and limits its bandwidth, and in some cases, it might also reduce the gain of the antenna.

In another work, Mushiake [START_REF] Mushiake | Self-Complementary Antennas: Principle of Self-Complementarity for Constant Impedance[END_REF] argued that not only antennas defined by angles can be frequency independent, but also self-complementary antennas can have a frequency independent behavior regardless of the shape of the antenna, at least in terms of input impedance which is always equal to 60π Ω or approximately 188 Ω. Also, he argued and proved experimentally that the log-periodic structure is not frequency independent by nature, but it can be, if it was made self-complementary. Self-complementary antennas can be symmetric with respect to their centers or with respect to an axis. Center-symmetric antennas are necessarily balanced and have a bidirectional radiation pattern, while axiallysymmetric antennas are not balanced, and they have a quasi-omnidirectional radiation pattern. In either case, a matching network is needed to match the antenna's high input impedance to a 50 Ω feed line.

More recently, several works showed that self-similar antennas can exhibit a frequency independent behavior [START_REF] Werner | Frequency-Independent Features of Self-Similar Fractal Antennas[END_REF][START_REF] Puente | Fractal Multiband Antenna Based on the Sierpinski Gasket[END_REF][START_REF] Yang | Fractal Antenna Elements and Arrays[END_REF], mainly, because their geometry is invariant by size scaling. These antennas are designed using fractal geometries such as the Von Koch snowflake, the Sierpiński gasket, the Sierpiński carpet, the Minkowski island, etc. Such geometries are constructed by taking a conventional Euclidean shape and recursively repeating it in a certain pattern, and the shape of the final structure will look like as a part of itself; just like the Russian Matryoshka doll, in which the bigger doll contains a smaller replica. The other main advantage of fractal antennas is that their perimeter can be, theoretically, infinite by occupying a finite area, as opposed to Euclidean shapes that have their perimeters finite and directly proportional to the occupied area. This property permits antenna miniaturization. Fractal antennas can be constructed as monopoles suspended over a ground plane or monopoles with a defected ground plane, and, also, they can be constructed as balanced pairs similar to a bowtie antenna. In any case, their radiation pattern is omnidirectional.

In addition to the above, super wideband monopole antennas [START_REF] Balani | Design Techniques of Super-Wideband Antenna-Existing and Future Prospective[END_REF][START_REF] Cicchetti | Wideband and UWB Antennas for Wireless Applications: A Comprehensive Review[END_REF][START_REF] Li | A Survey of Planar Ultra-Wideband Antenna Designs and Their Applications[END_REF] (Figure 2.30) can provide an extremely wideband matching with a quasi-omnidirectional radiation pattern, although they do not follow any of the previously mentioned criteria of frequency independent antennas. They are usually implemented using two configurations: the monopole can be suspended above a ground plane, in this case the antenna will have a high profile and will need a mechanical support, or they can be implemented by taking a patch antenna and then reducing the size of its ground plane by a certain percentage. The monopole can be of any shape which can be manipulated for more bandwidth. Such antennas are mainly based on empirical approaches and, in most cases, there is no theoretical approach nor equations to support the obtained results or the design process.

( Tapered slot antennas (Figure 2.31) are another family of traveling-wave antennas that does not follow any of the above-mentioned criteria, yet it can provide a frequency independent performance. Basically, these antennas are made of a slotline that is gradually tapered from a narrow width at the input to a wider width at the output, to match the wave impedance at the input to the air impedance at the output, this gives the antenna a directional end-fire radiation pattern with high gain. Several types of tapers can be used with different dimensions to obtain more gain, more bandwidth, smaller beamwidth, reduced side lobes, or more compactness. Conventionally, these antennas were fed by a coaxial cable, which affected the balance of currents on the edges of the slotline, which in turn affects the efficiency of the antenna. Later, microstrip-to-slotline transitions, coplanar waveguide-to-slotline transitions, and microstrip-coplanar stripline transitions were used to feed the antennas, this allows the direct fabrication and integration of the feed lines with the antennas in a coplanar or a uniplanar manner, which is a feature that is highly desirable for integrated antenna arrays.

Apparently, of all of the above-mentioned antennas, the best type of antennas that suits our specifications are the tapered slot antennas, mainly, because they are wideband, simple to design and implement, they are directive with a high gain, and also because these antennas can be fed by a microstrip-to-slotline transition, which we already have designed and optimized, and it operates over an ultra-wide bandwidth. We choose the exponentially tapered slot antenna, or the Vivaldi antenna, as the radiating element in our systems because, for a certain size, it can provide the widest bandwidth as compared to all other tapers, although it might have higher side lobes, wider beamwidth, or lower gain than the others. However, in this work, we are not concerned with implementing a super antenna with super characteristics, rather we only focus on showing that in-band full-duplex technology can be implemented over an ultra-wide bandwidth, regardless of the characteristics of the antenna. Later, the designer can work on enhancing specific characteristics of the system depending on his application requirements. In the light of this, in the next section we present a brief description of the design methodology of the Vivaldi antenna and its obtained performance.

The Vivaldi Antenna

The Vivaldi antenna is an exponentially tapered slot antenna that was proposed by Gibson [START_REF] Pj Gibson | The Vivaldi Aerial[END_REF], and it is characterized by its wideband matching, constant beamwidth, high gain, low side lobes, and a symmetric end-fire beam in the planes that are parallel and orthogonal to the antenna. The first prototype presented by Gibson achieved approximately 10 dBi gain and -20 dB side lobe level over an instantaneous frequency bandwidth extending from below 2 GHz to above 40 GHz. The Vivaldi antenna can theoretically achieve infinite bandwidth, but, in practice, the achievable bandwidth is limited by fabrication limitations and the availability of a wideband feeding structure. The Vivaldi antenna is depicted in Figure 2.32 and it consists of exponentially tapered slotline that is fed by microstrip-to-slotline transition, although it can be fed by other types of transitions. The dimensions of the slotline determines the bandwidth of operation of the antenna as well as the radiation characteristics. For instance, the minimum slotline width W s determines the highest frequency that can be radiated by the antenna, while the maximum slotline width W v , at the top of the antenna, and the length of the slotline determine the lowest frequency. Moreover, as the length of the slotline increases, the gain of the antenna increases, and the beam becomes narrower.

The two exponential tapers of the Vivaldi antenna can be expressed by the following equations:

y = Ae αx + B and y = -Ae αx -B (2.10)
where x is the position across the length of the antenna and y is the position across the width of the antenna. Also, we have:

A = y 2 -y 1 e αx 2 -e αx 1 and B = y 1 e αx 2 -y 2 e αx 1 e αx 2 -e αx 1 (2.11) with x 1 = 0, x 2 = L v , y 1 = W s /2, y 2 = W v /2
, and α is the exponential growth rate of the taper. The designer has the freedom to set the value of the growth rate, in [START_REF] Balanis | Antenna Theory: Analysis and Design[END_REF] it is stated that a higher growth rate gives a higher matching bandwidth, however, our simulations contradict this statement. In fact, our simulations showed that the growth rate has an optimum value for which the obtained bandwidth is maximum, and any value above or below the optimum value reduces the bandwidth. The growth rate in Gibson's work was set to 0.052, and our simulations showed that this value is the optimum value for maximum bandwidth. Also note that the value of the growth rate affects the beamwidth.

Finally, the length of the slotline taper should be greater than a guided wavelength at the minimum operating frequency, and that the maximum slotline width should be greater or equal to the guided wavelength at the center frequency, and at the same time it should be less than or equal to half the guided wavelength at the lowest frequency. The dimensions of the fabricated antenna were chosen to fit in the bandwidth of the feeding microstrip-toslotline transition, which operates from 4 GHz to 45 GHz. For this reason, the maximum slot width was set to a half wavelength at 4 GHz (W v ≈ 20 mm), and the length of the slotline taper was set to one and half wavelength at 4 GHz (L v ≈ 60 mm). Although it is sufficient to set the slotline length to one wavelength at the lowest frequency, here we used an extra half wavelength to get a better matching value at the lower frequencies, this also means that the radiated beamwidth will be narrower.

The simulated and measured return loss and gain of the fabricated Vivaldi antenna are depicted in Figure 2.33, as well as radiation pattern plots at 15 GHz. As expected, 
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( the antenna has a matching bandwidth that is slightly wider than that of the microstripto-slotline transition (4 -47 GHz), where the minimum gain in this bandwidth is 5 dBi and the average gain is about 11.15 dBi. Note that, in order to measure the gain of the antenna over this ultra-wide bandwidth we needed to use three reference antennas: the first covers the frequency range from 2 to 18 GHz, the second one from 18 to 33 GHz, and the third one from 33 to 50 GHz. The three measured gains using the three different reference antennas are plotted in different colors (red, blue, and green). There is a good agreement between the simulated and measured gains of the antenna, although we can notice a slightly higher gain in measurements at lower frequencies, and a slightly lower gain at higher frequencies. Also, the radiation pattern plots at 10 and 15 GHz show that the radiated beam is highly directive, and that the beamwidth in the xz-plane is less than 40 • and less than 50 • in the yz-plane. Moreover, the level of side lobes is -10 dB below the level of the main lobe.

Conclusion

At the end of chapter 1 and at the beginning of this chapter, we have stated that the best self-interference cancellation technique to implement a wideband in-band full-duplex system, with a directive radiation pattern, is the near-field cancellation technique, which requires at least four wideband antennas and two wideband 180 • out-of-phase power dividers. Following these requirements, we have shown that there are two main approaches to implement a wideband 180 • out-of-phase power divider: either by cascading a wideband in-phase power divider with a wideband phase shifter or a wideband phase inverter, or by using wideband hybrids, which might, also, contain phase shifters or phase inverters. So, based on this, we have demonstrated a broad review of the reported wideband inphase power dividers, phase shifters, and phase inverters. In fact, it turns out that the T-junction power divider and the multi-section Wilkinson power divider are the two best devices to implement a wideband in-phase power divider. The T-junction is more compact and simpler to design but lacks isolation and matching at the outputs, while the multisection Wilkinson power divider can provide isolation and matching at the outputs, but it is more complex to implement and occupies a larger area. Also, it turns out that phase inverters can provide more bandwidth than phase shifters, and they are more suitable for high-frequency applications.

After that, we presented the different implementations of wideband 180 • out-of-phase power dividers based on each approach, and it turns out that there are three devices that can operate as a 180 • out-of-phase power divider over a decade of bandwidth. The first device is the 180 • tapered-line coupler which occupies a relatively large area but can provide a good amount of isolation and can be implemented using striplines. The second device is formed by cascading a multi-section Wilkinson power divider with a double balanced-unbalanced transition, which can be more compact than the 180 • hybrid and provide a good isolation level and matching at the output ports but can be more complex to design and implement. And the third device is the balanced-unbalanced T-junction, which is the simplest and the most compact device, but lacks isolation and matching at the outputs. Nonetheless, as bistatic full-duplex systems do not require isolation between the outputs of the out-of-phase power dividers, we decided to use a balanced-unbalanced T-junction for our application.

In particular, we chose the microstrip-to-slotline T-junction to implement our wideband 180 • out-of-phase power divider, which has proved to operate over an extremely wide bandwidth with an extremely compact size, and it does not require any complex fabrication techniques such as vias or wire bonds. For this reason, we demonstrated the theoretical background of microstrip-to-slotline transitions followed by a parametric study, to show how each parameter of the transitions affects their performance. Next, we presented two types of double transitions, one can perform phase inversion while the second cannot. Both transitions were fabricated on RO4003C substrate and they occupy an area of 12 × 4 mm 2 . Their measured S-parameters show a good matching over the 4 -45 GHz band, but we noticed an unusual insertion loss dip at the middle of the band, which was caused by the overlap between the microstrip stub and the slotline stub. To eliminate this dip, we proposed to use a microstrip stub with reduced size to reduce the overlap with the slotline stub.

We also demonstrated the wideband power dividers based on the microstrip-slotline T-junction, which use three microstrip-to-slotline transitions to perform wideband power division and wideband phase inversion. The power dividers were fabricated on the same RO4003C substrate and they also occupy an area of 12 × 4 mm 2 . Their measured Sparameters indicate that they can operate from 3.2 to 42.3 GHz with ±1 dB and ±7 • of amplitude and phase imbalances, respectively. Of course, such power dividers lack isolation and matching at the output ports, so we proposed better power dividers with enhanced output matching and isolation. The enhanced power dividers are composed of a multi-section Wilkinson power divider and two double microstrip-to-slotline transitions, and they occupy a total area of 40 × 45 mm 2 . Their measured S-parameters show that they have good matching between 4 and 40 GHz with ±1.2 dB and ±10 • of amplitude and phase imbalances, respectively, and simulations indicate that more than 15 dB of isolation can be obtained in the band of operation.

Finally, we presented a review of wideband antennas, and then we chose the Vivaldi antenna as the radiating element in our system due to its directive end-fire radiation pattern, wideband performance, high gain, simplicity of design and implementation, and due to the fact that it is fed by a microstrip-to-slotline transition, which we have already designed, optimized, and implemented. After that, we demonstrated the design methodology of the Vivaldi antenna and its parameters, and then, we showed the Sparameters of the fabricated antenna, which occupies an area of 70 × 40 mm 2 and can operate with a 11.15 dBi average gain from 4 to 47 GHz.

Introduction

After presenting the theoretical context of wideband full-duplex systems in Chapter 1 and designing and implementing some wideband devices in Chapter 2, we finally arrive at the stage where we will combine our knowledge and designs to implement the final full-duplex systems. Those systems will be based on the near-field cancellation technique which manages to achieve self-interference by canceling the transmitted electric fields in the nearfield region, where the receive antennas are placed, while allowing the transmitted electric fields to recombine in the far-field region which preserves the radiation characteristics of the system. In fact, this chapter presents three different implementations of the ultrawideband full-duplex antenna systems which are all based on the near-field cancellation technique but with slightly different configurations and characteristics:

1. The first system is a printed circuit board (PCB) system based on the antennas and baluns that were presented in the previous chapter. Also, for this system, a special 3D-printed support is specifically designed to hold and maintain the antennas together. This system is found to be mechanically fragile due to the low substrate thickness and suffers from a radiation problem where two grating lobes are noticed in its radiation pattern alongside the main lobe.

2. The second system configuration is similar to the first one but uses 3D-printed metalized Vivaldi antennas which operate over a narrower bandwidth but are more solid and more durable than the PCB antennas. The 3D-printed antennas are provided with coax-to-slot transitions as a way of feeding which replaces the microstrip-to-slotline transition in the planar antennas. And then the radiation of the system is improved by partially reducing the size of the antennas which helps in reducing the grating lobes level.

3. The third system is formed of a dual-polarized Vivaldi array that is made from Aluminium-machined antennas. The proposed antenna system can transmit and receive simultaneously two orthogonal polarizations while operating in full-duplex mode. The dual-polarized antennas are equipped with novel feeding networks: the first one is simpler and less demanding but causes some imbalances in the radiation pattern of the antenna, while the second feeding is more complex and have more requirements but can restore the balance to the radiation patterns. Both feedings will be presented and compared with one another and with the conventional feeding techniques.

In the following sections, we will explain how each system was designed, built, and measured, what the obtained results are, what the drawbacks of the presented systems are, and what solutions we proposed to overcome these problems. But before going into all of that, it is necessary to present, mathematically, a description of the principle of operation of the near-field cancellation technique. The electrical and physical behavior of the near-field cancellation technique were discussed, in detail, in Chapter 1, but in this section, we try to validate and describe its principle of operation by a mathematical approach. This approach applies to all the systems that are presented in this chapter. So we begin by recalling the basic system configuration required by the near-field cancellation technique, which is depicted again in Figure 3.1. The system is composed of four antennas which are placed on the perimeter of a circle of a fixed radius and are sequentially rotated by 90 • from one another, thus forming two diametrically opposite pairs of antennas, where each pair is orthogonal to the other. One pair is used to transmit while the other is used to receive. Then each pair of antennas is fed signals of equal amplitudes and 180 • out of phase by using baluns. Now, to explain the principle of operation of the proposed system, two approaches are adopted [START_REF] Wu | A Wideband, Unidirectional Circularly Polarized Antenna for Full-Duplex Applications[END_REF]: an inter-port approach that describes the very low power coupling between the input and output ports of the Tx and Rx baluns, and a field approach that presents the electric field behavior in the far-field region where the electric fields combine constructively.

Inter-Port Approach: in order to develop this approach, we find that it is most suitable to work with power waves, where a n denotes the power wave incident at port n and b n denotes the power wave reflected from that port, and accordingly, the total powers carried by each wave are equal to |a n | 2 and |b n | 2 respectively. The flow of power waves in the system is depicted in Figure 3.1 assuming ideal conditions where no mismatch exists between the system components. Now, the output power (P o ) at the output of the Rx balun can be expressed in terms of power waves coming from the receive antennas 1 and 3 as follows: Similarly, a 2 and a 4 can be written in terms of the power wave a i incident at the input of the Tx balun: , then the power coupled from the input port of the system to the output port will be equal to zero. This means that if the Rx antennas are placed along the perpendicular bisector of the Tx antennas, then infinite isolation is, theoretically, obtained between them. This conclusion holds only if the antennas are placed and aligned precisely and if the baluns operate ideally, that is if the two output signals of each balun are of equal amplitudes and 180 • out-of-phase. Nonetheless, in practice, there will be slight misplacements of antennas and imbalances in the amplitude and phase of the baluns' output signals, thus the isolation between the input and the output ports of the system is expected to decrease.

P o = |b o | 2 = |a o + a o e jπ | 2 = |b 1 + b 3 e jπ | 2
a 2 = b i = √ 2 2 a i (3.4) a 4 = b i = √ 2 
Field Approach: Assuming that the antennas are not connected to the baluns and that the antennas are linearly polarized, then each individual antenna element radiates a linearly polarized electric field of magnitude E 0 . The orientation of the individual electric fields are also shown in Figure 3.1 and they can be expressed as follows:

E 1 = E 0 e jπ y
(3.9)

E 2 = E 0 x (3.10) E 3 = E 0 y (3.11) E 4 = E 0 e jπ x (3.12)
Now, if the baluns are connected to the antennas, then the Tx and Rx electric fields can be described as follows:

E T x = E 2 + E 4 e jπ = 2E 0 x (3.
13)

E Rx = E 1 + E 3 e jπ = 2E 0 e jπ y = -2E 0 y (3.14)
Equation (3.13) implies that the electric fields of the two transmit antennas will combine constructively in the far-field region and equation (3.14) implies the same observation for the receive antennas. However, this conclusion only holds if each two opposite antennas are symmetrically rotated with respect to the center of symmetry of the system, i.e. their feeding lines are oriented in opposite directions, and if the antennas are fed signals that are 180 • out-of-phase. The antenna rotation (or feeding line opposite orientation) condition is especially critical, otherwise, electric fields will combine destructively in the far-field, which creates a far-field null, and thus the system will not be able to transmit or receive in the direction of this null.

Note that if the system is not symmetric, that is, if the number of transmit and receive antennas is not the same or if they are fed differently, differences between the transmit and receive far-field radiation patterns will emerge, thus it is extremely favorable to maintain high symmetry in the system. For this same reason, the transmit and receive antennas should be placed at the same distance away from the center of symmetry of the system, that is, they should be placed on a circle and not an ellipse. The antennas can be tangent or normal to the circle or could form any angle with the circle in general and can still achieve the same level of self-interference cancellation, however, this affects the total size of the system and the orientation of the radiation pattern. In addition to that, significant grating lobes can be observed in the far-field radiation pattern if the separation between the opposite antennas is greater than a half-wavelength at a certain frequency.

PCB System

The first wideband full-duplex system in this chapter uses of the printed antennas and baluns that were designed in Chapter 2. The system is depicted in Figure 3.2 where the substrates were omitted for better clarity. To implement near-field cancellation, four Vivaldi antennas are placed on the perimeter of a circle and sequentially rotated by 90 • around its center, and then they are connected to the microstrip-to-slotline baluns using phase-paired cables. In this case, the antennas are tangent to the circle and thus they form a box-like shape, though they can be placed normal to the circle and form a crosslike shape as in Figure 3.5(a) and still obtain the same system performance. But for now we are going to stick with the box configuration because it is more compact. Moreover, recall that in order to avoid a null in the far-field region the feeding lines of the opposite antennas need to be oriented in opposite directions, otherwise the electric fields will fail to recombine in the far-field region. The orientation of the feeding microstrip lines of the Vivaldi antennas is shown in the background image in Figure 3.2, where the antennas were made translucent, also, for better clarity.

System Assembly

As mentioned before, in order to achieve self-interference cancellation and ensure proper system performance, it is of great importance to preserve a high symmetry when assembling the system, that is, the antennas should be placed exactly at the same distance away from the center of symmetry. While it is easy to place the antennas precisely and symmetrically in a simulation environment, yet, in practice it cannot be guaranteed. Moreover, it was noticed that the fabricated antennas tend to bend naturally due to the low thickness of the used substrate (203.2 µm), which also contributes to the asymmetry of the system. Also, the thickness of the substrate makes them very fragile and prone to fracturing, mainly, due to the tension exerted by the feeding cables and connectors. To resolve those mechanical issues, a 3D-printed support is designed and fabricated to ensure precise antenna placement, to reduce antenna bending and to hold it fully erect, and to absorb mechanical tension from the feeding cables and connectors.

The 3D-printed support is shown in Figure 3.3 with the Vivaldi antennas installed in it. The support is made of the synthetic plastic polymer Polyvinyl-Chloride (PVC) with ε r ≈ 3, and Polytetrafluoroethylene (PTFE, ε r ≈ 2.1) screws are used to fix all the printed parts together. The support is designed such that it only grasps the edges of the antennas and is kept sufficiently below the top of the antenna to ensure that it does not affect its matching or performance. Before installing the antennas inside the 3D-printed support, Southwest 2.92 mm connectors are mounted on all devices, and four Keysight N5448B phase-paired cables (±5 ps skew) are used to connect the antennas to the baluns. Then, finally, the two-port measurements are made with Rhode&Schwarz ZVA67 vector network analyzer.

System Performance

The simulated and measured characteristics of the system are depicted in Figure 3.4. Note that simulations were done taking into account the PTFE screws and the 3D-printed support, which was modeled using a lossless dielectric material having ε r = 3. Also, simulations take into account the extra separation distance between the antennas as per the fabricated design in Figure 3.3(b). Moreover, the simulated S-parameters of the system were obtained by combining, in a 2D-schematic, the simulated S-parameters of the baluns and the simulated S-parameters of the antennas with the 3D-printed support. This means that the signals entering the antennas are not ideal, that is they are not perfectly of equal amplitudes and 180 • out-of-phase, but rather they are subject to the phase and amplitude imbalances of the baluns. This also means that the phase-paired cables and the 2.92 mm connectors were not considered in simulation. shows that the measured self-interference cancellation level is higher than 50 dB starting from 4 GHz and up to 50 GHz. The measured matching seems to be better than the simulated one, this can be attributed to the higher insertion losses of the fabricated balun and also to the power losses resulting from the phase-paired cables and the 2.92 mm connectors, which were not considered in simulations. While these losses reflect positively on the system's matching, yet they reflect negatively on the measured gain of the system, which is depicted in Figure 3.4(e). Also, figures 3.4(c) and 3.4(d) depict sample radiation pattern cuts at 10 and 15 GHz respectively, where good agreement between simulated and measured results is observed. The far-field cuts reveal that highly directive main lobes are present, in the xz-plane, with two significant grating lobes that are 5 dB less than the peak of the main lobe, however, all other side lobes are at least 15 dB below the peak of the main lobe.

The grating lobes are present because the separation distance between the two opposite antennas is higher than a half-wavelength at 10 and 15 GHz, and their level continues to increase with frequency, as depicted in Figure 3.4(f). Similar results were observed in other publications on Vivaldi arrays [START_REF] Chan | Decade Bandwidth Circularly Polarized Antenna Array[END_REF]. This phenomenon can be considered as a major drawback of the system, though it cannot be avoided unless the separation distance between the antennas is reduced. However, for the presented Vivaldi array, this cannot be totally feasible because the separation distance is limited by the width of the single antenna element, which is usually equal or greater than a wavelength at the central frequency, or equal or smaller than a half-wavelength at the lowest frequency. This means, for such wideband system, whatever the antenna width is, there will always be a portion of the bandwidth (the higher frequency range) where the grating lobes are present. 

Alternative Configuration

In an alternative configuration, the four Vivaldi antennas can be placed as shown in Figure 3.5(a), where the antennas are still placed on the perimeter of a circle and sequentially rotated by 90 • around the center of the array. However, the antennas are forming a cross-like shape and their edges are adjoined at the center of the array. This cross-configuration has a near-identical performance to the array presented previously, but it has a bigger size compared to the previous array. The main advantage of this configuration is that it allows the integration of the feeding balun on the same board with the two opposite antennas as in Figure 3.5(b), which eliminates the need for phase-paired cables and connectors between the balun and the antennas. This in turn might reduce the phase and amplitude imbalances between the signals entering the antennas, hence we would expect the level of self-interference cancellation to increase, and also it reduces the losses from cables and connectors which might enhance the radiation efficiency of the system.

Two major challenges arise when trying to assemble all the antennas with their integrated baluns in one system: (1) there will be two boards, each with two antennas and one balun, and they need to be placed orthogonally to each other at their centers, thus we need to have some small cuts in each board to hold them together at the correct position. (2) the two integrated baluns will be at the center of the array and thus they will bisect each other, which will totally impair their matching. Having small cuts in the boards is tricky, because although it is possible to make those cuts by the available technology, but the fragility of the printed boards will be obstructive since the boards are extremely prone to fracturing and inducing those cuts will aggravate the problem more. Also, we have conducted several attempts to avoid the bisection of the baluns by moving them horizontally and vertically away from the center of the array and from one another, however, unfortunately, we could not restore matching to the system. Apparently, the baluns are sensitive to objects in their vicinity, and they must be sufficiently far away from any other objects to be able to operate properly. Thus for these reasons we were not able to make this configuration work and we abandoned the idea, although it is highly advantageous and might deserve more investigation and development in a future work.

3D-Printed Vivaldi Antennas

The proposed PCB system has proved that in-band full-duplex technology can be implemented over an ultra-wide bandwidth with a decent amount of self-interference cancellation at the antenna level. However, the mechanical durability and the solidity of the system are a major drawback in practice, as the system might suffer a severe damage from a relatively light force -for example, the tension from the cables-and it requires much attention and care while working with the fabricated devices. The cause of this problem is the very low thickness of the substrate used to fabricate those devices, which is needed to operate in the high frequency range and provide the wideband performance. Thus, as a first solution, one can increase the thickness of the substrate while sacrificing a portion of the bandwidth. Nonetheless, the highest substrate thickness, that is commercially available, is approximately 1.6 mm, which can solidify the fabricated devices more and strengthen their resistance to external forces, but it does not totally solve the problem and more thickness is needed. Also, once the substrate thickness is changed, we need to redesign and re-optimize the microstrip-to-slotline transition, which is the basic building block in all the fabricated devices, and this will be time consuming. Moreover, even if we increase the thickness of the substrate, we still need the 3D-printed support to position and align the antennas, and we desire to get rid of it. Perhaps, the better solution is to abandon the printed-circuit boards and fabricate the Vivaldi antennas on thick metallic sheets, which are more solid, more rigid, and more resistant to pressure. And, moreover, all the antennas can be assembled together as one block without the need for an external support, maybe by screwing or soldering them together.

Single Antenna Design

In order to build the antennas on a metallic sheet, several manufacturing technologies could be considered: metal machining, metal molding, metal 3D-printing, or metallizing a 3D-printed dielectric. Before choosing any of these technologies, we need to consider their advantages and disadvantages, especially in terms of production cost, production time, and precision. For the initial prototype and lab trials, it is sufficient to use the standard 3D-printing technology to print the antennas as dielectric parts and then metallizing those parts, however, for commercial and mass production, metal machining or molding might be better. Whatever the technology is, a new way of feeding the antennas is needed, which has to take into consideration the effect of the thickness of the metal on the matching of the system, and it needs to incorporate a coax-to-slot transition, as in Figure 3.6.

In fact, the thickness of the metal in printed-circuit boards is usually neglected when calculating the impedance of the slotline, mainly, because the thickness is insignificant (typically ≤ 35 µm). However, this does not mean that the thickness of the metal has no effect on the slot impedance, especially when the thickness starts to increase significantly. Based on this, we denote here the slotline which is built on printed-circuit boards as thin slot, and the one built on thick metallic sheets as thick slot. Note that, for thin slot, there are three factors that determine its impedance: the slot width, the permittivity, and the thickness of the substrate. However, on the other side, the thick slot uses no substrate and is totally surrounded by air, and hence, the only two factors that determine its impedance are the slot width (W s ) and the metal thickness (T ). Unfortunately, there are no closed-form equations, in the literature, that describes the variation of the thick slot impedance as a function of its width and thickness, thus we needed to obtain the impedance values empirically by full-wave simulations.

The results of the full-wave simulations indicate that the impedance of the thick slot increases if the slot width (W s ) is increased or if the metal thickness (T ) is decreased. However, the variation of the impedance is not linear with respect to the variation in the slot width or thickness and is rather exponential. Also, a slight change in the slot width has a major impact on its impedance and a great change in the metal thickness has a minor impact on the impedance. Multiple values of the slot width and thickness can yield the same impedance, thus before choosing the dimensions of the thick slot, which will determine its impedance, we need to take into consideration several factors: If a coaxial line with 50 Ω is to be used to feed the antenna, then the impedance of the slot needs to be designed to match the impedance of the coaxial feed.

The antennas need to be thick enough to endure external pressure and to not break easily or bend. So, according to our experience with 3D-printed parts, a thickness of 5 mm can be sufficient. Also, the thickness of the antennas needs to be greater than the outer diameter of the coaxial feed (T > D o ), which will be embedded inside the body of the antenna.

Manufacturing technology limitations and whether it can provide a narrow slot width (W s ) for a relatively thick metallic sheet. Keep in mind, that the minimum slot width determines the highest frequency that can be radiated by the antenna.

Based on the above specifications we have extracted, by simulation, the different slot widths, and metal thicknesses to obtain a 50 Ω thick slot, and their values are plotted in the graph of Figure 3.7. We chose the slot width (W s ) to be 1 mm in order to respect the 3D-printing limitations, and the corresponding metal thickness (T ) was found to be 5.6 mm. The chosen slot width limits the highest frequency of operation to around 25 GHz, yet the obtained bandwidth is still very wide and can cover multi-standard applications.

After that, we needed to choose a coaxial feed line with an outer diameter that is sufficiently less than the thickness of the metal (D o < T ), and we found several coaxial cables that can satisfy this requirement. But there is another condition that also needs to be satisfied for optimum matching. In fact, our simulations revealed that, for better matching between the coax and the thick slot, the difference between the outer radius and the inner radius of the coaxial line need to be exactly equal to the slot width ((D o -D i )/2 = W s ), otherwise the matching is degraded. Commercially available coaxial lines come in preset dimensions, and the ones that can almost satisfy our requirements are the 0.141-inch cables (D o = 3.58 mm); though one can ask for customized coaxial parts with specific dimensions. Finally, after satisfying the impedance matching conditions between the coaxial line and the thick slot, a slot stub is needed to transition from coax to thick slot and to ensure proper matching; just like the microstrip-to-slotline transition, however, here we use a stub of a circular shape.

The radius of the slot stub (R s ) will determine the lowest frequency of matching, while the length of the exponential taper and the width of the aperture will determine the lowest frequency of radiation. The radius of the stub was initially set to 10 mm and it provides a matching bandwidth down to 2 GHz (according to our simulations). Ideally, we would like the antenna to radiate properly at 2 GHz, however, this demands to set the length of the exponential taper to at least one wavelength (λ = 150 mm) and the width of the aperture to a half wavelength, which means that the size of the antenna will be relatively big. If fact, we are not limited by any size specifications, nonetheless, the 3D-printer has a limit on the size of the printed objects, such that big objects, which might exceed the size limit, need to be printed in several parts and then assembled after. For us, it was more important to print the antennas as one piece to ensure that they will be sufficiently robust and solid. Thus, to be consistent with the 3D-printer limitations, we decreased the length of the exponential taper to one wavelength at 3 GHz (λ = 100 mm).

Figure 3.8 demonstrates the simulated and measured return loss and gain of the 3Dprinted Vivaldi antenna. The simulated matching bandwidth starts from 2.25 GHz and goes up to 26.4 GHz, but, on the other hand, the measured bandwidth spans the frequency range from 0.8 to 18.6 GHz. The measured bandwidth is shifted to the left of the frequency axis with respect to the simulated bandwidth. Several retro-simulations were conducted in an attempt to find out the cause of the bandwidth shift, taking into consideration every possible imperfection that might generated during fabrication, but unfortunately, we could not reach a definitive conclusion about the cause of the bandwidth shift. In fact, multiple defects in the 3D-printed prototype might be present:

1. The 3D-printing process has its own tolerances, so it is not guaranteed that the spacing between the flares of the antenna (the slotline width) have the same value of the simulated model.

2. After the 3D-printer finishes printing the antenna, it is immersed in a hot liquid metal bath, for a certain amount of time, to become metallized. The heat exposure from the metal bath manages to deform the antenna, and the misalignment between its flares become more significant.

3. Although the 3D-printed antenna is more solid and rigid than the PCB one, but, after all, if a sufficient force is applied to it, for example if the antenna is squeezed by hand, the antenna flares can bend or move closer to one another.

The change in the separation between the flares can cause the slot impedance to change, which means that we would expect some mismatches in measurements, but this does not explain the shift of the entire bandwidth. shows that the simulated gain starts with 5 dBi at 2.25 GHz and continues to rise throughout the matching bandwidth, and it reaches a peak value of 11.3 dBi at 21.5 GHz, then it drops down to 6.65 dBi at 26.4 GHz. On the other hand, the measured gain follows a curve similar to the simulated one, however with some degradation throughout the bandwidth and a significant drop around 18 GHz. The general degradation in the gain can be attributed to the lossy nature of the metal used in the fabricated prototype. In fact, in simulation, the antenna was modeled as a perfect electric conductor (PEC) which has, ideally, infinite conductivity, no losses, and extreme surface smoothness, in contrary to the metal used in fabrication which has finite conductivity, more losses, and some surface roughness (we did not receive any information about these parameters from the manufacturer), which can explain the lower gain in measurements. Moreover, the gain drop around 18 GHz can be attributed to the frequency limitation of the anechoic chamber and the equipment used for measurements (the reference antenna, cables, connectors...), which can operate properly up to around 18 GHz but beyond that the obtained results are less reliable.

The Full-Duplex System

The full-duplex system proposed in this section has a similar principle of operation to the PCB system presented previously, and it consists of a four-element 3D-printed Vivaldi array and two Microstrip-to-slotline baluns. The four Vivaldi antennas were 3D-printed in one process in a box configuration as shown in Figure 3.9, and the two baluns were designed to operate in the frequency range from 2 to 20 GHz. At the bottom of the antenna array a small square metallic base is added to function as a support which holds the antennas together, and to act as a reflector to reflect the back radiated waves back to the direction of the main lobe. Finally, four Keysight N5448B phase-paired cables, which were used previously, are used here to connect the baluns to the antennas. Figure 3.10 depicts the simulated and measured parameters of the proposed system where discrepancy between simulations and measurements can be observed. For instance, the simulated matching bandwidth starts at 3 GHz and ends at 19.5 GHz, and it seems that the matching level is not very good where some spikes in the curve almost reach -10 dB. On the other hand, the measured matching bandwidth spans the frequency range GHz and the matching level seems better than simulation. Maybe the better matching in measurements can be a related to the losses of the used devices (baluns, cables, connectors...) which reflect positively on the measured return loss. In addition to that, Figure 3.10(b) reveals that the simulated self-interference cancellation level remains under -100 dB throughout the bandwidth, except for some spikes at some frequencies, while the measured cancellation remains below -40 dB at the low frequency side and above -80 dB at the high frequency side. Difference between the simulated and measured cancellation levels are expected because in simulation an ideal balun is used while in measurements the balun has phase and amplitude imbalances, and also due to the imperfections in the 3D-printing process, which were discussed previously and which lead to misalignment between the different elements of the antenna array.

The simulated system gain in Figure 3.10(c) gets higher than 10 dBi starting from 3 GHz and maintains an average value of 12.5 dBi, while the measured gain reaches 5 dBi at 3 GHz and maintains an average value of 9.783 dBi, then it starts dropping again around 18 GHz. This is perhaps caused by the frequency limitations of the equipment used in measurements which do not provide reliable results around and beyond 18 GHz. Of course, the gain in measurements was expected to be lower than the simulated one due to the high losses in the fabricated baluns. Finally, Figure 3.10(d) depicts sample radiation pattern cuts at 10 GHz, and it seems that there is a good agreement between simulation and measurement in the xz-plane, in general, where a main lobe and two grating lobes are observed, while all other side lobes at least 10 dB below the main lobe level. The presence of the grating lobes is related to the fact that the antenna separation is higher than a half wavelength at the measured frequency. On the other side, in the yz-plane, the simulated and measured main lobes are highly similar, but there is a difference in the side lobes level. It seems that the fabricated antenna has two significant back lobes, which are 10 dB below the main lobe level, but remain much higher than simulation. It is surprising to have back lobes in measurements especially that the antenna is equipped with a small square reflector at its base, which should, normally, force the energy to radiate to the front of the antenna. We assume that some of the currents flowing on the surface of the antenna manages to reach the reflector, and the reflector in turn radiates those currents from its edges.

Grating Lobes Reduction

The grating lobes are present in both the PCB and the 3D-printed systems and they result from the separation distance between the antenna elements which is higher than a half-wavelength beyond a specific frequency. The level of the grating lobes continues to increase with frequency, and it starts to approach the level of the main lobe at the higher frequencies. To eliminate or reduce the grating lobes the separation distance between the opposite antennas needs to be decreased, however, the separation distance is limited by the size of the antenna, and in particular the width of the antenna. Reducing the overall size of the antenna can degrade its matching and gain and can reduce its bandwidth. So, instead of reducing the size of the entire antenna we can reduce partially the size of some parts, and the partial size reduction is based on the following rationale: the high frequency radiation of the antenna is generated by the bottom part of the exponential slot taper, while the low frequency radiation is generated by the upper part of the exponential slot taper. Since the grating lobes are more significant at higher frequencies than at lower frequencies, then by reducing the separation distance between the bottom parts of the exponential slot tapers of the opposite antennas, while preserving the same distance between the upper parts of the exponential slot tapers, can help in reducing the level of the side lobes at higher frequencies without affecting the performance of the full-duplex system.

To better visualize this idea, let us take a look at Figure 3.11 which depicts how the size reduction of the single antenna element will be, and how the final full-duplex antenna array looks like. The width at the top of the antenna is kept the same while the width at the bottom is reduced, this allows to bring the antennas closer to each other at the bottom and reduce the separation distance at higher frequencies, while keeping the same separation at lower frequencies and maintaining the overall geometry of the antenna, which in turn preserves the matching and gain of the antenna. Bringing the antennas closer to each other at one end while keeping them fixed at the other end means that the antennas must be tilted slightly in the full-duplex array, which does not look like a box anymore and it looks like an inverted pyramid, just like horn antennas. The tilt angle was found to be about 10 • . Finally, note that, a fabricated prototype of the modified array is not available at the moment and is currently under construction, so we are only going to present the simulated results in Figure 3.12 assuming that the array is being fed with an ideal baluns, i.e. there are no losses and phase and amplitude imbalances between their output ports. Now, the radiation pattern cuts in Figures 3.12(a) and 3.12(b) confirm the validity of the proposed approach, where it is observed that the grating lobes were reduced by 5 dB at 10 GHz and by 9 dB at 15 GHz, and in addition to that, side lobes in general were also reduced. The reduction in grating and side lobes means that more power will be radiated through the main lobe, which translates into a higher system gain. This is partially validated by Figure 3.12(c) where the gain of the modified system becomes higher than that of the original design starting form 8 GHz, although the modified system gain drops below the original system gain at some frequencies, in particular around 7 GHz, 14 GHz, and 18 GHz. This indicates that the approach is failing around those frequencies. After inspecting the radiation pattern plots at those frequencies, it was observed that although the grating lobes were reduced, yet some side lobes, at other angles, managed to grow bigger in size and consume some of the system's gain. This means that the proposed approach is a double-edged sword that can reduce the grating lobes on one hand, and at the same time, can cause other unwanted side lobes to grow bigger on the other hand. But if we consider the frequency range from 8 to 13 GHz, we can say that the approach works perfectly. Finally, Figure 3.12(d) shows that the level of self-interference cancellation of the modified system is slightly degraded with respect to the original system especially as the frequency increases. In fact, this observation is normal, because the level of cancellation is also affected by the distance of separation between antennas, as this distance increases the level of cancellation increases and the distance decreases the level of cancellation also decreases. Since we partially brought the antennas closer to each other at the bottom side, where the high-frequency radiation takes place, the level of cancellation is expected to decrease as the frequency increases.

Dual-Polarized Full-Duplex Array

Our previously designed systems can operate with orthogonal linear polarizations (vertical and horizontal) for the transmit and receive antennas, however, one feature that some applications might require is simultaneously transmitting and receiving both types of polarizations, for example, in base transceiver stations that transmits both polarizations to make sure that the mobile user will receive a reliable signal regardless of his position and the alignment of the mobile antenna with respect to the base station. Hence, implementing a wideband dual-polarized full-duplex system might be interesting in this case, and to achieve that we need wideband dual-polarized antennas. We still want to use near-field cancellation as our wideband self-interference cancellation technique, so we need four dual-polarized antennas, and we want to make use of the Vivaldi antenna designs that we have already developed. Nevertheless, the Vivaldi antenna can only radiate a single linear polarization (vertical or horizontal) and it needs to be modified in order to radiate the orthogonal polarization simultaneously. In fact, a dual-polarized Vivaldi antenna can be obtained by placing two single elements orthogonal to one another as in Figure 3.13, and the two antenna elements are fed simultaneously by using a power divider. This conventional way of forming dual-polarized Vivaldi antennas has its own drawbacks, which are mainly related to its feeding. So, in the following section, we discuss the single dualpolarized antenna design and the drawbacks associated with it, then we present a novel way of feeding the antennas to overcome those drawbacks. And after, we present the full-duplex array that uses four single dual-polarized antennas.

Single Antenna Design

The conventional way of building a dual-polarized Vivaldi antenna is depicted in Figure 3.13 where two single Vivaldi elements are put together and orthogonally placed with respect to one another. This means that the coax-to-slotline transitions that are feeding each antenna must overlap, which results in several drawbacks: 1. In this configuration, four flares need to be grouped near the center of the system, but the orthogonal flares must not come into contact with each other otherwise the antenna will not work. Thus to prevent them from touching each other, the separation between the opposite flares (W s ) must be greater than the thickness of the flare (T ). However, since the flare thickness is about 5 mm in our case, the separation between the flares must be at least 6 mm for example (depending on fabrication tolerances). A 6 mm slot will have a very high impedance and will not be matched to the 50 Ω coaxial line, thus the separation between the flares cannot be increased randomly and without limit. Usually, as a compromise between the flare separation and the slot impedance, the flares near the center of the system are chamfered, which reduces their thickness and gives more space to bring them closer. Ideally, we would like to get the width of the chamfered (W ch ) edge as low as possible, but this is limited by the ability of the fabrication process to provide a very low metal thickness and the mechanical fragility of the thin metal.

2. The impedance of the slot, in this case, is not only controlled by its width and thickness but also by two additional parameters that enters the equation. The first parameter is the number of the flares that surround the slot, where the slot now is confined between four flares instead of two, and the second parameter is the chamfering of the flares (W ch ), which might affect the slot impedance slightly but should not be neglected. So, the four parameters that control the slot impedance need to be selected carefully to meet the mechanical limitations, which increases the complexity of the antenna design.

3. To prevent the coaxial lines of the orthogonal antennas from intersecting near the center of the system, one of them needs to be alleviated above the other.

The alleviated coax can obstruct the waves passing through the slot from the orthogonal antenna which affects its radiation performance. Moreover, the antennas are optimally matched if the feeding coax is closer to the matching stub, but since the alleviated coax is more distant from the stub, then the antenna with the alleviated coax will suffer from matching degradation. So, in summary, the conventional way of feeding the dual-polarized Vivaldi antenna generates differences in matching and radiation between the orthogonal antenna elements.

Based on the above, the first step to build the dual-polarized antenna is to decide the values for the chamfered edge thickness (W ch ) and the separation between the opposite flares (W s ), which were chosen to be 1 mm and 2.5 mm, respectively, taking into consideration the mechanical limitations of the fabrication technology. The calculated slot impedance for the chosen values was found to be around 100 Ω, which means that a significant mismatch between the slot and the coax will be present, and that will greatly narrow the bandwidth of operation of the antenna. But since our goal is to build a wideband dual-polarized antenna, we needed to find another way of feeding it that can have wideband matching and that can preferably eliminate the matching and radiation differences between the orthogonal antenna elements, which are consistent with the conventional way of feeding.

The principle of the new way of feeding, which is depicted in Figure 3.14, is to transfer the position of the feeding point from the center of the antenna to its sides, which is achieved by bending the bottom slot to one side of the antenna, such that the slot stub and the feeding coax are not any more at the center of the antenna. So, by doing this we eliminate the overlap between the feedings of the two antenna elements, which means that they will both have similar matching and radiation performances. But the most prevailing feature of this feeding technique is the additional freedom to choose the width of the side slot, which can be made to match the impedance of the coaxial line, and hence the antenna can now be matched over a wide bandwidth.

Single Antenna Implementation and Performance

The mechanical defects which are associated with the 3D-printing process, especially the misalignment between the antenna flares, motivated us to explore alternative ways to produce more mechanically reliable parts, while trying to preserve the electrical behavior of the antenna. After weighing the different possibilities, we concluded that building our antennas from a metallic material using computer numerically controlled (CNC) machining, which takes a block of metal and carves it into the wanted shape by performing a series of mechanical processes (cutting, milling, drilling...), is the best alternative for 3D-printing because we assume that metallic antennas will be more precise with the flares alignment and they will be more immune to deformation resulting from external mechanical pressure or force. But of course, the process has its own tolerances.

The fabrication of the dual-polarized Vivaldi antenna is not complete at the time of writing this manuscript, so only simulation results will be presented in this section. It is good to note that the antennas were modeled in the 3D-simulator as lossy Aluminum with finite conductivity and high surface smoothness, however, in practice, the surface of the antenna might be rough, which can slightly affect the surface current distribution on the antenna flares and consequently their radiation. It can be noticed from Figure 3.15 that the antenna is matched from 3.5 GHz to beyond 20 GHz with an average 10 dB level of cross-polarization between the orthogonal antennas and 8 dBi level of average gain for a single polarization. However, the radiation pattern plots point to a major drawback of this antenna where it can be noticed that the radiation patterns are not symmetric and more power is being radiated toward the right side of the antenna, in particular toward the feeding point. The asymmetry in the radiation patterns is less noticeable at lower frequencies and becomes more significant as we go higher in frequency. This asymmetry is attributed to the surface current imbalance caused, mainly, by the bend in the slotline, which means that the flare directly above the feeding point carries currents that are higher in amplitude and in phase than the currents flowing on the opposite flare. We are going to address the radiation pattern asymmetry of a single dual-polarized antenna in a later section, but in the next section we are going to present the full-duplex array using the current antenna design, but we expect for the array to have more symmetry in its radiation pattern because of the symmetric placement of the antennas in the array. This means that we are still expecting to see some anomalies in the array radiation patterns but they will be less significant as compared to the single antenna.

The Full-Duplex Array

The dual-polarized full-duplex array is also based on the near-field cancellation technique, thus four dual-polarized Vivaldi antennas need to be placed and sequentially rotated by 90 • with respect to one another around the center of the array as in Figure 3.16, and each two opposite antennas will be used to transmit or receive. Now, for the array to operate in full-duplex mode each couple of opposite antennas need to be fed signals of opposite phases by using a balun, also each single dual-polarized antenna has two ports that must be fed simultaneously using a power divider, thus, in total, the array needs at least two baluns and four power dividers to operate as a dual-polarized full-duplex system. A schematic of the array feeding network is depicted Figure 3.16(c) and it shows the signal phases at each port of the array. In fact, two types of feeding networks were considered in simulation: an ideal feeding network based on ideal power dividers and baluns (no losses and no phase and amplitude imbalances) to show the ideal performance of the array, and the second network was formed from S-parameter files of commercially available baluns and power dividers from Marki Microwaves (Balun Model: BAL-0026

[466] and Power Divider Model: PD-0126 [467]). The simulation with commercial devices can give an initial estimation of the expected matching and self-interference cancellation levels of the full-duplex array that will be fabricated. Figure 3.17(a) shows that the matching bandwidth of the array using ideal components is from 3 to 10.5 GHz, while the matching bandwidth using commercial devices starts around 2 GHz and goes beyond 20 GHz. The difference in matching between ideal and commercial devices can be attributed to the losses in the commercial devices which translates into more power dissipation and less power reflection to the input port, however this will impact the gain of the array. Moreover, Figure 3.17(b) indicates that the ideal level of self-interference cancellation can be around 120 dB, but the actual level of cancellation using commercial devices can be around 40 dB at the low frequency side and can reach 80 dB at the high frequency side. Moreover, the radiation pattern plots in figures 3.17(c) and 3.17(d) indicate that the radiation pattern of the array has become more symmetric, as expected before, but the number and level of grating lobes are increasing with frequency. The presence of the grating lobes is expected and has been observed in all the other systems that we demonstrated previously, and they result from the separation distance between the opposite antennas if it is greater than a halfwavelength at a certain frequency. The level of the grating lobes increases as the separation distance increases, while the number of the grating lobes increases when the separation distance becomes greater than a multiple of half-wavelength. In fact, the size of a single antenna is 72.5 × 72.5 × 130 mm 3 and that makes the minimum separation distance between the opposite antennas about 10 cm, which is equal to a wavelength at 3 GHz, and this means that the grating lobes are present at all frequencies in our band, and their level and number will increase with frequency. Finally, the array shows a gain better than 10 dBi almost throughout the entire band.

Balanced Dual-Polarized Vivaldi Antenna

The dual-polarized Vivaldi antenna presented in the previous section presented good wideband performance but with asymmetric radiation patterns, which we think that it is caused by the current imbalances between the two antenna flares due to the slot bend, however this is not the only cause. In fact, the presented antenna has only one coaxial feed for each of the two antenna elements forming it, and the coax is by nature an unbalanced transmission line where the currents flowing on its inner conductor are not equal to the currents flowing on its outer conductor. But, since the outer conductor of the coax is connected to one flare of the antenna element and the inner conductor is connected to the opposite flare, the currents that will be flowing on the opposite flares will be out-of-balance which can affect the symmetry of the radiation pattern of the antenna. In order to balance the currents on the opposite flares, two coaxial lines can be used for each antenna element (four in total for the whole antenna) as depicted in Figure 3.18, and each coax will pass through one of the opposite flares. The outer conductors of each coax will be touching the flares while their inner conductors will be joined at the center of the antenna, and after that the coaxs will be fed signals that are 180 • out-of-phase by an external balun. If the balun is ideal, then the outer conductors of both coaxs should carry equal currents with opposite phases, and the same can be said about their inner conductors. The equal currents on the outer conductors will flow to the flares and will get radiated, which restores the symmetry of the radiation pattern, while the currents flowing on the inner conductor will cancel each other at the center of the antenna.

Balancing the Vivaldi antenna can not only make the radiation pattern more symmetric, but it can also increase the level of cross-polarization between the orthogonal antenna elements. This is a feature that many applications might desire and in particular in-band full-duplex: instead of using both antenna elements to simultaneously transmit or receive for dual polarization, one antenna element can be used as a transmit antenna while the orthogonal element can be used as a receive antenna. The high cross-polarization level between the orthogonal antenna elements translates into high self-interference cancellation for in-band full-duplex. However, balancing the Vivaldi antenna using the conventional way of feeding, where the feeding point is at the center of the antenna and one coax is alleviated above the other, can increase the complexity and difficulty of the antenna design, in particular matching the slot impedance to the coax impedances. Also it can lead to differences in matching and radiation between the orthogonal antenna elements, as discussed before, and it can also restrict the bandwidth.

To eliminate those problems we propose a new way of balanced feeding based on the novel feeding technique presented in the previous section, which transfers the position of the feeding point from the center of the antenna to its sides. The new balanced feeding way is shown in Figure 3.19 where two side slots are horizontally connected to the center slot, and each side slot is terminated with a matching stub and is fed by a 50 Ω coaxial line. Of course, the side slot width is designed to match the slot impedance to the coax impedance. Finally, the coaxial lines will be then connected to an external balun to obtain the out-of-phase feeding. Thus in total two baluns are needed to feed each individual polarization. It is also good to mention that the balanced antenna can be used also to generate circular polarization instead of dual linear polarizations, but the feeding network must be modified such that the phases at the four ports of the antenna must be 0 • , 90 • , 180 • , and 270 • consecutively.

Simulations were also conducted using an ideal balun and a commercial balun (the same as before) to show the ideal performance of the antenna and to have an estimation of the performance of the antenna that will be fabricated. Figure 3.20(a) shows that the matching bandwidth of the balanced antenna using an ideal balun starts at around 4 GHz and extends to beyond 20 GHz, while the simulated bandwidth using the commercial balun starts around 3 GHz and goes up to 20 GHz, however, it is noticed that the matching level of the commercial balun is worse than that of the ideal balun around the center of the band. Moreover, Figure 3.20(b) shows that the ideal level of cross-polarization is more than 100 dB, while it is more than 20 dB for the commercial balun. This indicates that we have obtained at least 10 dB more of cross-polarization using the balanced feeding as compared to the unbalanced one. In addition to that, the radiation pattern plots in Figures 3.20(c) and 3.20(d) proves the validity of the balanced feeding technique where it can be clearly observed that the radiation pattern symmetry is restored. Finally, Figure 3.20(e) shows that the balanced antenna exhibits a gain better than 7.5 dBi per single polarization starting from 4 GHz, which is almost similar to the gain of the unbalanced antenna, but here we observe higher gain level near the center of the band starting around 6 GHz. The higher gain level can be attributed to the symmetry of the radiation pattern, as less power is being lost in the side lobes and more power is being forced to radiate in the direction of the main beam.

While the balanced antenna provides a superior performance as compared to the unbalanced antenna, yet its feeding network is more complex such that a single balun is needed to feed each polarization independently, and to activate the dual-polarization, the two baluns need to be fed simultaneously by a power divider which will be connected to Ports A and B in Figure 3. 19(b). So, in total, the balanced antenna needs one power divider and two baluns to operate in dual-polarization. Now to implement a dual-polarized full-duplex array we need four balanced antennas each with its own power divider and baluns, and this increases the complexity and cost of the system. This is why in the first place we used the unbalanced antenna instead of the balanced one to build the array, because the unbalanced antenna is less demanding and has a simpler feeding network. 

Figure of Merit

To assess the merits of the proposed systems a new figure of merit, wideband full-duplex figure of merit (FoM WFD ), is introduced, and it accounts for the achieved self-interference cancellation level, the gain, the bandwidth, and the normalized size of the system. Firstly, both the values of the self-interference cancellation and the gain of the system should be linear and not in dB, however, note that the dB value of the self-interference cancellation should be positive before converting it to a linear scale. Secondly, concerning the size of the system, some systems have a two-dimensional geometry, such as systems fabricated on printed-circuit boards (PCBs) where the thickness of the substrate is almost negligible, while other systems possess a three-dimensional geometry, which is the case for our system. Moreover, some systems have their feeding network directly integrated on the same board or platform while other systems have their feeding networks built on separate boards and connected with cables. These differences make it difficult to find a common and fair way to compare sizes of different systems. Thus, here, we propose a method which is based on three points: (a) we let the system be inscribed in a sphere of radius R, this radius will be used in the figure of merit to represent the size of the system, (b) if the feeding network is integrated with the antennas on the same board then it will be accounted for in the size calculation, and, otherwise, it will be disregarded, (c) after calculating the radius of the sphere it will be normalized by the wavelength at the center frequency. Based on all the above, the figure of merit is expressed as follows:

FoM WFD = log 10 SIC × Gain × F BW R / λ c (3.15) R = 1 2 √ l 2 + w 2 + h 2 (3.

16)

SIC: average self-interference cancellation level Gain: average system gain F BW : fractional bandwidth f u : upper frequency f l : lower frequency f c : central frequency λ c : wavelength at the central frequency R: radius of the sphere circumscribing the full-duplex system l: length of the full-duplex system w: width of the full-duplex system h: height of the full-duplex system

The proposed figure of merit is an initial attempt to combine different parameters of in-band full-duplex antenna configurations or topologies in an expressive way to evaluate the performances of the proposed systems and compare them to each other. However, depending on the targeted application, it might be modified to incorporate other metrics related to the field of application, such as the type of polarization, the number of polarizations (singular or dual), number of antennas used, antenna efficiency and level of side lobes, and the performance of the feeding network. Finally, Table 3.1 compares this work to other in-band full-duplex antenna topologies previously published in the literature, especially in terms of bandwidth, level of self-interference cancellation, system gain and size, and the newly introduced figure of merit where it can be noticed that our fabricated systems achieved the highest score. 

Conclusion

This chapter demonstrated the different implementations of wideband in-band full-duplex systems based on the near-field cancellation technique. The first system was built from the PCB devices in Chapter 2: four Vivaldi antennas and two microstrip-to-slotline baluns built on an RO4003C substrate (ε r = 3.55, h = 203.2 µm). The antennas were assembled in a box-like configuration by the help of a 3D-printed support which was designed to ensure the proper placement and alignment of the antennas, and also to absorb the external pressure exerted by measurement cables on the fragile antennas. The system was able to achieve an average self-interference cancellation level of 64 dB over the ultrawide frequency range from 4 to 40 GHz while maintaining an average gain of 7.8 dBi. The main drawbacks of the presented system are the mechanical fragility resulting from the low thickness of the substrate used, and the emergence of grating lobes in the radiation pattern at some frequencies where the separation distance between the antennas is higher than a half-wavelength.

The mechanical fragility of the PCB system was found to be a limiting factor in practical cases as the antennas were prone to fracturing from a relatively light force, this led us to shift from PCB antennas to more rigid antennas built from thick metallic sheets while sacrificing a portion of the ultra-wide bandwidth. The new antennas were 3Dprinted first and then externally metallized, and they were fed by a coax-to-slot transition which was described in detail. The 3D-printed full-duplex array was printed as one piece to achieve precise antenna placement and alignment, and it showed more resistance to external pressure in particular from cables. The array operates from 3 to beyond 20 GHz with more than 40 dB of self-interference cancellation and an average gain of 8.5 dBi throughout the bandwidth. The 3D-printed system also exhibits grating lobes in its radiation pattern, thus we proposed a way to reduce their level by partially reducing the size of the antenna at its bottom, which led to a significant grating lobe reduction at higher frequencies (9 dB reduction at 15 GHz for example).

After demonstrating the wideband potential of the near-field cancellation technique to implement wideband full-duplex antenna arrays with good performance, we moved to add some supplementary features to the arrays, which might interest some applications, in particular the ability to transmit and receive two polarizations simultaneously while operating in full-duplex mode. To achieve this, we needed some dual-polarized Vivaldi antennas that can operate over a wide bandwidth. However, the conventional way of implementing a dual-polarized Vivaldi antenna has many drawbacks and is not so wideband. Thus, we proposed a novel technique that moves the feeding point of the antenna from the center to its sides, which proved to generate wideband matching but leads to asymmetry in the radiation pattern. The full-duplex array was formed by placing and sequentially rotating four of the dual-polarized antennas and was fed by commercial baluns and power dividers. Simulations showed that the array can provide more than 40 dB of cancellation in a bandwidth spanning from 3 GHz to beyond 20 GHz with a gain better than 10 dBi. After that, we presented a balanced way to feed the antenna, with four feeding points where each two are connected to an external balun, that managed to restore the symmetry to the radiation pattern of the antenna. Measurement results for the novel antennas are not yet available and were not presented because the antennas are currently under construction.

Finally, the chapter was enclosed by proposing a new figure of merit dedicated to wideband full-duplex antenna system which takes into account the level of self-interference cancellation, the gain, the bandwidth, and the size of the system. It was found that our fabricated systems achieved the highest score for the newly proposed figure of merit compared to other works in the literature.

General Conclusion

In-band full-duplex is the technology that allows two radios to transmit and receive simultaneously at the same frequency by eliminating the self-interference signals which couple from the transmitter of the radio to its own receiver. Self-interference cancellation techniques could be implemented at all stages of the radio front-end: antenna, analog, and digital domains. State-of-the-art self-interference cancellation techniques were conventionally dedicated for narrowband applications and few works dealt with wideband full-duplex systems. Some of these works were identified to be potentially suitable for wideband self-interference cancellation at the antenna level but no technique can achieve such wideband operation at the analog and digital levels. Thus, in this work, we try to validate the possibility by implementing ultra-wideband full-duplex antenna systems that can be used for multi-standard applications.

Finding a technique that maintains an acceptable level of cancellation at the antenna level throughout the wide bandwidth, without affecting the antenna performance, was the main focus of Chapter 1, where a broad literature review was conducted in order to highlight the available techniques in the literature and to nominate the best candidates for wideband operation. In fact, for monostatic systems, there are few and limited self-interference cancellation techniques because the transmit and receive links share a common feeding network, while techniques for bistatic systems are more versatile, wideband potential, and have more degrees of freedom as the feeding networks for both links are separate. Thus, in this work, we adopted a bistatic technique called near-field cancellation which uses at least four antennas and two 180 • out-of-phase power dividers (or baluns) to achieve cancellation. The technique creates a transmit near-field null at the positions of the receive antennas, which contributes to the cancellation procedure, while preserving the far-field behavior of the system without any nulls.

After choosing the desired cancellation technique, the next step was to design some wideband baluns and antennas that can be used in the full-duplex system to achieve the wideband cancellation, and this was the main goal of Chapter 2. So, a thorough literature review on the different ways to implement a wideband balun was conducted first, which led us to choose a wideband balun based on microstrip-to-slotline transitions that can be easily implemented using low-cost PCB technology. The balun consists of three transitions: one central transition that works as an in-phase power divider and two lateral transitions that operate as phase inverters. Based on an extensive parametric analysis that we conducted, we were able to design ultra-wideband microstrip-to-slotline transitions that can operate from around 4 GHz to beyond 40 GHz (a decade bandwidth). The optimized transitions were used to obtain the wideband balun which operated in the same frequency range with ± 1 dB and ±7 • of amplitude and phase imbalances, respectively. Also, the same transitions were used to feed the Vivaldi antennas that we chose as the radiating elements for our systems after presenting a brief review of the available wideband antennas in the literature. The designed antenna is matched over the same bandwidth with a 11.15 dBi average gain and highly directive radiation pattern.

The final step was to assemble and use the designed antennas and baluns to build the targeted full-duplex antenna system, this was discussed in detail in Chapter 3. The four antennas need to be placed such that they are orthogonal and rotated by 90 • with respect to one another around the center of the system, taking a box-like shape, and then each two can be fed by a separate balun and used either to transmit or receive. This way of positioning the antennas means that the system transmits and receives in different polarizations. Antenna placement and alignment are critical for the proper operation of the system. Thus, to ensure a precise antenna placement and alignment, we designed and fabricated a 3D-printed support to hold the antennas at the exact position. The 3Dprinted support was used to rectify two other problems that resulted from the fragility of the used substrate: the first problem was that the antennas tend to bend naturally as a result of the very thin substrate, so the support was designed to hold the antennas straight and fully erect; while the second problem comes from the tension caused by the relatively heavy cables and connectors used in measurements, which led to fracturing the fabricated devices, thus the 3D-printed support was used also to absorb any external forces that might damage the fabricated devices. The assembled system was matched starting from below 4 GHz to beyond 40 GHz with an average self-interference cancellation level of 64 dB and an average gain of 7.8 dBi. The degradation in gain was attributed to the high losses in the fabricated devices. Moreover, the radiation pattern plots showed another major drawback of the system which is the presence of two grating lobes beside the main lobe of radiation, those grating lobes are more significant at high frequencies and they exist when the separation between the opposite antenna elements is higher than a half-wavelength at a certain frequency.

To overcome the mechanical fragility of the previous system we decided to sacrifice a portion of the bandwidth and increase the thickness of the antennas. For this reason we abandoned the use of printed-circuit boards and decided to make some metallized 3D-printed antennas with sufficient thickness to endure external tension coming from cables. Designing the antennas from thick metallic sheets was first investigated by fullwave simulations and a coax-to-slot transition was specifically designed to feed those antennas, the details of the design process were outlined in Chapter 3. The fabricated system adopts a similar configuration of the PCB system where the four antennas were 3D-printed together in a box-like manner with a small square patch below them that works as a base support and a reflector. System matching was found to span the frequency range from 3 to 28.5 GHz (still close to a decade bandwidth) in measurements with around 62 dB of average self-interference cancellation and almost 8.5 dB of average system gain. Also, the radiation pattern plots of the 3D-printed system presented the same grating lobes behavior of the PCB system, so, in order to mitigate the grating lobe level we proposed a modified antenna configuration where the antenna size was reduced at the bottom of the antenna while it was kept the same at its top. This size reduction allows bringing together the four antennas at their bottom parts while keeping them at the same distance at their top parts. Since the high frequency radiation of the Vivaldi antenna takes place at its bottom part while the low frequency radiation takes place at its top part, then by bringing the antennas closer to one another at their bottom parts we manage to reduce the high frequency separation distance, and thus we managed to reduce the grating lobe levels by a decent amount (5 dB at 10 GHz and 9 dB at 15 GHz) without affecting the low frequency and the overall performance of the system. The proposed approach of grating lobe reduction might be mechanically challenging, especially in terms of the maximum size reduction that we can perform before the bottom part of the antenna becomes relatively fragile. As a future perspective, alternative techniques can be investigated and developed to reduce the grating lobe level without jeopardizing the mechanical solidity of the system.

Adding some supplementary features to our wideband full-duplex systems such as simultaneously transmitting and receiving in the two orthogonal polarizations might be desired for some applications, so, for this reason, we worked on designing a dual-polarized Vivaldi antenna. To obtain the dual-polarization, usually, two single Vivaldi elements, each with its own feeding, are placed orthogonal to one another at the center of the system. This means that the feedings of the antenna elements will overlap at the center of the system and will affect and create differences in the matching and the radiation of the dual-polarized antenna. Thus, to eliminate the complexities and drawbacks of this overlap, we proposed a new way of feeding the antenna elements, which aims to transfer the feeding points from the center of the antenna to its sides by bending the central slot to the side of the antenna elements. The new way of feeding manages to achieve wideband matching and to overcome the drawbacks of the conventional way, however, it was noticed that it causes an imbalance between the currents flowing on the opposite flares of the antenna which in turn leads to asymmetry in its radiation pattern. The asymmetry in the single antenna radiation pattern is less significant in the dual-polarized full-duplex array, which was formed by placing four dual-polarized Vivaldi antennas and sequentially rotating them by 90 • around the center of the array. The dual-polarized array can provide, in simulation, a level of cancellation better than 40 dB and gain higher than 7.5 dBi starting from 4 GHz to beyond 20 GHz. However, due to the relatively big size of the single antenna, about 72.5 × 72.5 × 130 mm 3 , the distance between the centers of opposite antennas becomes big, about 10 cm, which leads to an increase in the level and number of the grating lobes. Thus, for future work, it is worth researching some techniques to reduce the size of the antenna without affecting its performance. At last, the asymmetry in the radiation pattern of the single antenna was solved by introducing a balanced way of feeding which uses four feeding points (one feeding point for each flare) and two external baluns. This way of feeding balances the currents flowing on the opposite flares of the antenna which restores the symmetry to the radiation pattern but at the expense of a more complex and costly feeding network.

Finally, to evaluate and compare our wideband full-duplex systems to some other works in the literature, we proposed a new figure of merit dedicated to wideband fullduplex antenna system (FOM WFD ), which takes into account the system bandwidth, the achieved self-interference cancellation level, the gain, and the size of the system. Also, we presented a table that compares our work to other publications and the table showed that our PCB system obtained the highest score for the proposed figure of merit. The figure of merit can be further modified to include additional parameters that might interest other applications. Parameters such as the number of antennas used, complexity of the system design, type, and number of polarizations, etc. However, in its current form, the proposed figure of merit is sufficient to give a general evaluation of any wideband antenna full-duplex system.

Detailed Contributions

The field of wideband full-duplex systems was not widely explored previously and remained underdeveloped, and our work can be considered as one exploratory journey in that field, which builds upon the findings of the previous works and paves the way for future journeys. The outcomes of our work were discussed, in detail, in the previous section, so, here, we try to list and summarize our achievements and contributions to that field of research:

Our work manages to generate decade bandwidth full-duplex systems with a level of self-interference cancellation which is ≥ 50 dB at the antenna level using a combination of cross-polarization and opposite feeding for the Tx and Rx antennas. The obtained bandwidth, in particular for the PCB system, is remarkable as no other published worked managed to cover such bandwidth, and in those works, usually, multiple systems are implemented to cover a wide bandwidth.

The presented systems can be used for applications other than in-band full-duplex. For instance, the system, as a whole, can be used to generate dual-polarized waves by feeding all the antennas simultaneously, and, in this case, the cross-coupling between the two polarizations will be reduced by at least 50 dB. In addition to that, the systems can be used to generate circularly-polarized waves by feeding the four ports of the system with signals that have the same amplitudes but their phase are 0 • , 90 • , 180 • , and 270 • , respectively.

The near-field cancellation technique, which was used to build all our systems on, was traditionally implemented using planar antennas (such as patch antennas or spiral antennas) and was never implemented using non-planar antennas. Thus, our work can be considered as one of the first implementations of non-planar systems in that domain whether by using the PCB antennas or the 3D-antennas.

The microstrip-to-slotline transition can be considered the foundation stone of the PCB system, as it was used to feed the antennas and to form the baluns. Microstripto-slotline transitions were sufficiently studied in the literature and indeed several wideband transitions were reported. However, our work is the first to demonstration of a decade bandwidth transition that can operate starting from the C-band at the lower frequency edge and up to the Ka-band at the higher frequency edge, whereas all other works did not manage to surpass the Ku-band.

Vivaldi arrays, in particular 3D Vivaldi arrays, are usually dedicated for space applications where a very high directivity is required, but they are usually narrowband. Our work can be considered the first to introduce a 3D Vivaldi antenna that can be matched over a very wide-bandwidth. And moreover, we proposed two novel techniques to feed the dual-polarized Vivaldi antennas which helped in overcoming the drawbacks of traditional techniques of feeding. 

A.2 Slotline Impedance and Guided Wavelength Equations

International Conferences
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Unpublished Papers

"Ultra-Wideband Antenna System for In-Band Full-Duplex Applications" submitted to IET Microwaves, Antennas, and Propagation Journal. The paper discusses the PCB full-duplex system presented in Chapter 3.

"Ultra-Wideband 3D-Printed Vivaldi Array for In-Band Full-Duplex Applications" submitted to IET Electronics Letters. The paper discusses the 3D-printed fullduplex system which was presented in Chapter 3.

One or more other papers describing the dual-polarized antennas and full-duplex arrays, which were also discussed in Chapter 3, will be produced once the antenna fabrication and measurements are carried out.
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Figure 1 . 1 :

 11 Figure 1.1: Illustration of (a) simplex, (b) half-duplex, and (c) full-duplex notions.

Figure 1 . 2 :

 12 Figure 1.2: Frequency and time resources allocation for time-division duplexing (TDD), frequency division duplexing (FDD), and in-band full-duplex (IBFD).

Figure 1 . 3 :

 13 Figure 1.3: The case for in-band full-duplex.

Figure 1 . 4 :

 14 Figure 1.4: Typical self-interference signals' spectra of an in-band full-duplex system: at the input of the receiver and then at the input of the analog-to-digital converter (ADC).

Figure 1 .

 1 Figure 1.5 depicts a general block diagram of an in-band full-duplex heterodyne transceiver, only the important components are depicted in the figuretoshow the places at which self-interference cancellation takes place; the same concept can be extended to homodynes, super-heterodynes, and other radio architectures. Usually, self-interference cancellation takes place at three stages or levels: at the antenna level, at the analog level, and at the digital level. At the antenna level a single (or multiple) shared antenna(s) might be used simultaneously for transmission and reception, or multiple unshared antennas can be placed together, typically two, where one or more antennas are used for transmission while one or more antennas are used for reception. For shared antenna systems, the antenna(s) is (are) usually connected to a duplexing device, such as a circulator or a hybrid transformer which isolates the transmitted signal from the received signal.

Figure 1 . 5 :

 15 Figure 1.5: General block diagram of an in-band full-duplex heterodyne transceiver.

Figure 1 . 6 :

 16 Figure 1.6: A basic block diagram of an analog self-interference cancellation scheme.

Figure 1 .

 1 7 illustrates different antenna configurations and how

Figure 1 . 8 :

 18 Figure 1.8: An illustrative drawing of a single antenna connected to a circulator that shows the port numbering of the circulator, direction of circulation, and the flow of signals between its ports.

Figure 1 . 9 :

 19 Figure 1.9: Loop circulation technique.

3 1 2 Figure 1 . 10 :

 32110 Figure 1.10: Circulator reflection-leakage collision with the aid of an impedance mismatched terminal.

Figure 1 .

 1 Figure 1.11: (a) conventional symbol of the hybrid transformer in fixed telephony and (b) a more recent symbol used in microwaves theory.

Figure 1 . 12 :

 112 Figure 1.12: Basic in-band full-duplex system based on hybrid transformers.

Figure 1 . 13 :

 113 Figure 1.13: The rat-race coupler.

Figure 1 . 16 :

 116 Figure 1.16: An in-band full-duplex system implemented using the branchline coupler.

Figure 1 . 19 :

 119 Figure 1.19: (a) An in-band full-duplex system based on quasi-hybrid transformer network using four quadrature hybrids and two dual-fed patch antennas for dual circular polarization and (b) its equivalent schematic.

Figure 1 .

 1 Figure 1.21: A hybrid transformer loaded with a mismatched load.
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 62 Bistatic Systems 1.6.2.1 Passive Techniques: I. Antenna Separation:

Figure 1 .

 1 Figure 1.22: (a) Antenna separation technique, (c) and (d) are the simulated self-interference levels between two patch antennas at 10 GHz as a function of the separation distance 'd' and beam rotation angle ' θ' respectively.

Figure 1 .

 1 Figure 1.23: (a) dual-fed patch antenna with two cross-polarized ports and (b) two single-fed cross-polarized patch antennas.

Figure 1 .

 1 Figure 1.24: Half-wavelength separation technique.
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Figure 1 . 25 :

 125 Figure 1.25: Antiphase Feeding technique (a) with Tx antennas oriented in the same direction and (b) with Tx antennas oriented in opposite directions and symmetric with respect to the center of the system. (c) and (d) are their corresponding transmit electric field distributions, respectively.

Figure 1 . 26 :

 126 Figure 1.26: Near-field cancellation technique.

Figure 1 . 27 :

 127 Figure 1.27: Circularly phased arrays (a) single layer fed "mode 1" with 45 • phase step and (b) double layer configuration fed "mode 1" with 90 • phase step.

Figure 1 . 28 :

 128 Figure 1.28: Two phased antenna arrays that can generate beams oriented in several directions while selecting the least overlapping beams to increase the isolation between them.

Figure 1 .

 1 Figure1.29: (a) an in-band full-duplex relay system with two patch antennas (the receive antenna is on the bottom layer) isolated by wavetraps, (b) two patch antennas surrounded with walls of vias on the same substrate with a defected ground plane, and (c) top view of two quad-ridged horn antennas integrated on a shared metallic platform with an electromagnetic bandgap bed of nails between them and corrugations around the transmit antenna.

Figure 1 . 30 :

 130 Figure 1.30: An admittance π-network of two closely spaced antennas with a decoupling network between them and two matching networks at the input of each antenna.

Figure 1 . 31 :

 131 Figure 1.31: Two cross-polarized patch antennas with a co-polarized auxiliary port at the receive antenna terminated with a variable load.

Figure 2 . 1 :

 21 Figure 2.1: A schematic of the near-field cancellation technique.

Figure 2 . 2 :

 22 Figure 2.2: (a) T-junction power divider and (b) Wilkinson power divider.

Figure 2 . 3 :

 23 Figure 2.3: Schiffman phase shifter.

Figure 2 . 4 :

 24 Figure 2.4: Wideband phase shifter based on broadside coupled patches.

Figure 2 . 5 :

 25 Figure 2.5: Double microstrip-to-coplanar stripline transition (a) with phase inversion and (b) without phase inversion.

Figure 2 . 6 :

 26 Figure 2.6: Phase inverters based on (a) coplanar waveguide swap and (b) parallel stripline swap.

Figure 2 . 7 :

 27 Figure 2.7: Wideband 180 • power dividers based on (a) Marchand balun, (b) log-periodic multisection half-wavelength balun.

Figure 2 . 8 :

 28 Figure 2.8: Wideband 90 • hybrid based on broadside coupled patches.

Figure 2 . 9 :

 29 Figure 2.9: Wideband 180 • power dividers implemented using (a) power divider plus coupled line phase shifter, (b) power divider plus delay line phase shifter, and (c) power divider plus two microstrip-to-coplanar stripline transitions.

Figure 2 . 10 :

 210 Figure 2.10: A single 2-in-1 topology to implement (a) in-phase and (b) 180 • out-of-phase power dividers based on microstrip-to-parallel stripline transitions.

Figure 2 . 11 :

 211 Figure 2.11: (a) In-phase and (b) 180 • out-of-phase power dividers based on broadside coupled patches.

Figure 2 . 12 :

 212 Figure 2.12: Microstrip-to-slotline transitions terminated with (a) quarter-wavelength microstrip and slotline stubs, respectively, and (b) microstrip radial stub with slotline circular disk stub.

Figure 2 . 13 :

 213 Figure 2.13: Equivalent circuit of a microstrip-to-slotline transition terminated by microstrip and slotline quarter-wavelength stubs.

Figure 2 .

 2 Figure 2.14: A microstrip-to-slotline transition terminated with radial stubs for both the microstrip line and the slotline. {W m = 0.66 mm, W s = 0.156 mm, L m = 5 mm, L s = 5.25 mm, R m = 2.4 mm, R s = 2.6 mm, θ m = 90 • , and θ s = 90 • }

Figure 2 . 15 :

 215 Figure 2.15: Simulated S-parameters of the microstrip-to-slotline transition of Figure 2.14.

Figure 2 . 16 :

 216 Figure 2.16: Optimized S-parameters of the microstrip-to-slotline transition of Figure 2.14. {W m = 0.66 mm, W s = 0.156 mm, L m = 5 mm, L s = 8 mm, R m = 2 mm, R s = 2.4 mm, θ m = 130 • , and θ s = 90 • }

Figure 2 . 17 :

 217 Figure 2.17: Pictures of (a) Type-1 and (b) Type-2 Transitions, (c) and (d) are zoom-in views of both types of transitions, respectively, showing the electric field distribution at different stages of each transition.

Figure 2 . 18 :

 218 Figure 2.18: The simulated and measured S-parameters of (a) Type-1 transition and (b) Type-2 transition. {W m = 0.4 mm, W s = 0.1 mm, L s = 8 mm, R m = 1.87 mm, R s = 1.85 mm, θ m = 160 • , and θ s = 170 • }

Figure 2 . 19 :

 219 Figure 2.19: Modified (a) Type-1 and (b) Type-2 transitions with reduced microstrip stubs, and (c) and (d) are their corresponding S-parameters.

Figure 2 . 20 :

 220 Figure 2.20: Ultra-wideband (a) in-phase and (b) 180 • out-of-phase power dividers based on microstrip-to-slotline transitions, and (c) and (d) are exaggerated views of both power dividers showing the electric fields distribution at different stages of each power divider, respectively.

Figure 2 . 21 :

 221 Figure 2.21: Equivalent circuit of the microstrip-to-slotline power dividers in Figure 2.20.

Figure 2 . 22 :

 222 Figure 2.22: Simulated and measured S-parameters of the in-phase and 180 • out-of-phase power dividers respectively: (a) and (b) are the input matching and insertion loss, (c) and (d) are the output matching and isolation, and (e) and (f) are the amplitude imbalances (AI) and phase imbalances (PI) between the output ports. {W m = 0.4 mm, W s = 0.24 mm, L s = 8 mm, R m = 1.5 mm, R s = 1.7 mm, θ m = 165 • , and θ s = 150 • }

Figure 2 . 23 :

 223 Figure 2.23: Evolution of the enhanced power dividers.

Figure 2 .

 2 Figure 2.24: (a) picture of the fabricated 6-section Wilkinson power divider, and (b) and (c) are its simulated and measured S-parameters.{Z 1 = 54 Ω, Z 2 = 59.1 Ω, Z 3 = 66.4 Ω, Z 4 = 75.3 Ω, Z 5 = 84.6 Ω, Z 6 = 92.6 Ω, R 1 = 675 Ω, R 2 = 500 Ω, R 3 = 315 Ω, R 4 = 200 Ω, R 5 = 120 Ω, and R 6 = 120 Ω}

Figure 2 . 25 :

 225 Figure 2.25: Pictures of the fabricated (a) in-phase and (d) 180 • out-of-phase power dividers, respectively.

Figure 2 . 26 :

 226 Figure 2.26: Simulated and measured S-parameters of the enhanced in-phase and 180 • out-ofphase power dividers, respectively: (a) and (b) are the input matching and insertion losses, (c) and (d) are the output matching and isolation, and (e) and (f) are the amplitude imbalances (AI) and phase imbalances (PI) between the output ports.

Figure 2 . 27 :

 227 Figure 2.27: Four-arms (a) equiangular (logarithmic) spiral antenna, (b) sinuous antenna, and (c) log-periodic antenna.

Figure 2 .

 2 Figure 2.28: (a) self-complementary two arm Archimedean spiral antenna, (b) rectangular selfcomplementary antenna, and (c) axially symmetric self-complementary antenna.

Figure 2 .

 2 Figure 2.29: (a) Von Koch snowflake, (b) Sierpiński gasket, and (c) Sierpiński carpet.

Figure 2 .

 2 Figure 2.30: (a) suspended rain drop monopole antenna, (b) circumscribed fractal hexagrams monopole with semicircular ground plane, and (c) coplanar waveguide fed bowl-shaped monopole with a defected uniplanar ground plane.

Figure 2 .

 2 Figure 2.31: (a) Fermi-Dirac tapered slot antenna, (b) linearly tapered slot antenna, (c) constant width tapered slot antenna, and (d) exponentially tapered slot antenna or Vivaldi antenna.

Figure 2 .

 2 Figure 2.32: (a) illustrative drawing of the designed Vivaldi antenna and (b) a picture of the fabricated antenna. {W = 40 mm, L = 70 mm, W s = 0.1 mm, W v = 20 mm, L v = 60 mm, and α = 0.05}

Figure 2 . 33 :

 233 Figure 2.33: Simulated and measured (a) matching and (b) gain of the Vivaldi antenna. And radiation pattern plots at (c) 10 GHz and (d) 15 GHz, respectively.
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 2 Near-Field Cancellation: Principle of Operation

Figure 3 . 1 :

 31 Figure 3.1: A schematic of the system showing antenna placement and numbering, flow of power waves, and the original electric fields radiated by each single antenna before connecting them to the baluns.

(3. 1 ) 1 = S 12 a 2 + S 14 a 4 ( 3 . 2 )b 3 =

 1124323 Also b 1 and b 3 can be expressed in terms of the power waves incident on the transmit antennas 2 and 4 as follows:b S 32 a 2 + S 34 a 4(3.3) 

Figure 3 . 2 :

 32 Figure 3.2: An illustration of the proposed wideband in-band full-duplex system with 4-element Vivaldi array and two microstrip-to-slotline baluns, and in the background a transparent view of the Vivaldi array showing the position and orientation of the microstrip feed lines.

Figure 3 . 3 :

 33 Figure 3.3: (a) An illustration and (b) a picture of the antenna assembly in the 3D-printed support and (c) system measurements in the anechoic chamber.

Figure 3 .

 3 Figure 3.4(a) shows that the assembled in-band full-duplex system has a return loss better than 10 dB over an ultra-wide frequency band (3.5-49.35 GHz), and Figure3.4(b) shows that the measured self-interference cancellation level is higher than 50 dB starting from 4 GHz and up to 50 GHz. The measured matching seems to be better than the simulated one, this can be attributed to the higher insertion losses of the fabricated balun and also to the power losses resulting from the phase-paired cables and the 2.92 mm connectors, which were not considered in simulations. While these losses reflect positively on the system's matching, yet they reflect negatively on the measured gain of the system, which is depicted in Figure3.4(e). Also, figures 3.4(c) and 3.4(d) depict sample radiation pattern cuts at 10 and 15 GHz respectively, where good agreement between simulated and measured results is observed. The far-field cuts reveal that highly directive main lobes are present, in the xz-plane, with two significant grating lobes that are 5 dB less than the peak of the main lobe, however, all other side lobes are at least 15 dB below the peak of the main lobe.

Figure 3 . 4 :

 34 Figure 3.4: The proposed in-band full-duplex system's performance: (a) system matching, (b) self-interference cancellation level, (c) and (d) are the far-field radiation pattern cuts at 10 and 15 GHz respectively, (e) maximum realized gain of the system, and (f) the simulated grating lobes level below the main lobe level.

Figure 3 . 5 :

 35 Figure 3.5: (a) Vivaldi array of four antennas rotated sequentially by 90 • around the center of the array and (b) two Vivaldi antennas integrated on the same board with their feeding balun.

Figure 3 . 6 :

 36 Figure 3.6: (a) Illustration of the 3D-Printed Vivaldi antenna and (b) a side view of its feeding.

Figure 3 . 7 :

 37 Figure 3.7: A curve corresponding to the values of the metal thickness and the slot width that yields a 50 Ω thick slot.

Figure 3 . 8 :

 38 Figure 3.8: Simulated and measured (a) return loss and (b) gain of the 3D-printed Vivaldi Antenna.

Figure 3 .

 3 Figure 3.8(b) shows that the simulated gain starts with 5 dBi at 2.25 GHz and continues to rise throughout the matching bandwidth, and it reaches a peak value of 11.3 dBi at 21.5 GHz, then it drops down to 6.65 dBi at 26.4 GHz. On the other hand, the measured gain follows a curve similar to the simulated one, however with some degradation throughout the bandwidth and a significant drop around 18 GHz. The general degradation in the gain can be attributed to the lossy nature of the metal used in the fabricated prototype. In fact, in simulation, the antenna was modeled as a perfect electric conductor (PEC) which has, ideally, infinite conductivity, no losses, and extreme surface smoothness, in contrary to the metal used in fabrication which has finite conductivity, more losses, and some surface roughness (we did not receive any information about these parameters from the manufacturer), which can explain the lower gain in measurements. Moreover, the gain drop around 18 GHz can be attributed to the frequency limitation of the anechoic chamber and the equipment used for measurements (the reference antenna, cables, connectors...), which can operate properly up to around 18 GHz but beyond that the obtained results are less reliable.

Figure 3 . 9 :

 39 Figure 3.9: The four-element 3D-printed Vivaldi array: (a) an illustrative drawing and (b) a picture of the fabricated prototype.
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 44 GHz to 28.[START_REF] Milosevic | Tx Leakage Cancellation Using Antenna Image Impedance for CW Radar Applications[END_REF] 

Figure 3 . 10 :

 310 Figure 3.10: Simulated and measured metrics of the 3D-printed in-band full-duplex system: (a) system matching, (b) self-interference cancellation, (c) system gain, and (d) radiation pattern cuts at 10 GHz.

Figure 3 . 11 :

 311 Figure 3.11: The modified full-duplex array with reduced size and tilted 3D-printed Vivaldi antennas: (a) side view and (b) isometric view.

Figure 3 . 12 :

 312 Figure 3.12: Radiation pattern cuts at (a) 10 GHz and (b) 15 GHz of both the original array design with the four antennas vertically straight and the modified array design with the tilted antennas.

Figure 3 .

 3 Figure 3.13: (a) A conventional dual-polarized Vivaldi antenna and (b) top view of the antenna feeding with and without chamfering the flares.

Figure 3 . 14 :

 314 Figure 3.14: The novel feeding technique for the dual-polarized Vivaldi antenna (a) isometric cut view and (b) side view of a single antenna element feed.

Figure 3 . 15 :

 315 Figure 3.15: Simulated (a) S-parameters, (b) gain, (c) and (d) radiation pattern cuts at 10 and 15 GHz respectively of the dual-polarized Vivaldi antenna with the novel feeding technique.

Figure 3 . 16 :

 316 Figure 3.16: The dual-polarized full-duplex array (a) isometric view, (b) top view showing the port numbering, and (c) schematic of the array feeding network.

Figure 3 . 17 :

 317 Figure 3.17: Simulated parameters of the dual-polarized full-duplex array (a) matching, (b) self-interference cancellation, (c) and (d) are its radiation pattern cuts at 10 GHz and 15 GHz, respectively, and (e) array gain.

Figure 3 . 18 :

 318 Figure 3.18: The conventional balanced feeding of the dual-polarized Vivaldi antenna: (a) isometric cut view and (b) side view of single antenna element feed showing the electric field distribution near the center of the antenna.

Figure 3 . 19 :

 319 Figure 3.19: The novel balanced feeding of the dual-polarized Vivaldi antenna: (a) isometric cut view, (b) top view of the antenna showing port numbering and the feeding network, and (c) side view of single antenna element feed showing the electric field distribution at different positions.

Figure 3 . 20 :

 320 Figure 3.20: Simulated (a) matching, (b) cross-polarization level, (c) and (d) radiation pattern cuts at 10 and 15 GHz respectively, and (e) the gain of the balanced Vivaldi antenna fed by an ideal balun and a commercial balun.
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Table 1 .1: Self-interference cancellation techniques at the antenna level.

 1 

Table 1 .

 1 [START_REF] Van Nguyen | Physical Layer Security Schemes for Full-Duplex Cooperative Systems: State of the Art and Beyond[END_REF] 2: Summary of some self-interference cancellation techniques at the antenna level.

	Technique	Advantages	Disadvantages
		• Uses single antenna	
		• Simple implementation	• Bulky size
	Circulator	• Conserves power efficiency	• Narrowband
		• Transmits and receives in	• Low isolation
		the same direction	
	Hybrid Transformers	• Wideband potential • Uses single antenna • Can provide high isolation • Transmits and receives in the same direction	• Complex implementation • Reduced power efficiency • Sensitive to phase and amplitude imbalances
	Antenna Separation	• Frequency-independent • Simple implementation	• Increased system size • Skew between Tx and Rx radiation patterns
	Beam	• Frequency-independent	• Transmits and receives in
	Separation	• Simple implementation	different directions
	Near-Field Cancellation	• Wideband potential • Can provide high isolation • Transmits and receives in the same direction	• Requires two baluns • Uses four antennas • Sensitive to phase and amplitude imbalances • Sensitive to antenna placement
		• Wideband potential	
	Circularly-	• Can provide high isolation	• Complex implementation
	Phased	• Can transmit and receive	• Big number of antennas
	Arrays	in the same direction	• Complex feeding networks
		• Omnidirectional	

Table 1 .

 1 3 summarizes some wideband full-duplex systems implemented in previous publications and it indicates the used self-interference cancellation technique, the bandwidth, the level of the self-

	Ref.	Technique(s)	Frequency Range [GHz]	SIC [dB] Gain [dBi]	Notes
	[37]	Balun-Power Divider Combination	8.65 -11.85	> 30	-	Reduced power efficiency
	[58]	Quasi-Hybrid Transformer Network	4 -8	> 25	> 20	Big system size & bandwidth limitation
						Big system size &
	[85]	Antenna Separation	15 -40	> 60	> 20	skew between Tx and
						Rx radiation patterns
						Big system size &
	[86]	Beam Separation	18 -45	> 55	> 16	skew between Tx and
						Rx radiation patterns
	[131]	Antiphase Feeding	1.2 -2	> 55	> 2	Low gain & different Tx and Rx beams
	[143] Near-Field Cancellation	0.5 -3.5	> 37	> 4	-
	[150]	Circular Arrays & Beam Diversity	0.8 -1.7	> 28	> 4	Big system size & complex feeding network
		Surface Current				Big system size &
	[183]	Suppression &	6 -19	> 60	> 7	skew between Tx and
		Antenna Separation				Rx radiation patterns

Table 1 .

 1 3: Summary of some wideband full-duplex systems.

Table 2 .

 2 

	Ref.	Technique(s)	Frequency Range [GHz]	Matching Bandwidth	Isolation Level [dB]	Size [mm 2 ]
	[221]	Three coupled lines with stub at input port	3.1 -10.6	110%	> 15	2.9 × 4.1
	[227]	Loading outputs with coupled lines and stubs	3.1 -10.6	110%	> 10	-
	[233]	T-junction with ground slotline	3.1 -10.6	110%	> 10	20 × 30
	[237]	6-section Wilkinson power divider	8 -67	157%	> 20	5.5 × 1.2
	[251]	7-section Wilkinson power divider	2 -38	180%	> 17	26 × 4

1: Comparison of wideband in-phase power dividers.

Table 2 . 2

 22 

		(s)	Frequency Range [GHz]	Matching Bandwidth	Phase Value	Phase Error
	[267]	Modified Schiffman phase shifter	1.47 -3.52	85.4%	90 •	±5 •
	[274]	Stub loaded coupled lines	3.1 -11.1	113%	90 •	±5 •
	[288]	Broadside coupled microstrip patches	1 -10.2	164%	180 •	±6 •
	[291]	Microstrip-to-slotline transitions	3.1 -12	118%	180 •	±8 •
	[294]	Transmission line resonators	1.16 -4.76	122%	90 •	±5.1 •

: Summary of some wideband phase shifters.

Table 2 . 3

 23 . The top and bottom strips are separated into two parts by introducing a finite gap in each of them,

	Ref.	Transition Type	Frequency Range [GHz]	Matching Bandwidth	Insertion Loss [dB]	Requirement
	[302]	CPW-CPS	0 -165	200%	< 1.5	Vias
	[305]	CPW-PSL	0.04 -27	199%	< 1.2	Vias
	[312]	Microstrip-CPS	2 -26.5	172%	< 1.5	Vias
	[317]	Microstrip-PSL	1 -30	187%	< 1.5	None
	[321] Microstrip-Slotline	1.02 -13.9	173%	< 1.5	None
	[326]	Microstrip-SIW	17.5 -30	53%	< 1	Vias
	[327]	CPW Swap	5.5 -17.2	103%	< 0.4	Vias

: Summary of some wideband transitions.

Table 2 .

 2 

	Ref.	Hybrid Type	Technique	Frequency Range [GHz]	Matching Bandwidth	Isolation Level [dB]	Phase Imbalance
	[348]	90 •	Multi-section coupled line coupler	0.5 -18	189%	-	±5 •
	[373]	90 •	Broadside coupled patches	2.3 -12.3	137%	> 23	±2.5 •
	[359]	180 •	Microstrip-slotline transitions + CPW-microstrip transition	3 -11	114%	> 20	±5 •
	[363]	180 •	CPW-slotline transition	3.1 -5.9	62%	> 18	±2.5 •
	[349]	180 •	Tapered coupled line coupler	12 -67	139%	> 19	±10 •
	[387]	180 •	90 • Broadside coupled coupler + broadside coupled phase shifter	2.5 -8	105%	> 13	±11 •
	[369]	180 •	CPW swap inverter	5.8 -12.3	72%	> 30	±3 •
	[370]	180 •	PSL swap inverter	0.8 -3.2	120%	> 25	±5 •

• hybrids

[START_REF] Fan | Wide-Band Reduced-Size Uniplanar Magic-T, Hybrid-Ring, and de Ronde's CPW-Slot Couplers[END_REF][START_REF] Chien-Hsun | Broad-Band Uniplanar Hybrid-Ring and Branch-Line Couplers[END_REF] 

4: Summary of some wideband hybrids.

Table 2 . 6 :

 26 Results of the parametric analysis of the microstrip-to-slotline transition.
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	Ref.	Antenna	Frequency Range [GHz]	Matching Bandwidth	Radiation	Size [mm 3 ]
	[455]	Equiangular spiral antenna	7.5 -45	143%	Unidirectional broadside using back-reflector	20 × 20 × 22
	[456]	Log-periodic dipole array	0.76 -18	184%	Directional end-fire	168 × 132 × 1.5
	[457]	Self-complementary spiral antenna	2 -18	160%	Unidirectional broadside using back-reflector	50 × 50 × 17.5
	[458]	Self-complementary quasi-elliptical monopole	1.25 -50	190%	Omnidirectional	31 × 26 × 1.6
	[459]	Von Koch fractal monopole with defected ground plane	3.1 -12.7	122%	Omnidirectional	31 × 28 × 1.6
	[460]	CPW-fed circle inscribed hexagonal fractal monopole	2.75 -50	179%	Omnidirectional	28 × 27 × 1.6
	[461]	Circumscribed hexagrams monopole with defected ground plane	4.6 -50	166%	Omnidirectional	19.7 × 19 × 1.6
	[462]	Leaf-shaped monopole suspended over substrate	1.3 -29.7	183%	Omnidirectional	80 × 80 × 68.34
	[463]	Vivaldi antenna	2 -40	181%	Directional end-fire	-

: Examples of wideband Antennas.

  | 2 S 12 + S 14 e jπ + S 32 e jπ + S 34 e j2π 2 |S 12 -S 14 -S 32 + S 34 | 2 (3.8) Equation (3.8) implies that if S 12 = S 14 and S 32 = S 34

							2	a i e jπ	(3.5)
	By substituting (3.4) and (3.5) in (3.2) and (3.3) we obtain:
	b 1 =	√ 2 2	S 12 a i +	√ 2 2	S 14 a i e jπ =	√ 2 2	a i (S 12 + S 14 e jπ )	(3.6)
	b 3 =	√ 2 2	S 32 a i +	√ 2 2	S 34 a i e jπ =	√ 2 2	a i (S 32 + S 34 e jπ )	(3.7)
	Finally, by substituting (3.6) and (3.7) in (3.1) we can obtain the output power (P o ) in
	terms of the input power (P i ):				
	P o =	√ 2 2	a i (S 12 + S 14 e jπ ) +	√ 2 2	a i (S 32 + S 34 e jπ )e jπ	2
	= |a i = 1 2 1 2 P i						

Table 3 .

 3 Some parameters' values were extracted from figures or graphs. 1: A table comparing the full-duplex antenna systems presented in this work to other works in the literature.

	Reference	Frequency Range [GHz]	FBW	SIC [dB]	Gain [dBi]	l × w × h [cm × cm × cm]	R [cm]	FoM WFD
	[181]	6 -19	1.04	60	12	38 × 13 × 19	22.215	4.651
	[183]	4 -8	0.67	45	25	40 × 40 × 25.3	30.984	4.531
	[151]	0.5 -2	1.2	45	5	20 × 20 × 12.5	15.462	4.77
	[150]	0.8 -1.7	0.72	40	4	60 × 60 × 30	45	3.784
	This work (PCB)	4 -40	1.64	64	7.8	8 × 8 × 9.4	7.55	5.072
	This work (3D-Printed)	4.45 -28.65	1.4675	69.2	9.783	8.42 × 8.42 × 13.56	9	5.4193

  1. For 0.0015 ≤ W s /λ 0 ≤ 0.075 and 2.22 ≤ ε r ≤ 3.8 + 2.81 [1 -0.011 ε r (4.48 -ln ε r )] + 12.48(1 + 0.18 ln ε r ) W s/h ε r -2.06 + 0.85(W s/h) 2 (A.5) 2. For 0.0015 ≤ W s /λ 0 ≤ 0.075 and 3.8 ≤ ε r ≤ 9.8 Z s = 73.6 -2.15 ε r + (638.9 -31.37 ε r ) For 0.075 ≤ W s /λ 0 ≤ 1 and 2.22 ≤ r ≤ 3.8 Z s = 133 + 10.34(ε r -1.8) 2 + 2.87 2.96 + (ε r -.1582) 2 × {W s /h + 2.32 ε r -0.56}{(32.5 -6.67 ε r ) (ε r + 1.35) 2 + 13.23 (ε r -1.722) W s /λ 0 ≤ 1 and 3.8 ≤ r ≤ 9.8 λ s λ 0 = 1.05 -0.04ε r + 1.411 × 10 -2 (ε r -1.421) Z s = 120.75 -3.74 ε r + 50[tan -1 (2 ε r ) -0.8] Hijazi, Hadi, Marc Le Roy, Raafat Lababidi, Denis Le Jeune, and Andre Pérennec. "Diviseur de Puissance Compact Ultra-Large-Bande 3-40 GHz." In 21èmes Journées Nationales Microondes, pp. 1-2. 2019.

								λ 0 100h	2	-1}	1/2
	-684.5	h λ 0					W s λ 0	2	(A.9)
	λ s λ 0 4. 0.075 ≤ × ln = 1.045 -0.365 ln ε r + -0.148 -8.81(ε r + 0.95) 6.3(W s /h)ε 0.945 r 238.64 + 100W s /h 100 ε r ln h λ 0 W s h -2.012(1 -0.146ε r ) Publications	(A.4)
	Z s = 60 + 3.69 sin + 0.111(1 -0.366 ε r ) (ε r -2.22)π 2.36 W S λ 0 National Conferences	+ 133.5 ln(10 ε r )	W s λ 0
		W s h + 0.139 + 0.52 ε r ln (14.7 -ε r )	ln h λ 0	100h λ 0 ln h λ 0	(A.10)
		+ 131.1(1.028 -ln ε r )	h λ 0
		×	W s h			
	λ s λ 0	= 0.9217 -0.277 ln ε r + 0.0322(W s /h) × ln   100h λ 0 +  2 100h λ 0 + 1 	ε r W s /h + 0.435
		-0.01 ln + 14.21(1 -0.458ε r ) h λ 0 4.6 -ε 2 r × 2 W s λ 0 + 0.33	3.65 + 5.1 ln ε r -13.1 W s /λ 0 (9.06 -100W s /h) 100h λ 0	(A.6) (A.11)
								W s	0.6
								λ 0
		+ (36.23 ε 2 r + 41 -225)	W s /h W s /h + 0.876 ε r -2
		+ 0.51(ε r + 2.12)	W s h	ln		100h λ 0	-0.753 ε r	h/λ 0 W s /λ 0	(A.7)
	3. λ s λ 0	= 1.194 -0.24 ln ε r -	0.621 ε 0.835 r 1.344 + W s /h (W s /λ 0 ) 0.48
			-0.0617 1.91 -	ε r + 2 ε r	ln	h λ 0	(A.8)

[1.11+0.132(εr-27.7)/(5+100h/λ 0 )]
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Appendix A

Microstrip Line and Slotline Equations

The following definitions apply to all equations in this appendix: h: is the thickness of the substrate. ε r :

is the relative permettivity of the substrate. ε ref f : is the effective relative permettivity of the substrate. W m : is the width of the microstrip line.

is the impedance of the microstrip line. η:

is the impedance of free space and is equal to 120π Ω. λ 0 :

is the free space wavelength. Z S :

is the impedance of the slotline. W s :

is the width of the slotline. The systems' merits vary from extremely wide bandwidth to higher mechanical solidity and dual-polarization, but they all can maintain a decent amount of cancellation.

A.1 Microstrip Line Impedance Equations