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Introduction

5G to the rescue of telecommunications

The emergence of the 5th generation (5G) for mobile telecommunications naturally comes from the continuous growth of telecommunication streams and wireless devices. It is particularly significant as the network gradually includes new applications. The automotive industry is now producing vehicles with smart detection of obstacles for safety and collision avoidance to converge to the driver-less cars. On top of that, the device should provide 100 % reliability with concise response time to ensure the safety of the vehicle occupant together with the other road users (pedestrians...). Automotive needs continuous connection to the network to benefit from cloud computing vehicle-to-vehicle and vehicle-to-infrastructure collaborations. Medical and emergency services need fast and reliable means of communications, and ultra-high-definition videos coupled with virtual reality devices abound to enable distant diagnostic and remote surgery. The 5G should also overcome the cable internet providers' network. Finally, connected devices (internet of things (IoT)) is also part of the 5G bringing more data to the global traffic with nearly 21 billion connected devices. Globally, Ericsson expects the monthly data traffic to be multiplied by five from 2020 and reach 300 EB by 2026 [START_REF]Ericsson Mobility Report Data And Forecasts -Mobile Data Traffic Outlook[END_REF].

Putting into perspective the ambitions of 5G, it represents a much more critical step to ensure the requirements of these applications in terms of speed, with latency around the millisecond and bit rates (up to 20 Gbitps) compared to previous mobile communication standards.

5G, a matter of heritage

The fifth of its name, the 5G is in 2021 the climax of forty years of evolution [START_REF] Gupta | A Survey of 5G Network: Architecture and Emerging Technologies[END_REF] [Gaw15]:

Succeeding the mobile radiotelephone, the equivalent of what we could call the "1st generation (1G)" was announced in the early eighties with a data rate up to 2.4 kbitps accompanied by many drawbacks. It was the last generation using analog telecommunication, the voice was simply modulated to higher frequencies (hundreds of MHz). Consequently, the calls were unsecured and easily stored and demodulated in radio towers leading to eavesdropping.

In Europe, the 2nd generation (2G) was commercially launched in Finland in 1991. To reinforce the security of telecommunications, encryption was finally digital. Furthermore, the vital introduction of the global system for mobile communications (GSM) allows for the first time the transfer of digital data additionally to voice with bit-rates around 9.6 kbitps using time-domain division (TDD) (1 frequency per cell). However, soon after the launch of GSM, the circuit-switched bearer service appears to be very limiting and unreliable. Furthermore, the connection time to the network is important, and the connection is charged according to the time of usage.

The general packet radio service (GPRS) (2.5G) was then introduced, performing packet switching. The users accessed the public data network and provided bit-rates up to 64 kbitps. Finally, the GSM norm was revised by the 3rd generation partnership project (3GPP) and baptized enhanced data rates for GSM evolution (EDGE) [START_REF] Gprs | [END_REF], reaching 144 kbitps (48 kbitps in practice). The 2G brought new services such as short message service (SMS), e-mail, and multimedia messaging service (MMS).

The next decade comes with essential improvements in the quality of services: frequencydomain division (FDD) (using a different frequency for transmission (Tx) and reception (Rx)), global roaming, voice quality improvement, and bit-rates up to 2 Mbitps (84 kbitps in practice) make the 3rd generation (3G) [START_REF]ITU -The Evolution to 3G Mobile -Status Report[END_REF] a big step in mobile telecommunications. In addition, new technologies appeared along, such as universal mobile telecommunications system (UMTS) and code division multiple access (CDMA)2000. Though, the 3G came with some drawbacks. The 3G network is more expansive and requires user equipment power. Today, the services of generations before 3G are about to be or are already shut down.

It is safe to say that the 4th generation (4G) is an essential brick for the 5G foundations. Mixed up under the long-term evolution (LTE) label, the actual 4G standard is the final standard born from the "Long Term Evolution" since 3G. LTE does not mean 4G, the standard specification defined by the international telecommunication union (ITU) requires peak data rates up to 1 Gbitps. The LTE is sub-divided into several phases: The first is the basic "LTE" standard, presented as "faster than 3G". It comes next to the "LTE standard" that delivers downlink peak rates of 300 Mbitps and up-link of 75 Mbitps. Then followed by the "LTE Advanced" that delivers the proper 4G data rates and finally comes the "LTE Advanced Pro" that is the closest standard to the 5G in terms of data rates. 4G combines abilities from the 2G and 3G by including FDD and TDD with orthogonal frequency-division multiplexing (OFDM) and an important number of carriers. To summarize, the 4G label is far from being obsolete as it will be continuously deployed until 2030 as the primary mobile telecommunication network.

Regarding the 4G, the 5G integrates new technological innovations: It first pursue the work of the 4G with additionnal frequency bands in sub and millimeter waves and use new techniques such as carrier aggregation (CA). CA is a technique available on the last generations of Wi-Fi. Originally used in some cabled networks, CA combine several carriers with different frequencies for a single user to increase the data rate proportionally with the number of carriers used. The CA is available on the LTE Advanced with an aggregation of 5 carriers and soon up to 13 (up to 32-carrier aggregation is currently allowed by 3GPP). The feature enables the aggregation of carriers with non-adjacent frequency bands, FDD on one carrier, and TDD on another.

4x4 downlink multiple-input multiple-output (MIMO) systems consists in increasing the spatial streams on one or more component carriers that have been aggregated. A 4 × 4 MIMO uses a 20 MHz component carrier four times to operate the spectrum more efficiently.

The MIMO configuration implies the multiplication of receiver chains (low noise amplifier (LNA), power amplifier (PA), filters. . . ) in the mobile receiver that are coupled with antennas. In addition, the quadrature amplitude modulation (QAM) up to 256QAM for downlink provides a multiplier of 1.33 on the data rate of each component carrier (and 64QAM for uplink) without changing the radio frequency (RF) front end of the mobile. A theoretical bit rate of 1 Gbitps can be achieved with three aggregated carriers with a 256QAM modulation.

5G, where and how?

The 1 st phase range < 6 GHz has frequency bands around 600 MHz (Canada (CAN) and United-States (US)) and 700 MHz (Europe (EU)), and the second is scattered between 1.4 and 5 GHz. These bands should be dedicated to long-range communications and the IoT. The second phase range will be within the millimeter-wave frequency bands, 24.25 GHz and 29.5 GHz (EU (24.5 -27.5) GHz with FR @26 GHz). The following 5G phases should be located around 40 and 70 GHz. This broad coverage implies that for mobile applications and worldwide market targets, the devices should support broadband and band switching to evolve within the multiple 5G scenarios presented (see figure 1) [START_REF] Maternia | 5G PPP use cases and performance evaluation models[END_REF]: 

Urban Macro-cell

A scenario has been studied for macro-cell base stations (Specification on table 1) with antennas placed in a hexagonal or Manhattan (even random) grid at 25 m high above rooftops with a distance up to 250 m between sites. The antenna array elements considered are up to 256 fed by 16 ports with an overall gain of up to 30 dBi. The maximum transmitted power is between 30-40 dBm with 75 dBm effective isotropic radiated power (EIRP). 

Parameter

Order of Magnitude

Outdoor Small Cell

The primary approach uses a millimeter-waves base station for smaller cells from outdoor cells to house indoor internet boxes (Specifications on table 2). The size of these cells should be around 100 m. The base station panels are located 10 m above the ground on street lampposts and spaced by 20 to 100 m. The number of antenna elements considered is up to 256 fed by 8 ports. This particular situation can be asymmetrical between BS and the mobile station. The EIRP and the number of elements in reception or emission can differ. The elements gain is around 5 dBi for an overall BS with 30 dBi gain; the transmitted power is estimated to be (14 -25) dBm. In this situation, line-of-sight (LOS) and non-line-of-sight (NLOS) propagation schemes should be studied. 

Indoor hot-spot

Another case is studied for interconnecting outdoor base stations with indoor equipment such as internet boxes with laptops and smartphones with a 5G link. Considering the new Wi-Fi 802.11.ax [START_REF] Khorov | A Tutorial on IEEE 802.11ax High Efficiency WLANs[END_REF] (also called Wi-Fi 6) standard currently under deployment with bit-rates up to 4.8 Gbitps, the 5G may not be competitive in this scenario.

Base Station to User Equipment

Here, the network undergoes significant changes, as it concerns the communication at mmW frequencies between BS and user equipment (UE). While other scenarios imply no or limited movement of the communicating device in space, the user equipment is mobile and with different speeds across the orthogonal network.

The question was studied early by Samsung [START_REF] Roh | Millimeter-Wave Beamforming as an Enabling Technology for 5G Cellular Communications: Theoretical Feasibility and Prototype Results[END_REF] and Qualcomm [START_REF] Miyazaki | They said it couldn't be done, so we did it: Introducing the QTM052 mmWave antenna module family[END_REF]. The latter has proposed a 5G 30 GHz transceiver for smartphones integrated with its 2×2 MIMO dual-polarized phased antenna array. Since 2019 these transceivers have been commercially implemented in smartphones (the first one being Samsung Galaxy S10 5G) while mobile services were available 

Mobile communications at millimeter-wave frequencies

The spectrum allocated to 5G mobile telecommunications occupies various frequency ranges, scattered across 39 GHz of spectrum [START_REF] Miller | 5G for dummies[END_REF].

In mobile telecommunications, the pre-5G and the first sub-6 GHz 5G frequency range (5G FR1), as its name suggests, is located below 6 GHz on the frequency spectrum. To increase the bitrate of these communications drastically, the 5G standard place a second Frequency Range (5G FR2) around 28 GHz and has to face the demanding constraints of the free-space path loss at this frequency with a free-space path loss (FSPL) above 100 dB on a 100 m link.

= 4 2 (1) 
To mitigate the FSPL, a vital effort on each element composing the Friis equation has to be made to maximize the received power (equation 2) The transmitted power represents the contribution of the PA section essentially, it must provide strong output power, we will focus necessary attention on its efficiency; The deployment of 5G base stations should provide a very dense network and consequently consume a lot of energy (which is the leading critic about 5G and that motivate the research on the 6th generation (6G)), that is why the yield of the RF chain must fully contribute to the output signal power. The term represents the gain of the receiver device antenna (Sub-Base station or user terminal in our case). Finally, represents the gain of the transmitter antenna (Base station).

= + + + 20 log 10 4 (2)
With such a path loss, mobile communications at 28 GHz become possible with higher gain antenna . To reach such a high gain, the antenna array structure is a good candidate. It is widely used and proposes a substantial gain in a precise direction. Doing so can compensate for a strong path loss. Furthermore, the main criticisms about 5G point out the increase of power consumption of its dense network architecture. This is why a critical focus concerns the efficiency of the communicating systems. All in all, these significant changes will not go without challenges for the front-end designers, especially with PAs designs.

This thesis proposes analysis and solutions to some of the crucial challenges the 5G mmW power amplifier designers have to face. The first chapter will show the main principle and design rules of phased antenna array with different realizations done by the scientific community. Then, two phenomenons that play a crucial role in the PA design are highlighted: The phased antenna array (PAA) parasitic active load variation effect critical for the system efficiency will be characterized and its impact quantified in a second chapter. Then, the third and last chapter will address the particular aspect of the non-linearities radiations in 5G PAA compromising the signal integrity of communications. A solution embedded on ST complementary metal oxide semiconductor 65 nm millimeter-wave partially-depleted silicon on insulator (ST CMOS065SOIMMW) technology with a 65 nm length transistors is proposed to relax the linearity of the PA in a phased array.

Chapter 1

Phased-Array antennas and power amplifiers at the heart of the 5G mmW This chapter's purpose is to set the base principles that are needed to derive the reasoning, analysis, and realizations of this thesis. The idea is first to explain the behavior of 5G PAA and the PA and then highlight the issues in these new systems.

Phased array antennas for 5G

The antenna array proposes high efficiency; it comes with a panel of different configurations, from 1-dimension (1D) to 3-dimensions (3D) structures. The 2-dimensions (2D) planar antenna is suitable for mobile telecommunications because of its compactness, low cost, and beam steering abilities. Available on an extensive range of substrates, the planar antenna has strong flexibility in terms of design; an infinite range of different shapes can be possible as long as it is wisely sized at the right frequency with good impedance matching.

The antenna design must be simple, compact, and low cost for mass production purposes. Generally, rectangular patch antennas (RPAs) (and the circular variant) are used to ease the electromagnetic study and are preferred for their radiation predictability. Hence, the state-ofthe-art focused its analysis on commonly used rectangular microstrip antenna patch arrays. They are simple to realize and accompanied with rich literature [Bal05] [Sai96] [START_REF] Garg | Microstrip Antenna Design Handbook[END_REF] describing their behavior and design.

Patch Antennas

Characteristics and substrate

Although the have been described quite late (70's), patch antennas are probably one of the simplest radiating structures. They are widely used for various applications with good integration properties using wavelength comprised between centimeters and millimeters. However, their simplicity comes with drawbacks; poor efficiency, spurious feed radiations, and very narrow bandwidth (high-quality factor (Q)). Fortunately, the strong flexibility of micro-strip structures is a helping hand to reduce the loss of performance. For instance, the choice of substrate is crucial, with a thickness usually [Bal05] comprised between:

0.003 0 < ℎ < 0.05 0 (1.1)
A thicker substrate can raise the efficiency to 90 % and the bandwidth up to 35 %. Those substrates are characterized by many parameters, including the relative permittivity often between:

2.2 < < 12 (1.2)
Based on those two first parameters, we can expect a thick substrate with a low dielectric constant, better efficiency, and large bandwidth at the cost of larger radiating elements. We prefer high dielectric constant and thin substrates for microwave circuitry to minimize undesired radiation, coupling, and elements size. In contrast a thicker substrate is more suitable for antennas to get larger bandwidth (necessary for 5G applications).

Fringing effect and patch dimensions

The patch antenna design can easily be made referring to the theory described in [Bal05], introducing different models. Notably, an RPA can be seen as two radiating aperture of width separated by a length . The finite dimensions of the antenna imply some field radiation fringing at the edges of the conductor from either side of (figure 1.1), where the radiation essentially occurs. As said before, the substrates come with a permittivity larger than the air >> 1; most of the field lines are located within the substrate. However, small radiations still exist in the air, so this fringing effect must be considered in the design as it represents a small additional electrical length that modifies the resonance frequency of the patch. Basically, the patch looks wider The fringing effect mainly represents the energy storage capacitance given by (1.3)

= tan Δ (1.3)
with Δ the extra length due to the fringing effect. To help the design, we introduce the relative effective permittivity that unifies the propagation environment. In our case, it is composed of air and substrate, and represents an "average" permittivity between 0 = 1 and . With >> 1, we have:

1 < < (1.4)
with closer to . depends on the frequency; as this latter increases, the electric field lines tend to concentrate more and more into the substrate. Behaving more like a homogeneous line of one dielectric. Nevertheless, is constant at lower frequencies and can be expressed by:

= + 1 2 + -1 2 1 » 1 + 12 ℎ (1.5)
Then, at the intermediate frequency, it monotonically increases to reach the value of . The fringing factor (equation 1.6) can be used to evaluate the importance of the fringing effect. As the effective resonant frequency of the patch is defined by its effective electrical length, is the ratio between the resonant frequency computed with and without the fringing effect:

= ( ) 010 ( ) 010 (1.6) with ( ) 010 = 1 2 √ √ 0 0 and ( ) 010 = 1 2 +2Δ √ √ 0 0 = 1 2 √ √ 0 0 = 0 2
√ . With 0 and 0 the vacuum dielectric permittivity and magnetic permeability respectively, and 0 the speed of light in vacuum. With that in mind, the patch dimensions are given by the following equations for a given substrate with a permittivity and a thickness ℎ at the resonant frequency . The width of the patch is defined by (1.7); its variations will affect the radiation pattern and also control the input impedance: The wider is , the lower is the impedance.

= 1 2 √ 0 0 2 + 1 = 0 2 2 + 1 (1.7)
As said earlier, the length of the patch is artificially extended due to the fringe effect, the physical length , and electrical length linked by the relation (1.8).

= + 2Δ (1.8)
with the additional electrical length Δ due to the fringing field:

Δ = 0.412ℎ ( + 0.3)( ℎ + 0.264) ( -0.258)( ℎ + 0.8) (1.9)
The physical length drawn by the designer is then defined by (1.10), the resonant frequency is controlled by varying .

= 1 2 √ √ 0 -2Δ (1.10)
The patch parameters and its electromagnetic behavior are correlated by different relationships:

-The substrate height ℎ affects mainly the patch bandwidth; higher the height, the broader is the bandwidth; -The relative permittivity influences the fringing effect. Lower the dielectric constant wider is the fringing effect, and broader is the radiation pattern;

-The input impedance increases with the relative permittivity ; -The resonant frequency increases with , hence the size of the patch is smaller on a high substrate (a factor of 4 on the permittivity result in a twice smaller patch).

The patch antenna designs studied in this thesis are fed with a probe excitation (using a via from an inferior printed circuit board (PCB) layer to the top patch layer) as they are common and easy to simulate. To excite a horizontal polarization mode, the probe is centered on the width of the patch. Its position on the length of the patch controls the matching of the antenna. When is null, the probe is in the middle of the patch, and the input resistance is low. The closer the probe gets to the edges around /2, the higher the resistance is.

5G phased array antenna

Planar arrays are widely used in various applications under very different forms: Radio astronomy uses the principle of planar arrays in an original way. For instance, the Karl G. Jamsky Very Large Array in New Mexico uses 28 m high radio telescopes in a Y-shape array to get interferometry measurements between 73 MHz and 50 GHz. Also, the still under construction Atacama Large Millimeter Array is planned to set up 66 radio telescopes in Chile. On a much smaller scale, the military avionic industry has an essential use of planar arrays for radar detection. They usually need to fit in plane's front-end and consist of a circular plate realized on PCB or analogous technology with a phase control technique that may vary.

Base Principle

The general principle of a PAA is easier to understand while working in reception and 1dimension: Let's consider an incident wave coming toward a linear array of elements separated by a distance .

If the received wave hits the antenna directly perpendicularly with an angle = 0, each element composing the array gets the signal simultaneously: The array effect builds a received signal with more power than a single antenna; hence the array gain is higher than a single element.

If the received signal hits the array with ≠ 0 (figure 1.2), the signal is not simultaneously received by the elements. One will first receive the signal and the other with a delay that increases with the distance and the element number. To build a coherent signal from all the elements, delays/phase shifts must be introduced. As the same length distances the elements, the relative phase shift Δ between them is constant for a value of and defined by (considering no phase progression): with = 2 / 0 the wavenumber and 0 the free-space wavelength. It is worth noting that the achievable is not infinite; it is first limited by the architecture of the antenna (a plane ground typically forbids any radiations beyond 90°), and also restrained by the spacing between the antenna:

Δ = sin (1.11)
= arcsin -1 (1.12)
The distance must be chosen appropriately. When is getting closed to , grating lobes appear, degrading the peak-to-sidelobe ratio (PSR) and drastically reducing the antenna's directivity. Beyond , the main beam finally reappears on the opposite side of the radiation pattern.

The array effect is characterized and can be plotted by a quantity such as the array factor (AF). Its general form is:

= -1 =0 cos (1.13)
represents the sum of the wave vectors created by the phased elements phaseshifted by Δ . Assuming that the sources behind each antenna are identical and independent, its normalized expression for a linear array is:

= 1 sin 2 Δ 1 2 Δ (1.14)
We can find the zeros of the radiation pattern (angles where minimum radiation occurs) by solving ( ) = 0.

For higher gain and more beam orientation versatility, which is needed in 5G to search for users in a 2D space, a planar array constituted of × elements (distanced by in both dimensions) is necessary. Then, we use two variables to drive the phase shift between elements along the and -axis. The beam steering is then possible along and :

Δ = sin cos Δ = sin sin
Then the array factor becomes:

( , ) = 1 sin 2 Δ sin 1 2 Δ 1 sin 2 Δ sin 1 2 Δ (1.15)
The lobes in the radiation pattern occurs for:

Δ = ±2 , = 0, 1... Δ = ±2 , = 0, 1...
While the maximum of the AF that gives the main beam is for = 0 and = 0 hence Δ = Δ = 0.

The strength of the array theory is that it is applicable no matter the nature of the radiating element used in the array.

5G millimeter-wave phased-array antenna

With the recent introduction of PAA to mobile telecommunications comes new technical constraints and additional costs that must be balanced with relatively simple designs and low-cost technologies. The use of frequencies around 28 and 39 GHz implies news strategies of PAA designs to achieve successful high data rate transfers, despite a much higher path loss than previous generations. This is where large antenna arrays (AAs) associated with beam steering (BS) are brought into play. While applications above 60 GHz can allow on-chip antennas, the 28 GHz 5G with a wavelength around 1 cm imposes large antennas elements that represent around a few millimeter squares each and need the cohabitation of integrated circuits (ICs) and PCBs as it impose a vast network of interconnections between the IC and the PCB.

The main bottleneck for 5G PAA at mmW frequencies relies on the integration density. Even though patch antennas are "large" enough to be implemented on PCB, they are, at the same time, small enough to represent a challenge of interconnections with the IC that feed them.

Another challenge remains the multi-user access of the BS. As PAAs are very directive, multi-beam techniques are necessary to communicate with multiple users at the same time associated with adaptive algorithm techniques [START_REF] Liu | A Combined Switched Beam-Forming and Adaptive Beam-Forming Algorithm for OFDM Systems with Antenna Array[END_REF] to keep track of the movements of the UEs. The management of PAAs for multi-beam is possible in different ways:

-Full array: Each antenna is preceded by transmission / reception (TRx) chains (most of the time switched); the signal of each element on the entire array can contain multiple tones with multiple phase shifts. Doing so, the antenna uses the entire gain available to generate numerous beams with different orientations.

-Segmented array: Again, with switched TRx front end (FE), each beam can be created by different sub-divisions of the array. The sources in each sub-array region deliver a signal destined to a single user location with a single and same phase shift. This setup shows less system complexity as each RF chain must provide a single phase shift. However, each subdivision of the array has a fraction of the total gain of the array, reducing the total EIRP provided by each beam.

-Segmented TRx array: The PAA can be segmented according to the reception and transmission functions; it can be performed dynamically, meaning that subsections are allocated to transmission and other to reception (and inverse, as each FE possess a complete TRx RF chain). On the other hand, it is also possible to physically separate the transmission and reception by either designing sub-arrays only equipped with the wanted function or by alternating an antenna for transmission and an antenna for reception within the array.

For many reasons (integration, measurements, number of connections, thermal issues) it isn't easy to find large PAA realization in laboratory configuration, meaning with monitoring and flexible control to get a maximum insight on the behavior of the devices. Therefore, the industry proposes several solutions [Ano21] [Ltd18], but of course, with minimal details on their product architecture for intellectual property (IP) protection reasons.

Anokiwave [START_REF] Anokiwave | Anokiwave 5G Portfolio[END_REF] proposed in 2021 a 256 element active antenna (figure 1.3) working between 24.25 and 27.5 GHz and able to generate 60 dBm of EIRP with 2D beam steering thanks to analog RF beamforming. The product can generate a single beam using the 256 elements of the array and up to 4 beams using 64 elements with a maximum angle of steering of ±60°. Finally, the product presents a weight of 3 kg in a package of 26 × 15 × 4 cm. An example that reflects the challenge of realizing a "lab-friendly" PAA is this scalable 5G 32-element array that has been recently proposed by [START_REF] Chen | 38-GHz Phased Array Transmitter and Receiver Based on Scalable Phased Array Modules With Endfire Antenna Arrays for 5G MMW Data Links[END_REF] at 38 GHz. A single chip containing 4 TRx modules with switched PAs and LNAs feeds a cluster of 4 antennas. Of course, the integration of many ICs on a small surface represents thermal issues that are difficult to mitigate while being constrained by the placement of devices to achieve a controlled RF phase path. This analysis has shown that using multiple scalable PCB modules in a "brick" end-fire array configuration (shown in figure 1.4) enabled proper thermal dissipation. With the critical EIRP that phased antenna arrays must deliver, a split (figure 1.5b) configuration is preferred. The shared TRx configuration (figure 1.5a) is then reserved for user equipment setups. A measurement bench has been assembled with the Tx module of 32-element put 30 m away from a Rx 18-element brick array. Concerning the active modules, a 65 nm complementary metal oxide semiconductor (CMOS) technology has been chosen for the Tx and Rx beamformers and up/down converters. In contrast, the PA and LNA have been fabricated in 0.15 µm gallium arsenide (GaAs) pseudomorphic high-electron-mobility transistor (pHEMT). The results show that transmission with a bit rate of 2.4 Gbitps has been achieved with a 64 QAM over 90 dBm of FSPL at 38 GHz. The setup offers capabilities of ±60°of beam steering in azimuth and ±30°in elevation with a step of 22.5°and a peak EIRP of 47.5 dBm.

Each scenario of the 5G deployment finds an adapted solution either for UEs or for BSs; long-distance communications are covered with large arrays with high EIRP in large systems to handle the power dissipation needed. Shorter distances are covered with small modules easier to fit in the landscape and indoors. The size of the transceivers package is not scaled by the array size but essentially by the dissipation of power that they need, as the active or passive cooling systems usually represent a significant part of a module's volume. As it is not our focus in this thesis, the UE antenna architecture (typically a mobile phone) has not been extensively discussed. However, one can note that for obvious integration constraints, user equipment architectures differ from base stations: Usually, UEs high wireless and thermal performances are achieved with beamforming (BF) modules containing up to 8 elements in mobiles phones [START_REF] Dunworth | 28GHz Phased Array Transceiver in 28nm Bulk CMOS for 5G Prototype User Equipment and Base Stations[END_REF] and up to 16 in tablets [START_REF] Huo | 5G Cellular User Equipment: From Theory to Practical Hardware Design[END_REF]. They are usually physically dispersed on the device PCB and driven with spatial multiplexing (SM) for higher spectrum efficiency (SE).

5G power amplifiers and active load modulation

Notwithstanding the higher level of output power, efficiency, and peak power to average ratio (PAPR) requirements with the use of orthogonal frequency-division multiple access (OFDMA), 5G can still benefit from low-cost silicon IC, especially from silicon on insulator (SOI) technologies: One of the advantages of using PAA is that it is sized with elements driven by PAs, instead of using a single and significant power source that may come with heavy design constraints, an equivalent EIRP can be achieved with smaller PAs, giving the room for mmW SOI PAs [START_REF] Despoisse | A Comparison of Beamforming Schemes for 5G mm-Wave Small Cell Transmitters[END_REF] as it avoids the feeding network loss, and relax the thermal issues. The scientific community has been very active in proposing all kinds of devices to meet the requirements of the incoming 5G; the PA designers are really focused on mainly two types of architectures: Doherty and balanced amplifiers.

Preamble: Active load modulation notion

A simple PA is designed to deliver a specific output power (equation 1.16) under a particular supply voltage in a given load . If this load changes, is no longer guaranteed. This mismatch can be caused by the environment of the PA or even controlled in particular cases. It is difficult to talk about 5G PAs without mentioning the active load modulation effect. The phenomenon of controlled impedance variation, commonly called active load modulation, results from different sources delivering power in the same node, modifying the amplitude and phase of the combined currents/voltages. It can be purposely introduced to control the impedance seen by power amplifiers and maximize their performances, as in Doherty amplifiers or again in outphasing Chireix architectures [START_REF] Chireix | High Power Outphasing Modulation[END_REF].

= 2 2 • ( ) (1.16)
To illustrate the principle, let's take a simple case of two current sources and of impedance and that deliver respectively two currents and , through two ideal transformers with a coupling coefficient = 1, into . We can express the impedance seen by according to the other elements in the circuit, it gives:

= 1 - • + • ( + + ) (1.17)
The source delivers a constant current while is considered variable between 0 and . Although, as shown in equation 1.17, the is dependent on , the range of variation of is:

• + + = 0 ≤ ≤ ( + ) + + = (1.18)
For instance, if the three impedances of the circuit are = = = 50Ω, the range of variation is then between:

16.68 ≤ ≤ 33.34 (1.19)
The main impedance can indeed move along the real axis of the smith chart of the figure (1.7a). Assuming we keep the same main source impedance, equation 1.18 shows that a higher or a lower increases the range of load variation. Furthermore, the auxiliary current can be phase-shifted to achieve a specific range of complex impedance. The same circuit is analyzed with a varying from 0 to 180 • . is then modulated in amplitude and in phase. The load modulation allows the covering of a particular impedance area in the smith chart (figure 1.7b) directly controlled by a current in amplitude and phase. With a 360 • of phase variation, the load variation range would cover a maximum VSWR of 2:1. The tracking of an optimal load is the direct application of the active load modulation (ALM) that can be easily seen with the example given. A PA designed to deliver its maximum output power and efficiency in a given load will have trouble maintaining its operating state if, for any reason, this load turns out to be variable. The auxiliary source can compensate for the load variations and actively track the best impedance to ensure that the amplifier always sees the optimal load value.

The principle shown in figure 1.6 has other assets that inspire the Doherty PA architecture.

Doherty power amplifier

The Doherty Power Amplifier (DPA) is an architecture developed in 1936 by William H. Doherty [START_REF] Doherty | A New High Efficiency Power Amplifier for Modulated Waves[END_REF], an engineer from Bell Telephone Laboratories, and consisted of two tube amplifiers put in parallel biased in class B to deliver tens of kilowatts. Today the Doherty amplifier finds a new place in 5G base station transmitters with high PAPR signal and where significant power and efficiency are required. The literature proposes many solutions with gallium nitride (GaN) technologies for very high output power with between 35 and 43 dBm at mmW [Nak+18] but CMOS and SOI technologies also find their place for moderate power with between 18 to 23 dBm [START_REF] Hu | A 28-/37-/39-GHz Linear Doherty Power Amplifier in Silicon for 5G Applications[END_REF].

The main playground for this type of architecture is efficiency improvement, especially in the back-off region. The principle resides in two sources, often with two different profiles of conduction: a principal and linear source, often called carrier power amplifier of class or , associated with a peaking source of class or . The carrier amplifier is always active and deals with the low output power, while the peaking amplifier deals with the high power part when the carrier starts to compress.

Here is an example [Zon+20] of a DPA in 22 nm fully-depleted silicon on insulator (FD-SOI) CMOS technology with a 22.5 dBm output power and 28.5 % PAE at the 1 dB output compression point (OCP1). The design proposed is a fully differential architecture with input drivers and auxiliary adaptive biasing. Both PAs are composed of differential stacked transistors with capacitance neutralization (figure 1.8a). Although one of the main constraints of the DPA is the quarter wavelength impedance inverter required to achieve load modulation, they usually demand some work from the designers to make them the most compact as possible. In fully integrated DPAs, as in our example, the inverter is implemented using lumped components: an circuit is sized to achieve both impedance inversion and transformation that works with the associated balun. The two and components used for inversion are chosen to resonate to interfere in the matching circuit. The output impedance transformer is designed to match 2 to 50 Ω. By varying the drive voltage of the auxiliary circuit, the real impedance seen by the main circuit is modulated (figure 1.8b).

The power sweep (figure 1.9) shows a pretty typical response of DPAs: at low power, the main amplifier follows a PAE behavior of class , with the drive level increasing, the auxiliary amplifier turns on to slightly modulate the load of the main amplifier, achieving a PAE enhancement from 5 dBm of . While the main amplifier tends to reach its compression point, the load modulation created by the auxiliary makes a gain expansion, pushing away the circuit compression of 6 dB and creating a typical PAE flat response that characterizes DPAs. Compared to a basic class the PAE improvement is shown to be a multiplication by three at 6 dB back-off and by 1.5 compared to a class amplifier.

Although DPAs show substantial assets such as back-off efficiency enhancement, they have certain design complexity. Particular attention is required, especially on the phase recombination of the two amplifiers' paths, which is critical to optimal performance. Furthermore, the integration of splitters and delay lines limits the device's bandwidth.

Balanced power amplifier

The balanced amplifier was first introduced in 1965 [START_REF] Eisele | Balanced transistor amplifiers for precise wideband microwave applications[END_REF]; it is also appreciated and documented by the 5G scientific community. While it does not propose efficiency improvement, the balanced architecture's primary asset is being robust to load variation with a lower design complexity than the Doherty architecture. Again, this architecture relies upon two identical amplifiers in parallel that operate in quadrature. The input and output split and recombination are realized with couplers (with topologies that may be very diverse [START_REF] David | Microwave Engineering[END_REF]) that allow the load variation robustness. Compared to a classic single PA, the load is not directly presented at the output of the amplifier, the properties of phase recombinations of the hybrid coupler allow the termination load present on the isolated port of the coupler to absorb the variations of , the reflections due to the mismatch ending up in the termination load. It allows the PA to work almost constantly around its optimal impedance. Of course, the variation absorption works to some extent; a maximum VSWR is admitted by design to operate correctly.

A 28 GHz balanced power amplifier [START_REF] Moret | A 28GHz self-contained power amplifier for 5G applications in 28nm FD-SOI CMOS[END_REF] has been realized on 28 nm FD-SOI CMOS technology. It exhibits an output power of 18.7 dBm with 12.4 % PAE. The circuit (figure 1.10) comprises a differential driver, an input splitter, two class-push-pull amplifiers, and an output combiner. The power splitter and output combiner contain impedance transformers, and the hybrid couplers are realized with twisted coupled transmission lines, allowing more accessible connections in the circuit floor plan. The VSWR robustness is shown by plotting The termination load can be challenging to synthesize on a wide bandwidth and must eventually dissipate power in case of substantial mismatch. To summarize, the load variation immunity of balanced amplifiers is a feature that mainly benefits the 5G PAA as they present a peculiar drawback compromising the stability of the output impedance of the PAs that we will discuss in the next section. 

Antenna mutual coupling and parasitic active load modulation

While ALM benefits the designers to meet their specifications, it also exists under an unwanted form in phased antenna arrays.

Mutual coupling, how so?

The analysis of phased antenna array, as seen in section 1.1.2, is frequently simplified by assuming that each source of power exciting the antennas are identical and independent. Unfortunately, in reality, there is no such thing. By construction, we know from section 1.1.1.1 that our patch antennas have many spurious radiations detailed in [START_REF] Bhunia | Microstrip Patch Antenna's Limitation and Some Remedies[END_REF], degrading their quality factor. Among other issues (distorted radiation pattern, reduced radiation efficiency...) some of these radiations venture to the surroundings of the antenna and cause problems when the elements are disposed of in an array with relatively close spacing. In consequence, the patch antennas are communicating together through an inevitable coupling that occurs through different propagation mechanisms existing within the two mediums of propagation available: the air and the substrate (figure 1.12). We can identify three main mechanisms: free space, surface wave, and near-field coupling.

The free space coupling (as > 2 2 / with the element diameter) is directly due to the natural horizontal radiation of antennas traveling to neighbor's elements. The surface-wave coupling exists when antennas share a common substrate and ground plane. As shown in figure 1.13, surface waves are not radiated. Instead, they are kept trapped within the substrate and are reflected between the ground plane and the substrate/air interface. These waves are created when their reflection angle is greater than that depends on the material relative permittivity as in (1.20):

= 1 sin -1/2
(1.20)

The surface waves coupling decays with the distance in 1 √ . The reactive near-field coupling occurs on a radius of /2 around the radiating element and rapidly decays. It is not significant here as the spacing Δ = /2 between the elements is beyond this range.

The resulting parasitic ALM seen in the plan of the power amplifier is then a function of parameters such as the substrate characteristics, the antenna spacing, the array dimensions, and the interconnections between the power amplifiers and the antennas.

The design of an array can not only be based on a single patch antenna analysis. Indeed, the definition of the scattering parameters (S-parameters) used for the antenna matching imposes that all other ports of the system are 'off' and loaded by their characteristic impedance to derive the impedance of an element. However, this metric is insufficient in an array, as all the elements are simultaneously excited. The mutual coupling (MC) influence on the surrounding patches must be considered to match each antenna appropriately. The active scattering-parameters where and describe the amplitude and phase exciting the ℎ coupled element, and contains the attenuation and the delay that the coupled signal undergoes before reaching the victim antenna. Usually, the VSWR is a metric widely used to quantify the importance of the mismatch that a device undergoes. In this case, we prefer the A-VSWR notion to discern that the mismatch is dependent on active devices that evolve across time.

Radiation slot planes

A PA will undergo the most powerfull ALM effect when the active impedance gets far from its original value for which the amplifier has been designed. A substantial mismatch might happen due to different factors: As the terms are complex, the sum of their contributions does not necessarily tend to induce higher and higher mismatch; the phase component is important to consider. On the other hand, to perform beam steering (section 1.1.2), we know that the excitation (and eventually ) must be modulated and controlled by Δ (that becomes equation (1.22) with half-wavelength spacing = 0 /2). We are inducing parasitics but somewhat "controlled" variations of the PA output impedance.

Δ = sin (1.22)
Within this matrix that is coupled through dense and complex RF paths, each amplifier's behavior is now dependent on elements that can be physically away from its location due to the domino effect of each source affecting its neighbors. The BF variable is directly part of what defines the output impedance of the PA and is susceptible to disturbing its well-being. The level of this disturbance is yet to be determined.

Example of antenna mutual coupling mitigation techniques

The antenna designers have some design tips that can initially help to reduce the MC effect that essentially travels through the air and surface waves. Parallel coupled resonators (PCRs) [START_REF] Srinivasan | Mutual Coupling Reduction in Microstrip Patch Antenna Arrays Using Parallel Coupled-Line Resonators[END_REF] are structures that can be implemented to reduce the coupling between patch antennas. The principle is relatively simple; multiple parallel microstrip lines with a determined length, width, and spacing are disposed perpendicular to the direction of propagation (here, horizontal) of the coupling to create a high impedance blocking mainly the surface waves. Two RPAs have been simulated at 28 GHz distanced with /2 on RO4730G3 with an = 2.98 on High-frequency Structure Simulator (HFSS). A single PCR has been sized with the help of Advanced Design System (ADS), the resonator is composed of two parallel microstrip lines sized to create transmission zero (high Z) at 28 GHz. The computed dimensions are a width = 0.1 mm, a length = 4 mm and a spacing = 0.045 mm. A comparison with and without PCR is performed. The 21 between the antennas improves from -15.9 dB to -23.8 dB, increasing isolation of +7.9 dB.

One of the main drawbacks of the PCRs is that they may become complex to implement simultaneously on horizontal and vertical coupling as the resonators are usually longer than the patch antennas; the risk is that the space between antennas may not be sufficient for this type of implementation. Furthermore, it is also essential to verify that the resonators do not significantly impact the array's radiation pattern.

Nonlinearities radiations

Origins of nonlinearities

The nonlinearities are a big deal when working on amplification. They are a source of signal integrity degradation and loss of efficiency. The good operation of 5G OFDMA and its modulation schemes require a reduced adjacent channel leakage ratio (ACLR) and a still strong PAPR that are critically impacted by the PA linearity and efficiency. A small review of the contributor to these nonlinearities in PA is proposed.

Small and moderate signal

The physical behavior of metal-oxide semiconductor field-effect transistors (MOSFETs) under small and moderate signals has been widely documented and described [Raz17] [All10]. Consequently, the following section reminds the main contributors of nonlinearities in MOSFETs in moderate-signal.

We can represent any general MOSFET amplifier with a simple common source topology (figure 1.15a) with an NMOS transistor and output load. It can be seen as a basic voltagecontrolled current source (VCCS) that draws a current flowing from its drain to its source that is delivered by a static (direct current (DC)) source.

The voltage dynamically modulate between the transistor drain and source. The amount of current driven for a given voltage amplitude is represented by a transconductance (equation 1.23).

=

(1.23)

Supposing that the VCCS is a perfect source, the shape of the voltage measured on the output load signal has a perfectly matched frequency spectrum with the input voltage, with, in addition, the voltage gain of the amplifier that is defined by: = -

Then, if a loaded, the dynamic amplified signal is sent to the output load. However, an actual MOSFET, an essential brick of the amplifier, is far from an ideal VCCS; the current is impacted by diverse physical limitations and imperfections, causing both terms of equations 1.24 to be non-linear. In addition, the transistor geometry is actually the source of many intrinsic parasitic non-linear capacitors (shown in figure 1.16) that cause a non-linear behavior of the drain current.

Those are due to multiple parallel conductive surfaces within the front-end-of-line (FEOL) that are inevitable or due to the process precision. To build a coherent model of the transistor with its imperfections, the simple VCCS must be associated with a (non-exhaustive) list of parasitic capacitances (figure 1.17) that change with the metal-oxide-semiconductor (MOS) polarisation.

Some of those capacitances, such as and are first dependent on the overlap capacitance representing the gate surface overlapping the source and drain. Then, and also rely on channel charges intrinsic to the device operation (cutoff, active, and saturation mode), as shown in figure 1.18. Consequently, they vary in a non-linear way with the semi-conductor channel depletion zone, in which dynamically modulate the conductivity. In bulk devices, the capacitance increases with the level of doping. As a comparison, an SOI FEOL shows around 20 % less parasitic capacitances [START_REF] James B Kuo | Low-Voltage so1 CMOS VLSI Devices and Circuits[END_REF]. The maximum capacitance that exists between the junctions and the substrate buried oxide (BOX), is the capacitance that is defined by the thickness of the BOX (a few hundred nanometers) in PD-SOI. Furthermore, we note that a short-channel transistor of width has a transconductance (equation 1.25 in saturation region) dependent on the non-linear drain-source voltage (that undergo non-linear capacitive effects).

is also dependent on the oxide capacitance and of the channel modulation coefficient . To characterize the capacitances and the transconductance nonlinearities, they are decomposed in -order components giving more insight into their contribution to the frequency spectrum.

= [1 + ( -, )] (1.25) 

Large signal

The main signal distortion occurring in large signals is clipping. Clipping is a phenomenon that characterizes the waveform of the current . A sinusoidal current submitted to clipping has its peaks truncated; it can occur as one-side of two side clipping due to two main reasons: Lower side clipping is due to the biasing conditions: the amplifier work in reduced conduction mode. The designer purposely chooses this state. The DC biasing current selected by the gate voltage set the quiescent point for the dynamic current to swing around. Ideally, the drain to source current cannot be negative (figure 1.19); different biasing leads to other modes of conduction that cause the current waveform to be truncated. From the most linear class to non-linear classes such as class , the current waveform becomes more and more rectified, increasing the apparition of higher-order harmonic content as described in figure 1.20 from [START_REF] Cripps | RF Power Amplifiers for Wireless Communications[END_REF]. A low biasing level is crucial for reducing DC current consumption and shaping current waveforms that provide higher efficiency despite higher harmonic content. We can notice different points showing minimum harmonics. Class-shows no odd harmonic content but high 2 nd and low 4 th harmonic content. However, a PA might see its polarization change during an input power sweep. Indeed, the shape of a rectified wave at a high power presents a higher mean voltage causing the biasing voltage to increase with the power delivered. Consequently, a PA designed to operate in a specific class will work through multiple classes across time, especially when dealing with signals with a high PAPR, such as in OFDMA.

Most of the time, the upper side clipping is due to the saturation of the transistor. As the channel is limited, it cannot conduct an infinite current, and saturation occurs. As a result, the top of the waveform becomes truncated, a synonym of high harmonic content. As shown by [START_REF] Subhash | Microwave Active Devices and Circuits for Communication[END_REF] the one-side clipping is mainly responsible for creating even harmonics. In contrast, two-sided clipping is richer in odd-order harmonics, a class can eventually show two side clipping for very-large signals.

Globally, the PA designer task will reside mainly in handling the harmonics generated. The designer has many techniques to decrease their impact on efficiency and signal integrity: Differential architecture presents the attractive characteristic to naturally cancel the even harmonics that are an important component, as seen in figure 1.20. However, special care of the output load can short circuit the undesirable harmonics with distributed or lumped (LC) terminations [Par+16].

Harmonics and distortions

As seen in the previous section, many parameters are responsible for the apparition of harmonics. We usually fed its input with a sinusoidal (as possible) signal to quantify how linear a device is. Next, we observe the output signal's frequency spectrum to quantify the contribution of each harmonic. Then an empirical model of the non-linear device is built based on the Volterra kernels. With the PA's bandwidth limitation or different techniques, the generated harmonics can easily be filtered out as they are far from the fundamental frequency. However, with complex, multi-tone signals, distortions are generated, and some of them appear in the operating bandwidth. No direct filtering is possible; then, the designer must work on the linearity of its device or implement additional circuitry such as pre-distorders [START_REF] Yu | Full-Angle Digital Predistortion of 5G Millimeter-Wave Massive MIMO Transmitters[END_REF] to meet the specifications. The introduction of PAA with multi-beam brings up new studies because the power amplifier has to deal with tones with a different phase shift to form an extra beam to fulfill the 5G specifications.

Distortions and phase shifting

To understand the behavior and the issues created by these distortions in PAA, let's consider an arbitrary power amplifier feeding a single antenna among a -array. Its input is a complex signal composed of two tones 1 = 1 /2 and 2 = 2 /2 separated by a Δ around a central frequency 0 . The two tones are considered with the same amplitude and Δ small enough so that we can approximate that the tones are synchronous in phase:

= cos ( 1 ) + cos ( 2 ) (1.26)
The power amplifier is seen as a non-linear "black box", the output signal can be decomposed as a sum of -order components with kernels of .

= 1 + 2 2 + 3 3 + ... (1.27)
These Volterra kernels can be derived through different methods based on simulation and measurements [START_REF] Ghadimi | Determining Volterra Kernels for Nonlinear RF Power Amplifiers[END_REF]. By replacing (1.26) in (1.27), can be derived with the cosine exponent simplified [START_REF] Gao | Energy and Bandwidth-Efficient Wireless Transmission[END_REF] (here, the development is limited to the third-order intermodulation distortion difference for convenience) to make the different components appear. In equation 1.28 we find our original signal composed of 1 and 2 , its 2 nd and 3 rd harmonics, and 2 nd and 3 rd order distortions. The output voltage spectrum (figure 1.21) is then composed of the low-frequency component with the 2 nd difference. The high frequency components are composed of the 2 nd and 3 rd harmonics with the sum of 2 nd and 3 rd order distortions. (DC)

+ 1 + 9 4 3 3
( 1 ) (Tone 1)

+ 1 + 9 4 3 3 ( 2 ) (Tone 2) + 2 2 cos (2 1 )
(2 nd order harm.)

+ 2 2 cos (2 2 )
(2 nd order harm.)

+ 2 2 cos ( 1 + 2 ) (2 nd order distortion sum) + 2 2 cos ( 1 -2 )
(2 nd order distortion diff.)

+ 3 3 cos (3 1 )
(3 rd order harm.)

+ 3 3 cos (3 2 ) (3 rd order harm.) + 3 3 cos (2 1 -2 ) (3 rd order distortion diff. ) + 3 3 cos (2 2 -1 )
(3 rd order distortion diff. )

+ ... (1.28)
At last, in the bandwidth of the device (and the antenna), we have the desired signal tones, and on both sides, at a distance of Δ , the third-order intermodulation distortions difference that we will call and .

It is interesting to note that the 3 rd order kernel 3 affects the fundamental tones. At the same time, while 1

gives the gain of the amplifier on 1 and 1 ; the sign of 3 can reduce the amplitude of the fundamental and provide gain compression (for 3 < 0). On the other hand, it can increase the fundamentals creating gain expansion (for 3 > 0). In general, most of the devices are compressive, meaning that fundamental power is lost to the harmonics. For now, the tones 1 and 2 are considered phase synchronized (neglecting the phase shift due to Δ ). When going through a phased antenna array they will be submitted to the same phase shift Δ (from equation 1.11) by the beamformer to be finally radiated together in a single beam with all of the harmonics and distortion content. Beamforming excluded, this scenario is very similar to the case of a single antenna transmission of the previous technologies (with much less directivity to communicate with the maximum of users in space), where the base station emits all the terms of equation (1.28) with the same gain through a unique antenna. The consequence is that the users communicating with the station receive all the non-linear content of . Hence, the receiver must keep a sufficient signal-to-noise ratio (SNR).

The generation of multiple narrow beams used in 5G PAA needs new variables of phase control to put in equation (1.28).

Let's now consider two UEs 1 and 2 , on a 2-dimensions plane equidistant to from the base station.

1 and 2 are located within an aperture angle of 60°at two different positions that form respectively two angles 1 and 2 about to the perpendicular axis of the antenna. Each user receives respectively a sub-carrier of data at frequencies 1 and 2 . The first tone beam 1 is oriented toward 1 with the excitation phase shift Δ and the beam of 2 toward 2 with Δ . Our input signal from (1.26) now becomes (1.29)

= cos ( 1 -Δ ) + cos ( 2 -Δ ) (1.29)
Each tone is phase-shifted differently so that two distinct beams are generated and controlled via Δ and Δ . Each PA being considered identical on the whole array generates substantial non-linear components especially close to their OCP1. As we have introduced two variables of phase shift on the tones, each distortion depending on 1 and 2 at the same time is itself also dependent on Δ and Δ .

The troublesome in-band IMD3 difference component is now defined by:

3 = 3 4 3 3 cos (2 1 -2 ) -(2Δ -Δ ) 3 = 3 4 3 3 cos (2 2 -1 ) -(2Δ -Δ ) (1.30)
The beamforming relying on the control of a signal in phase, by tuning Δ and Δ to steer 1 and 2 , will result in the creation of two dissociated beams 3 and 3 of IMD3 with complex patterns entangled with the tones that need to be studied.

IMD3 radiation mechanism

Some elements of analysis have been given by [Hem02] and commented by [START_REF] Loyka | Comments on "Pattern characteristics of harmonic and intermodulation products in broad-band active transmit arrays[END_REF] to derive the radiation behavior of the nonlinearities. However, this result is very complex to derive due to the different effects of compression. For instance, the PA amplitude modulation to phase modulation (AM/PM) distortion affect the phase of IMD3s, and the intermodulations manifest themselves, creating additional beams. Despite that, we can approximate the behavior of the main IMD3 with a study of the beams that they generate. Then we will be able to get an idea of their direction of radiation. Let's describe two different cases of BF with our 2 users 1 and 2 , still communicating in line-of-sight with the base station:

1.4.2.2.1 Case 1
In this first scenario, 2 is kept on standby, 1 communicates with the BS and needs a substantial bit-rate, the two frequencies available 1 and 2 are allocated to him (figure 1.22a). The PAA forms a single beam to steer the two tones. However, 1 receiver has to deal with an issue of signal integrity: Very similarly to what happened with single antenna propagation, the nonlinearities, including the 2 nd and 3 rd harmonics generated by the non-linear characteristics of the PAs are sent toward the UE in communication (equation 1.31). The receiver targeted then suffers from a reduced SNR due to the IMD3. Now 2 , still located in a different place than 1 , wakes up, the bandwidth available is split between the two users. To do so, we attribute the frequencies 1 and 2 separately to 1 and 2 . Two beams are formed to target their distinct location (figure 1.22b). In this case, the IMD3 beams and follows particular patterns, described respectively in equation (1.32) and (1.33). They depend on the angle that defines the location of both users :

3 , = 1 = 2 = 2 1 = 2 2 (1.31) Aperture (a) Aperture (b)
3, = arcsin 2 1 sin 1 -2 2 sin 2 2 1 -2 (1.32) 3, = arcsin 2 2 sin 2 -2 1 sin 1 2 2 -1 (1.33)
In reality, most of the 5G PAA propose 2D beam-steering; hence 1 and 2 can be located respectively on street level and at the 3 rd -floor balcony. The tones beam angles are represented in a ( , ) plane with = sin cos and = sin sin . The beams of 1 and 2 have their corresponding vectors ( 1 , 1 ) and ( 2 , 2 ). Results the and IMD3 beam, formed in this new 2D plane:

3, ( , ) = 2 1 1 -2 2 2 1 -2 , 2 1 1 -2 2 2 1 -2 (1.34) 3, ( , ) = 2 2 2 -1 1 2 2 -1 , 2 2 2 -1 1 2 2 -1 (1.35)
As the intermodulations depend on the two tones, their beams usually point in other directions than the main beams. This aspect most of the time benefits the signal integrity of users 1 and 2. However, the IMD3 creates signal pollution in directions that are not targeted by the array. As a result, we can expect random users to receive 1 and 2 IMD3 while not even communicating with the base station.

Conclusion

This chapter has shown some technical solutions that the scientific community has provided for phased antenna arrays and power amplifiers to answer the millimeter-wave 5G needs. Despite the significant challenges that represent the realization of measurable systems, many insightful experiments have been performed.

First, the PA design is currently very active in using active load modulation to enhance efficiency and, at the same time, desperately focused on being robust to the parasitic ALM existing within PAA. However, we can ask ourselves about the relevancy of this precipitation toward complex designs, which often sacrifice efficiency for VSWR immunity, without proposing an extensive analysis of the load variation effect. This work needs to be conducted to fully understand the essential system parameters that influence the load variation and quantify its impact on PAs to justify using ALM-proof power amplifiers.

On the other hand, concerns on issues have been raised that we're never faced in mobile communications before 5G: The nonlinearities, intrinsic to the use of PAs, are a critical factor degrading the signal integrity. They face a different treatment than in previous communications standards; once radiated by the beam forming techniques, they tend to have a complex propagation scheme with many dependencies with IC behavior and the multi-beam parameters. This behavior may become annoying because it can affect many users in the beam steering range.

Chapter 2

Phased arrays load variation analysis

This chapter proposes an analysis of the parasitic active load variation in phased arrays, it is focused on its dependence on the system characteristics and on its consequences for power amplifiers

Array design and electromagnetic simulations

Phased array antenna radiation characterization

A full-wave analysis is commonly used to fully extract the performances of a radiating element without relying on any assumptions. This type of simulation aims solve the Maxwell equations with the currents on the antenna structure as unknowns. Then, looking at the fields produced by these currents to satisfy the boundary and excitation conditions, we get an integral equation given for the currents. The analysis is done with numerical methods, such as the moment method or difference equations methods. The latter converts the Maxwell equations into difference equations that are solved in the time domain. This method is called the finite timedomain method (FDTD). On the other hand, another method called finite element method (FEM) consists in solving the Maxwell equations in the form of vector wave equations.

Nowadays, 3D electromagnetic (EM) software has become indispensable for antenna design. The most popular of them include all of these full-wave solving methods in their solutions and enable a good simulation of thick and complex substrates, and of course, at the cost of non-negligible computation time and, let's face it, poor physical insight.

When dealing with AA, the computation time is a non-negligible issue. Having many elements to analyze requires a large structure with multiple edges that need significant mesh refinement. Secondly, multiple port excitation has a significant impact on simulation time. Actually, to optimize array analysis, particular methods (infinite and finite element array method) are proposed by software such as Ansys HFSS. It uses the symmetry axes and the repeatable characteristics of the array structure patterns to save considerable time. Unfortunately, this type of simulation doesn't allow co-simulation with active devices and requires additional licenses. The full-wave analysis is then chosen to have a maximum insight of the ALM effect with co-simulation. The size of the arrays simulated has been limited to 25 radiating elements to keep computation time around tens of hours.

The upcoming analyses have been performed with the Keysight ADS suite with modules EMPro and RFPro using the solver FEMs. HFSS has also been partially used for verification and quick finite array simulations.

Single antenna

Dimensions

The following designs have been simulated on a substrate that Rogers has recommended for 5G mmW applications. This substrate is the RO4730G3, with a dissipation factor tan = 0.0029, a thickness of ℎ = 1.034 mm that is important for high bandwidth, and a permittivity of = 2.98. The antennas designed are copper rectangular patch antennas with a thickness of = 35 µm; the sizing is performed using equations from chapter 1 (1.7) (1.10). The patch is fed by a coaxial probe, with a copper core and shield and a polytetrafluoroethylene (PTFE) insulator of permittivity = 2.1. The probe is off-centered on the patch alongaxis by 0.72 mm. The patch width is ℎ = 2.9 mm and the length is ℎ = 2.25 mm to resonate at 28 GHz (figure 2.1a).

Simulation

The simulation of the RPA, and the following structures, are performed with a linear sweep between 27.5 and 28.5 GHz. A step of 100 MHz and an adaptive sweep between 100 MHz and 86 GHz are chosen. The choice of the higher frequency defines the frequency for which the mesh is computed, its value is crucial as it must be set where the simulated device does not present any resonance to help the mesh refiner to converge and save some computing time. The solver used can multiply by a factor of 10 to 20 on the simulation time if the mesh frequency is not properly chosen. The delta of S-parameters convergence criteria is selected so that Δ ≤ 0.02 and two consecutive converged steps are required to stop the refinement. The excitation is done with lumped ports with the (+) terminal on the core of the feeding probe, and the (-) terminal on the shield. The simulation of the designed RPA with the same parameters of simulation shows a realized gain (insertion loss comprised) of 6 dB with a 3 dB aperture of 60°(figure 2.1b).

2D Antenna Arrays

Dimensions

From the single patch antenna is derived two antenna arrays of different sizes to study the impact of multiple rows on the antenna active impedance. Two arrays of 9 and 25-elements are designed; each patch antenna is separated vertically and horizontally by = /2 relatively to the center of the radiating patch. The maximum beam steering angle is then set from the equation 1.12 to:

= 2 arcsin 2 -1 = 2 (2.1)
The dimensions of the RPAs have to be adjusted due to the influence of the other elements in the array.

ℎ , ℎ and are now respectively 2.33 mm, 2.8 mm and 0.975 mm The final array design show these dimensions: the 9-element array is composed of a 3 × 3 patch structure on a substrate surface of 20.75 × 20.97 mm with an effective surface occupied by the RPAs of 13.5 × 13.03 mm. On the other hand, the 25 element array is composed of a grid of 5 × 5 patches representing an effective surface of 24.42 × 23.73 mm on a substrate of 31.45 × 31.67 mm.

Simulation results

Each array is simulated with the same setup that in section 2.1.2.2. First, the S-parameters results show that the return loss of each patch takes different values according to the various environment that each patch sees. It is between -21 and -38 dB.

By looking at the radiation diagram, we see that the smaller array achieves a gain of 14.7 dB with a 34°3 dB aperture angle. The larger array proposes a higher gain of 19.1 dB with a higher directivity hence 20°of 3 dB aperture angle. They show respectively a PSR of 17.5 dB and 14.3 dB. Besides these antenna properties that many techniques could improve, we now have the base elements to converge to this study's main interest, which is the analysis of the impedance that each RPA represents to the PAs feeding the elements.

Phase recombination analysis

To begin the study of the impedance effect, an analysis of the signal recombinations within the arrays is proposed. Using two arrays enable us to derive a comparison to understand how the number of elements and their location influence the load variation. To better find our way *DLQG%LYV ° within the 2D arrays, they are considered a matrix of antennas with coordinates coded ( , ) with the -axis coordinate and the -axis coordinate.

Phase recombination mechanism

Before digging into the array simulation with complex sources, the coupling mechanism can be modeled with simple elements shown in figure 2.3 to understand its behavior: Let's take an -array fed by ideal and identical, phased-controlled, sinusoidal sources. An element within the array is considered 'victim' and is fed by a source and controlled by a phase shift . In a perfect array, this source sees directly the antenna's impedance and, if perfectly matched, no returning waves. In reality, the incident signal delivered by the source goes through an RF path that is represented by an attenuation ℎ and a delay/phase ℎ . Some assumptions are made: We assume that the source is perfectly matched to its antenna; hence the return loss is null = 0. We also consider, in the first place at least, that the -1 aggressor sources are 'off'. Hence no signal traveling from the aggressors to the victim. The victim see no return waves, so = 0. In these conditions, the source experiences no disturbances, and the power transfer is complete from source to load.

From now on, the aggressors are no longer passives. The array, coupling the element between themselves, induces an incoming wave ≠ 0 composed of the sum of the contributions of each aggressor and their RF path defined by and for module and phase. It can be expressed as:

( ) = -1 =1 ℎ sin + + ℎ (2.2)
is then composed of the controlled phase shifts , of the delay ℎ and the attenuation ℎ that is basically | | The array simulations performed allow us to illustrate the shape in amplitude and phase of the signal : In both arrays, the central element (at coordinates (2, 2) in the 9-element array and (3, 3) in the 25 element array) is passive while all others are actives, representing the victim vs. aggressor scenario. First, the aggressors are fed with a 1 V peak amplitude synchronous signal ( = 0). The only phase shift that composes the coupled signal is then the sum of all ℎ . The shape of is observed in both cases at the output of the victim source : Based on the S-parameters obtained at 28 GHz, figure 2.4b shows the reflected waves compared to a reference incident signal feeding the central element of each array. Both 9 and 25element arrays coupled signals present a slight difference of amplitude of 0.08 V but especially a significant phase shift relative to the reference (Δ 25- = 100°and Δ 9- = 133°) that is different according to the array size. Typically if the element observed is set 'on' and delivers the reference signal, the coupled signals will add themselves to the reference signal and change its amplitude that is translated in a certain amount of VSWR. As the 9-element array coupled signal is practically in phase opposition to the reference signal, the reference will undergo a higher VSWR than the 25-element array.

As noted, the reflected waves present a similar amplitude between the 9 and 25-element cases, this phenomenon highlights that the second row of antennas that exists only in the 25-element array presents a coupled signal to the central element that does not impact the A-VSWR drastically.

Unlike we could have anticipated, having a higher number of neighbors in an antenna array is not necessarily a synonym of higher ALM. The multiple phase recombinations determine and dictate the amount of A-VSWR endured.

Within a population of radiating elements, the central antenna benefits from a symmetrical environment that fosters destructive phase recombinations of the coupled signals. On the other hand, the elements on the edges of the array suffer from a strong asymmetry of their environment. Notwithstanding the ALM effect that is our main concern in this analysis, it can be noted that the passive mismatch suffered from the surrounding antennas is usually treated with dummy elements placed all around the array [START_REF] Holzman | On the use of dummy elements to match edge elements in transmit arrays[END_REF] and passively contribute to reducing the A-VSWR.

Among the antenna array feeding techniques, windowing or weighting [START_REF] Depărăţeanu | Side lobes level reduction in planar array antenna using two-dimensional window functions[END_REF] is commonly implemented to improve the antenna's radiation pattern: the function assigns different weights to each array antenna that control the amplitude of their feeding source. As the elements on the edges are major contributors to the generation of side lobes, especially when scanning wide beam angles [Bal05], the weighting function, most of the time, reduces the excitation amplitude of the elements in the periphery of the array.

Characterization of interconnection losses

The study of the mutual coupling effect has shown that it depends on three critical parameters: The feeding phase , the RF path attenuation ℎ , and delay ℎ . To refine the previous results, PA-to-antenna interconnections must be taken into account in the RF path . The amount of losses separating the radiating elements and their source of power is dictated by the type of front-end architecture and the nature of the physical connections.

Origin of interconnection losses

The architecture of the system defines the mutual coupling path. In consequence, it may be very various according to the technology choices. Cheaper substrate, conductors, and chip to PCB interconnections represent non-negligible losses that play an essential role in the evaluation of the ALM. Working at frequencies above 60 GHz, the small wavelength size allows the designers to implement single on-silicon and on-packaging antennas, limiting the length of interconnections between their active circuit that would be a source of parasitics. At frequencies around 30 GHz, the wavelength is still large enough to coexist integrated circuits and PCB antenna. The chain of interconnections presented on the path of the signal coming from the output of the PA and going to the antenna's input shows more important losses and parasitic effects. Consequently, the power reaching the antenna is dissipated and reduced by a few dB, and these losses must be considered while designing the PA, or they may lead the designer to go back to the drawing board to ensure that the specified EIRP of the system is respected. On the other hand, as these losses increase, the PA gets more and more isolated from the antenna, and this isolation benefits to the reduction of the active VSWR presented by the antenna:

Considering an incident wave 1 coming from the source , going toward the interconnection element that is represented by an attenuation coefficient and finally feeding the load : The wave 2 received at the load is given by:

2 = . 1 -Γ . 1 (2.3)
In case of mismatch at the load, the reflected wave 2 is given by:

2 = Γ. 2 (2.4)
The reflection is submitted again to the losses and come back as 1 to the source:

Considering Γ Γ and Γ Γ :

1 ≈ 2 .Γ. 1 (2.7) 1 ≈ 1 + 20 log( ) + 10 log(Γ) (2.8) with 1 = log( 1 ) and 1 = log( 1 )
To summarize, the reflected wave coming back to the output of the PA responsible for the A-VSWR is a portion of the main signal given by the amplifier affected twice by the losses of the interconnections. Therefore, it is crucial to have a good idea of the elements that affect the signal between the antenna and the PA to estimate the A-VSWR as it can be significantly reduced in some front-end configurations.

Front End topologies

As seen the section 1.1.2.2, the classic and most widespread 5G front-end topology is based on switched Tx and Rx paths [START_REF] Li | A 24-30-GHz TRX Front-End With High Linearity and Load-Variation Insensitivity for mm-Wave 5G in 0.13-µm SiGe BiCMOS[END_REF] on a single probe-fed patch antenna. The connections between the integrated circuit and the PCB are composed of a flip-chip ball grid array (BGA) die and vias through the PCB. It can be estimated that at 28 GHz, the TRx switch [START_REF] Lee | Low-loss and Small-size 28 GHz CMOS SPDT Switches using Switched Inductor[END_REF] [LCK19] represents itself around 1.5 dB of insertion loss. Working at mmW frequencies, the connections between the chip and the PCB cannot be realized with wire bounding as it is too lossy. Flip-chip BGA connections ensure a good RF path that is estimated by [START_REF] Unchwaniwala | Electrical analysis of IC packaging with emphasis on different ball grid array packages[END_REF] and [START_REF] Li | Modeling and simulation of multilayer flip-chip package[END_REF] to represent only 0.2 dB. The remaining losses concerning IC and PCB connections and antenna feeding have been simulated with HFSS and estimated to an average of 0.8 dB.

In the switched topology (figure 2.6a) we find a variable gain amplifier (VGA) amplifier followed by the PA on the Tx path. Assuming that the switch is integrated on the same chip as the PA/LNA, we find the loss of the TRx switch, then followed by interconnections due to the IC to PCB transition, and finally the PCB structures with the transmission lines and diverse vias to feed the antenna. Giving a total amount of losses of 2.5 dB, Another type of front-end, less widespread, nevertheless very interesting for its performance, is called 'common-leg' [KR19] (figure 2.6b). The transmission and receiving path are, this time, switched before the amplifiers. The PA/LNA paths are connected to the antenna with cross-polarization techniques; for instance, reception is performed in horizontal polarization and reception in vertical polarization. Cross polarization naturally shows isolation between the two channels. Before the two amplifiers, the common-leg is composed of the and the coming to a dual switched branch with the phase shifter and the VGA. With no switch between the antenna and the circuit, the common-leg topology benefits from lower output losses, giving a total loss of 1 dB. However, this type of front end multiplies by two the amount of IC-to-antenna connections in terms of integration.

On the one hand, the losses decrease the system's efficiency. Still, concerning ALM, the phenomenon will be less visible to the amplifiers in higher loss systems as the interconnections isolate the PA from the antenna. This is why it is imperative to take into account the environment of the amplifier and the technology choices made to fully evaluate the amount of variation brought back by the mutual coupling. In the design process, this is not always easy for the IC designers to precisely know what will be plugged behind the device. In the best case, they are provided a specific VSWR immunity but not much; however, the next section will show that from simple designs, it is possible to derive a precise evaluation of the behavior of A-VSWR.

Beam steering load variation effect

The following analysis shows the results of the ALM produced by the BF. In this regard, co-simulation is required to simulate the 3D EM array model with the Golden Gate simulation of the ST CMOS065SOIMMW PA. The first part of this analysis is performed only using extracted S-parameters from the array. The principle of co-simulation required for EM radiation results consists of several steps of simulation that will be detailed later. In each case, the simulation bench for large arrays may be pretty tedious to set up. There are several variables per element to describe in equations and as many probes to place to monitor , , and .

.sNp PA n -Pad To take into account the interconnection losses, a Π-pad attenuator composed of three resistors 1 , 2 , and 3 is inserted at the output of each amplifier and controlled via the attenuation factor . The resistors are defined by:

1 , 3 = + 1 -1 (2.9) 2 = 2 2 (2.10)
Within this case, the PA and antenna are matched to 50 Ω, = = = 50Ω. The amount of losses that each FE topology represent give:

=1 ≈ 1.122
(2.11)

=2.5 ≈ 1.334 (2.12)
Before continuing, it is important to keep in mind that the performances shown in this section are intrinsic to the PAs, hence taken directly on the input and output of the device. The computed output power and efficiency do not consider the losses introduced.

Single element active VSWR

A study of an antenna among the array is proposed. The active impedance of this element is monitored while parameters such as the 2D steering angle and the interconnection losses are swept. To have a visible hint of the impedance variation, the active impedance is plotted in the smith chart. Figure 2.8 shows this load variation pattern of the central element of the 25-array (3, 3) for different amounts of losses with a maximum beam steering angle of 60°. Each point observable in the chart corresponds to an iteration of a beam scan sweep with a step of 2°. The A-VSWR obtained is visible thanks to the VSWR circles for 1.5:1 and 2:1 traced. The first example (figure 2.8a) constitutes a worst-case example that is not a realistic case but interesting to use as a point of comparison. In this case, the load evolves within an A-VSWR range comprised between 1.2:1 and 2.1:1, with an average of 1.6:1. The higher A-VSWR obtained is for a steering angle of ( , ) = (0 • , 0 • ), the beam steering causes the impedance to shift closer to 50 Ω as the most extreme angles show lower A-VSWR. With additional losses, we can observe the pattern area significantly shrinks and gets closer to the center of the smith chart. For instance, with 1 dB of losses (figure 2.8b), the variation range remains within the VSWR circle 2.0:1 with a maximum VSWR of 1.81, a minimum of 1.11, and an average A-VSWR of 1.43.

Finally, for the classic front-end topology losses (visible in figure 2.8c) ( = 2.5 dB) the load variation pattern stays confined within the 1.5:1 VSWR circle with an average A-VSWR of 1.29. To push the analysis further, a simulation of BS is tested to = 90 • . This situation is not likely to happen in normal conditions due to the high sidelobe content, but it can represent a scenario of "defect" if, for some reason, the system drifts away from its normal behavior. An interesting behavior is visible in figure 2.9: The additional range of variation appears directly on the smith chart and covers a different area of impedance that is vastly enlarged. However, the new impedances reached are still confined around the center of the smith chart. Hence, under those circumstances, there are no significant changes in A-VSWR in the different cases: no matter the amount of losses, the peak A-VSWR reached remains identical to 60-degree beam steering. The additional impedance values due to ±45 °beam steering reach no higher A-VSWR than those from 60 • beam steering. As the variation pattern is "folded" around 50 Ω we even notice a small decrease of the average A-VSWR from 1.6 to 1.5:1 for = 0 dB and from 1.3 to 1.2 for = 2.5 dB. Also, a minimum A-VSWR of 1.0 is now achieved as the 90°pattern covers the center of the smith chart. 

Full array active VSWR

After focusing on a single element of the array, we now look at the whole array. The load patterns are plotted for each patch of the 25-array, in figure 2.10. Following the same method as in the previous section, a beam scan of 60°is first performed, and = 1 of losses (FE worst case) are considered. The patterns come with various shapes that are more or less scattered within the smith chart.

A vertical symmetry of the array can be found in the pattern shapes. However, the asymmetrical antenna feeding is the cause of the slight horizontal asymmetry in the patterns (between rows 1 and 5, 2 and 4). This asymmetry manifests itself with a more important A-VSWR (noted on the figures for convenience) on the lower section of the array, probably due to the slight tilt of the radiating pattern caused by the feeding, resulting in more near field coupling. We can distinguish different types of patterns: the 9 antennas constituting the center of the array show load patterns that are pretty alike, having a relatively identical EM environment. With a bit of extrapolation, we can expect this pattern to repeat itself on most elements of a vast array. The edges are populated with more diverse patterns. The four corners are alike, and so for the element between them. A more critical spreading of impedance values is observed on the patterns of antennas on the periphery of the array. However, they do not necessarily show the highest A-VSWR. While each pattern is different, the impedance first tends to shift away from the center of the chart with the beam scan and then tends to orbit around it for large angle values. Some patterns also show good matching for ( , ) ≠ 0 • . During a 60°beam scan, the average VSWR simulated on the whole array is 1.76:1.

Figure 2.11 shows a significant spread of the load variation pattern. For most of the elements, the extra points of load variation orbit in a limited area close to the center of the smith chart. Consequently, the increase of A-VSWR is again not significant and stays below 2:1. These results show another interesting point: One of the characteristics of this load variation is that the patterns of load variations are intrinsic to the antenna array designed. Whatever the source is behind the array (as long as it does not show strong AM/PM distortion), it will see the exact impedance for each angle steered. In case of a substantial impact on the source of the ALM, we can imagine using Chireix type architecture that can track the different patterns of impedance, or eventually design PAs matched to a different impedance than 50 Ω by taking into account the ALM. Still, this impedance would be difficult to determined as it depends on the antenna topology.

Parasitic Active load modulation on power amplifiers

To derive the impact of the observed A-VSWR on PAs, a simple power amplifier architecture is designed in ST CMOS065SOIMMW technology with as specification an OCP1 of 18 dBm.

Chapter 2. Phased arrays load variation analysis

The topology chosen is a differential cascode amplifier to maximize gain and input/output ( 12 ) isolation. The transistor's current density is chosen for high transition frequency . It is biased to exhibit good linearity, giving a gain of 14.8 dB, an OCP1 of 18.4 dBm, and a PAE of 17 %. The design is simulated with a full EM extraction of the top and the transistor core's post-layout simulation (PLS). A series of comparisons of and of elements that are the most and the least subject to high A-VSWR is proposed. The beam scan is again performed in 2D with 60°, and the two front-end configurations are compared with their respective losses. To provide visual data to the performances variations, 3D plots are shown with the 2D space of beam-steering represented on the ( , ) plane and the data of interest on the -axis. The simulation's angle step is 1°on both axes allowing smooth shapes at the expanse of harmonic balance (HB) simulation time, which can be significant with advanced parasitic extraction of the PA design. From the simulation, we, without surprise, note that the two elements showing higher and lower A-VSWR respectively show lower and higher performances.

In the first case, we consider = 1 dB; during the full-beam scan, the PAE fluctuates for the element (2, 3) between 10.8 and 17.6 %. The symmetry of the EM environment of the element located within the center of the array reflects itself in the pattern of performance shown in figure 2.12. We have four maximums that occur for the largest angles with a constant decrease of PAE and when the beam is heading toward (0 • , 0 • ), for which the PA exhibits ) across a 60°2D beamscan with = 2.5 dB its lower performances. The output power variation is between 18.6 and 16.6 dBm for an average of 17.8 dBm on the beam scan. With = 2.5 dB, the patterns of PAE and from figure 2.12 adopt a flatter shape in figure 2.13 with minor variation from 12.9 % to 17.5 %, keeping an average of 15.5 % efficiency, and from 17.3 dBm to 18.5 dBm keeping an average of 18.1 dBm of output power.

We can also notice that the element keeping good performances is (1, 1) in the top corner of the array; it shows a much flatter pattern preserving the PAE between 17.6 and 18.8 dBm with an average of 18.1 dBm (within the specifications).

High peak power added efficiency PA and ALM

A simulation of the beam steering ALM has been performed on a second power amplifier design optimized for efficiency. Without discussing Doherty architecture, another differential cascode is sized for higher efficiency. The transistor size has been re-scaled and gate biasing has been reduced (class ), pushing the OCP1 closer to and the peak of PAE. With the lower biasing, the PA shows re-polarization before its compression point, creating gain expansion that increases the PAE. However, the efficiency improvement is at the expanse of gain and linearity. The new PA then exhibits an OCP1 of 18.9 dBm with a PAE of 41 % and a gain of 9.03 dB with an expansion of 0.84 dB. The PA design simulation contains PLS of the MOS transistor and EM simulations of the baluns and interconnections. Once included in the arrays, we can first notice that the new PA design shows a more pronounced variation of performances. These extreme values occur for the element (2, 3), the figure 2.14 shows that this particular element's PAE and drop when the beam is located around ( , ) = (0 • , 0 • ) due to a VSWR of 2:1. Concerning the output power, the impact of the beam steering is reduced from 18.9 dBm to 17.5 dBm at its lowest. It represents a drop of almost 17 %. Across the beam scan, the average output power delivered is about 18.5 dBm. In the same BS conditions, the PAE drops down to 15.2 % from 40.7 to 25.5 %, with an average of 34.3 %. The maximum of PAE and Pout occurs for wide angles ( , ) = (±30 • , ±30 • ).

On the other hand, the PA the least affected is the one feeding the antenna (1, 1) on the top corner of the array; it has a different shape of performance variation, as shown in figure 2.15 with only 8.4 % of variation with a of 34.6 %, keeping an average efficiency of 38.3 %. The follows the same pattern with a low variation of 0.6 dBm between 19 dBm (due to the fact that the load variation goes through an impedance that is exactly the and giving an extra 0.1 dBm) and 18.4 dBm around an average of 18.7 dBm. The maximum and minimum output power and efficiency occur respectively for ( , ) = (-30 • , 30 • ) and

( , ) = (30 • , -30 • )
Here, as the size of the array is limited, each element appears to have a different profile of response to A-VSWR as they do not have precisely the same radiating environment. In much wider arrays, we can expect to see more uniformity in the performance pattern from one element to another with disparities approaching the edges. One of the main contributions to the A-VSWR here is the active impedance when no beam steering is performed. It drives the impedance seen by the PA far from 50 Ω, we can observe that the beam steering at an important angle tends to bring the impedance back to the center of the smith chart, hence, restoring the PAE to its original value. A simulation with 2.5 dB of PA-to-antenna interconnection losses (switched FE topology) is performed, the range of PA performances variation is much more limited. The most affected element sees its PAE vary between 40.9 % and 31 %, which represents 5.3 % less variation compared to a front-end with 1 dB of losses. The output power variation stays contained between 18.9 dBm and 18.1 dBm with an average power of 18.7 dBm. Table 2 From the data gathered, we notice that the high peak PAE power amplifier suffers from more significant drops of performance (up to 15.2 % of PAE) than the more linear PA. Again, the most common topology of FE shows that the important losses due to interconnections significantly reduce the load variation seen by the PA down to 9.9 %. Moreover, it is important to note that the average performances of the power amplifier stay quite close to the nominal values. Meaning that the minimum efficiency is achieved for very few angle values among the full-beam scan reducing the severity of the parasitic active load modulation again. While the most worrying drops of efficiency that we have identified in worst cases (around 7 %), the reality is even less concerning: Indeed, we expect to have much larger phased arrays working in constant dynamic beam steering; hence, an average data the whole beam scan and on the whole array is more reflective of reality. For a 25-element array, with 18.9 dBm OCP1 and 41 % PAE PAs in two different front end topologies, the array average performances are the following (Table 2.3): The results show that the active load pulling pushes the power amplifiers to work under VSWR of different intensities according to their location in the array. Furthermore, the choice of the phased-array antenna design and the 5G front-end architecture is also crucial to determine the magnitude of load variation that amplifiers must endure in beam steering conditions.

Average data Reference PA = 1 dB = 2.5 dB A-VSWR 1.0 1.

Active load modulation on radiation patterns

We have constituted a consequent folder that exonerates the antenna from charge for high impact on power amplifiers. We can, however, determine with the help of our 25-element array the variation of output power has the potential to deteriorate the beam radiated by changing the phase and amplitude of the signal at the output of each PAs. Up to now, the precedent analyses were based on HB with S-parameters files extracted from EM simulations. Obtaining radiation results with circuit excitation is not that trivial, especially when complex integrated technology designs are involved. Therefore, a co-simulation tool is necessary. Thanks to Keysight and their tool suite, we managed to set up a bench capable of deriving the radiated electric field (E-field) of the designed antenna array when excited by our ST SOIMMW PA matrix.

Circuit-Antenna co-simulation flow

The principle of the co-simulation flow shown in figure 2.17, first of all, is based on the three conventional results that have been used extensively in this work. The HB results from the circuit, EM simulation of the array, and the extracted S-parameters from the array.

To successfully obtain the wanted results, the flow must be derived in this way: First, we must identify the impedance that matches the circuit (PA) and the radiating structure (antenna), then design both devices on their respective tools. Similar to the setup in section 2.1, the radiating element is simulated with the chosen solver (see section 2.1.1) under RFPro. The S-parameters of each port of excitation are exported with an .SnP file. The circuit under Virtuoso/Golden Gate is loaded by an S-parameters box containing the antenna simulation results. The HB simulation is performed with Golden Gate and generates a dataset file containing the excitation that feeds the S-parameters box. Back to RFPro, the EM model of the antenna fed with a feature called "circuit excitation", which is defined as the dataset file generated by Golden Gate. All the simulation solutions deriving from the eventual parameter sweep under Golden Gate are selectable to feed the EM model. The radiation results such as directivity, E-field, and gain are finally plotted.

.SnP 

Golden Gate

RFPro

HB simulation

Co-simulation

Radiation results

With the bench ready to co-simulate, a comparison between two cases is proposed: The perfect case is simulated with 25 ideal sources delivering the same output power as the nominal power of our designed PA at OCP1. The mutual coupling symbolized by the terms present within the S-parameters file are forced to 0. On the other hand, the real case reuses the setup from previous analyses with 25 designed PAs plugged at the back of the S-parameters file, including mutual coupling. The beam generated in both cases is simulated for two angles = (0, 30) • (we put aside 2D beam steering to simplify the results). With this comparison, we should determine whether or not the mutual coupling and the resulting ALM has a significant impact on the beam shape.

We consider two potential distortions of the beam, the peak E-field strength in dB and a shift of the peak beam angle. Finally, we keep the two different cases of interconnection losses and plot the radiating patterns for = 1 dB and = 2.5 dB:

At first glance, we see in figure 2.18 that the radiating pattern has good surviving skills to load modulation. The general shape of the pattern is well preserved; no particular shift of the beam is observed when = 0 °, the peak E-field strength that was initially of 41.1 dB undergoes a drop of -2 dB. When steered to = +30 • , a light but still noticeable beam Table 2.4 summarizes the amplitude and angle variations. We obtain an already known tendency globally among the different amounts of PA to antenna losses without surprise. As both cases represent different amounts of performance variations for the power amplifiers, it shows that we are dealing with the number of disturbances that are negligible in terms of radiation impact. However, the limited size of the array may hide the significance of the
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19. E-field Strength pattern according to with (line) and without parasitic ALM (dotted) effect for = 2.5 dB effects simulated. Indeed, with larger arrays providing much narrower beams with larger gain, the ALM effect is susceptible to being less discrete. A beam shift of a few degrees may impact the communication link. On the other hand, it is important to remind that the analysis conducted is set up with worst-case excitation. Usually, each source amplitude exciting the array is submitted to weighting functions to optimize PSR. The strategy used in this work is maximizing the main beam amplitude with a uniform amplitude distribution across the array.

Conclusion

From this analysis, we can draw different conclusions: First, the full-wave simulation of an antenna array is necessary to derive the true interactions between the IC and the radiating elements. Unfortunately, this step is very consuming in terms of time and computing resources, forcing us to work on the reduced-sized array to rely on many assumptions for the rest of the analysis.

Then, despite the concerns with which we started this work on parasitic ALM, this chapter concludes on a positive note: Indeed, the many balanced amplifiers designed to be robust to A-VSWR up to 2:1 were raising a major concern about the need for VSWR-proof amplifiers in 5G PAA. The proposed results show that with a comprehensive analysis involving simulation with PA and antenna and considering all the RF paths between them, we can achieve direct results of all the PAs behavior. Furthermore, we can derive radiation results from an antenna fed by the designed PAs with co-simulation. On the overall study, the parasitic ALM is finally limited due to the isolation that represents the interconnection losses, and secondly, thanks to the different compensations of phase in the coupled signal RF path. We have evaluated an overall drop of 4 % of the PAE on the amplifiers within the 25 element array simulated under a 60°beam steering.

The radiation results have been obtained with a new co-simulation method with the help of Keysight. Again it shows very moderate consequences of the parasitic ALM on the beam shape with beam deviation that does not go up to 1°and amplitude variation that does not go beyond 2 dB of amplitude.

With the results obtained on our limited array, we can speculate on what happens in a very large array (≥ 32 elements). We can expect our 4 % drop of PAE to be even reduced, as a larger sample of elements will have the same EM environment hence the same behavior in terms of load variation. Concerning the strategy to adopt in terms of PA design, we may adopt two approaches: First, we can focus on a design maximizing robustness; it must then comply with the most demanding specifications representing the worst case in which the device will work. However, with the results obtained, we can disagree with this strategy. Indeed, it implies the implementation of complex architectures that most of the time sacrifice efficiency. On a distributed system with a large sample of devices such as PAA, the extra level of robustness will benefit a few elements while potentially costing efficiency to the whole array. This brings us to the second strategy. We can sacrifice robustness for a limited number of elements that will benefit from it and keep the designs simpler for the sake of efficiency for the major part of the array.

The disruptive patterns created by the edge of the array will less contribute to the overall efficiency impact. Antenna techniques and judicious approach of the antenna active impedance matching can also greatly contribute to the impact of the parasitic ALM.

With the very handy co-simulation bench that we have exploited, another problematic phenomenon involving PAs and nonlinearities has been identified and will be treated in the next chapter.

Chapter 3

Using 5G phased array properties to solve third-order intermodulation issues

Beam Diversion for linearity improvement

Section 1.4 has shown the particular conditions of radiation that affect the IMD3. This chapter will show how these peculiarities can be turned into a system solution to relax PA linearity requirements and will present an implementation on ST CMOS065SOIMMW technology of a PA able to take advantage of this solution. We will first use a co-simulation flow (section 2.3.3.1) to illustrate different intermodulation scenarios and show in which conditions IMD3 radiations are disturbing communications. From the various cases of intermodulation radiation, the first step will consist in the identification of situations where PA non-linearities may cause interference in base station-to-user communication.

IMD3 and dual-beam forming (co-simulation)

Upgrade of co-simulation bench

One of the main challenges faced with IMD3 is the frequency proximity of the main tones. IMD3 spectrum exhibits upper and lower frequencies (see section 1.4.2.1). The co-simulation bench needs some upgrades to derive the IMD3 radiation beam. The 25 element array with the 25 PA exhibiting 18 dBm of output power is reused. A bi-tone HB simulation is set up. As a 2D beam steering is not needed in this chapter, and to speed up the simulations, parameter has not been used. The setup becomes:

-Two frequencies 1 and 2 for each user;

-Constants needed for beam steering ( , , ); -Two angles 1 and 2 correspond to the two-beam angular location; -Two matrices 1 and 2 of 25 phases each, respectively derived from the values of 1 and 2 ; -A fixed input power (split on the two tones) is applied to each PA; -A fixed biasing ( , , ) for each amplifier. Roughly 50 parameters are computed to run the HB simulation for any couple of angles 1 and 2 . A sweep of the angles would imply a re-computation of those parameters for each iteration. The previous analyses were performed with single tone HB simulation where seven harmonics were calculated to converge; in this bi-tone case, seven harmonics per tone are computed, which is considerably impacting the computing time and resources. The final results are again obtained with the same co-simulation flow used previously with RFPro.

Case study of IMD3 beamforming

In former wireless communication standards, relying on a single antenna, the intermodulation was radiated in every direction the antenna was showing gain. With 5G, a highly directive beam is formed and oriented. Equation 1.31 has demonstrated that with multiple beams steered in the same direction, the IMD3 are oriented in the same direction. An example is shown in figure 3.1 with two beams steered at (20; 20) • .

Situation reminder:

1 and 2 communicate with the same base station, each with a tone and a dedicated beam. The antenna elements are driven by the sum of the two tones and the IMD3 power generated by the power amplifiers. The tones are separated in frequency by Δ = 200 MHz at 27.9 GHz and 28.1 GHz.

We remember from the first chapter that the model given by [Hem02] allows computing the beam angle with which the IMD3s are radiated (equations 1.32 and 1.33).

3, = arcsin 2 1 sin 1 - 2 sin 2 2 1 - 2 (3.1) 3, = arcsin 2 2 sin 2 - 1 sin 1 2 2 - 1 (3.2)
It is difficult to find any rule of thumb to describe the behavior of the IMD beam. Firstly, we face a limitation of the equations 1.32 and 1.33: The inverse sine function is defined within the boundaries (-1 : 1), so when the delta between angle 1 and 2 makes the term inside the arcsine exceed these boundaries, the IMD3 beam angles are no longer defined. Secondly, the maximum angle of steering causes the IMD3 beam to fade and then to re-appear
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,0'(ILHOGG%PYV ° ,0' ,0' 2 ) = (20; 20) • and resulting IMD3 beams in mono-directional beam steering with an opposite sign. Again, this phenomenon is not represented by the equation given; the bench of simulation, which works for any case, is used to derive the IMD3 radiation angle. An analysis of several particular cases is proposed.

Case 1: IMD3 outside of users' range

The two users are located on opposite angles ( 1 ;

2 ) = (10; -10) • . The terms inside the arcsine function are within the range of definitions of the equations 1.32 and 1.33 and give the two IMD3 ( 3, ; 3, ) = (31.7; -31.1) • . We observe, thanks to the co-simulation bench, that in this case (figure 3.2)

1 and 2 are "IMD3 free", but at the expanse of the users located around. Indeed, both IMD3 are radiated in different directions that can disturb other devices independent of our base station's communication. In this case, we also observe that simulation results match equations predictions.

Case 2: IMD3 inside of users' range

1 and 2 are located in opposite directions, with the larger angle difference achievable. Hence, at the maximum angle reached by the array on ( 1 ;

2 ) = (30; -30) • . With 1 = 27.9 GHz and 2 = 28.1 GHz the current setup we have:
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2 1,2 sin 1,2 - 2,1 sin 2,1 2 1,2 - 2,1 = ±1.5 (3.3)
As sin 3, , ∉ (-1 : 1), 3, , are then not defined. However, the co-simulation shows in figure 3.3 that two beams are radiated with ( 3, ; 3, ) = (-30; 30) • . In this case, the two users receive each an IMD3 component. This represents a worst-case scenario for two users at two different locations as they have a reduced SNR due to IMD3.

Case 3: IMD3 cancellation

Another particular case occurs when the users are located at ( 1 ;

2 ) = (0; 30) • . By computing the IMD3 angles, we find that ( 3, ; 3, ) = (-30.5; 83.2) • , and we immediately notice that 3, > , that is the maximum angle of steering of the array defined by the relationship of equation 1.12 For 1 and 2 , it is a very favorable scenario; The is out of the radiation range of the array and consequently is not radiated with high directivity. Furthermore, the is emitted out of the scope of the users. However, other users located between = (-30; 0) • can receive the created by the signals dedicated for 1 and 2 .
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,0'(ILHOGG%PYV ° ,0' ,0' 2 ) = (0; 30) • and resulting IMD3 beams

IMD3 beam diversion principle

The case study has shown that IMD3 radiation can occur where a potential user is. It is not allowed to radiate power above a certain power level outside of your target angle to allow any user to communicate with the base station. The usual way to comply with this constraint is to use a very linear PA so that the amount of IMD3 before beamforming is low enough. Of course, this solution costs power consumption (need for PA linearization schemes, higher bias current, etc...). We propose an idea based on beam-steering for linearity relaxation: the concept resides in the diversion of the IMD3 radiation beam; when the IMD3 lobe is formed toward a user, we propose to divert it out of the user range or ideally outside of the maximum range of beamforming capability . We must first evaluate the linearity relaxation that we can expect from IMD3 beam diversion. In this regard, we look at a beamformed in a given direction for a given array size. It has a certain width, and with an additional angle shift we obtain a rapid drop of power emitted in the original direction.

6WHHULQJDQJOH ° 3RZHUIORZG%m 2 2ULJLQDO,0'%HDP 'LYHUWHG,0'%HDP 8VHU/RFDWLRQ 2ULJLQDO,0'3:5 'LYHUWHG,0'3:5 the previous analysis showed that the IMD3 beams are heading toward the two users. Then, we want to apply beam diversion to the user located in a 2°wide sector at -30 • . As can be observed in figure 3.5, the amount of IMD3 energy received by the sector for a given phase shift will be higher for a beam with strong directivity. This means that the diversion technique will be more suited for large arrays requiring less shift for the same linearity relaxation. Since we cannot simulate a large array with the co-simulation flow, we can obtain quick results with the help of the array factor [Bal05]. Software such as HFSS can provide a pre-computed radiation pattern of an -array from only a single element simulation. Based on those results, we can now emulate a 1024 element array. With the graph shown in figure 3.5, we see that starting with an original IMD3 beam located at the user location; we can minimize the IMD3 energy received by the user's sector if we can coincide the user location with a zero of radiation of the IMD3 pattern. These nulls occur for [Bal05] given in equation 3.4.

= arccos 2 -Δ ± 2 (3.4)
With the wavelength, the element spacing, the null index, and the number of radiating elements on the axis perpendicular to the radiation direction. With a /2 spaced 1024-array and a beam steered at -30 • (Δ = -90°), the four first nulls given by equation 3.4 are located around the main beam at (-38.7, -34.2, -25.9, -22.0)°. To steer the first null of the IMD3 beam toward the user, a shift of angular position of ℎ = 5 °is targeted, with as small margin taken. The IMD3 Δ must be changed by at least Δ = sin ℎ = 15.7 °relatively to the main beam excitation to reach the first null and send it toward the user. By integrating the power flow on a 2°sector around the user's location, a full-beam would transmit 65 dBpm 2 . With the first null aligned, the power flow transmitted on this sector is reduced by 17 dB giving the relaxation that can be obtained with beam deviation.

IMD3 and second harmonic injection

A mean of control is needed to implement beam diversion on IMD3 by changing the phase of intermodulations with at least ±15°without perturbing the main signal phase and amplitude. To achieve such results, the analysis of IMD3 behavior under 2 nd harmonic injection is studied.

Bi-tone signals and non-linear devices

The generation of IMD3 is shown in this section with a simulation of a simple nonlinear device in moderate signal: A capacitor is chosen as it is representative of the non-linear output impedance of a transistor (see section 1.4.1.1). This capacitance is dependent on the -order function of the voltage across its terminals:

( ) = 0 + =1 (3.5)
With 0 the linear capacitance and the capacitances of each order. The ratio of charges in the capacitor is derived from:

= • = 0 • + 2 + ... + +1 (3.6)
The current being the variation of charges within the capacitor, is expressed as:

= (3.7)
The second order of corresponds to 2 which will create an ( + 1) ℎ order harmonic of the fundamental frequency component in and thus in . To observe the components generated on the capacitor is simulated with a voltage source delivering the voltage across its terminal, as shown in figure 3.6.

1st order non-linear device

First, we consider a capacitor model limited to the order = 1. The capacitor is then defined by

( ) = 0 + 1 ( ) (3.8)
The harmonic content generated is observable with a simple simulation: The capacitor ( ) is fed with two series voltage sources generating two bi-tones signals. A main source delivering /2 on both frequencies 1 = 27.9 GHz, 2 = 28.1 GHz, and an auxiliary source delivering a variable voltage on frequencies 2 1 = 55.8 GHz, 2 2 = 56.2 GHz. The linear capacitance 0 is arbitrarily chosen to be 1 pF and the coefficient 1 = 0.5 pF is kept small enough to avoid too strong harmonic content that might prevent the simulation from converging.
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, 2 nd , and 3 rd harmonics current magnitude vs. magnitude

As the first step, the auxiliary source providing 2 1,2 is off. As the capacitance is not dependent on the second-order of , by increasing the voltage amplitude of the source 1,2 (figure 3.7), only 2 nd harmonic current is generated; in contrast, the 3 rd harmonic and 3 rd order intermodulations stay null.

We now enable the auxiliary source that feeds the capacitor with a constant second harmonic bi-tone voltage, is again swept. Figure 3.8 shows the second harmonic current that is generated, the increase due to the natural 2 nd harmonic current generated by the non-linear capacitor is barely visible. Furthermore, we notice that now third order components are present: Although the fundamental current amplitude did not change, we have an increase of 3 rd harmonic. More importantly, the second harmonic injection allows the generation of
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.9. Fundamental, IMD3, 2 nd , and 3 rd harmonics current magnitude vs. magnitude v C 0DJQLWXGH A phase shift is then introduced in the auxiliary source, changing the phase of the second harmonic injection. To keep the results readable, the current composition is plotted for two phase-shifts values: = 0 °as a point of comparison and = 90 °, where the most amplitude variations of the nonlinearities occur. Figure 3.10 shows several interesting facts: The fundamental current shows low amplitude variation between the two angles of injection (around 2 %). The second harmonic content composed of the constant injected component plus the natural component generated by the device shows a negative slope with the increase of , reaching a drop of 57 % of amplitude at . The third harmonic increase is softened with the rise of , getting to a level of 45.9 % lower than with = 0 °. Last but not least, our IMD3 level is kept very low and is even nullified at = 0.9 This first step of simulations demonstrates that, by injecting 2 1 and 2 2 signals with the correct phase and amplitude at the output of a non-linear system, we can tune the value of IMD3 components (2 1 -2 and 2 2 -1 ) both in-phase and amplitude. The next step will help us to understand how this property can be used to tune the IMD3 beams in a phased array context. is fixed to 0.9 V, is swept between 0 and 360°. The phase of the 1 st , 2 nd , and 3 rd component is monitored and shown in figure 3.11. As in amplitude, the fundamental phase is independent of the injection phase, which is essential not to change the properties of the proper signal. The 2 nd harmonic current is quasi-linear due to recombination of the variable controlled current injection with the natural second harmonic current generated by the nonlinearities of . On the other hand, the 3 rd harmonic shows a somewhat similar pattern to 2 1 . Concerning the IMD3, we directly observe a discontinuity at 90°that corresponds to the phase sweet spot where the IMD3 is canceled (figure 3.11). Furthermore, we see that the IMD3 phase has a phase variation range of around 158.4°.
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This section has shown that through 2 nd order non-linear mechanisms, we can achieve control of the third-order intermodulation distortion as well in phase and amplitude with 2 nd harmonic injection. The phase modulation is then the brick required to achieve the beam diversion targeted. The next step will be to implement this technique inside a power amplifier.

IMD3 Phase Shifting Power Amplifier implementation

ST CMOS065SOIMMW technology

The CMOS SOIMMW technology of STMicroelectronics is a PD-SOI technology in early development during this work. It is derived from a 65 nm SOI node that originally had transistors using a thick gate oxide and a 1.2 V nominal operating voltage. During the thesis, the technology has been updated with a thinner gate oxide that handle a 1 V nominal voltage and 40 nm gate length transistors, for higher frequency applications. Two back-end-of-lines (BEOLs) are available: 5 metal layers, one with a single thick metal and a 7 metal layers BEOL with two thick metals. As its name suggests, the emergence of such technology follows the need for RF front-end for mmW frequencies. As mentioned in section 1.4.1.1, SOI substrates benefit from passive device performances; high resistivity substrate below the buried oxide combined with a trap-rich layer allows low-loss passives by getting rid of the lossy silicon bulk from bulk technologies. The high resistivity SOI substrate is also a significant drive for space application. The insulator properties allow radiations hardening, which is critical for the IC to face the harsh environment of space.

Circuit Design

Base Power Amplifier Design

The power amplifier designed targets an OCP1 of 18 dBm according to the specifications for 5G AA power amplifiers (between 17 and 20 dBm) [Par+16] [IR17]. A differential architecture with cascodes is chosen.

First, cascodes are widely used for millimeter-wave amplifiers [Par+19] [ÇR19]. They show several advantages [START_REF] Razavi | RF Microelectronics[END_REF]; cascodes allow a larger voltage swing balanced between the two transistors, limiting their stress. The cascode topology also allows high gain, good isolation, and reduces the miller effect. The latter consists of the multiplication of capacitance (see section 1.4.1) by the voltage gain . As the feedback increase with frequency, the bandwidth of an amplifier is reduced by the Miller effect. A common-gate (CG) stage is not subject to the Miller effect because of the grounded gate that absorbs the drain signal feedback. On top of that, CG stage presents a low impedance to the common-source (CS) stage (1/

), making the voltage gain of the CS stage, (= / ), in the order of magnitude of 1 reducing the miller effect impact drastically. However, this topology's voltage swing suffers from twice the threshold voltage preventing from using the full swing.

Secondly, the differential aspect of the topology present also pertinent advantages [START_REF] Razavi | Design of Analog CMOS Integrated Circuits[END_REF]. It naturally shows common-modes rejection. Hence, every order even th harmonics (a potential 2 nd harmonic content for instance...) are filtered out by differential structures such as baluns and transformers. Furthermore, it allows large voltage swing (two times the voltage swing of a single-ended structure, with the same supply voltage), high linearity, and simpler biasing that is enabled with the use of baluns. However, the baluns represent a large area and, special care must be given to the cold spots for proper common-mode rejection and avoid stability issues.

Transistor Sizing

The ST CMOS065SOIMMW technology is proposed with two transistor gate lengths of 65 nm and 40 nm with a 1 V operating voltage. However, as an experiment for reliability concerns, we have exceptionally considered = 1.2 V for 65 nm transistor counting for relaxation with .

A metric to determine the potential of a technology node for power amplifier design is to use the frequency transition determined by (3.10).

= Im 1 ℎ 21 = 2 ( + ) (3.10) 
With ℎ 21 a term of the hybrid matrix represents the current gain of the two-port network with its output shorted, and the extraction frequency. is the frequency for which the current gain of a transistor is null. A rule of thumb for proper technology choice is to verify that the maximum reach at least five times the frequency of operation. The transition frequency is extracted and shown in table 3.1 for both technology nodes on a unitary reference cell of 10 fingers of 1 µm width. From these results, we see that the 40 nm transistor shows a 5

and that the 65 nm node shows a > 5 . The 65 nm node is then sufficient and also allows a larger voltage swing with a higher while the smaller transistor is more suitable for applications around 60 GHz.

× 40 nm 10 × 1 µm 1 V 293 GHz 65 nm 1.2 V 193 GHz
Losses between 1 and 2 dB are expected from the matching circuit. Consequently, the transistors are sized for an OCP1 of 20 dBm. A rough estimation of the PA sizing can be extracted from basic voltage/power considerations. If we look at the common source prototype in figure 3.12, assuming that the voltage waveform is a sine wave, the output power can be expressed as:

= 2 2 (3.11)
(2 stands for a peak to root mean square (RMS) conversion).

Assuming that 1 dB compression point is reached when equals , 1 is equal to:

1 = ( - ) 2 2 (3.12)
Which can also be written as:

= ( - ) 2 2 1 (3.13)
In other words, the load real part is determined by (technology characteristics related to reliability) (that will depend a little bit on transistor sizing but will be in the order of magnitude of 200 mV), and the output compression point. Moving from a common source to differential cascode structures (figure 3.12), the formula can still be used, considering differential structure as two branches delivering /2 each on /2, and the cascode as a device capable of sustaining twice the voltage, with twice the . Finally:

2 = 2( - ) 2 2 1 2 (3.14)
And thus:

= 8 ( - ) 2 1 (3.15) 
Using our hypothesis (

= 1 V, = 200 mV, 1 = 0.1 W) bring us to a load resistance of 51.2 Ω.
Of course, this value is a starting point for the design and has to be refined with circuit simulations

The differential cascode architecture allows us to synthesize a reasonable load . If we had chosen the common source topology, would represent only 3.2 Ω. A unitary cell with 10 fingers of 2.5 µm is used to determine the transistor size. The biasing current is chosen from this cell and then scaled to the size of the final transistor to deliver the correct output power. We set so that the transistor exhibits a maximum transition frequency ; furthermore, a margin of 10 % is taken relative to the peak to anticipate further process/temperature (figure 3.13).

The final transistor core is composed of a pair of 350 µm transistors with 140 fingers of 2.5 µm width. The current per finger is about 180 µA with = 640 mV.

Balun Design

We have designed a test structure to enable on-wafer measurement of the circuit with Ground-Signal-Ground RF probes. The differential circuit is matched to the single 50 Ω impedance of the measurement probes with the help of balun transformers. The ST CMOS065SOIMMW BEOL stack comprises 7 metal layers, including 2 thick layers; this feature allows the design of baluns with primaries and secondaries on two different layers for high coupling coefficient and low losses. Furthermore, the fringe capacitors from the design kit using metal layer 2 (M2) to metal layer 4 (M4) are used to adjust the impedance transformation. Particular attention is given to the size of the capacitances; they must be kept small to preserve their high-quality factor and minimize the losses of the matching circuit.

f T *+] f Tmax f Tmax 10%
The input balun has to match the 50 Ω single probes to the gate parallel differential 110 Ω impedance. The primary is designed in metal layer 7 (M7) and the secondary with metal layer 6 (M6), the gate polarization 1 is connected to the secondary center tap. Given the impedance transformation ratio, an octagonal 1 turn to 1 turn shape is enough to obtain the correct matching.

The output balun is designed to present on its primary a complex differential load (3.16) composed of a real part (??) in parallel with an imaginary inductive part = .

= 1 + 1 (3.16)
is swept (figure 3.14b) and chosen to ensure a complete transfer of output power by fully compensating the imaginary capacitive part of the output of the transistors. As a result, the output capacitance is fully compensated for = 460 pH. We have a parallel impedance composed of = 51.2 Ω and = 460 pH which transformed in series impedance gives: With at 28 GHz that finally gives:

= 1 + 2 (3.17
= + = 36.6 + 23.1 Ω (3.20)
is then transformed to the 50 Ω output probe impedance. A rectangle shape is chosen; the primary is made of a single turn of M6 with the drain DC polarization access connected to its center tap. Another single turn of M7 is used for the secondary.

With an EM simulation with Keysight Momentum, each input and output balun represent around 0.7 dB of losses.

Second harmonic source design

Among the solutions to generate a second harmonic, one that allows good integration with a power amplifier is the "Push-Push" amplifier. It is primarily known in oscillator literature for its frequency multiplication property. Its principle can be compared to the differential amplifier as shown in figure 3.15: The differential amplifier (figure 3.15a) is a differential architecture with a balanced input and output. Each transistor alternately supplies current to a connected load, and, as already said, it naturally cancels the even harmonics at its output. On the other hand, the push-push (figure 3.15b) consists of the same pair of cells but with balanced input and unbalanced output with both drains connected to the same node. When a differential signal feed the transistors, the even odd-order harmonics (including fundamental) being 180°o ut of phase cancels when even order harmonics (especially h2), being in phase, are summed. The push-push amplifier is usually characterized by its conversion gain. Due to its unbalanced output, the push-push amplifier (PP) is doubled, and the two outputs are connected to each drain of our differential PA. It allows direct second harmonic injection through current recombination in the non-linear impedance represented by the PA.

Cancels -Even harmonics

Balanced input

Transistor sizing

The PP is designed to have a maximum conversion gain, delivering the maximum 2 nd harmonic current while consuming the minimum DC current to minimize the degradation of the circuit efficiency. To do so, the transistor size is chosen to generate the maximum IMD3 control with consumption that remains under 25 mA; representing around 16 % of the PA consumption. As a result, the final push-push architecture is realized with 2 pairs of 37.5 µm wide transistors and shows a maximum conversion gain of -10 dB for = 1 dBm.

Balun Design

As we are dealing with much smaller transistors, the impedance to match is larger (small ), making the balun more challenging to design due to the high impedance transformation ratio. Indeed, 1 kΩ must be matched to 50 Ω. To help with the balun design, a parallel resistor of 477 Ω between positive and negative input is added to reduce the impedance seen to around 323 Ω. The transformation ratio is finally achieved with a two-turn balun.

Biasing circuit design

The bias current in the two PA sections are generated using current mirrors whereas the cascode voltage (

) is generated by the current crossing two diode-connected MOS transistors. Reference current inputs are connected to pads and were generated by lab requirements. The principle of the current mirror (figure 3.16) resides in a diode-mounted transistor coupled to another MOS gate. We can express the currents flowing into the drains of transistors 1 and 2 as (3.21) and (3.22).

=

1 2

1 ( - ) 2 (3.21) = 1 2 2 ( - ) 2 (3.22)
With the oxide capacitance and the electron mobility. As both transistors share the same and the same die, they undergo the same process and temperature variations (affecting , , and ). Hence the process, voltage, temperature (PVT) effect is canceled. 

= . = ( / ) 1 ( / ) 2 (3.23)
For the CS bias of the PA and PP (see figure 3.17), the size of transistors 1 and 2 ( / ) are identical and, their current is adjusted with . The ratios for the MOS size is are shown in table 3.2. The desired cascode common gate voltage is = 1.95 V (chosen to have a balanced swing between the CS and CG stages). Hence, the current mirror cannot simply be made with two identical stacked diode-mounted transistors as ≠ . To achieve the targeted, must be equal to -= 1.95 -0.7 = 1.25 V. It could be obtained by reducing the ratio / of ; however, it results high stress of the MOS (with > !). A resistor is then added to the source of to lower . A compromised have been found for:

= 40 Ω and ( / ) = 125. In addition, as the DC PA CS PP CS 28 6 

Circuit Layout

As the circuit architecture is composed of two inputs and one output, the strategy is to preserve the PA input and output on the same axis to minimize the length of the interconnections on the RF path that carry the power.

Transistor cores

For each core (PA and PP) the transistor's drain and source fingers are connected with stacked layers and vias from metal layer 1 (M1) to M2, reducing the contact resistance but at the cost of higher capacitance. Multiple aspects have been carefully taken into account in the design of the transistors' access layout. First, each transistor has been subdivided into five sections to maintain a small / ratio to avoid a critical dispersion of the active core that will result in long connections and high losses. The final structure measures 25 × 38 µm. Each finger is connected to a stack of thin metal layers from M1 to M4 to connect other thick layers. Concerning the commonsource transistors, their sources and drains are linked with the thick M6 to the ground and the common-gate MOS source. Their gates are connected to the input matching through layers M1 and M2 that join the matching capacitor with a whole stack of vias reaching the M6 input balun secondary. On the other hand, the common-gate transistors have their drain connected to the primary output balun through the M6 layer. Their gate is connected to the biasing through the medium metal layer 5 (M5) layer.

For reliability and electromigration concerns, a certain number of vias are required by the design rules manual (DRM) for connections that must flow significant currents. According to the DRM, the design can sustain an operating temperature of 125 °C with the amount of current and the number of vias implemented. The PP core is arranged to simplify all the crossed connections according to the schematic from figure 3.20a: The input path crosses to keep the output drains straight for fewer interconnections, as shown in figure 3.20b. The common-sources gates are connected with M2 for the negative branch of the differential architecture and with metal layer 3 (M3) for the positive branch, allowing a cross-over. The source and drain connections are insured with M6 links. The output drains are connected on two different thick layers to enable cross-connections to the PA and output balun nodes.

Input 1 and output layout

The input of the power amplifier (figure 3.21) is located on the west part of the circuit and is composed of the designed balun a associated with its two matching capacitors c 1 and c 2 . The transformer's primary is connected to the ground-signal-ground (GSG) pad b and the secondary to the input of the transistor f . The biasing circuit d (see section 3.3.2.3) is situated at the north of the input balun creating the polarisations 1 , 2 , and are respectively supplied by the M5 d 1 , d 2 and d 3 access.

1 is connected to the center tap of the balun's secondary while 2 is crossing through the balun to reach the south input. Both voltages are decoupled with capacitors e 1 and e 2 , respectively. On the east section of the circuit is located the output composed of the output pad g and the transformer h associated with its two matching capacitors j 1 and j 2 .

Two large banks of capacitor i 1 and i 2 are placed along the balun on the north and south sides to decouple the supply coming from k . The banks are composed of multiple elementary blocks that each contains a large fringe capacitor with a high-quality factor dealing with the higher frequency decoupling and four small poly-silicon capacitor with lower Q that deals with lower frequency decoupling.

The drains of the transistor f and of the double PP circuit m are connected to each branch of the balun's primary. Finally, the common-gate polarization is distributed to the two active cores in M5 from d 3 to l .

Input 2 layout

The second input feeding the second harmonic generation is located south of the circuit. Again, we find the balun n for the input matching of the push-push amplifier with its capacitor p . The secondary center tap is connected to the polarization 2 through M5 and a decoupling capacitor r , and then each branch of the transformer is connected to the double PP. In order to prevent any space issues between the RF probe body that will be used for measurements, a 50 Ω coplanar waveguide (CPW) line q using M7 stacked with alucap layer (AP) is used between the primary of the balun and the RF pad o . 

IMD3 PSPA simulation and measurements

An analysis via simulation has shown that the 65 nm transistor length version is sufficient for 28 GHz applications. It allows large enough transition frequency higher DC voltage enabling larger voltage swing, which is crucial for power amplifiers. To confirm the results of this analysis, the IMD3 PSPA has been designed with 40 and in 65 nm transistors. A standalone version of the power amplifiers (without PP) has also been implemented.

Design and simulation setup

The circuit is simulated and designed in Cadence environment. The different simulations, DC, S-parameters for small-signal, and HB for large and non-linear signals, are performed with Keysight Golden Gate simulator. Furthermore, the top of the circuit layout (including PLS extractions, design kit (DK) components, passive and plane ground filling elements) is netlisted with RFPro which is used as a cockpit that allows a circuit partitioning between PCells. RFPro uses model provided by the design kit, small area blocks, such as MOS transistor matrix, that are modeled using PLS flow, and long connections that are extracted by Momentum EM tool.

Measurement setup

The measurements are performed directly with GSG probes on a 300 mm wafer.

S-parameters

The S-parameters have been measured on a 67 GHz Keysight N5247A PNA-X network analyzer.

The results have been obtained in two phases; first, the PA path has been measured in a two-port configuration, while the second input has been measured with a single port calibration. The input of the amplifier is fed by port 1, the push-push by port 2, and the output of the device under test (DUT) is measured by port 3. The analysis is performed under 50 Ω between 0 and 67 GHz. The performances of the power amplifier within the DUT are evaluated with a sweep of power in single tone mode on input 1. The second input is loaded by 50 Ω. The output power is measured on port 3, and the DC power consumption is monitored.

Power sweep

The sweep of power has been performed with a Rohde and Schwartz 67 GHz ZVA, an amplifier ZVA-0.5W303G+ has been added at the input of the device to obtain sufficient power to cover the suited sweep. The probes used are GS/SG 67 GHz |Z| probes from Cascade. 

S-parameters

An S-Parameter simulation between 1 GHz and 67 GHz is performed of the 3-port circuit, and the essential parameters are plotted in figure 3.24. The input of the PA is on port 1, the input of the PP is on port 2, and the output is on port 3. The simulation shows a small-signal gain 31 of 15.0 dB, a PA input matching 11 of 28.9 dB, and a PP input matching 22 of 22.6 dB. The output return loss 33 is relatively low (2 dB) as the output matching has been designed to present a load suited for power matching and not for small-signal matching. The PA also shows good isolation ( 13 ) with 33.2 dB.

The measurements results are plotted along with the simulation in figure 3.24. We first notice an overall shift of -2 GHz (around 7 %) of all the parameters toward lower frequencies. Furthermore, a more critical frequency shift is visible on the input matching 11 from 28 to 23 GHz (around 18 %). Consequently, the circuit shows at 28 GHz in measurement a lower gain with 10.8 dB, a PA input matching 11 of 5.8 dB, a PP input matching 22 of 22 dB, an output return loss 33 of 3. power simulation and measurements, the mismatch between simulation and measurements is investigated to explain the different phenomenons observed.

Power analysis

The simulation results and the measurements of the power amplifier with = 2.4 V, =

159 mA, at 28 GHz with the push-push biased with 2 = 0 (disabled) are shown in figure 3.25. Small signal gain exhibits the same behavior as shown with S-parameters measurements (11 dB in measurements vs. 15 in simulation). This is consistent with shifted max gain frequency observed in S-parameters. OCP1 is slightly lower in measurements (17.7 dBm) compared to simulation (18.5 dBm). Lower measured gain results in lower PAE (12.6 % in measurement vs. 16.7 in simulation). As the OCP1 is close to the target, we can conclude that PA output load, presented by the output balun is close to the target (what is consistent with the good agreement between measured and simulated 22 at 28 GHz).

Different power sweep measurements has been performed at 23 and 25 GHz. Even though they show a higher gain due to the frequency shift, we have chosen to keep working at 28 GHz as it respects the only specification given (OCP1) and better coherence with the rest of our work.

Anyway, the small and large signal results show some flaws in our simulation bench. Therefore, an analysis is proposed before proceeding to IMD results.

Simulation-measurements mismatch

As said earlier, it is essential to remember that the technology used is in its early stages of maturity. First of all, the contributions that have been measured from the same multiproject wafer (MPW): The other designs have shown an overall shift of -7 % in frequency of S-parameters. It is visible here through the 2 GHz shift in our contribution. To identify the contributors to the mismatch observed, we proceeded by identifying the potential mistakes made in the setup of the EM simulation, then by verifying the elements provided by the design kit, BEOL, and the MOS models were aligned with the process of fabrication.

Debug: Simulation setup

The simulation has been verified with other designers and set up according to Keysight engineers' recommendations. A few parameters must be chosen carefully: First, the frequency sweep must contain a point at 0 Hz for the convergence of DC simulation. An adaptive sweep must be performed between 0 and a maximum frequency covering at least 3 harmonics. A linear sweep is added around 28 GHz with 100 MHz steps for IMD simulations. On top of that, the Momentum matrix solver must be in direct dense mode for faster convergence, with a mesh density of 50 cells per wavelength and a mesh of 1 µm width is forced around the edges. As Momentum is a "2.5D" solver, the BEOL can be described with 2D or 3D models for thick conductors and vias; the conductors are chosen to be modeled with a 3D physical model and the vias by 2D models with an exception for the via layer between the top tick metal layer M7 and the aluminum AP layer. The simulation bench used for the design have been validated at this stage; it confirms that the EM simulation methodology is correct and that we can eventually reuse it for retro-simulations.

Debug: Back end of the line

To confirm the BEOL description that is used for the EM simulation, an analysis has been performed on known devices such as an inductor (figure 3.26a) and a metal-oxide-metal (MOM) fringe capacitor (figure 3.26b) derived from the design kit. Concerning the inductor, some measurements have been performed on structures that have been embedded on a previous MPW. A measured A two-turn 500 pH coil of 12 µm width and 80 µm diameter has been retro-simulated with the same EM setup used for our circuit design. By comparing the measurement and the retro simulation of the inductor in value L (figure 3.27a) and Q (figure 3.27b), we see that we have a good fit between both data, which validate the EM simulation bench and the correlation of the BEOL model with the process of fabrication.

)UHTXHQF\+]

,QGXFWDQFHQ+ 0HDV 5HWURVLP As no standalone MOM capacitors are available for measurement, the capacitor that composes the input matching is studied by comparing their model (issued from the design kit) with an EM simulation performed with the setup that the inductor study has validated. Due to the complex geometry of fringe capacitors, a small capacitor is studied in order to limit the EM simulation time and improve the simulation accuracy. It is made of M2, M3, and M4 metal layers and, according to the DK model, has a capacitance of 12.8 fF.
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'. 6LP(0 The results show in figure 3.28 that as the capacitance is small with a small inductive part, it presents low variation and no resonance up to 100 GHz. We observe that the model is around 17.9 % higher in terms of capacitance (figure 3.28a) than the simulation that shows 10.5 fF instead of the 12.8 fF expected. Also, the DK model is somewhat pessimistic in terms of quality factor (figure 3.28b) as it considers the potential process variations on the thin metal layers.

As we are trying to explain a shift in frequency of a matching network of about 18 %, we need to put a scale on the variations observed on the element composing the matching network: With a network consisting of inductive and capacitive components, let's consider, based on what we have seen, that the inductive part of the balun is well aligned with the measurement. An 18 % variation on the resonant frequency would represent almost 50 % of the take on the capacitance value. Then, it is safe to say that the potential variation observed on the BEOL and the capacitors are slight in front of the frequency shift at stake.

Debug: Front end of the line

Before diving into the MOS transistor analysis, a bit of chronological elements needs to be mentioned to understand our approach. As the ST CMOS065SOIMMW technology is under development, its design kit elements get regular updates over time. The circuit had been designed with a DK version that we call "A". By the time the circuit was processed and the first investigations started on the measurement results, a version "B" of the design kit has been released with some updates affecting only the active devices. With this update, the S-Parameters are re-simulated and shown in figure 3.29. The new simulation shows an overall closer fit with the measurements. It confirms that we had a good model of the BEOL but some maturity was yet to be gained on the modelization of the FEOL. Indeed, we have a better alignment of the small-signal gain and of the second input 22 matching around 26 GHz, also a slight improvement of 33 . Finally, the input matching 11 shows a much closer resonance compared to measurements around 24 GHz While the S-parameters seem to have caught up a bit with the measurement, the fit is far from perfect, especially for 11 . We also notice some differences in the peak gain amplitude and on the output matching that need to be studied. An investigation has been conducted in Appendix A and revealed important changes, especially on the transistor model's input capacitance , which is responsible for the changes in the input matching circuit. With this new design kit, a new sweep of power is shown in figure 3.30. Similarly, with the S-parameters, we have a better correspondence of the measurements with the simulation. The mismatch of the small-signal gain is noticeable with 2.17 dB less in measurement, lowering the PAE from 15.7 % to 12.6 %. Furthermore, we have a closer fit of the OCP1 with a difference of 0.46 dBm with measurements. to generate and measure waves and . For our purpose, both port sources 1 and 2 are delivering the two tones we need while the port 2 receiver measures the DUT outgoing wave 2 . Both sources are coherent in phase between themselves to derive the phase at each frequency measured; then, an image of the spectrum is visible in magnitude and phase. The measurement setup is shown in figure 3.31 and assembled in figure 3.32: As the ZVA power sources are limited and do not meet our requirements in terms of level of power, each tone is amplified by two amplifiers (BNZ3498 BZY 1 and ZVA-0.5W303G+ 2 ). The two amplifiers being different, they do not show the same gain with 24 dB for the BNZ3498 and 30 dB for the ZVA-0.5W303G+, then a 6 dB attenuator 0 is added before 2 to balance the amplitude of the tones. Each tone must be amplified independently to prevent any generation of IMD3 by the setup of measurement. Next, the tones are combined (ZN2PD-K44+ 3 ) and then split (ZN2PD-K44+ 5 ) to reach our device's two inputs. An isolator (MTC K5156VFF 4 ) is inserted between the splitter/combiner to prevent any returning wave due to imperfect matching of the following devices in the chain that would recreate IMD by returning to the PAs. In order to ease the independent control of the power of input 2 (second harmonic generation) the output power of the ZVA is kept constant: A fixed attenuator 7 (actually composed of 3 dB and 6 dB attenuators) is placed on input 1 so that the amplifier is working at constantly at 7 dB of back-off (BO) (

). On the second input is placed the phase shifter (PE82P1000 6 ) for IMD3 control. An attenuator 7 ensures the control of the level of power of the injection. The latter was originally intended to be replaced by a variable attenuator RFVAT0040A30 for a more flexible injection power control. Unfortunately, its linearity was not sufficient and was polluting the DUT input signal with strong IMD content forcing us to work with constant injection power, limiting the capabilities of the bench. The original plan was to measure the phase control with different input amplitudes. This will not be possible with this setup. Finally, the output of the DUT is measured on port 2 of the ZVA through a 20 dB attenuator to avoid hitting the maximum power tolerated by its receiver or creating any nonlinearity (compression, IMDs) that can interfere with the PA non-linearities. Ideally, a selective filter would have been used to remove the harmonics generated by the amplifiers in the input chain. Still, unfortunately, the bench is already facing limitations in terms of power level that would be even more important with the additional losses due to the filter. More illustration and an extended list of equipment are shown in appendix B. To summarize, the bench as it is now will enable us to do the measurements. In an ideal world, we would have chosen a source with a higher power to have more options to add filters/attenuators and variable attenuators to have full flexibility for input power selection (on both inputs).

In terms of phase calibration, the DUT is first measured under a bi-tone excitation without injection by the ZVA, the spectrum with the tone and IMD3 are saved. Then, the spectrum, amplitude, and phase of fundamental tones and IMD3 products will be reused as a reference when the injection is active. All the values presented in the following sections will be relative values (delta amplitude and delta phase) to this reference.

Measurement results

With the setup described in section 3.4.4.1 put in practice, the effect of second-harmonic injection on IMD3 is simulated and measured. The phase shifter used is characterized manually The input power delivered to the PA input is -4 dBm per tone, while the power at the input of the PP is -2 dBm per tone. The two tones generated are located at 28 and 28.2 GHz with an amplitude of 5.5 dBm each. The input of the power amplifier is first measured to verify that the bi-tone signal is "clean", hence with no IMD visible on the spectrum, as seen in figure 3.33a. The output signal of the DUT shown in figure 3.33b is first measured without injection (with a 50-Ohm termination on the input 2 probes) and saved as a reference as it represents the spectrum generated naturally by the amplifier.

The second input is enabled and fed with the phase-controlled bi-tone (-2 dBm per tone) signal. A manual sweep on the phase shifter is performed; the spectrum of the output signal is saved for each value. In order to show the variations created by the injection, the tones and the IMD3 magnitude are normalized relative to the reference signal from figure 3.33b. The phases of the different components are normalized to the initial phase before the phase shifter sweep hence, starting with zero. For convenience, the IMD3 2 1 -2 is noted et 2 2 -1 is noted . The phase relations at different system stages are illustrated in figure 3.34. In the simulation, the phase at 0 is null for each tone, and the passive elements (splitter/phase shifter) are considered perfect. In measurement, each passive element shows slight impedance variations between 1 and 2 . Also, the two sources are coherent in phase; we can imagine at 0 that 1 is referenced at 0°and 2 is constantly phase shifted by an arbitrary value . The tones are recombined and amplified by the PA. Due to its nonlinearities, the first and second-order are mixed to create IMD3. As propagates to second harmonic 2 2 with a factor 2, it propagates to IMD3. On the other path, 1 and 2 first undergo the controlled phase shift , then are doubled in frequency and are a function of 2 for 0 and 2 + 2 for 2 . Both spectra are mixed in the non-linear impedance of the PA. The tones remain unchanged while the IMD are dependent on and 2 . However, the phase shift range is complex to derive as it depends on amplitudes and AM/PM distortion effects.

First, an eye is kept on the tones 1 and 2 magnitude and phase to check their immunity to phase injection. Figure 3.35a shows that with the injection, the amplitude of the main tones remains unchanged in measurements. It shows a variation between 0 and 0.44 dB (with 0.2 dB within the ZVA measurement tolerance). Small variations below 2°are visible on the 1RUPDOL]HG0DJQLWXGHG%P The amplitude and phase of the IMD3 according to the injection phase in figure 3.36 compared to simulation at the same back-off region (with measurement-simulation discrepancies in mind). The phase sweep is performed up to 270°to see at least a period of variation (180°a t the second-order) and its periodic characteristic. The magnitude of the IMD3 in figure 3.36a ,QMHFWLRQ3KDVH 1RUPDOL]HG0DJQLWXGHG%P 6LP,0' 6LP,0' 0HDV,0' 0HDV,0' shows the dependency with the phase injection. Both IMD products have their maximum and minimum amplitude for the same injection phase (around 50°and 135°). It is interesting to note that the injection enables the decrease of at least one IMD3 of 15 dB. In the simulation, we observe an amplitude modulation of 10 dB that shows a reduction of -4 dB. We also keep a phase modulation of the intermodulation products that occur in measurement periodically with a range of 153°for IMD and that is wrapped and covers 360°for the IMD . The simulation shows a phase variation of 65°for both IMD3s.

6LP7RQHf 1 6LP7RQHf 2 0HDV7RQHf 1 0HDV7RQHf 2 (a) ,QMHFWLRQ3KDVH 1RUPDOL]HG3KDVH 6LP7RQHf 1 6LP7RQHf 2 0HDV7RQHf 1 0HDV7RQHf 2 (b)
If we compare measurements and simulations, we do not get a 100% match. The general behavior is caught by simulations. Nevertheless, there is some mismatch. This is something that was expected since main PA measurements (3.4.3) are already not aligned with simulations. We observe that IMD3 and (both amplitude and phase) are aligned in simulation and phase shifted in measurements. This is probably due to AM/PM distortion not being properly modeled in simulation [START_REF] Kashi | Estimation of Intermodulation Rejection Value as a Function of Frequency in Power Amplifier Using AM-AM and AM-PM Diagrams Based on Power Series Analysis[END_REF]. We also observe that the phase variations are more important in measurements compared to simulation. This is a good news because this demonstrates that measured PA will be able to provide targeted phase shift and thus enough beam diversion.

,QMHFWLRQ3KDVH 1RUPDOL]HG0DJQLWXGHG%P 6LP,0' 6LP,0' 0HDV,0' 0HDV,0' To get another set of results, the injection has been measured with 4 dB back-off (instead of 7) by removing one of the attenuators at PA input (figure 3.37b). A lower control range is expected as we get closer to the compression point, large-signal nonlinearities are starting to occur, and the natural amount of IMD3 generated becomes important (as when increases by 3 dB, the IMD3 level increases by 9 dB). Results are reported in figure 3.38. Indeed, the range of magnitude and phase variation is reduced with a range of -15 and -6 dBm in magnitude and 60°of phase range for the IMD3 . The second IMD3 shows a magnitude range between -17 and -4 dB and a range of phase variation of 94°. The simulation shows a similar effect as the range of control has been reduced by 5 dB and by 35°.

,QMHFWLRQ3KDVH 1RUPDOL]HG0DJQLWXGHG%P Once again, the integrity of the tones has been preserved with phase variations contained between -0.8 and 0.6°for 1 and 0 and -1.3°(within the tolerance of the ZVA in phase measurement). The magnitude variation remains under 0.25 dB for 1 and 0.36 dB for 2 .

With those results, we confirm that the phase shift target of 30°for maximum relaxation on the PA is achievable with the architecture of the PA proposed. Furthermore, as this experiment is in its first stage of development, the device could enable a reduction of IMD3.

There is other techniques that can provide such relaxations. Digital pre-distortion [PMP19] has demonstrated equivalent improvement (15 dB) with even 15 % power consumption reduction, when counting digital consumption. Nevertheless, digital pre-distortion is unpractical in antenna arrays context because it would require that all PAs non-linearities are matched. Analog predistortion/post-distortion can be a solution as well. [HB17] demonstrated 15 dB (ACLR) improvement with 10 % PAE degradation. This solution looks promising but complex and has been demonstrated in a multi-board discrete implementation and may be difficult to integrate into a single chip. The novel technique proposed in this paper can achieve similar IMD3 relaxation with compact and low circuit complexity fitting an already dense 5G phased array architecture with a minimized impact on the power consumption.

Conclusion

In this chapter, we have proposed a novel technique called Beam Diversion. Based on the observation that IMD3 nonlinearities are beam-formed, Beam Diversion gives IMD3 beam the proper orientation so that it does not interfere with any user communication. Beam diversion has been patented during the PhD. It has been established that using Beam diversion in a 1024 elements array can relax the PA linearity requirements (IMD3) with 17 dB, with a meaningful positive impact on current consumption. To exercise Beam diversion, control has to be added to the system to modify the phase of the IMD3 applied to the antenna. A novel PA architecture has been proposed, using a phased controlled 2 nd harmonic injection to control the IMD3 phase. A circuit with this PA has been designed in SOImmW technology and characterized. Results demonstrate the validity of the approach, even if measurement results do not 100% match simulations. Even if the feasibility of beam diversion using second harmonic injection has been demonstrated with the PA prototype in the lab, with sine wave signals, some steps are still needed to get a turn key solution. First, IMD3 control has to be demonstrated with modulated signals, representatives of 5G transmissions. We do not anticipate any blocking point, but a demonstration is still needed. The second axis is calibration. Measurements reveal that IMD3 angle is not a linear function of . On top of that, the 3 ℎ ( ) may vary with output power, temperature, process, and thus, a methodology to select the right , for a desired IMD3 angle is needed.

Conclusion

To conclude... This work aimed to explore the impacts of Antenna Arrays, such as the ones of 5G mmW base stations, on PA and PA design. Indeed, using Antenna Arrays for cellular communications brings new challenges to the PA designer, such as being able to cope with a large number of PAs on the same board while maintaining functionality, especially the accuracy of the beam angle and power efficiency. The usual way to approach this constraint is to design PAs not sensitive to the environment (balanced PA as an example), but this comes with an efficiency penalty. We were convinced that an environment-aware PA design would bring better results. In a first step, we focused on being able to model the antenna array environment and thus simulate the PA in the AA environment accurately. A co-simulation flow has been developed, mixing electrical and electromagnetic simulations. Based on Keysight tools, this flow can transform electrical stimuli into electromagnetic radiations, counting for PA circuit behavior, antenna, coupling between the antenna, PCB effects. This simulation bench revealed the impact of active load modulation, coming from antenna to antenna coupling, on the PAs. This effect is difficult to catch because it depends on many parameters, including antenna pitch, substrate characteristics, number of antennas. Results have been somewhat surprising. The active load-pull, which was supposed to be a big deal for antenna arrays, finally does not significantly affect the beam orientation. The efficiency impact on the overall array is very limited (only the PAs on the periphery of the array are impacted). This study was published at EuCAP 2021 conference. In a second step, we decided to use the co-simulation bench to explore another aspect of the antenna arrays. The beamforming principle relies on the phase relations between the signals applied at each antenna element. If it is easy to control the phase of a signal generated on purpose, the phase of spurious frequencies can be more unpredictable. We worked with a use case where the antenna is generating 2 beams with different frequencies for two users. The co-simulation bench revealed that IMD3 products created by PA non-linearities are beamformed in a direction that can interfere with the communication of a third user. Even if this issue can be fought by using a linear enough PA (that will cost in terms of efficiency); we proposed to use the properties of the Antenna Array to get rid of it. We proposed a technique called "Beam Diversion" (a patent has been filed) that consists of changing the IMD3 beam orientation to avoid any user. The beam diversion principle is very simple: As IMD3 beam direction depends on the IMD3 phase, we proposed to add an IMD3 phase control on the PA. We estimated that with 4°of IMD3 beam diversion, which corresponds to 17°IMD3 phase shift, we could relax the PA IMD3 constraint with 17 dB. To implement this IMD3 phase control on the PA, the principle of second harmonic injection has been explored. A PA based on a cascode differential amplifier and two Push-Push stages have been designed in ST CMOS065SOIMMW technology. Measurements confirmed, even if the measurement does not 100% match the simulations, that this PA can control the phases of the IMD3 and thus can enable beam diversion without degrading the fundamental signal. The measurement results associated with the beam diversion principle were submitted in T-CAS II / ISICAS 2022 conference when the PA design is about to be in ESSCIRC.

Perspectives

One of the challenges that still need to be fulfilled is the characterization of the active load-pull effect through measurements. To obtain this type of result, the complexity of the millimeterwave 5G phased array demands a high integration level that is close to the realization of an actual product. Indeed, the base system would require the design of an AA with × elements on a multi-layer substrate, and × /4 integrated circuits with 4 PAs need to be designed and packaged. The beam-forming circuit would also be directly embedded on chips to avoid having complex source management. To get good results to validate the simulation, multiple probe points would be inserted to obtain the load variation on different locations in the array. One can imagine a setup that gets the complex current and voltage at the output of others PAs feeding the antennas to deduce the impedance seen and the output power delivered. Furthermore an independent DC monitoring network is required to observe the efficiency variations of each amplifier. However, a few 'tricks' can be imagined to simplify this process: To ease the integration constraint, the measurement can occur at a lower frequency, with larger patch antennas and wider spaces between them, enabling a more 'lab friendly' setup. Also, partial results can be evaluated with simple S-parameters measurements. With some data processing using active S-parameters, the load variation effect on power amplifiers must be quantified with simulations. The IMD3 phase shifter power amplifier prototype realized is still at its early stages of development and needs deeper analysis for improvement and tests: Further investigations need to be done on the correlation between the simulation and the measurements. First, simulation must be performed with more mature transistor models for a better fit. Furthermore, the setup used at the input of the circuit is quite complex. A deeper analysis must be performed on the devices such as splitters that have imperfect matching across frequency. Especially with different Δ between tones, this mismatch is susceptible to affect the tone phase on the different paths (PA or PP input). The device has also shown IMD3 amplitude reduction capabilities that need to be studied and put in equations to, eventually allow implementation on systems that do not necessarily use phased antenna arrays.

With further investigations on optimal 2 nd harmonic generation, the push-push amplifier sizing can be refined to improve the overall efficiency. The IC layout was voluntarily focused on prioritizing the symmetry (for reduced common-mode and stability) and minimal losses of the power amplifier. The floorplan did not let many options for the PP layout integration. Furthermore, the small size of the PP transistors imposed an important impedance transformation ratio that could hardly be feasible with a balun transformer. To overcome this issue, resistive elements needed to be added to make the impedance transformation possible, decreasing the performance of 2 nd harmonic generation. Also, a study of the other component generated by the injection ( 2 -1 , high orders...) must be conducted.

Also, a calibration algorithm is needed to determine the that must be given to the IMD3. The algorithm have to constantly track the optimal linearity relaxation according to the beams generated position and also according the different PVT variations that have an important effect on the IMD3 phase/amplitude.

For now, all the simulations and measurements have been performed for bi-tone sinusoidal signals only. It is crucial in the future to perform tests under OFDMA signal in simulation and measurement to confirm the same behavior and validate its functionality with modulated signals. Mots-clés : 5G, Réseaux phasés d'antenne, Amplificateur de puissance, Non-linearités, Variation de charge active

Power amplifier for multi-band 5G phased arrays in ST CMOS065SOIMMW

Abstract: In order to satisfy their insatiable needs, mobile telecommunications find ways to improve their capabilities for more than thirty years. In 2019, the 5 th generation is challenged to guarantee a connection non only to the mobile telecommunications market, but also to the vast universe of the internet of things. To achieve its goals, the 5G presents an unprecedented expansion on the frequency spectrum. Indeed, bands up to 60 GHz and more are targeted. It implies an important turnover for the dedicated electronics. New frequencies, high level of requirements, the phased arrays are introduced and impose a whole new system architecture and a new interface for the RF front ends.

In this work, we propose an analysis of these phased arrays with the constraints that they represent especially to the power amplifiers, in terms of parasitic active load pulling and non-linearity.

An evaluation of the active load modulation is proposed with its impact on the power amplifier.

The non-linearities behaviors such as the third order intermodulations in the phased array are shown.

A concept allowing relaxation of linearity constraints on power amplifier is proposed and possible implementation in ST CMOS065SOIMMW technology is realized at 28 GHz Keywords: 5G, Phase arrays, Power Amplifier, Non-linearities, Active load pull Unité de recherche UMR 5218 -IMS -Laboratoire de l'Intégration du Matériau au Système Université de Bordeaux, 351 Cours de la libération, 33405 Talence cedex, France.
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  The final purpose of this kind of structure is to provide 100 Mbitps/1 Gbitps without building or street modifications, as optic fiber deployment would require.

	Parameter	Order of Magnitude
	Antenna Element	Up to 256
	Antenna Ports	Up to 8
	Antenna Gain	5 dBi
	Antenna Height	3 m / mounted on rooftop
	Max Power Transmitted	(14 -25) dBm
	Carrier Bandwidth	(1 -3) GHz

Table 2 .

 2 Outdoor small cell specifications order of magnitude

Table 3 .

 3 BS to UE specifications order of magnitude

much later for most countries. The base station (Specifications on table 3) should be compact (less than a notebook), cheap (<1000 $), lightweight (< 4.5 kg), and plug and play.

  .2 summarizes the results obtained for better understanding.

		Classic front-end ( = 2.5 )	Common-leg front-end ( = 1 )
	Case	(dBm)	(%)	(dBm)	(%)
		Min Avg Max Min Avg Max Min Avg Max Min Avg Max
	Best 18.6 18.8 19 36.9 39.5 42.8 18.4 18.7 19 34.6 38.3 43
	Worst 18.1 18.7 18.9 31 36.8 41 17.5 18.5 18.9 25.5 34.3 40.7
		Table 2.2. Summary of the	and PAE variations among a 25-element array	
		during a 60°beam scan for two front-end architectures	

Table 3 .

 3 1. Transition frequencies for 40 and 65 nm of ST CMOS065SOIMMW technologies

  Table 3.2. Current mirrors' MOS size ratioprobes providing the biasing currents are directly connected to transistor gates, protection is implemented with a diode and a resistor against any electrostatic discharge (ESD) that might occur during measurements. A general schematic with each piece put together is shown in figure3.18.

	GND	IG2	IG1		IGC	VDD	GND
		200Ω		200Ω	
		7.8pF	7.8pF	7.8pF	68pF
					1.5pF	
	Polarisation circuit				
		1.5pF			1.5pF	
		6.8kΩ	590fF	6.8kΩ	
	Power Amplifier			36.4pF	11.7pF
	50Ω					50Ω
		30fF			32fF	
		59fF			36.4pF	195fF
				590fF		
					6.8kΩ	
					1.5pF	
						Push-Push
					50Ω	Circuit

  1 dB, and isolation ( 13 ) of 30.8 dB. Before continuing to

	%B63B6,0BBVSBFRPS	
	0DJQLWXGHG%	6LPS 11 6LPS 22 6LPS 33 6LPS 31 6LPS 13 0HDVS 11 0HDVS 22 0HDVS 33 0HDVS 31 0HDVS 13

= .

-Γ 2 (2.5)The reflected wave at the source is then: (considering mismatch at the interconnection)1 = .Γ( . 1 -Γ . 1 ) -Γ (Γ( . 1 -Γ . 1 ))(2.6)
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magnitude under 2 nd harmonic injection IMD3 thanks to the mixing of the 1 st order capacitance nonlinearity with the 2 nd harmonic content injected.

2nd order non-linear device

In the previous section, IMD3 was generated by a combination of fundamental and second harmonic injection. To have IMD3 generated from fundamental itself, let's now add an additional order of nonlinearities to the capacitance model ( = 2); becomes:

The auxiliary source is turned off, and is swept. The nonlinearities generated are shown in figure 3.9. We observe that the non-linear capacitance created fundamental, 2 nd , 3 rd harmonic currents and IMD3 due to the intrinsic nonlinearity of the capacitance.

By turning on the auxiliary second harmonic source, we will introduce additional 3 rd order nonlinearities that will be added to the natural 3 rd order nonlinearities generated by the capacitance. However, we can achieve a mix of injected phased-controlled 2 nd harmonic with the 1 st order nonlinearity of to synthesize artificial IMD3. Then, we can expect to influence the phase and the magnitude of the IMD3 naturally generated by with the synthetic IMD content generated by the injection.

Appendix A

MOS transistor measurement/simulation discrepancies study

As the matching network of the PA is composing an impedance transfer between 50 Ω with the capacitive input/ output of the differential pair of MOS, we use the measurement structure of a single MOS transistor that has been embedded with the main circuit, with probing to monitor its polarization. Unfortunately, no de-embedding structure has been designed, an interpretation of the variations observed have been proposed using the impedance and admittance parameters is proposed. To do so, the real and imaginary part of input impedance )UHTXHQF\+] The output admittance (figure A.1b) is showing a resonance between the output capacitance and the inductive part of the measurement structure. Assuming that the inductive part is constant between simulations and measurements, the resonance indicates a higher capacitive effect from simulation A to B and even higher in measurements as the resonant frequency is decreasing.

Concerning the input, we see that the real part of 11 especially reflect the gate resistance , while its imaginary part represents the capacitance with the equivalent capacitance due to the Miller effect

. From the results shown on figure A.1a we observe that the image of is lower for DK B compared to DK A at 28 GHz showing a closer fit with the measurement that shows around 5 Ohm. On the other hand, the imaginary part of the input impedance undergoes low variations between design kits A and B which seems counter-intuitive given the strong variations of the results obtained with the PA. With the lack of deem-bedding structure and by considering the effect of the measurement structure invariant between the different DK simulation and measurement, we can expect that the variations observed on Z and Y parameters are only due to the MOS device. Then to quantify the changes between the design kits an extraction of the main parasitic elements of both models of the transistor, is proposed at 28 GHz. Thus , , , , , , and are extracted from the S-parameters of a single MOS used in the differential pair according to the method given by [START_REF] Pasadas | Small-Signal Model for 2D-Material Based FETs Targeting Radio-Frequency Applications: The Importance of Considering Nonreciprocal Capacitances[END_REF].

The extraction of the capacitances (figure A.3) of both models highlights major changes in the MOS definition. We see that we have low variations of capacitances . On the other hand, there is an important re-evaluation of the source-drain capacitance from 74.5 fF to 105 fF.

With

≈ 20 fF the capacitance represented by the measurement pad. Then the inductive part from the resonant frequency is 

To summarize we have:

With ( + ) = 156.2 fF, ( + ) = 185.6 fF and ( + ) = 248.5 fF Pursuing with the MOS extraction between the DK, we find that the gate-source capacitance that is estimated to be of 475 fF instead of 248 fF, which represent almost 50 % of variation. The transconductance also increase from 405 mS to 452 mS and is reduced by 42 % from 1.32 Ω to 770 mΩ.

From the parameters extracted and their variations, we can estimate the variations expected on the input impedance on the transistor: With an input impedance expressed under the form

We can identify from our small-signal model of figure 

Which finally gives for :

Among the elements that compose Im{ }, we have the variations between the design kits reminded in the table A.1 which finally translate themselves on Im{ } with variations of -7.7 %. In simple common source configuration, the miller effect is showing an important equivalent capacitance due to and to the gain . . is then large enough (1.9 pF) to mask the variations (250 fF) and minimize the variations of the input impedance.

Looking back at the PA design, with the topology used, the cascode architecture has the particularity to have a common gate transistor that shows a low impedance at the drain of the common source transistor to minimize the miller effect. In consequence, the input impedance of the cascode is quasi-independent from the output and is then mostly dependent on . As the design kit shows strong variations of from one version to another, larger variations can be expected on the input impedance of a cascode compared to a common source topology.

As we have seen, the DK B still does not fit the measurements either in output admittance or input impedance. In the light of the transistor parameters extraction, we were able to estimate the variation of the couple ( + ). Given the difference in the resonant frequency of the output admittance and the input impedance between the simulation and the measurement, we can suspect that that is predominant in the input matching and also contributing to the output admittance needs particular adjustments in the MOS model for a better alignment with measurements.

Appendix B

IMD3 PSPA Measurement Bench

The bench of measurement (B.1) using the ZVA R&S has been set up using short connections between the elements of the input chain to reduce losses and cables toward the three | | GSG 67 GHz probes (B.2a) from Cascade and the analyzer. Four power supply Agilent E3631A (B.2b) was needed to power the DUT and two others to power the amplifiers at the input chain. A power meter Agilent E4418B has been used to ensure a balanced level of power on each path of the input. The input power calibration of the ZVA has been performed with its power meter tool at the output of the chain in order to take into account the gain of the amplifiers added in the chain and the losses of the other devices. The output calibration has been performed with input and output probes on a through from a calibration kit to remove the losses of the probe and cables from the measurement.

The ZVA is able to provide direct measurements of the spectrum in phase and amplitude thanks to its frequency conversion option that allows versatile configurations of internal and external sources and the internal receivers.