Active VigiARC detects electric arcs. Power availability, to know status of circuit breakers (ON/OFF/Tripped) is addressed with battery power sensors, acting as auxiliaries placed inside circuit breakers (Figure I.2.c.1). Wireless products catalogue also offer solution to control non-critical loads like with the PowerTag C (Figure I.3.c).

The sensors Figure I.3 act as fieldbuses and relay the monitored data to their local gateway through Zigbee protocol on the 2.4 GHz ISM band in accordance with the IEEE 802.15.4 standard. The 2.4 GHz ISM band was chosen as it is an unlicensed worldwide band, a key factor to Schneider Electric which does business internationally allowing to have a unique commercial reference worldwide.

Introduction

Schneider Electric is a French multinational company world leader in energy management and industrial automation. Schneider Electric provides digital solutions to improve efficiency and sustainability for customers in more than 100 countries. It is manufacturing main electric components and products needed to build the electrical distribution system from Medium Voltage (> 22 kV) to Low Voltage (> 1 kV) down to the ultra-terminal distribution like electrical socket or light switch.

Switchgear assemblies in Low Voltage domain is one of the main offers of the company. It includes enclosures, several circuit breaker families with nominal current ranging from 6000A down to 2A, contactors, advanced protection devices, and power meters solutions. For years, Schneider Electric not only sells products but also designs systems able to deliver advanced solutions. It drives digital transformation and proposes software and services allowing to improve energy efficiency and reach sustainability objectives.

Schneider Electric was a pioneer by introducing wireless communication inside Switchgear assemblies. Before, all sensors like power meters, temperature sensors were communicating using industrial field buses like Modbus or Ethernet. Today, there are several tens of wireless sensors being part of a system called PowerTag System. The main product range of this system are PowerTag Energy: compact energy sensors monitoring and measuring energy and power in real-time ( PowerTag Energy and wireless communication are today well accepted, offering advantages of easiness of installation, affordable price, and native insulation as the communication medium is the air. Insulation is key in switchgear assemblies as it can have non insulated active parts like busbars (Figure I.2) made of copper or aluminium carrying power inside the switchgear assembly. High level of insulation (>12kV) must be respected in between each phase and the ground, so no wires must be surrounding these active parts.
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Monitoring temperature is a key point for busbars installations and it can be very challenging with a wired solution because of insulation issues. Devices in PowerTag System are using Direct Sequence Spread Spectrum (DSSS) as prescribed by the IEEE 802.15.4 standard. DSSS gives robustness to the communication, something highly appreciable in industrial world even if the data rate is reduced. Another main advantage of the DSSS is that a system operating over a frequency-selective channel does not necessarily experience frequency-selective distortion at the symbol level, and this applies well to switchgear assemblies, The IEEE 802.15.4 standard also allows the use of Zigbee Green Power, a declination of Zigbee standard for low power devices. Zigbee Green Power has been implemented in some devices with energy constraints like energy harvesting sensors (TH110), battery power devices (Auxiliary Contact or CL110) or very compact products (PowerTag Energy IC60). On the downside, this protocol requires a star topology network which prevents the integration of routers.

The PowerTag system is well adopted in the tertiary sector where the switchgears are lightly partitioned, and a robust wireless link is ensured between the sensor and its gateway. Schneider Electric now wants to extend the PowerTag system to the industrial sector. There, the switchgears for industrial applications (Figure I.4) are heavily partitioned to ensure a good service continuity. The multiple metallic partitionings cause the RadioFrequency (RF) signal to fade quickly and the gateways must be multiplied to ensure a proper wireless link. Schneider Electric actual wireless installation rules specify that one gateway must be implemented for every three columns in tertiary sector switchgears, but one per column in industrial switchgears. This strongly increases the price of the wireless solution and therefore decreases its attractiveness. Moreover, a gateway I -4can support up to a hundred sensors, and there is usually at most one sensor per functional unit (or compartment Figure I.4) and a column has no more than fifteen functional units. So, the gateway operates well below its abilities if there is one for each column.

Consequently, this thesis is built around two major axes. On the one hand, better understand the RF propagation in the complex environments that are the industrial switchgear assemblies to optimise the gateway placement and get the best radio coverage of the switchgear with the minimum gateways. On the other hand, improve the RF propagation inside these structures because, if a gateway cannot cover more than a column, the cost of the wireless solution will not decrease.

The first chapter of this manuscript is dedicated to electromagnetic propagation in switchgears. After introducing the theory of free-space propagation and the main propagation phenomena it then reviews the most common empirical path loss models used for various propagation scenarios. Afterwards, the notion of fading is illustrated. An evaluation of 3D solvers is done studying their accuracy and performances while modelling a switchgear column. It highlights the fact that they are ill-suited for the analysis of electromagnetic propagation inside switchgear assemblies. State of the art on empirical methods is then presented, focusing on the Power Balance (PWB) method, that is detailed in the last section.

The second chapter is about the assessment of the PWB method in application to switchgear assemblies. It first exposes the methodology and difficulties encountered while modelling a simple structure. Two empirical methods, one to characterise ohmic losses, the other to characterise resonant apertures, are presented along with the improvements they bring to the accuracy of the PWB model. Then, it focuses on the application of the PWB method to a BlokSeT switchgear assembly. After a description of the targeted switchgears, it dwells on the building of the switchgear PWB model. Afterwards, a model is developed for cables running through multiple cavities. At last, the PWB performance is compared to measurements for several cases.

Finally, the third chapter proposes two ways to improve the electromagnetic propagation inside switchgear assemblies. The first solution is a leaky waveguide with mechanically controlled gain. The steps that led to the final prototype are detailed and the overall performances of the waveguide system are presented. Also, a model is derived to integrate the waveguide in a PWB modelling and it is validated through measurements in a simple system. The second solution is Frequency Selective Surfaces (FSS). After presenting the patterns designed, a circuit modelling is proposed to model the FSS response when illuminated by a plane wave incoming from any direction is proposed. This model is the basis used to derive a semi-analytical model for the modelling of FSS in the scope of PWB. This model is finally validated through measurements in reverberation chamber.

A final chapter summarise the main contributions and results brought throughout this manuscript. It then details the ongoing and future envisioned to improve the models presented in this thesis.

CHAPTER I : Electromagnetic propagation -the specificities of switchgear assembly
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I.1. Electromagnetic Propagation

The propagation of an Electromagnetic (EM) wave can be divided in two classes, the guided modes, and the radiative ones. Waveguides and transmission lines, such as microstrip or coplanar waveguide, are used to carry the EM wave in guided modes and the transduction to radiative mode is ensured by antennas. The following of this section focuses on the radiation mode.

I.1.A. Free space propagation

Around a radiating element, such as an antenna, three regions are often distinguished namely the reactive near-field region, the radiating near-field region and the far-field region [I.1]. The EM field does not abruptly change at the boundaries separating the three regions illustrated Figure I.1. It is rather a smooth transition, and the regions are there to identify the dominant field properties in each. In the reactive near-field region, the closest to the antenna, the energy is mainly stored and does not propagate. Its outer limit is approximated by [I.2]: 𝑅 < 0.62 * √𝐷 3 /𝜆 (I-1)

with 𝐷 the largest dimension of the antenna and 𝜆 the wavelength. In this region, electric field (𝐸 ⃗ ) and magnetic fields (𝐻 ⃗ ⃗ ) are out of phase and the wave impedance 𝜂 = |𝐸 ⃗ |/|𝐻 ⃗ ⃗ | is either higher or lower than that of free space depending on the nature of the source (i.e. electric or magnetic [I.3]).

/

The radiating near-field region is a transition zone ranging from the reactive near field region up to a distance 𝑅 = 2𝐷 2 /𝜆 where the far-field region begins. The radiating fields predominate, and the angular field distribution depends on the distance from the antenna.

The far-field region extends from the radiating near-field region up to infinity. The antenna radiation pattern is then independent of the distance from the antenna, the electric and magnetic fields are in-phase and the wave impedance is the one of the medium i.e. 𝜂 0 ≈ 77 Ω in free space. Both E and H amplitudes decrease as the inverse of the distance from the antenna which is consistent with power conservation. Indeed, the integral of the Poynting vector through two concentric spheres centred on the antenna is then equal. The Poynting vector therefore decreases as the squared inverse of the distance (𝑑) from the antenna. From this, naturally arises the notion of Free Space Path Loss (FSPL) modelling the attenuation of an EM wave power density as it travels through space. with 𝐺 t and 𝐺 r respectively the transmitter and receiver gains with respect to isotropic antennas, 𝑃 t the power available at the transmitter input port and 𝑃 r the power received at the output port. Alternatively, the FSPL can be considered as the ratio of transmitted power to received power between two isotropic antennas.

𝐹𝑆𝑃𝐿(𝑑) = ( 4𝜋𝑑 
For example, let us consider two parallel half-wavelength dipoles with perfect efficiency set one metre apart as pictured Figure I.2. Their theoretical broadside gain is of 2.15 dB and at 2.4 GHz the FSPL at 1 m equals -40 dB. The received power by the right-hand side dipole is 35.75 dB lower than the power emitted by the left-hand side one. The free-space model is only relevant for spatial communication where there is not obstacle to be encountered. The following section therefore introduces the various phenomena an EM wave may undergo along its propagation path.
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I.1.B. Propagation phenomena

If the EM wave does not propagate in free space, it is likely to undergo diverse phenomena along its propagation path strongly impacting its path loss. This section presents the main phenomena involved in EM propagation.

i. Reflection and refraction

When a plane wave impinges on an electrically large surface whose roughness is small compared to the wavelength it is divided in a reflected and refracted wave Figure I.3. The reflection (𝜃 r ) and transmission angles (𝜃 t ) are dependent of the incident angle (𝜃 i ), the conductivity (𝜎) and relative permittivity (𝜀) and permeability (𝜇) of both mediums and defined by Snell-Descartes laws:

𝜃 i = 𝜃 r ;

(I-4) sin(𝜃 i ) 𝑘 1 = sin(𝜃 t )𝑘 2 .

(I-5)

with 𝑘 𝑝 2 = 𝜇 𝑝 𝜀 𝑝 𝜔 2 + 𝑖𝜇 𝑝 𝜎 𝑝 𝜔, for 𝑝 = 1, 2. The sign of the imaginary part of 𝑘 𝑝 is always chosen positive. The amplitude ratio of reflected wave to the incident one is polarisation-dependent. Two modes are thus considered, the transverse electric (TE) and transverse magnetic (TM) modes respectively by "⊥" "//". Th s [I.5]:

Γ ⊥ (𝜃 i ) = 𝜇 2 𝑘 1 cos(𝜃 i ) -𝜇 1 √𝑘 2 2 -𝑘 1 2 sin 2 (𝜃 i )

𝜇 2 𝑘 1 cos(𝜃 i ) + 𝜇 1 √𝑘 2 2 -𝑘 1 2 sin 2 (𝜃 i ) ;

(I-6) Γ // (𝜃 i ) = 𝜇 1 𝑘 2 2 cos(𝜃 i ) -𝜇 2 𝑘 1 √𝑘 2 2 -𝑘 1 2 sin 2 (𝜃 i ) 𝜇 1 𝑘 2 2 cos(𝜃 i ) + 𝜇 2 𝑘 1 √𝑘 2 2 -𝑘 1 2 sin 2 (𝜃 i ) .

(I-7)

For a conductive medium, 𝑘 𝑝 is complex and so are the reflection coefficients. 

ii. Diffraction

The diffraction phenomenon happens on edges of electrically large objects, the wave is then deflected as illustrated Figure I.4. Th s ph m s Huy s' p p s h bj um by wave will in turn reemit a spherical wave. It explains that a receiver can, even when shadowed by an impenetrable obstacle, receive a signal. 

iii. Scattering

Scattering happens when an EM wave encounters an obstacle whose dimensions are comparable or smaller than the wavelength, the wave is scattered in all directions with various attenuations. The same goes when the wave impinges upon a rough surface whose asperities are comparable to the wavelength. Both phenomena are illustrated Figure I.5. Reflection, refraction and scattering impact the EM wave along its propagation path so the free-space model is not relevant. The following section introduces more realistic empirical path loss models suited for more complex propagation scenarios. 

I.1.C. Empirical path loss models

As previously mentioned, the FSPL is a simple Path Loss (PL) model for two antennas with no obstacles along the path. Such configurations can be found in satellite communications. For terrestrial communications, the FSPL is not representative as the wave undergoes multiple reflections and diffractions and several copies of the same signal can reach the receiver, we then talk about multipath propagation. This section presents the main PL models.

i. Log-distance path loss model

The log-distance path loss (I-8) is an extension of the FSPL. It is alternatively called the one-slope model as it evolves linearly with the distance in logarithmic scale. with 𝑛 the propagation exponent depending on the environment and 𝑑 0 a reference distance of propagation usually taken in the emitter far-field region. In practice, 𝐿 𝑝 (𝑑 0 ) is determined using the FSPL so 𝑑 0 is taken small enough such that, at this distance, the PL is not much impacted by the environment.

For the special case of 𝑛 = 2, the log-distance path loss is equal to the FSPL. The exponent 𝑛 has been extensively studied for various radio measurements, its values are recorded in 

Environments 𝒏

Free Space 2

Urban cellular radio 2.7 -3.5

Shadowed urban cellular radio 3 -5

In building line-of-sight 1.6 -1.8

Obstructed in-building 4 -6

In the same kind of environments, the propagation exponent varies significantly and thus requires sitespecific measurements to adjust its value and provide reliable path loss estimation.

ii. Okumura model

Okumu 's m s w y used for path loss estimation in urban areas. This is an empirical model built from collected data in the city of Tokyo, Japan. This model was first developed for urban areas, then extended for suburban and rural areas. The environment adds a corrective gain (𝐺 Area ) in the path loss calculation (I-9). Okumu 's m s m s h m u h p h ss b w b s s mobile station as follows:

𝐿 median = 𝐹𝑆𝑃𝐿(𝑓, 𝑑) + 𝐴 m (𝑓, 𝑑) -𝐺(ℎ t ) -𝐺(ℎ r ) -𝐺 Area [𝑑𝐵], (I-9) where 𝐴 m is the median attenuation relative to free space, 𝐺(ℎ t ) and 𝐺(ℎ r ) the emitter and receiver height gain respectively and 𝐺 Area a gain dependent on the environment. 𝐴 m and 𝐺 Area are determined using empiric curves provided by Okumura in his publication where he originally presented his model [I.7]. The height gain is given by (I-10)-(I-12). with 𝑃 and 𝑄 the number of floors and walls crossed. Unlike (I-13) the total attenuation caused by walls is a linear function of the number of walls. Moreover, each 𝐹𝐴𝐹 and 𝑊𝐴𝐹 is dependent of the material and thickness of the floor or wall crossed.

iv. Conclusion on path loss models

The models presented here are the simplest but remain widely used as a basis for path loss estimation with adjustments made to account for site-specific particularities. Okumura model is ready-to-use but are empiric models drawn from heavy measurements campaigns and it would not be realistic to create such path loss model for switchgear assemblies as they are modular structures with various size of compartment and types of partitionings. The indoor model (I-14) seems more suitable as an attenuation factor could be determined for each type of partitioning as it was done with the 𝐹𝐴𝐹 or 𝑊𝐴𝐹. But, as the switchgears partitionings are made of metal, barely any power can pass through and the 𝐹𝐴𝐹 and 𝑊𝐴𝐹 become irrelevant. Finally, unlike outdoor propagation, most of the power transmitted inside the switchgear enclosure will not be radiated outside the notion of path loss is hardly applicable. No empirical path loss model exists for systems of intercoupled cavities so, a more suitable approach is thus developed section I.4. But before, we introduce, -13 -I

Chapter I in the following section, a phenomenon occurring in many propagation scenarios and especially inside switchgears assemblies: the fading.

I.2. Fading

The multiple reflections, refractions and scattering encountered by the EM wave during its propagation make that many paths may lead from the emitter to the receiver. The received signal therefore consists in several contributions due to multipath propagation arriving with various delays and angles of incidence. These multiple signals can either interact constructively or destructively which leads to strong variations of the received power. This phenomenon is called fading and can be divided into two categories: the largescale fading, and the small-scale fading. Considering the fading is useful to refine a radio link budget and improve its accuracy.

The large-scale fading is the variation of the signal power due to motion over large areas. Large obstacles, such as hills or building may block the direct path between the emitter and receiver thus decreasing the amplitude of the signal reaching the receiver. On the contrary, if there is a line of sight (LOS) path between the emitter and receiver or only few obstacles the received signal may be significantly higher. These variations are modelled through the large-scale fading. The variations due to large-scale fading are lognormally distributed [I.11], equivalently it means that probability density function (PDF) of the signal power variations in decibels is a gaussian (Figure I.6). The near worst case due to large-scale fading is usually between -6 dB to -10 dB. In this section, we introduce the concept of fading which cause dramatic variations of the received power around its mean value and it is therefore of utmost importance while building a radio link budget. Nevertheless, the empirical models presented section I.1.C being ill-suited for propagation inside switchgear assemblies, the following section focuses on deterministic computational methods.

I.3. Electromagnetic Simulations

Section I.1.C developed empirical path loss models that can be simply computed but need to be calibrated with on-site measurements. Another approach is to use deterministic methods, based on numerical simulations. Those methods are presented in the following sections, first the methods based on geometrical approximations (section I.3.A), then those based on full-wave simulations (section I.3.B).

I.3.A. Ray-based techniques and improvements

Ray-based methods are deterministic methods modelling the trajectories taken by the electromagnetic waves travelling from a transmitter to a receiver. They assume that the obstacles encountered by the rays along its 

i. Ray launching

The Ray-Launching (RL) is an approach based on Geometrical Optics (GO). It consists in launching rays in all directions around the emitter, studying their interactions with their environments i.e., reflection and refraction, and finally analysing the rays that reached the receiver. A spherical wavefront propagating from the transmitter is considered. To model waves emitted in all directions it is necessary to break the wavefront in several beams. A sphere centred on the transmitter is discretised using triangles, a beam is then comprised b w h h s ( ys) p ss h u h h sph 's s. Th s of rays with obstacles are modelled following Snell-Descartes laws. At the interface with another medium there is thus a reflected and refracted beam that will then interact with other obstacles. This method is also found in literature as Shooting and Bouncing Rays [I.13]. " bs 1" sh u h w h " bs le 2" bu , s h ys h b m s p " bs 2" h w b modelled here. Moreover, the beam cross-section increases with the distance and becomes more likely to miss small obstacles. To properly model the interaction h b m w h h " bs 2", h sph sh u be discretized with a finer angular step, but it would come at a higher computational cost and simulation time. Consequently, and as for every numerical simulation, there is a balance to find between accurate modelling and simulation time. -17 -I Chapter I Direct rays illuminate regions I and II on Figure I.11 while reflected rays only exist in region I. The ray diffracted on the obstacle edge is then radially radiated and thus illuminates all three regions. However, it is not modelled by the RL method. That is why ray-based methods are often combined with techniques such as the uniform theory of diffraction (UTD) [I.14] modelling the diffracted field and improving the results in shadowed area. Nevertheless, this accuracy improvement comes at an increased computational time. DE can be hybridised with both RL and UTD to provided more accurate results. DE is more computationally efficient than UTD so, an RL/DE hybrid method can be a convenient compromise between accuracy and computational cost.

iii. Conclusion on asymptotic simulation

Ray-based techniques provide more accurate results than empirical models, such as Okumura's, convenient tools for estimating fields strength or received power for both indoor and outdoor environments. Moreover, the limitations imposed by the GO method can be circumvented using UTD or DE which improves greatly the accuracy but come at a higher computational cost.

The main issue is that the typical dimensions of the cavities composing a switchgear assembly range roughly between one to five wavelengths at 2.4 GHz whereas methods assume that the size of the obstacles encountered by the waves are far greater than its wavelength. Furthermore, the cavities are loaded with complex objects with electrically small details (e.g. breakers) thus requiring the use of UTD and increasing the computational cost.

Finally, ray-based simulations define a maximum number of reflections before considering that the wave amplitude decreased enough, and its contribution is neglectable. The switchgear assemblies being entirely metallic, barely any energy leaks out of the structure and too many reflections should be modelled so the simulation is unlikely to converge. The asymptotic solvers being ill-suited for propagation scenarios in resonant environments, the following section investigates three full-wave solvers and their abilities to model EM propagation inside switchgear assemblies.

I.3.B. Full-wave simulations

This section presents numerical methods to approximate the s u M xw 's qu s mp x configurations. Then it compares three simulation software using these methods: Feko from Altair, HFSS from Ansys and CST Microwave Studio from Dassault Systems. We chose two test cases to do the comparison. First, they were tested on their ability to mesh and simulate the response of a switchgear column excited by an antenna. The simulation time, hardware resources used, and consistence with measurement were studied here. The results being quite inaccurate, we chose to compare them on a simpler case, a single drawer, and to assess their accuracy on the mean electric field value and spatial correlation.

i. Presentation of full-wave methods

For decades now, numerical methods have been developed to solve electromagnetic problems whose solutions are too complex to be derived analytically. Solving numerically electromagnetic problems is known in the literature as computational electromagnetic. Unlike section I.3.A, this one focuses on fullw m h s . ., m h s wh h s u M xw 's qu s s s y b u y, excitation conditions imposed by the problem. To do so, the simulated space is fully meshed in small elements whose size depends on the details to be modelled and the working frequency.

Full-wave methods can be divided in three categories [I.16] Three solvers were used during an internship prior to this thesis to assess their ability to model the electric field in a switchgear column (c.f. section II.3.A). The full-wave methods used are:

-The Finite Integration Technique (FIT) with CST Microwave Studio -The Finite Element Method (FEM) with HFSS -The Method of Moment (MoM) and Multilevel fast Multipole Method (MLFMM) with FEKO.

These methods are frequency-domain ones except from the FIT which is a time-domain one. All three will be briefly presented and compared.

The FIT has been introduced in 1977 by Weiland [I.17] s s M xw 's qu s h form. The electric field (𝐸) and magnetic flux (𝐵) are calculated iteratively using a leap-frog scheme until the total energy remaining in the calculation domain reaches a predefined threshold. In closed structures such as the switchgear assemblies, it induces high simulation time as it takes a long time for the energy to leak out of the enclosure. In the leap-frog scheme, 𝐵((𝑛 + 1)Δ𝑡) is calculated from 𝐵(𝑛Δ𝑡) and 𝐸((𝑛 + 1/2)Δt) while 𝐸((𝑛 + 1/2)Δt) is calculated from 𝐵(𝑛Δ𝑡) and 𝐸((𝑛 -1/2)Δt) with Δ𝑡 the m s p. Th m s p s b u by C u 's m , wh h s h m sh [I.19]:
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Chapter I Δ𝑡 ≤ 1 𝑐√ 1 𝑑 x 2 + 1 𝑑 y 2 + 1 𝑑 z 2 , (I-16)
with 𝑐 the maximum phase velocity, 𝑑 x , 𝑑 y and 𝑑 z the dimensions of the smallest mesh in the model.

This imposes a first limitation that is if one wants to model small details it increases the number of meshes and thus the computational resources needed but it will also decrease the timestep which in turn increases the total simulation time as more iterations have to be calculated for the model to converge.

The MoM and FEM are both frequency-domain methods using the Method of Weighted Residual (MWR) on discrete meshes [I.20]. Th MW pp x m s h x s u M xw 's qu s, in their integral form for the MoM and differential form for the FEM, on a mesh using a linear combination of predefined basis functions. The coefficients used in the linear combination are determined to reduce as much as possible the residual i.e., the difference between the real and approximated solutions. The simulations are done iteratively until the residual is below a predefined threshold in each element. At each iteration, the meshcells with high residual are subdivided in smaller elements so that the basis functions could better approximate the real solution on the mesh. This subdivision causes an increase in computational cost.

Like any frequency-domain solver, both methods only provide result for a single frequency per simulation. They can nonetheless provide broadband results, but it requires several simulations to get enough frequency points to realise a representative interpolation. The main difference between FEM and MoM is that the MoM only meshes the surfaces using triangles while the FEM meshes in volume using tetrahedra.

ii. Comparison of three full-wave software

A column from an Okken switchgear assembly (Figure I.12) was simulated with the three commercial solvers HFSS, Feko and CST. The aim was to assess their performances in terms of accuracy, computational time and resources ease of use. This column measures 0.65x1.15x2 m 3 and its enclosure and components are mostly metallic excepted from the cover of the breakers for which we used a lossy dielectric material.

A highly realistic model of the column was provided by Schneider Electric mechanical teams and served as basis for the models Figure I.14. The level of details being too important, the structures had to be cleaned of details considered neglectable so they could be meshed. Those simplifications also brought the number of unknowns down to an acceptable level so the simulations could run with the available computational resources. At the time we had two Nvidia K80 GPU cards and 24 cores for time-domain simulations while for frequency-domain simulations we had computers with 32 cores and 500 Go of DDR3 RAM. The more complex model was that of CST. The Feko mesher was unable to process this structure while HFSS manage to mesh it although it could not simulate it with the available hardware (c.f. TABLE I.3).

The metallic parts of the models were considered as Perfect Electric Conductors (PEC) for simplifications which retrospectively was not a realistic assumption as ohmic losses strongly impact the mean electric field (c.f. section II.2.C). Each model was simulated and excited with a PIFA (Planar Inverted-F Antenna) located in the third drawer from the top of the column (A0 on Figure I.14.). The resultant electric field in each drawer was exported and normalised to an excitation power of 1 mW. We wanted to compare the simulations with measurements, so we recreated the same setup than the simulation in the real switchgear column. A PIFA was thus alimented by a continuous wave at 2.4 GHz and the feeding cables compensated such that the antenna radiated 0 dBm at the working frequency. We realised the acquisition of the electric field every 2 cm on plane 8 cm above the bottom partitioning of the rack using a triaxial active electric probe, the Narda EP 601 ( -21 -I
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Even though for both measurements and simulations the structure was excited by 0 dBm, the electric field level was significantly higher in simulations. We thus scaled the simulated results so that the energy is equal to that measured in the rack A0, so it is easier to compare the shape of the CDFs and their relative evolution when we consider racks away from the emitter. The scaled simulated CDF are thus almost identical for the rack A0 and the measured one agrees well field values higher than 2 V/m but diverges for lower values. For the two other racks we observe that the measured CDF becomes way sharper. We suspect that the finite size of the probe, about 3 cm of diameter, average spatially the field and smooths out the extreme field values. Moreover, the mean measured field is clearly lower than the simulated one inside the racks A1 and A2. The mean simulated field is also lower when the metal has a finite conductivity as the ohmic losses increase. As the simulation results for a whole column are not satisfying, we wanted to test the solvers accuracy on a smaller scale and thus chose to simulate a single drawer (Figure I.16). We wanted to work on a highly detailed structure and cleaned it as few as possible, but it was still necessary to allow HFSS and Feko to mesh it. The exact same model of the rack was simulated with the three solvers, and we set a conductivity of 6.993 MS/m for all metallic parts. We placed the rack in an anechoic box and measured the electric field with the Narda EP 601 every 2 cm meter on a plane 8 cm above the bottom of the drawer which leads to a total of 130 measurements. We extracted the electric field at the same locations for each solver. Once again, the mean electric field was different for all solvers with 6.32 V/m, 5.02 V/m, 3.72 V/m, and 2.58 V/m for HFSS, Feko, CST and the measurements, respectively. To compare simulations and measurements without consideration for the field level itself, we chose to compare them using the spatial correlation:

𝐶(𝑋, 𝑌) = ∑ (𝑋 𝑖 -𝑋 ̅ )(𝑌 𝑖 -𝑌 ̅ ) 𝜎 𝑋 𝜎 𝑌 𝑁 𝑖=1 (I-17)
with 𝑋 and 𝑌 the two sets of value to compare, the subscript 𝑖 indicating the sample at the 𝑖 th location, 𝜎 their standard deviation, 𝑋 ̅ the sample mean of 𝑋 and, 𝑁 the sample size.

The correlation is independent from a multiplication by a constant, so it is just a measurement of how the field fluctuates spatially. TABLE I.2 shows the electric field spatial correlations between the simulated fields and the measured ones. The simulated fields are barely correlated with the measured one with correlations lower than 30 % for Feko and HFSS. CST has the best correlation with 51.4 %. The low correlations between simulations and measurements may come from various sources: the size of the probe, uncertainty on the probe and antenna locations, ill-modelled materials. However, excepted from HFSS and CST whose results have a 75 % correlation, it is surprising that the correlations between solvers are not higher as the models are identical -23 -I

Chapter I and the field is extracted at the same locations. For the study of the rack, CST seems to be the more accurate as it has an average electric field closer to the measured one and the highest spatial correlation. 

iii. Conclusion on full-wave simulations

Several issues arise when simulating switchgears with full-wave solvers. First, their various dimensions, from several meters to details of some millimetres lead to a high number of meshes and unknows needing highly performant hardware to be solved and increase significantly the simulation time. Two out of the three commercial software tested are not able to mesh too detailed structure and, in some cases where they can, they are not able to converge due to a lack of hardware computing resources and memory. Consequently, the simulated structures must be cleaned before simulation which took us several days for a single switchgear column. Then we will perform a very accurate simulation on a simplified, so inaccurate, 3Dstructure as input, so the result is likely to be inaccurate.

To assess the solvers accuracy, we compared measured means and CDF of the electric field in several compartments with the simulated ones. The simulations largely overestimated the electric field and even when scaled to the same energy in the emitter compartment, the decrease of the mean electric field in racks away from the emitter cavity was stronger in measurement than simulations. This comes primarily from the fact that the materials properties are ill-modelled and the ohmic losses and absorption by dielectrics loading the racks are underestimated.

Finally, the solvers accuracies have been compared on a simpler case: a single drawer. The exact same rack i.e., mechanical model and material properties, has been simulated by all solvers. All of them overestimated the mean electric field even though CST was the closest. Then, we measured the spatial correlation on a plane of the rack between the measured and simulated electric field which gave disappointingly low results with a maximum of 51.4 % correlation.

The discrepancies observed between measurements and simulations may come from inaccuracies during the measurements, mechanical simplifications of the simulated structures and ill-modelled materials. On top of this comes the fact that the simulated structures are highly resonant and that, for such structure a slight change in the model, such as the antenna location for example, can significantly modify the response of the system [I.21]. To conclude, full-wave solvers require time-consuming cleaning of the structures to mesh and simulate them. The simulations last tens of hours and provide unreliable results due to the resonant nature of the switchgears. Moreover, we only simulated a single column while typical switchgears have around ten columns if not more. Furthermore, even if switchgears are made from modular functional blocks, they are almost all different from one customer to another. We aim to develop a method providing a quick estimation of the field for any multi-column switchgear so we can recommend an optimized configuration for gateways and sensors installation. The full-wave solvers requiring too much time, we propose as an alternative the statistical method detailed in the following section.

I.4. A statistical approach: The Power Balance method I.4.A. Motivations for a statistical method

In the previous sections we have shown that the common methods used in telecommunications are not suited to study the EM propagation inside switchgear assembly. The empirical models rely on heavy measurements campaigns and the notion of path loss which is hardly applicable in closed resonant environments. Electromagnetic solvers, asymptotic or full-wave, require unrealistic computational resources and time to converge. Moreover, their results are unlikely to provide a realistic result because all mechanical details of the switchgear cannot be modelled and the smallest change in reverberant environments can lead to dramatic change of their response. Consequently, we need to develop a computationally efficient method better suited to the switchgears resonant structure.

Statistical methods such as the Power Balance (PWB) method or the Random Coupling Model (RCM), are promising tools as they were exactly developed in response to the conventional solvers inability to efficiently solve EM problems in electrically large and complex resonant systems [I.22]. On the one hand, the PWB is an analytical method providing ensemble means of the constitutive quantities of the system under test [I.23][I.24]. On the other hand, the RCM is a semi-analytical method as it first requires sitespecific measurements and it can then provide the Probability Density Function (PDF) of voltages or currents at ports of the system for example [I.25]-[I.27]. Besides these two methods, we did not find other suitable methods for our application. Moreover, as we want a method working regardless of the switchgear configuration, we put aside the RCM that in favour of the PWB. The following subsection therefore provides a brief history of the PWB and its related method.
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I.4.B. Introduction

The Power Balance method is a high frequency method assessing the ensemble average of quantities such as, energy, scalar power density, received power, in a system of electromagnetically coupled cavities where the exact geometry is not fully mastered. .32]. The central difference between the two methods is that the modal density in the cavities composing the system is ignored in the PWB while this parameter is used in SEA to estimate the relative variance of the system response. During the last decade, Robin Langley and Louis Kovalesky contributed significantly to apply SEA in electromagnetic [I.33][I.34].

This section first goes through the properties of the EM field in reverberation chambers as both methods assume the diffuse field approximation valid. It then presents the PWB network formulation, its constitutive parameters, and useful results. Finally, SEA and PWB are compared.

I.4.C. Diffuse field approximation

This section dwells on the field properties in overmoded cavities, parts of the results presented are drawn from the theory of reverberation chambers. The overmoded criterion implies the existence of m m s . ., EM s s s y H mh z's qu s u -free region enclosed by highly conductive walls. To achieve overmodedness, the cavity should be electrically large so many modes may overlap in at the working frequency. In such cavity, the field can be expanded as the sum of the natural resonant modes weighted by coefficients (𝛾 𝑛 ) dependents of the source, nature, position, and orientation (I-18) deducted from [I.35].

E ⃗ ⃗ (r , 𝑓) = ∑ 𝛾 n 𝑓 𝑓 n 2 (1 - 1 4𝑄 n 2 ) -𝑓 2 + 𝑗𝑓 n 2 /𝑄 n 𝑒 n ⃗⃗⃗⃗ (r ) ∞ 𝑛=1 (I-18)
with 𝑒 𝑛 ⃗⃗⃗⃗ (r ) the eigenvector of the n th mode, 𝛾 𝑛 its modal weight, 𝑓 𝑛 its eigenfrequency and 𝑄 𝑛 its quality factor (𝑗 is the imaginary operator).

As for an electrical circuit, the higher 𝑄 𝑛 , the narrower the response is, so losses play an important role in overmodedness as they lower 𝑄 𝑛 widening the mode bandwidth and increasing the modal overlap.

A reverberation chamber is an overmoded cavity where a stirring method is used to get a statistically uniform field in its working volume (usually a quarter wavelength away from any metallic part at the lowest usable frequency). The stirring consists in changing any of the parameters in (I-18) to modify the total field. The most common technique is the mechanical stirring where a large metallic stirrer is rotated to modify the chambers boundary conditions and thus the modes shape. If the chamber is well-stirred, the field is considered statistically uniform over the stirring process i.e., satisfies the following properties: i.

Homogeneity i.e., 〈|E ⃗ ⃗ (𝑟 1 ⃗⃗⃗ )|〉 = 〈|E ⃗ ⃗ (𝑟 2 ⃗⃗⃗ )|〉, for any 𝑟 1 ⃗⃗⃗ , 𝑟 2 ⃗⃗⃗ belonging to the working volume, with 〈 〉 denoting the average over the stirring process. ii.

Isotropy i.e., polarisation uniformity.

A fundamental concept in the theory of reverberation chamber is the ergodic hypothesis. It states that, given an overmoded reverberation chamber and an efficient stirring, the ensemble average and time average (average over the stirring) are equal as the Probability Density Functions (PDF) that characterize EM quantities remain the same [I.36]. Transposed to reverberation chambers, any EM quantity averaged over the working volume is equal to its average over the stirring process. So, in the following of this section, 〈 〉 either stands for the average over the volume or the stirring process as both are equal. Consequently, over the volume of an overmoded cavity, it is often assumed that the EM field satisfies (i) and (ii) which is known h u s " us pp x m ".

In [I.29], Hill derives PDF of the electric field and the received power in reverberation chambers. For a given mode, the real and imaginary part of the electric field cartesian components can be considered as a random variable with zero mean. The cavity being overmoded, the resultant field is the sum many zeromean random variables and is thus normally distributed (I-19) in virtue of the central limit theorem.

𝑓 𝐸 pr (𝐸 pr ) = 𝑓 𝐸 pi (𝐸 pi ) = 1 𝜎√2𝜋 exp (- 𝐸 pr 2𝜎 2 ) (I-19)
with 𝐸 pr and 𝐸 pi respectively the real and imaginary part of 𝐸 p , 𝐸 p the electric field component along the direction 𝑝 = 𝑥, 𝑦, 𝑧 and 𝜎 the second statistical moment of 𝐸 pr .

Then, the squared modulus of the electric field |𝐸 ⃗ | 2 is the sum of six squared gaussian random variables and is thus, 𝜒 2 -distributed with six degrees of freedom so its probability-density function is [I.29]:

𝑓 |𝐸 ⃗ | 2 (|𝐸 ⃗ | 2 ) = |𝐸 ⃗ | 4 16𝜎 6 exp (- |𝐸 ⃗ | 2 2𝜎 2 ) (I-20)
Finally, the power received by an antenna in diffuse field is exponentially distributed:

𝑓 𝑃 r (𝑃 r ) = 1 〈𝑃 r 〉 exp (- 𝑃 𝑟 〈𝑃 r 〉 ) (I-21)
In this section we described the EM properties of an overmoded cavity, the next section details the constitutive quantities of such environment.
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I.4.D. Electromagnetic quantities in diffuse environments

The aim of this part is to define suitable quantities to represent the field strength in diffuse field environments.

The mean power density could seem to be a suitable candidate, nevertheless, assuming statistical isotropy it is of null average [I.29]. An alternative is the scalar power density (𝑊), it has the same dimensions but has a non-zero mean.

〈𝑊〉 = 𝑐〈𝑈〉 (I-22)

with 𝑐 the wave celerity in free-space and 𝑈 the energy density.

The energy density is:

𝑈(𝑟 ) = 1 2 [ 𝜀 0 2 |𝐸 ⃗ (𝑟 )| 2 + 𝜇 0 2 |𝐻 ⃗ ⃗ (𝑟 )| 2 ] (I-23)
The electric and magnetic fields moduli are related to each other by:

|𝐸 ⃗ (𝑟 )| = 𝜂 0 |𝐻 ⃗ ⃗ (𝑟 )| (I-24)
with 𝜂 0 = √𝜇 0 /𝜀 0 the free space wave impedance.

So, combining equations (I-22)-(I-24) yields:

〈𝑊〉 = 〈|𝐸 ⃗ (𝑟 )| 2 〉 2𝜂 0 = 𝐸 0 2 2𝜂 0 (I-25)
Let us consider an overmoded cavity excited by a continuous wave (CW). Then, the steady-state mean energy density is [I.28]:

〈𝑈〉 = 𝑄 𝜔𝑉 𝑃 t (I-26)
with 𝑄 the composite quality factor of the chamber, 𝑉 its volume, 𝜔 the angular frequency and 𝑃 𝑡 the transmitted power. As it can be seen in (I-18), the quality factors depend on the considered eigenmode, especially its topology [I.35] but, for the sake of simplicity, it is usually considered equal for all significant modes at the working frequency. A composite quality factor is thus defined, based on the average of the 1/𝑄 n over all eigenmodes [I.37]. So, combining equations (I-22) and (I-26) yields:

〈𝑊〉 = 𝜆𝑄 2𝜋𝑉 𝑃 t (I-27)
At steady state, the power transmitted inside the cavity equals the power dissipated (𝑃 d ), so:

𝑃 t = 𝑃 d = ∑ 𝑃 d,i 𝑖 = 2𝜋𝑉 𝜆𝑄 〈𝑊〉 (I-28)
Considering the dissipation mechanisms (e.g. ohmic losses, absorption by dielectrics, dissipation in antenna loads) independent of each other, we introduce elementary composite quality factors (𝑄 𝑖 ) associated with the dissipation mechanism 𝑖 such that:

𝑃 d,i = 2𝜋𝑉 𝜆𝑄 i 〈𝑊〉 (I-29)
The effective cross section (𝜎 i ) is defined as the ratio of the mean power dissipated and the scalar power density considering an isotropic power distribution:

𝜎 i = 𝑃 d,i 〈𝑊〉 = 2𝜋𝑉 𝜆𝑄 i (I-30)
Finally, combining (I-28)-(I-30) we get:

〈𝑊〉 = ∑ 𝑃 d,i 𝜎 i 𝑖 (I-31)
From (I-31) naturally arises a circuit analogy where the overmoded cavity is a current node at the potential 〈𝑊〉 and 𝑃 𝑑,𝑖 currents running through shunt admittances 𝜎 𝑖 . This analogy is further detailed in the following section (I.4.E). To simplify the notations, the bracket notation is dropped in the following of this thesis but 𝑊, 𝑃 and 𝜎 remain averaged quantities.

I.4.E. Power Balance network formulation i. Effective cross sections

We have seen in section I.4.D that the effective cross sections (ECS) are analogous to admittances in the PWB network formulation. Two kinds of ECS can be distinguished:

-Those modelling losses, analogous to shunt admittances -Those modelling coupling, analogous to series admittances

The coupling considered here, are either through apertures or cables. It should be noted that if the aperture or cable connects to free space, it must be considered has loss.

The cross section quantifies the propensity of an object or phenomenon to dissipate power while illuminated by a plane wave (c.f. Figure I.17). It is dependent of both the angle of incidence and the wave polarisation so, two incident polarisations are distinguished:

-The Transverse Electric (TE mode) denoted by ⊥ -The Transverse Magnetic (TM mode) denoted by //.

It is thus the ratio of the dissipated/coupled power over the incident power density:

𝜎(𝜃, 𝜑) = 𝑃 diss (𝜃, 𝜑) 𝑊(𝜃, 𝜑) (I-32)
As the PWB assumes the diffuse field approximation, the ECS value must be averaged over the whole solid angle and both polarisations so, the general formula for ECS calculation is:
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For the ECS calculation of objects lying on a wall of the cavity e.g., an aperture or the wall itself, the cross section must only be averaged over half the solid angle as it is not illuminated on the other half. So, if the object lies on the(𝑥𝑂𝑧) plane, the variable 𝜃 is only integrated from 0 up to 𝜋/2. with 𝜎 𝑖𝑗 = 𝜎 𝑗𝑖 the sum of all ECS coupling the 𝑖 th cavity to the 𝑗 th . The power dissipated in the 𝑖 th cavity is:

𝑃 d,𝑖 = 𝑊 𝑖 𝜎 𝑖 (I-35)
with 𝜎 𝑖 the sum of all dissipative ECS in the 𝑖 th cavity, for example ohmic losses or absorptions in dielectrics.

Knowing that at steady state the power transmitted to the cavity equates those dissipated and leaving it, gives:

𝑃 source,i + ∑ 𝑃 ji 𝑁 𝑗≠𝑖 = 𝑃 d,i + ∑ 𝑃 ij 𝑁 𝑗≠𝑖 (I-36)
Then, reinjecting (I-34) and (I-35) into (I-36) yields:

𝑊 i 𝜎 i + ∑ 𝜎 ij (𝑊 i -𝑊 j ) 𝑁 𝑗≠𝑖 = 𝑃 source (I-37)
Equation (I-37) can be written for each cavity and put in matrix form giving:

1 2 1 1 1 2 2 1 1 -31 -I Chapter I [ 𝜎 1 + ∑ 𝜎 1i 𝑁 𝑖 -𝜎 12 ⋯ -𝜎 1N -𝜎 12 𝜎 2 + ∑ 𝜎 2i 𝑁 𝑖 ⋯ -𝜎 2𝑁 ⋮ ⋮ ⋱ ⋮ -𝜎 1N -𝜎 2N ⋯ 𝜎 N + ∑ 𝜎 Ni 𝑁 𝑖 ] [ 𝑊 1 𝑊 2 ⋮ 𝑊 𝑁 ] = [ 𝑃 source,1 𝑃 source,2 ⋮ 𝑃 source,N ] (I-38)
with 𝑃 source,i the power transmitted by a source e.g., an antenna, in the 𝑖 th cavity.

Equation (I-38) describes a system of 𝑁 equations whose unknowns are the {𝑊 𝑖 } . Let us call [Σ] the 𝑁 × 𝑁 matrix on the left-hand side of (I-38), it can be decomposed in two distinctive parts. On the one hand, a diagonal matrix whose diagonal terms are the {𝜎 𝑖 } and model losses. On the other hand, a symmetric coupling matrix whose diagonal terms are the opposite sum off its off-diagonal terms of the same line.

Finally, the {𝑊 𝑖 } is got by inversion of [Σ]:

[ 𝑊 1 𝑊 2 ⋮ 𝑊 𝑁 ] = [Σ] -1 [ 𝑃 source,1 𝑃 source,2 ⋮ 𝑃 source,N ] (I-39)
From (I-39) the mean scalar power densities in all cavities are known and the mean energy or energy densities are easily accessible using (I-22). If the aim is to assess the mean power received by an antenna, it is simply got by multiplying its ECS with the scalar power density in the cavity where it is located.

iii. Illustration on a two-cavity configuration

Let us consider two cavities coupled through an aperture (𝜎 H ). The first cavity is excited by an antenna of ECS 𝜎 TX , the aim is to assess the mean power received by an antenna of ECS 𝜎 RX located in the second cavity. The cavities are not loaded so, aside from the antennas, the ohmic losses (𝜎 Ω (𝑝) ) are the only ECS modelling losses. -Each cavity becomes a current node of unknown scalar power density 𝑊 𝑖 .

-The physical phenomena coupling the 𝑖 th cavity with the 𝑗 th are modelled with series admittances linking the 𝑖 th and 𝑗 th current nodes (here 𝜎 H ). -Losses in each cavity, here dissipation in antenna loads and ohmic losses, are modelled with shunt admittances. -A current generator is added in the source cavity to model the power transmitted.

Once the circuit equivalent is set, the mean received power is simply assessed by calculating the current flowing through the receiver ECS (𝜎 RX ).

Transposing (I-38) to the two-cavity configuration gives: Once the topological representation is built, the losses must be replaced by shunt admittances, and the couplings by series admittances to create the circuit equivalent. If several couplings occur between the same cavity, as between the cavities 4 and 5, they can be modelled by a single admittance which will be the sum of the admittances of the individual couplings. Each shunt admittance may represent the losses of several phenomena, as the losses in a same cavity are assumed to be independent from one another, the equivalent admittance modelling the total losses in a cavity is simply the sum of the individual admittances.

[ 𝜎 TX + 𝜎 Ω (1) + 𝜎 H -𝜎 H -𝜎 H 𝜎 RX + 𝜎 Ω (2) + 𝜎 H ] [ 𝑊 1 𝑊 2 ] = [ (1 -|𝑆 11 | 2 )𝑃 i 0 ] (I-
Finally, the mean received power, 𝑃 r , is obtained calculating the current flowing through the admittance associated with the receiver, 𝑌 R .

Conclusion I
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I.4.G. Power Balance and Statistical Energy Analysis comparison

The aim of this section is to prove the equivalence between PWB and Statistical Energy Analysis (SEA) formulations. The counterpart of (I-38) in SEA is given in [I.39] and [I.40] for a two-cavity structure:

[ 𝜔𝑛 1 𝛽 1 + 𝜔𝑛 1 𝛽 12 -𝜔𝑛 1 𝛽 12 -𝜔𝑛 2 𝛽 21 𝜔𝑛 2 𝛽 2 + 𝜔𝑛 2 𝛽 21 ] [ ∈ 1 𝑛 1 ⁄ ∈ 2 𝑛 2 ⁄ ] = [ 𝑃 source,1 𝑃 source,2 ] (I-41)
with 𝛽 𝑖 = 1/𝑄 𝑖 the loss factor, 𝛽 𝑖𝑗 the coupling loss factor, 𝑛 𝑖 the modal density and ∈ 𝑖 the mean EM energy in the 𝑖 th cavity. Let us call [Β] the 2 × 2 matrix of the left-hand side of (I-41).

The power flowing from cavity 1 to cavity 2 is:

𝑃 12 = 𝜔𝑛 1 𝛽 12 ( ∈ 1 𝑛 1 - ∈ 2 𝑛 2 ) (I-42)
As 𝑃 12 = -𝑃 21 , we get the reciprocity relation:

𝑛 1 𝛽 12 = 𝑛 2 𝛽 21 (I-43)
Expanding the first line of (I-41) and using (I-43) yields:

𝑃 source,1 = 𝜔(𝛽 1 ∈ 1 + 𝛽 12 ∈ 1 -𝛽 21 ∈ 2 ) (I-44)
Using (I-22) to replace ∈ i and (I-30) to express 𝛽 as a function of 𝜎, (I-44) becomes:

𝑃 source,1 = 𝜎 1 𝑊 1 + 𝜎 12 (𝑊 1 -𝑊 2 ) (I-45)
Equation (I-45) provides the same results as if calculated with (I-38) while taking 𝑁 = 2. So, the PWB and the SEA express the same phenomena with two formalisms. One can thus wonder if a method is preferable over the other. The ECS expresses the propensity of an element to couple/dissipate power in diffuse environments and unlike 𝛽 it is independent of the cavity where the element modelled is located. So, it holds more physical insight and that is why the PWB formalism will be kept throughout this thesis.

I.5. Conclusion

This chapter reviewed the main methods used when studying electromagnetic propagation beginning with the simplest one: the free-space model. In most practical cases, the EM wave undergoes several reflections, diffractions or scatterings along its propagation path and it is then unrealistic to model its path loss as if it propagated in free-space. In outdoor an s s, mp m s su h s Okumu 's p h path loss more realistically. We discarded the idea to use or create such model for our problematic because they rely on heavy measurements campaigns and are site-specific whereas each switchgear is unique as it must fit the customer installation.

-35 -I Chapter I An alternative to empirical models is to use computer-aided simulations to get the path loss or received power. These simulations are divided in two families: the asymptotic ones and those said to b " u -w ". The asymptotic methods, such as ray-launching, are often ray-based and two issues arise when applying those methods to switchgear assemblies. On the one hand, those methods assume that the obstacles encountered by the wave are electrically large whereas the switchgears include complex objects with fine details e.g., breakers. On the other hand, ray-based methods simulate a predetermined number of rays or reflections and due to the resonant nature of the switchgears, the number of rays simulated would be too high and so would be the computational cost. Then, we expose the work done during an internship preceding this thesis on three commercial full-wave solvers: Feko, HFSS, and CST Microwave Studio. The aim was to assess their accuracy, the computational time and computational resources used while simulating a single switchgear column. All solvers needed the structure to be cleaned to run the simulations otherwise there was too many meshes to solve but the results were inconsistent with the measurements. Two factors are in cause for that, one the one hand some materials were ill-modelled, on the other hand, the resonant nature of the switchgear makes that a small change in the model can significantly change its response.

Consequently, a fully deterministic approach is unrealistic, that is why we considered using a statistical approach. To the best of our knowledge, two methods exist: the Power Balance (PWB) method and the Statistical Energy Analysis (SEA). Both lie on the same principles and even though they do not have the same formalism, they are fundamentally identical (c.f. section I.4.G). These methods allow to get various mean quantities of a system of intercoupled cavities e.g., the mean energy density in a cavity or mean received power. The main advantage is that the computation time is only of a few seconds or minutes compared to several hours for full-wave simulations. Assuming that the diffuse field approximation is satisfied, it would even be possible to determine the probability that a sensor receive a signal below its sensibility threshold. vol. 23, no. 8, pp. 623-630, Aug. 1975, doi: 10.1109/TMTT.1975. Compatibility, vol. 46, no. 3, pp. 359-367, Aug. 2004, doi: 10.1109/TEMC.2004 Compatibility, vol. 40, no. 3, pp. 209-217, Aug. 1998, doi: 10.1109/15.709418. Lyon, R. H., & Eichler, E. (1964). Random Vibration of Connected Structures. The Journal of the Acoustical Society of America, 36(7), 1344-1354. doi:10.1121/1.1919207 . H. Ly , "S s A ys s P w I j sp s S u u s ms," The Journal of the Acoustical Society of America, vol. 45, no. 3, pp. 545-565, Mar. 1969, doi: 10.1121/1.1911422. This chapter aims to validate that the Power Balance (PWB) method is suitable to study the EM propagation inside switchgear assemblies which can be considered as an assembly of imperfect metallic cavities with coupling elements in between such as cables or slots.

I.6. References

It is divided in two main sections. The first one focuses on the Effective Cross Section (ECS) characterisation and integration inside a PWB model. It presents two characterisation techniques, one used to determine the ECS of a metallic material with unknown structure and properties, the other to measure the ECS of an aperture of arbitrary shape. Then, a simplified ECS calculation for wire and cable crossing multiple cavities is proposed along with their integration in a PWB model.

The second section first presents the specificities of switchgear assemblies to better understand the environment of EM propagation. It then gives some results of PWB modelling and measurement in a 3column BlokSeT switchgear.

II.2. Validation of Power Balance method in a controlled environment

The aim of this section is to assess the PWB method in a controlled environment. It first introduces the Modular Test Structure (MTS) used to create various networks of interconnected cavities so the mean transmitted power predicted by the PWB can be confronted with measurements.

The following of the section details the methodology followed to build an accurate PWB model of a simple configuration with four unloaded cavities. In particular, we encountered difficulties on the modelling of galvanised steel and apertures with strong resonances as their ECS are not found in the literature. Two characterisation methods are thus proposed. The first one is used to empirically characterise the ECS of galvanised steel and the second one empirically characterises the ECS of arbitrary apertures.

II.2.A. Modular test cavity

A Modular Test Structure (MTS) (Figure II.1) has been built to assess the PWB method in a simplified and controlled environment. Its dimensions are those of a standard switchgear column i.e., 60*60*200 cm 3 . The MTS walls are made of galvanised steel and held together with aluminium struts. The aluminium struts have a non-conductive surface treatment, so they have been covered with conductive tape to increase the structure shielding. This tape is supposed to have a shielding effectiveness of 50 dB. The top wall of the MTS, measures 60x200 cm² and is mounted on hinges to ease its closing and opening. We surrounded the MTS by conductive foams, such that when the top shut down it compresses the foam and ensures a proper shielding of the cavity. Fasteners were also added to be sure that the foams are compressed. The circular aperture has a 25mm diameter and the long and small slots are 2.4 mm wide. In this section we presented a modular test structure with the same dimensions than a switchgear column. It allows to create within its volume many systems of interconnected cavities of various dimensions coupled through four possible types of apertures. The following section focuses on a particular configuration of the MTS which will be studied throughout the rest of section II.2.
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Chapter II

II.2.B. Test configuration

This section first presents a configuration of the MTS to be studied through the frame of PWB. Then it provides a rough PWB model of this configuration that will be refined in the rest of section II.2.

i. Choice of the configuration

To assess the validity of the PWB method, we chose the simple four-cavity configuration schematized Figure II.3. The cavities are not loaded so the only ECS intervening are those of the antennas, the apertures and the ohmic losses of the walls. Those ECS are analytically known (c.f. I.4.E), nevertheless, we found in the literature that the apertures are modelled using two different models depending on their electrical size.

When electrically small they are modelled using the theory of polarizability while they are modelled using geometrical optic when electrically large [II.1]. For example, for a circular aperture the cut-off frequency between the two models occurs for 𝜆 c = 2.5 * 𝑑, with 𝑑 h p u 's m . Around the cut-off frequency between the two models, we expect resonances whose intensity will vary depending on the aperture geometry. We thus chose two types of apertures for this test configuration. The first one is roughly square with sides of 80 mm length and is expected to have weak resonance at the junction between the two models. The second one is a narrow half-wavelength slot at 2.4 GHz and is expected exhibit a strong resonance at this frequency and its harmonics. 

ii. Building of the PWB model

Three ECS intervene in the PWB modelling of the test configuration: the walls ECS (ohmic losses), the apertures ECS and the antennas ECS. The ohmic losses thus play a key role and the walls electromagnetic properties must be known to properly model their ECS.

The galvanization consists in covering the steel with a protective zinc coating to prevent rusting and was used to treat the walls of the MTS. It can be done using a molten zinc bath (hot dip) or by electrodeposition. The plates used to build the MTS have a Z275 coating which means that they are hot-dipped galvanized with 275 g/m² of zinc on both faces. The typical zinc thickness for Z275 is of 20 µm and range from 13 µm to 27 µm [II.2].

The conductivity of zinc is about 16.6 MS/m and its relative permeability is close to unity. At 1 GHz its skin depth is therefore 𝛿 zinc = .91 µm.

𝛿 zinc = 1 √𝜋. 𝑓. 𝜇 zinc . 𝜎 zinc (II-1)
with 𝑓 the frequency (in Hz), 𝜎 zinc the conductivity of zinc (in S/m), 𝜇 zinc the zinc permeability (𝜇 zinc ~𝜇0 ).

Thus, considering a homogeneous zinc coating, at 1 GHz the amplitude of an incident wave will have decreased by 99.4 % when it reaches the steel layer. The skin depth being even smaller on the rest of the frequency band of interest, the wave amplitude will be even more reduced while reaching the steel layer. It is then legitimate to consider that the wave almost exclusively interacts with the zinc for the calculation of the walls ECS.

𝜎 ohmic = 4𝑆 𝑐 √ 𝜋𝑓𝜇 m 𝜇 0 𝜎 ̃m (II-2)
with 𝑆 the surface, 𝜇 m the relative metal permeability, 𝜎 m its conductivity and 𝜎 ̃m the effective conductivity.

The apertures and antennas ECS were calculated using their expressions found in Moreover, the mean 𝑆 21 is overestimated by roughly 10 dB on the whole band of measurement. This overestimation comes supposedly from ill-modelled ohmic losses mainly due to the complex properties and it is the topic of the following subsection. As we did not find a way to effectively model the slots near their resonances, we present a method to empirically characterise their ECS in section II.2.D. For galvanised steel, this ratio can vary significantly depending on the quality of the galvanisation process and be as low as a few tens of kS/m [II.6]. It was therefore necessary to develop a method to empirically characterise the effective conductivity of the galvanised plates used to build the MTS.

ii. Description of the characterisation method

This method is based on the PWB and reverberation chambers theory. It requires two series of measurements. The first set is for calibration and consists in measuring the mean S21 between two antennas in the empty MTS. The mean power transmitted with and without the galvanised steel plates is respectively given by (II-4) and (II-3):

〈|𝑆 21,𝐸 | 2 〉 = (1 -|𝑆 11 | 2 )𝜎 RX 𝜎 TX + 𝜎 leaks + 𝜎 ohmic + 𝜎 RX (II-3) 〈|𝑆 21,𝑋 | 2 〉 = (1 -|𝑆 11 | 2 )𝜎 RX 𝜎 TX + 𝜎 leaks + 𝜎 ohmic + 𝜎 extra + 𝜎 RX (II-4)
with 〈 . 〉 representing the ensemble average and the subscript 𝐸 and 𝑋 standing for the empty MTS, respectively the MTS with the plates. Then the combination of (II-3) and (II-4) allows to isolate the contribution of 𝜎 𝑒𝑥𝑡𝑟𝑎 :

𝜎 extra = 𝜎 RX (1 -|𝑆 11 | 2 ) ( 1 〈|𝑆 21,𝑋 | 2 〉 - 1 〈|𝑆 21,𝐸 | 2 〉 ) (II-5)
Measurements are made from 1 GHz to 6 GHz with 1-MHz frequency step and a 1-kHz IF filter. Emitter and receiver are the same than those Figure II.4. The mean S21 are obtained using spatial stirring i.e., the S21 is measured for several positions of the emitter and receiver. Here we respectively used 5 and 6 positions for a total of 30 measurements. It is important for the stirring process that the measurements are uncorrelated.

In perfect diffuse field, the spatial correlation function of the EM field is given by [II.7]:

𝜌(𝑟) = sin(𝑘𝑟) 𝑘𝑟 (II-6)
with 𝑘 the wavenumber.

The first null of the correlation function is for 𝑟 = 𝜆/2. The antennas were displaced by at least 15 cm (at 1 GHz) as it gives a null correlation for the lowest working frequency. The measured S21 (Figure II.9) is also averaged with a 50-MHz bandwidth running filter, which is equivalent to frequency stirring. We observe Figure II.10, that the zinc effective conductivity is about 3 orders of magnitude higher than the one measured for galvanised steel at 2.5 GHz and 2 orders of magnitude above 5 GHz which roughly translate to ohmic losses ECS respectively 31 times and 10 times higher than those expected for pure zinc.

Those differences may seem high, but we have to highlight the fact that the zinc relative permeability was assumed to be unity whereas it may not be true on the whole frequency band [II.4]. Compared to the results obtained using the conductivity of pure zinc for the calculation of ohmic losses, the PWB underestimate the mean 𝑆 21 . The difference decreased between the two curves decreased excepted at the lower frequences. The predicted 𝑆 21 has been cropped below -60 dB for the sake of readability. The lowest divergence with the measurements occurs between 3.5 GHz and 4 GHz i.e., on the frequency band the farther away from the slot resonances. To correct those divergences, we propose a method to empirically characterise the slot ECS in the following section and thus account for their unmodelled resonances.

II.2.D. Empirical slot characterisation

The modelling of coupling in the PWB method is of prime importance for the model to be accurate. This section thus dwells on the coupling through apertures while the following one focuses on coupling through cables.

i. Analytic effective cross section of apertures

The ECS calculation of rectangular and ellipsoidal apertures are detailed in [II.1], where two models are developed. The first one is a low-frequency model based on the theory of polarizability which is valid when the aperture dimensions are far smaller than the wavelength of the incident wave. The second one is based on geometrical optics and thus holds if the wavelength is far smaller than the aperture dimensions. A cutoff frequency (𝑓 c ) is then defined as the frequency where both models give the same value of ECS. with 𝑆 the aperture surface.

The theory of polarizability and geometrical optics are two asymptotic behaviour and are ill-suited to model the aperture ECS around 𝑓 c where resonances may occur. To derive the ECS of an aperture it is necessary to consider the power it transmits when illuminated by a plane wave impinging at any angle of incidence or polarisation. Analytical solutions to such problem are usually complex even under normal incidence and apertures as simple as slots. Similar problematics are encountered in acoustic [II.10] and were transposed to electromagnetic in [II.11] and [II.12] where the authors propose a method to calculate the ECS of an aperture of arbitrary shape without exact knowledge of its response for a particular illumination.

Unfortunately, when implementing this method to calculate the ECS of slots we encountered convergence issues. To circumvent this problem, a method based on PWB has been developed to empirically assess the ECS of an aperture of arbitrary shape.

ii. Empirical assessment of an aperture ECS

As for the method proposed section II.2.C, this one needs a diffuse environment. The MTS is divided in two cavities of equal volume coupled through two apertures of identical dimensions. -51 -I

Chapter II 𝑃 r 𝑃 i = 〈|𝑆 21,slot | 2 〉 = 𝜎 RX 𝜎 Ω + 𝜎 RX . 2(𝜎 Ω + 𝜎 RX )𝜎 slot (1 -|𝑆 11 | 2 ) 2(𝜎 Ω + 𝜎 TX )𝜎 slot + 2(𝜎 Ω + 𝜎 RX )𝜎 slot + (𝜎 Ω + 𝜎 TX )(𝜎 Ω + 𝜎 RX ) (II-7)
𝜎 RX is analytically known, and 𝜎 Ω can be calculated thanks to the results of section II.2.C. As 𝜎 TX , 𝜎 RX ≪ 𝜎 Ω , the mean S21 can be approximated by:

〈|𝑆 21,slot | 2 〉 = 2𝜎 RX 𝜎 slot (1 -|𝑆 11 | 2 ) 𝜎 Ω 2 + 4𝜎 Ω 𝜎 slot (II-8)
. Then, (II-7) can be rearranged to isolate 𝜎 slot :

𝜎 slot = 𝜎 Ω 2 . 〈|𝑆 21,slot | 2 〉 2𝜎 R (1 -|𝑆 11 | 2 ) -4𝜎 Ω 〈|𝑆 21,slot | 2 〉 (II-9)
The same antennas than those used in the previous section are used i.e., wideband monopoles whose 𝑆 11 are displayed Figure II.4. The mean 𝑆 21 is then measured between those antennas using spatial stirring for 30 positions of the antennas. As slot ECS expressed in (II-9) also contains the potential leakages, we repeated the same procedure with the slots being closed with copper tape to assess the ECS of the leakages between the two cavities.

Figure II.13 shows the empirical slot ECS calculated using (II-9) and the one obtained using the asymptotic expressions from TABLE II.1. The expected local ECS maxima at 2.4 GHz and 5 GHz are 120 times, respectively 15 times, higher than the ECS predicted by geometrical optics. Even away from the resonances, the empirical ECS is well above the one predicted by the theory of polarizability, even away from the resonances. Due to the strength and spread of those resonances the analytical model from geometrical optic is irrelevant. Finally, we can observe that the leakages are significant and in the same order of magnitude than the analytical ECS of the slot. Consequently, if not properly characterised, those leakages could significantly impact the validity of the PWB model in more complex configurations. The PWB model fits well the measurements, especially above 3.5 GHz where the mean 𝑆 21 oscillates at ±2 dB around the measured one. From 2.2 GHz to 3.5 GHz the discrepancies between the measured and modelled 𝑆 21 remains below 3 dB and from 1.8 GHz up to 2.2 GHz they remain below 4 dB. Nevertheless, below 1.8 GHz the PWB model diverges strongly from the measurements. It could come from an unaccounted parasitic coupling or from the method used to characterise the ECS of galvanised steel being inaccurate at lower frequencies. However, we believe it to be a low frequency coupling decreasing strongly with frequency because results above 2 GHz are in perfect agreement with the measurements.
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II.2.E. Conclusion

In this section we presented the methodology followed to build an accurate PWB model of a structure under test and the main issues encountered. The external dimensions of the structure were those of a switchgear column.

We chose a four-cavity configuration to illustrate this talk and focused on the mean transmitted power between two antennas located at opposite cavities.

First, we showed that galvanised steel exhibits ohmic losses way higher than those expected if considering pure metal and thus proposed a characterisation method to circumvent this issue. It strongly improved the PWB model, but it remained inaccurate around the resonances of the apertures. Consequently, we proposed another method to empirically characterise the ECS of generic apertures. The apertures with the strongest resonances i.e., the slots, were measured and reinjected in the PWB model which provided an accurate prediction of the mean 𝑆 21 above 2 GHz. The model strongly diverges below 2 GHz probably because of an unconsidered low frequency coupling that could not have been identified yet.

II.3. Power Balance application in switchgear assemblies

II.3.A. Switchgear assemblies

Switchgear is an integral part of an electric power system. Switchgear includes fuses, switches, relays, isolators, circuit breakers, potential and current transformers, indicating devices, lightning arresters, etc. that protects electrical hardware from faulty conditions. Electrical Switchgear is connected to electric supply systems and is used in both low and high voltage power transformers. Its purpose is to de-energise set up for maintenance and repair to correct the faulty issues. Every time there is a defect in the power system, like a short circuit, a massive current flows through the electric setup, which is damaging to the structure and also causes supply disruption to the users. It is crucial to ensure optimum electrical protection.

So, on the one hand, the protection of equipment and people is key but, on the other hand, continuity of service is also crucial for most of the industries or professional buildings. Thus, having switchgears offering advanced maintainability capabilities is mandatory for some industrial application. Schneider Electric has three main families of low voltage (<1000 V) switchgear to address this need: Okken, BlokSeT and Prisma P.

This section aims to provide a better understanding of the switchgear assemblies and mechanical and electromagnetic constraints coming from such partitioned structure.
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i. Switchgear organisation and partitioning

Switchgears are made of metallic enclosures which must satisfy IP (ingress protection) and IK (impact protection) constraints. This enclosure is subdivided in columns whose typical width ranges between 40 cm and 60 cm with a 60-cm depth and 2-m height. -55 -I

Chapter II The switchgears have four levels of partitioning, or forms, depending on the service continuity desired by the customer. The characteristics of those forms are described in 

Main characteristic Sub-characteristic Form

No internal partitioning Form 1

• Busbar separated from the functional units .17 illustrates the different forms, with the enclosure represented in black, the busbar in brown, the FUs in grey and the partitionings in green. The choice of the form depends mainly on the application and the level of service continuity it requires. For example, typical applications requiring a high service continuity are hospitals, data centres, oil and gas exploitations, industrial buildings. Moreover, with high service continuity comes high partitioning.

ii. Service continuity

Th s u y s s b by h IS xxx x (s x), wh h 'x' p s s an index ranging from 1 to 3 and describe respectively:

-57 -I Chapter II -the exploitation index, which determines the ability of the switchgear to condemn part or all of the installation for interventions or off-load tests. -the maintenance index, which characterises the ability of the structure to be securely maintained, repaired and controlled with mastered consequences on the installation. -the evolution index, which determines the easiness to modify the switchgear with mastered impacts on the installation. Breakers upstream and downstream connectors are fixed.

No offload extensions.

Level 2 Individual sectioning and condemnation of the FUs.

Indicates the sectioning position.

Automatic upstream connection, fixed downstream connector.

Onload installation of the FU of extension if the upstream connectors are already installed.

Level 3 Individual sectioning and condemnation of the FUs.

Indicates the test and sectioning positions.

Automatic upstream and downstream connections

Onload installation of the FU of extension with automatic upstream connection.

In the context of this thesis, we focus on switchgears for installation requiring high service continuity which means that all operations related to the switchgear must have minimal impact on the functioning of the installation. Indexes IS x2x and above are considered to provide a good service continuity, but such indexes require the switchgear to be at least form 3.B with IP2X partitionings (prevent insertion of solids whose diameter is larger than 12.5 mm) around the functional units. Consequently, the following section applies the PWB in switchgears of form 3.B, 4.A and 4.B.

II.3.B. The PWB method applied to BlokSeT switchgear

Okken, BlokSeT and Prisma P are three different lines of switchgear proposed by Schneider Electric for power installations requiring a high service continuity; they are thus of form 3.B or higher and at least IS x2x. This section details the methodology used to build the PWB model of a switchgear assembly. It first introduces the structure. Then shows that leakages outside the enclosure can be discarded in a first approximation. Finally, it presents an empirical characterisation of breakers and painted metals before reusing these results to build a first PWB model of the switchgear.

i. Presentation of the studied switchgear assembly

To test the PWB, we got a BlokSeT switchgear (Figure II.18) counting a total of 48 cavities with some of them hidden inside the switchgear. The first encountered difficulty is that no mechanical or electrical schematics of this BlokSeT existed, so the racks, panels, doors had to be dismounted and remounted to create its topological representation. Most of the switchgear doors and internal partitionings are made from an unknown metal coated with white paint visible on Figure II.18. Even if its composition is unknown, this metal can be characterised in the same fashion than we did with galvanised steel (c.f. section II.2.C). Nevertheless, except from its doors, the second column is made of another unknown metal and its partitioning could not be dismounted and were thus impossible to characterise. As it exhibited the characteristic surface of galvanised surfaces, we approximated its ECS by that of galvanised steel, but it remains a major source of inaccuracies in the BlokSeT modelling.

Moreover, some drawers located inside the second column, such as those Figure II.19, are particularly filled, to the point that it is even impossible to introduce an antenna and an RF cable to measure the mean received power inside these cavities. At the top of the switchgear run the copper busbars, so its compartment is a privileged coupling path between all columns. The first column i.e., the one on the left, has only few compartments, so we thought more interesting to study the transmission inside the various compartments of the third columns and especially between those denominated C24 and C30. Once the accuracy of the PWB is validated for propagation inside a single column we can study the propagation between compartments of the first and third columns. We avoid placing an antenna in the second column because of the issues mentioned earlier. The following of this section focuses on the study of the coupling between the compartments C24 and C30. The first step is to determine the impact of potential leakages outside the switchgear enclosure.

ii. Assessment of switchgear leakages

If the test carried out inside the MTS were done in a well-mastered environment with neglectable leakages outside the structure thanks to shielding, it is not realistic when studying propagation inside a switchgear assembly. Indeed, switchgears do not target an EMC shielding level but only IP and IK, so there are many apertures on doors (e.g. rotary handles) or circuit breakers on the switchgear front face, as the one on the left column, through which the signal may leak. That is why leakages are thus one of the main concerns while applying the PWB to the switchgears. Moreover, this BlokSeT studied here has been used for seismic test and thus has more mechanical slack than the normal ones which, in a sense, is convenient as it places us in a worst-case situation.

To assess the impact of those leakages on the received power two cases are considered: in the first one we considered the enclosure as it is, and in the second one we shielded the racks, drawers, and junctions between walls of the enclosure with aluminium tape. Even though the shielding is not ideal due to the paint preventing to ensure the electric continuity, it should still significantly lower the leakages. The mean S21 is then measured between the cavities called C24 and C30 on Figure II.18 for both the shielded and unshielded case whose results are presented Figure II.21 (left). The antennas used are the wideband monopoles from section II.2 and will be the ones used for all measurements throughout this section. Figure II.21 right shows the ratio in dB of the mean S21 measured in the shielded case over the one measured in the unshielded using spatial stirring over a total of 16 positions of the antennas. We can observe that up to 3 GHz the deviation oscillates around 0 dB while from 3 GHz to 5 GHz the deviation seems to oscillate around 1 dB. The leakages impact is thus far lower than expected probably because their ECS is small compared to the other ECS of the cavity (ohmic losses, breakers, apertures). Consequently, the leakages are discarded in the PWB model of BlokSeT.

If the leakages are neglectable, it still remains to characterise the various components present inside the BlokSeT.

iii. Building the BlokSeT PWB model

To create the PWB model of the BlokSeT, some components must be characterised. First, the BlokSeT walls, front doors, and most of its partitionings are metallic and coated with the white paint visible on Those results are reinjected in the BlokSeT PWB model to study the mean transmitted power between antennas located inside cavities C24 and C30. As it has been demonstrated section II.3.C it is important to consider the RF cables used for measurements and modify the PWB model accordingly as it can significantly impact the results.

The dimensions of C24 and C30 are 60x15x18 cm 3 and 60x20x30 cm 3 , respectively. Considering that the wavelength at 2.4 GHz is 12.5 cm none of the cavities is really large compared to the wavelength, so it is The PWB model deviate strongly from the measurements if the contribution of the breakers is discarded. This was predictable as the breakers ECS we characterised is comparable to that of ohmic losses in the painted walls (c.f. Figure II.24). On the other hand, when the breakers are added to the PWB model, its validity significantly increases especially above 4 GHz were the deviation with the measurements remains below 3 dB. Nevertheless, the deviations are higher than 5 dB below 2.5 GHz and higher than 10 dB below 1.7 GHz and are thus well above our threshold of acceptance.

Until now, we discarded the impact of wires and cables in our PWB models whereas they can provide significant coupling especially in our lower frequency band as it is shown in the next section. They are thus good candidates to improve the PWB model at those frequencies.

II.3.C. Cables ECS

Until now, the wires and cables were discarded in the PWB modes presented here. We observed that the PWB modelling tends to underestimate the 𝑆 21 at the lower measured frequencies. The wires are good candidates to improve the accuracy of the PWB model at those frequencies as they are another mean of coupling predominant at lower frequencies. In this model, a cable parallel to the ground plane and of length 𝑙 and diameter 𝑑 is loaded at its extremities by two loads 𝑍 1 and 𝑍 2 , its ECS is [II.13]:

𝜎 cable = 𝜂 0 𝑍 c (1 -|𝛤 1 | 2 ) 〈|𝑒 𝛾𝑙 𝑄 -𝛤 2 𝑒 -𝛾𝑙 𝑃| 2 〉 𝐸 0 2 [𝑒 2𝛼𝑙 + |𝛤 1 𝛤 2 | 2 𝑒 -2𝛼𝑙 -2𝑅𝑒(𝛤 1 𝛤 2 𝑒 -2𝑗𝛽𝑙 )]
(II-10)

with 𝜂 0 the free-space wave impedance, 𝐸 0 the mean electric field in the cavity, 𝑍 c = 60 ln ( 4ℎ 𝑑 ) the characteristic impedance of the cable above the ground plane, 𝛾 = 𝛼 + 𝑗𝛽 the propagation constant, 𝑄 and 𝑃 two coefficients detailed later. Γ 1 and Γ 2 are the reflection coefficients at the loads:

Γ p = 𝑍 p -𝑍 c 𝑍 p + 𝑍 c (II-11) with 𝑝 = 1, 2.
A first approximation is to consider the cable lossless which lightens (II-10): For non-zero reflection coefficient, the ECS oscillate around a mean value obtained for the matched case, Γ = 0. The higher the reflection coefficient, the stronger the oscillations. Those oscillations arise from the terms 𝑒 ±𝑗𝛽𝑙 in (II-12) and are thus strongly dependent on the cable length. Indeed, the longer the cable the more rapidly the ECS varies with the frequency. It is thus legitimate to wonder what the impact on the ECS of an uncertainty on the cable length would be.

𝜎 cable = 𝜂 0 𝑍 c (1 -|𝛤 1 | 2 ) 〈|𝑒 𝑗𝛽𝑙 𝑄 -𝛤 2 𝑒 -𝑗𝛽𝑙 𝑃| 2 〉 𝐸 0 2 [1 + |𝛤 1 𝛤 2 | 2 -2𝑅𝑒(𝛤 1 𝛤 2 𝑒 -2𝑗𝛽𝑙 )] (II-12)

ii. Simplified model for the cable ECS

The same cable used previously is considered with a reflection coefficient Γ = 0.75 at both loads. The aim is to observe the impact of an uncertainty in the cable length. For this, the cable ECS is calculated at 2.4 GHz varying its length from 95 cm to 105 cm. The results are displayed Figure II.28.

In the matched case, the ECS is almost constant while for the unmatched one the ECS goes from its minimum value of 8.4 * 10 -4 m² up to its maximum of 10 -2 m² only by having its length increased by 3.3 cm. Consequently, the strong variations of the ECS with its length come from the existence of reflections at the loads and not the variation of the length itself. On the other hand, in switchgear assemblies, the loads connected to the cable and wires vary depending on the activity of the building in which the switchgear is installed.

To summarise:

-The cable ECS is depends strongly on the reflection coefficients at the loads connected to its extremities. -Those reflection coefficients are ill-mastered due to the variability of the loads in switchgear assemblies. -The occurrences of the ECS maxima and minima depends on the cable length.

-65 -I Chapter II -Once installed, the cable length may slightly differ from the one intended on schematic. Considering the inaccuracy of the above sources, we propose a simplified model for the calculation of the cable ECS by imposing a matched condition. Then, (II-12) becomes:

𝜎 cable = 𝜂 0 𝑍 𝑐 𝐸 0 2 〈|𝑄| 2 〉 (II-13)
with 𝑄 the curvilinear integral of the tangential electric field along the length of the wire. As the wire is considered straight and parallel to the ground, the coordinate system can be chosen such that it is z-directed, then:

𝑄 = 1 2𝑍 𝑐 ∫ 𝑒 -𝑗𝛽𝑧 𝐸 z (0, ℎ, 𝑧). 𝑑𝑧 𝑙 0 (II-14) 〈|𝑄| 2 〉 = 〈 1 4𝑍 𝑐 2 ∫ ∫ 𝑒 𝑗𝛽(𝑧 2 -𝑧 1 ) 𝐸 z (0, ℎ, 𝑧 1 )𝐸 z * (0, ℎ, 𝑧 2 )𝑑𝑧 1 𝑑𝑧 2 𝑙 0 𝑙 0 〉 (II-15)
In (II-15), the brackets and the double integral can be inverted, so an expression close to the longitudinal correlation of the tangential electric field component appears in the integrand. This correlation considers the proximity of the metallic wall and is expressed as follow [II.14]:

𝜌 LW (𝑦, Δ𝑧) = 〈𝐸 z (0, 𝑦, 0)𝐸 z * (0, 𝑦, Δ𝑧)〉 √〈|𝐸 z (0, 𝑦, 0)| 2 〉〈|𝐸 z (0, 𝑦, Δ𝑧)| 2 〉 = 𝜌 L (Δ𝑧) -𝜌 c z (0,2𝑦, Δ𝑧) 1 -𝜌 T (2𝑦) (II-16)
with 𝜌 L and 𝜌 T being respectively the correlations of the longitudinal and transverse components of the electric field far from the walls. 𝜌 c 𝑧 is the composite correlation of the electric field z-component in the 𝑦𝑂𝑧 plan.
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𝜌 c z (Δ𝑦, Δ𝑧) = Δ𝑧 2 . 𝜌 L (√Δ𝑦 2 + Δz 2 ) + Δ𝑦 2 . 𝜌 T (√Δ𝑦 2 + Δz 2 ) √Δ𝑦 2 + Δz 2 (II-17)
Longitudinal correlation:

𝜌 L (𝑟) = 𝑘 2 𝑟 2 ( sin(𝑘𝑟) 𝑘𝑟 -cos(𝑘𝑟)) (II-18)
Transverse correlation:

𝜌 T (𝑟) = 2 ( sin(𝑘𝑟) 𝑘𝑟 + cos(𝑘𝑟) 𝑘 2 𝑟 2 - sin(𝑘𝑟) 𝑘 3 𝑟 3 ) (II-19)
with 𝑘 the free space wavenumber.

The terms under the square root at the denominator in (II-16) are the same and equal to the variance of the electric field z-component at a height 𝑦 from the wall [II.14]:

〈|𝐸 z (𝑥, 𝑦, 𝑧)| 2 〉 = 𝐸 0 2 (1 -𝜌 T (2𝑦)) (II-20)
Finally, combining (II-15), (II-16) and (II-19) into (II-13) provides the simplified cable ECS:

𝜎 cable = 𝜂 0 12𝑍 c ∫ ∫ 𝑒 𝛽(𝑧 2 -𝑧 1 ) [𝜌 L (𝑧 1 -𝑧 2 ) -𝜌 c z (0,2ℎ, 𝑧 1 -𝑧 2 )]𝑑𝑧 1 𝑑𝑧 2 𝑙 0 𝑙 0 (II-21)

iii. Validation on a two-cavity configuration

To validate the proposed simplified model for the cable ECS we propose to study the mean 𝑆 21 in a twocavity configuration. The MTS is thus divided in two cavities of dimensions 0.6x0.6x1 m 3 . The cavities are coupled through two apertures of 2.5 cm diameter and an RF cable crossing the MTS along its length and passing through one of the holes. Except from a spike deviation of 7.75 dB around 1.32 GHz, the PWB model fits well the measured 𝑆 21 . Indeed, below 2.4 GHz the maximal deviation from the measurement is of 4 dB while above 2.4 GHz it remains below 3 dB. The simplified model for the cable ECS can thus be considered valid.

iv. Integration in PWB models

We proposed a model for cables crossing a single wall, nevertheless, inside switchgear assemblies it is common for cables and wires to run through multiple cavities. It was thus necessary to develop an equivalent circuit for such cases. Although intuitive, this model is not entirely accurate as it does not hold in the limit case where one of the ECS tends to zero. This happens when the cable length is neglectable compared to the wavelength. Let us say that the cable length in the second cavity tends to zero, then there should be a direct coupling between the first and third cavities. Nevertheless, this model predicts that 𝜎 cable (1,2) and 𝜎 cable (2,3) tends to zero when 𝜎 cable (2) tends to zero which means no coupling between the first and third cavities. We thus propose another model taking these limit cases into account. The model (a) proposed Figure II.35 considers interactions between all cavities. Moreover, in the limit case where an ECS tends to zero, it simply falls back to the 2-cavity case. Its main drawback is that it creates an additional node (in orange) in the circuit representation. On the one hand, this node has no physical meaning in a PWB representation, on the other hand, it increases the complexity of the PWB matrix that has to be solved. Therefore, we favor the model (b) to avoid adding another node in the PWB representation. This model is completely equivalent to (a) but gives a direct coupling between cavities. Its equivalent ECS are given by:

𝜎 cable (i,j) = 𝜎 cable (i) 𝜎 cable (j) ∑ 𝜎 cable (k) 𝑁 𝑘=1 (II-22)
with 𝑁 being the number of cavities crossed by the cable. Equation (II-22) gives a general expression to model a cable crossing any number of cavities. It can be seen that it is also coherent for the 2-cavity case and the limit case when an ECS tends to zero.

v. Measurements and validation

This section has a dual goal. Its first aim is to highlight the coupling on RF cables used for measurements. Secondly, it aims to validate the model proposed in section II.3.C.iv for cables passing through multiple cavities. To do so, two three-cavity configurations are studied. The antennas feeding cables are introduced through two points of entry (PoE) located in the first and third cavities, respectively. In the first configuration, "C ", h s h s m s h heir PoE while on the second , "C ss" (Figure II.36), the antennas are on the opposite of their PoE. .37 shows that the mean S21 is significantly higher in cross-configuration than in co-configuration up to roughly 4 GHz. This therefore means that the ECS is not null and that there is a coupling through the RF cable outer conductor. Now that we highlighted the coupling on the cables, the aim is to create the PWB model of the cross configuration to validate the model proposed section II.3.C.iv for cables running through multiple cavities.

To do so, we consider that the ECS of the apertures in which the cables pass through to cross a wall are not affected by the cables even though they occupy a significant part of the apertures. The apertures are circular with a diameter of 2.5 cm. Above 3.5 GHz, the mean 𝑆 21 given by the PWB fits well the measurements with a deviation smaller than 4 dB even though no running filters were applied to smooth the measurements. Below 3.5 GHz the two curves follow the same trend but the measured 𝑆 21 oscillates strongly around the mean value given by the PWB. These oscillations come from the reflections at the loads discarded in the simplified cable ECS derived section II.3.C.ii.

vi. Conclusion on cable modelling

To conclude on cable ECS, a model already exists in the literature. This latter requires precise knowledge of the loads at the end of the cable and its length whereas in switchgear assemblies those parameters are illmastered. On the one hand the loads at the end of the cables depends on the activity of the building is supplying. On the other hand, the cable depends on the panel builder and can vary during their installation in the switchgear, and we have seen that a small change in length can consequently modify the cable ECS. That is why we proposed a simplified model providing the mean cable ECS while discarding the oscillations coming from the reflections at the loads. This model was then validated on a simple PWB configuration with a single wire crossing two cavities.

As in switchgear assemblies the cables often run through multiple cavities, we proposed a model to integrate such cases in the PWB method. This model was finally validated through a three-cavity configuration with two cables crossing all cavities.

II.3.D. Application of PWB in BlokSeT considering cables

The PWB built to study the coupling between the cavities C24 and C30 section II.3.B is modified to include the coupling through cables and wires. As we showed that significant coupling may occur through the RF cables outer conductors, we included the measurement cables to the model as well. The result of the PWB model is compared to the measured 𝑆 21 Figure II.39. In addition to the spatial stirring, we applied a 50-MHz averaging running filter on the measured received power which is equivalent to frequency stirring. As the Power Balance application in switchgear assemblies I -72empirical characterisation of breakers and ohmic losses ECS were noisy, the noise is reflected on the PWB result, so we also applied a running filter to smooth out those outliers. Above 2.1 GHz the deviation between PWB and measurements remains in the margin of ± dB. Below 2.1 GHz the PWB model underestimate the mean 𝑆 21 .

Figure II.39. Mean S21 between antennas located in C24 and C30 measured (blueleft) and predicted (greenleft) and deviation between the two curves (right)

As the deviations between the measurements and the PWB are the strongest on the lower frequency band, one can wonder if the spatial stirring is efficient enough. Under diffuse field, the first zero of the electric field spatial-correlation function occurs at 𝜆/4 [II.7]. While doing spatial stirring, we took care to move the antennas by at least 7.5 cm (𝜆/4 at 1 GHz) to get uncorrelated samples. To verify that the measured powers sampled by spatial stirring are indeed uncorrelated, we did the autocorrelation of the measured samples using:

𝐶 = ∑ (𝑃 r,i -𝑃 r ̅ ). (𝑃 r,i+1 -𝑃 r ̅ ) 𝜎 𝑃 r 2 𝑁 𝑖=1 (II-23)
with 𝐶 the correlation, 𝑃 r,i the 𝑖 th measured sample, 𝑃 r ̅ the mean measured power, 𝜎 𝑃 r its standard deviation, 𝑁 the number of samples, and for any integer 𝑘, 𝑃 r,k+N = 𝑃 r,k .

This correlation was below 10 -6 from 1 GHz to 6 GHz, so the spatial stirring done here is an efficient stirring technique and the measurements can be considered uncorrelated. As the received power in diffuse field is exponentially distributed [II.15], the received power averaged through spatial stirring should be distributed according to an Erlang distribution of parameters (𝑁, 𝑁/𝑃 r ̅ ) with 𝑁 the sample size (c.f. Annex 2 for proof).

Knowing the probability density function (PDF) of the averaged received power, it is possible to determine a confidence interval by integration of the PDF. We thus define a 95% confidence interval around the PWB result in dotted line Figure II.40. At the difference from Figure II.39, no running filter was applied to measurements, otherwise the confidence interval would be meaningless. The blue curve is therefore only the result of the spatial stirring. The bottom dotted line gives the limit below which 2.5 % of the averaged received power will be according to the PWB model. Similarly, 2.5 % of the averaged received power is supposed to be above the top dotted line. Below 2.1 GHz the discrepancies are not statistically acceptable as most of the measured average received power falls outside the confidence interval. As these discrepancies occurs mainly at the lower frequencies, we can therefore wonder if they come from the EM field being non-compliant to the diffuse field approximation. If the field is diffuse, the received power should be exponentially distributed. So, to verify the diffuse field hypothesis we consider the measured received power on a small frequency band and all 16 measurements used for spatial stirring and build their empirical Cumulative Distribution Function (CDF). We chose a 12.5-MHz frequency band containing 25 frequency points, the CDF was thus built using a total of 16 × 25 = 400 frequency points. As the CDF of an exponentially distributed random variable 𝑋 whose statistical mean is 𝐸[𝑋] = 1/𝜆, is expressed by (II-24), we can compare the measured CDF with the exponential one of equal mean.

𝐹 𝑋 (𝑥) = 1 -𝑒 -𝜆𝑥 (II-24)

The measured and exponential CDFs are compared at 1.5 GHz and 3 GHz Figure II.41. At 3 GHz the Measured CDF agrees almost perfectly with the theoretical one so we can assume that the diffuse field approximation is relevant at these frequencies. However, at 1.5 GHz, the measured CDF diverges significantly from the exponential one. Moreover, the measured CDF is higher than the exponential one for 𝑃 r ≤ -7 dB which means that the probability to receive powers lower than this limit is higher than expected. For example, let us say we want to define the threshold over which 95 % of the received power samples will be. The exponential distribution would place this threshold at -48.6 dB whereas we see from the measurements that it is in fact at -52.9 dB hence a difference of 4.3 dB. This would be an issue while defining margins to establish a radio link budget inside switchgear assemblies. In comparison, at 3 GHz, Power Balance application in switchgear assemblies I -74where the diffuse field is more realistic, the difference between the exponential and empirical thresholds is of 0.6 dB. This deviation from the exponential distribution should also impact the definition of the 95 % confidence interval. Consequently, it would interesting to develop a method to obtain a CDF closer to the measured one.

The method we are currently working on is based on random generation of the PWB matrix. The idea is to consider the ECS as a random variable and not to only consider its mean, a large number of ECS samples are then generated for a single frequency point and used to build as many PWB matrices. The inversion of these matrices provides in turn samples for the scalar power densities and are used to generate samples for the received power. This method therefore allows to semi-analytically generate the CDF of the received power and scalar power density. Nevertheless, this method is not mature enough to be further detailed in this manuscript. Even though not perfectly accurate, we will have to assume that the received power is exponentially distributed to define margins for the radio link budget in switchgear assemblies.

Let us consider a PowerTag sensor with a chipset sensitivity threshold 𝑃 chip i.e., the power below which the information will not be retrieved from a received signal. In industrial application we add an additional margin (𝑀) of 10 dB up to 20 dB to ensure a low packet error rate and the robustness of the wireless system. We thus define the threshold 𝑃 thresh = 𝑃 chip + 𝑀 the minimum acceptable received power to ensure the desired wireless link quality. Considering that the PWB method estimates accurately mean received power 𝑃 r ̅ and assuming the received power exponentially distributed, the probability that the received power falls below the sensibility threshold is:

𝑃(𝑃 r ≤ 𝑃 thresh ) = 𝐹 𝑃 r (𝑃 thresh ) = 1 -𝑒 -𝑃 thresh /𝑃 r ̅̅̅ (II-25)
Reciprocally, we can define the threshold 𝑃 𝛼 over which 𝛼 percent of the received power will be. Using (II-25) we get:

𝑃 𝛼 = -𝑃 r ̅ . ln (𝛼) (II-26)
Then, from an industrial viewpoint we can say that, sw h 's mp m 𝑃 𝛼 < 𝑃 thresh , no PowerTag should be installed inside and reciprocally. A significant advantage is that for a given 𝛼, the -75 -I Chapter II difference between 𝑃 𝛼 and 𝑃 r ̅ in log-scale is constant for any value of 𝑃 r ̅ . For example, for 𝛼 = 99 %, 𝑃 𝛼,dB = 𝑃 r,dB ̅̅̅̅̅̅̅ -19.98 dB.

II.4. Conclusion

This chapter first presented our modular test structure (MTS), a cavity whose dimensions are those of a column of switchgear assembly and which can be used to create various configurations using different apertures and partitioners. In a first section, we selected a four-cavity with the aim of building an accurate PWB model of a simple structure. The issues encountered while doing so were highlighted and solution to circumvent them were brought. Especially, we discovered that galvanised steel used for the MTS had higher ohmic losses than expected so we proposed a method to empirically characterise its losses. Then, we focused on modelling coupling through apertures. The models found in the literature are asymptotic ones and do not model properly the aperture around their resonances. As we did not find an analytical way to do so we instead proposed to characterise strongly resonant apertures empirically. After addressing those two issues, the PWB was accurate enough to predict the mean 𝑆 21 with a ± dB margin.

The second part aims to provide an accurate PWB model of a BlokSeT switchgear assembly. First, we presented the Schneider Electric switchgear assemblies targeted in this thesis and their specificities. Then, we chose to study the transmission between two antennas located in the same column. The power leaked outside the switchgear was identified to barely impact the 𝑆 21 in this configuration so we decided to ignore it while building the PWB model. The ECS of the coated metal used for the BlokSeT walls and partitioning were characterised in the same manner than the galvanised steel along with the breakers present inside. This first model remained in the ± dB margin only between 4 GHz and 6 GHz but underestimated the received power at lower frequencies. Until this point the coupling through cables was discarded and was a good candidate to explain the underestimated received power as its ECS is the higher at lower frequencies.

The first part thus focused on the cable ECS. A model already exists on the literature and relies on the cable length, height, diameter, and loads. After studying the behaviour of this ECS, it has been observed that the loads induced oscillations of the ECS around a mean value and that the spacing of those oscillations depends on the length. As for the cables in switchgear assemblies the loads may vary depending on the activity of the installation powered by the switchgear, we decided to propose a simplified model that only considered the ECS mean value. Existing models from the literature were only for cables crossing two cavities whereas in switchgear it is common that cables or wires run through several cavities. We thus developed a model for cables passing through multiple cavities and validated it in a three-cavity PWB configuration.

Including the cables in the PWB model of the BlokSeT which significantly improved its accuracy. The predicted 𝑆 21 was then in the ± dB margin from 2.1 GHz up to 6 GHz which, hopefully, includes the 2.4 GHz ISM band. Possible improvements would be to investigate the discrepancies at lower frequencies. We also showed that the received power is not exactly exponentially distributed on the lower frequency band. We also showed that, as the received power is theoretically exponentially distributed, the probability that a sensor receives a signal above its sensibility threshold can easily be calculated. This information can then be used to build radio link budgets and given the locations of the gateways in the switchgear, define which compartments the sensors can be implemented or if it is necessary to add another gateway to cover a specific part of the switchgear. Finally, we showed that the received power was not exactly exponentially distributed on the lower frequency band so it can be a problem for the establishment of the radio link budget. So, an improvement would be to extend the PWB to get a more accurate CDF of the received power. 121, no. 2, pp. 766-777, Feb. 2007121, no. 2, pp. 766-777, Feb. , doi: 10.1121 Compatibility, vol. 40, no. 3, pp. 209-217, Aug. 1998, doi: 10.1109/15.709418.

II.5. References

III.1. Introduction

The previous chapter focused on a statistical method, the Power Balance (PWB) method, used to determine the mean received power or mean energy in a system of intercoupled cavities like a switchgear assembly. This chapter focuses on the second axis of this thesis: the improvement of RF propagation inside switchgear assemblies on the 2.4 GHz ISM band i.e., from 2.4 GHz up to 2.4835 GHz. Using the results of Chapter 2, we could optimise the gateways placement and therefore use fewer of while ensuring a proper radio coverage for the whole switchgear. Nevertheless, because of the strong fading of the signal, a gateway cannot cover more than a few compartments of the switchgears, the cost of the wireless solution would remain too expensive and less attractive for our customers. Improving the RF propagation would therefore increase the coverage of the gateways so less of them would be needed to cover the switchgear and it would therefore decrease the overall price of the wireless solution. The waveguide and FSS are detailed in sections III.2 and III.3, respectively. Both sections first focus on the design of the solution, then propose an Effective Cross Section (ECS) model of the solutions so they can be integrated in a PWB modelling, and finally validate the proposed models through measurements.

III.2. Leaky waveguide with mechanically controlled radiated power III.2.A. Introduction

The aim of this solution is to improve the wave propagation through the switchgear columns on the horizontal axis. Usual solutions to improve RF propagation in difficult environments such as subway or underground mines is to use distributed antennas [III.1] such as leaky cable antennas [III.2]. A distributed antenna running through all columns of the switchgear could thus be installed to improve the RF coverage. Nevertheless, leaky cable antennas are not suited for our application as they break the switchgear modularity. Indeed, before being installed us m 's bu , h sw h s p ss mb delivered column per column to the customer site so the leaky cable would have to be installed once the whole switchgear is built which would be particularly bothersome. Modularity is also critical for maintenance aspect, in case of damage (fire, arcflash) of one column in the switchgear, the column should be removed easily to be replaced. Having cables, like leaky cable antenna, running through all the columns therefore break this modularity. Alternatively, we could consider using a leaky waveguide divided in multiple sections, one per column, to preserve the modularity. Nevertheless, commercial waveguides are bulky and expensive, so we aim to manufacture affordable and modular ones to keep the wireless offer attractive for our customers. Moreover, during the installation, the columns are aligned with a mechanical precision below 6 mm. So, if this misalignment between waveguide sections does not impact too much the overall performances, we could envision to let the waveguides without junctions between them.

Finally, if each section radiates the same percentage of incident power, columns nearest to the gateway will receive the maximum power while the farthest ones will get little power. Consequently, we want to provide -83 -I Chapter III a waveguide whose radiated power can be tuned so the same power is radiated in each column. The targeted radiated power is of 0 dBm in each column for electromagnetic compatibility (EMC) reasons with a margin of ±3 dB. Also, the gateway should not deliver more than 10 dBm. We remind that a switchgear assembly for our targeted application, typically has around eight columns but can reach more than twenty.

The following sections first present the theory of rectangular waveguides before detailing the choices that led to the final prototype of leaky waveguide. Section III.2.D presents the performances of this prototype then section III.2.E and III.2.F details the derivation of the waveguide ECS and the modification it induces to the PWB method. Finally, this model is validated by measurements in III.2.G.

III.2.B. Theory of rectangular waveguides i. Transverse electric mode in rectangular waveguide

A waveguide is a type of transmission line where the EM wave is travelling within a dielectric enclosed by a good conductor. For a given mode TEmn, its cut-off frequency is:

𝑓 𝑐,𝑚𝑛 = 𝑘 𝑐,𝑚𝑛 2𝜋 √ 𝜖𝜇 = 1 2 √ 𝜖𝜇 √ ( 𝑚 𝑎 ) 2 + ( 𝑛 𝑏 ) 2 (III-1)
With (m, n) ≠ (0,0), 𝜖 the medium permittivity and 𝜇 its permeability, k c,mn the cut-off wavenumber.

Leaky waveguide with mechanically controlled radiated power I -84 -

The waveguide mode phase constant is expressed as follows:

𝛽 𝑚𝑛 = √𝑘 2 -𝑘 𝑐,𝑚𝑛 2 (III-2)
With k the free-space wavenumber.

Above the cut-off frequency (I-3), 𝛽 mn is real and the mode propagates. Below the cut-off frequency 𝛽 mn is imaginary thus the mode becomes an evanescent one and its amplitude decreases exponentially along the waveguide.

𝑓 𝑐10 = 1 2𝑎 √ 𝜀𝜇 (III-3)
Considering the walls perfect electric conductor (PEC), the tangential electric field vanishes at the metal interface. Then, for the TEmn mode, the transverse electric and magnetic fields take the form [III.5]:

𝐻 𝑧 = 𝐻 0 𝑐𝑜𝑠 ( 𝑚𝜋𝑥 𝑎 ) 𝑐𝑜𝑠 ( 𝑛𝜋𝑦 𝑏 ) 𝑒 𝑗(𝜔𝑡-𝛽𝑧) (III-3) 𝐻 𝑥 = 𝐻 0 𝑗𝛽 𝑘 𝑐 2 𝑚𝜋 𝑎 𝑠𝑖𝑛 ( 𝑚𝜋𝑥 𝑎 ) 𝑐𝑜𝑠 ( 𝑛𝜋𝑦 𝑏 ) 𝑒 𝑗(𝜔𝑡-𝛽𝑧) (III-4) 𝐻 𝑦 = 𝐻 0 𝑗𝛽 𝑘 𝑐 2 𝑛𝜋 𝑏 𝑐𝑜𝑠 ( 𝑚𝜋𝑥 𝑎 ) 𝑠𝑖𝑛 ( 𝑛𝜋𝑦 𝑏 ) 𝑒 𝑗(𝜔𝑡-𝛽𝑧) (III-5) 𝐸 𝑥 = 𝐻 0 𝑗𝜔𝜇 𝑘 𝑐 2 𝑛𝜋 𝑏 𝑐𝑜𝑠 ( 𝑚𝜋𝑥 𝑎 ) 𝑠𝑖𝑛 ( 𝑛𝜋𝑦 𝑏 ) 𝑒 𝑗(𝜔𝑡-𝛽𝑧) (III-6) 𝐸 𝑦 = -𝐻 0 𝑗𝜔𝜇 𝑘 𝑐 2 𝑚𝜋 𝑎 𝑠𝑖𝑛 ( 𝑚𝜋𝑥 𝑎 ) 𝑐𝑜𝑠 ( 𝑛𝜋𝑦 𝑏 ) 𝑒 𝑗(𝜔𝑡-𝛽𝑧) (III-7)
With H0 the maximum of the magnetic field longitudinal component.

ii. Radiating slot in rectangular waveguide

A slot cut on a waveguide wall is excited by the current flowing around it and thus need to disturb surface currents to radiates into free space [III.6].

𝐽 = 𝑛 ⃗ × 𝐻 ⃗ ⃗ (III-8)
The surface current on the waveguide inner walls is given by (III-8) where 𝑛 ⃗ is a unit vector normal to the wall. Writing equations (III-3)-(III-5) for the TE10 mode and reinjecting them in (III-8) yields for the upper and bottom walls i.e., the broader ones:

𝐽 𝑥 = -𝐻 0 𝑐𝑜𝑠 ( 𝜋𝑥 𝑎 ) (III-9)
𝐽 𝑦 = 0 (III-10) 

𝐽 𝑧 = 𝐻 0 𝑗𝛽𝑎 𝜋 𝑠𝑖𝑛 ( 𝜋𝑥 𝑎 ) (III-

III.2.C. Leaky waveguide design i. General considerations

The waveguide being meant to be integrated in a reverberant environment, its radiation pattern is not a parameter of importance for the waveguide design. Indeed, the diffuse field approximation being assumed (c.f. section I.4.C), it is useless to focus the beam on a particular direction for our application.

To ensure that the desired power can be radiated in each switchgear column, the individual waveguide should have a wide range of possible radiated power and fine-tuning step in-between. The finer the tuning step, the more flexible the solution.

The waveguide cross section is defined so only the TE10 mode propagates on the ISM band at 2.4 GHz. All propag m s h mp u h w 's u y. I s h h h s s h cut-off frequency and decreases at higher frequencies [III.4]. For example, the commercial waveguide WR340, of cross section 86.36*43.18 mm², the cut-off frequency of the TE 10 occurs at 1.737 GHz. The following cut-off frequency occurs at 3.474 GHz, above this frequency the TE 20 and TE 01 can also propagate. Nevertheless, its recommended frequency band is from 2.2 GHz up to 3.3 GHz. This is the smallest commercial reference whose lower frequency remains below 2.4 GHz and is thus the base for the waveguides presented here. The advantage of designing waveguides with the same dimensions is that commercial feeders can be used to excite them and measure their S-parameters for example. Also, the commercial waveguide can be used as a reference to assess our waveguide performances.

Before working on the radiative part of the leaky waveguide we had to focus on its guiding properties and propose a low-cost and efficient waveguide. We chose to make the waveguide from two pieces of folded galvanised steel plates which is way more affordable than the bulky commercial waveguides. To do so we envisioned two prototypes, one made of two symmetrical pieces ( The main advantage of the symmetrical prototype is that, from an industrial point of view, both pieces are folded on the same production line and only half of them goes through the slotting step.

We also studied three different ways to hold the two pieces together: mechanically pinched, riveted, or using stud bolt (Figure III.6). Unlike the stud bolts prototype, the closing method of mechanically pinched model and the riveted one have relief inside of the waveguide. But the three of them have similar S parameters (c.f. Figure III.7). We observe that all prototypes excepted from the stud bolt one exhibit roughly the same 𝑆 21 . The stud prototype transmits significantly more, and its 𝑆 21 is close to that off the commercial WR340. Their mean 𝑆 21 on the 2.4 GHZ ISM band are of -0.253 dB and -0.274 dB, respectively, so the stud prototype has really satisfying performances.
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ii. Slots on narrow side

Slots on the waveguide narrow side go from no radiation in transverse position to maximal radiation in longitudinal position (c.f. Figure III.8). It is thus possible to envision multiple slots on the narrow side able to be rotated from transverse to longitudinal position to increase the radiated power. Nevertheless, slots radiate best when their length (l) is about a half-wavelength i.e., l ≈ 62.5 mm at 2.4 GHz. Fitting such slot in the waveguide narrow side would impose 𝑏 ≥ 62.5 mm. Keeping 𝑎 = 86. 6 mm it would lead, using (III-1), to a cut-off frequency f c,01 = 2.4 GHz for the second propagating mode which is uninteresting for the desired application as two modes will propagate on the ISM band at 2.4 GHz. 

iii. Transverse slots on broad side

Transverse slots (green ones on Figure III.4) on the waveguide broadside radiate from disruption of longitudinal surface currents. According to (III-9), their radiation is maximal when the slot is centred as the impinging surface current on the slot are maximal. Off-setting the slot closer to the edge decreases its radiated power but this off-set is limited by the slot length and waveguide width. A prototype of transversally slotted waveguide (Figure III.9) has been manufactured. The gain was mechanically controlled by a metallic plate sliding over or off the slots. This kind of leaky waveguide presents two design restrictions. First, the sliding cover should not exceed the waveguide end when uncovering the slots, consequently, the slots can occupy at most half the waveguide. This, in turn, leads to another restriction on the number of slots. Moreover, the closer the slots, the more likely they are to be coupled to one another.

The manufactured prototype was 25 cm long slotted by five slots measuring 2.4x59 mm² and separated from each other by 1.5 cm. The percentage of incident power radiated by this prototype is displayed Figure III.10. On the 2.4 GHz ISM band, this prototype radiates from 76.0 % up to 82.5 % of the incident power which is satisfying. The main downside of the transversally slotted waveguides is that they only provide a few slots combinations and therefore can only coarsely tune the percentage of radiated power. The following section thus focuses on another kind of leaky waveguide offering finer steps of radiated power.

iv. Longitudinal slots on broad side

Longitudinal slots were favoured because they offer fine steps to tune the radiated power over a wide range of radiated power.

-89 -I Chapter III A 60 cm waveguide section with a single 2.4 × 60 mm² longitudinal slot cut in its centre is simulated with CST microwave studio. The slot is cut in the broader face of the waveguide whose width is 𝑎 = 86.36 mm as illustrated Figure III.11. The S-parameters are simulated for a displacement of the slot (x) from the face centre ranging from /20 up to 9 /20. For the simulations, the waveguide is modelled with Perfect Electric Conductor (PEC) so there are no losses and (III-13) effectively describes the radiated power.

𝑃 𝑟 = 1 -|𝑆 11 | 2 -|𝑆 21 | 2
(III-13) with P r the percentage of incident radiated power.

The radiated power simulated for each slot offset vs frequency is displayed Figure III.12. The power is retrieved from the S-parameters using (III-13). As expected, the radiated power increases with increasing x i.e., while the slot moves closer to the waveguide edge. Nevertheless, the resonant frequency is shifted towards higher frequencies when 𝑥 increases. Consequently, the final prototype must compensate this effect, so the resonant frequency remains at the centre of the 2.4 GHz ISM band.

The uncovered at a time. The main issue with this solution is that the lid provides poor electric contacts, and the slots still leak even when they are not supposed to so the use of either aluminium or copper tape is preferred. We have seen section II.2.C, that galvanised steel exhibit unexpectedly high ohmic losses, so this prototype has been manufactured with electroplated steel. With this process, the steel is coated with zinc using electrodeposition. As it does not undergo the thermic shock creating the rough layers of zinc-steel mix, the steel is covered by a clean layer of pure zinc. Even though the zinc layer is thinner, with a typical thickness of 9 µm compared to 20 µm for hot-dip galvanising, we still expect lower ohmic losses as electroplated steel exhibits smoother surfaces and the EM wave mainly interact with the pure zinc layer. As a reminder, at 2.4 GHz, the skin depth for pure zinc is 2.52 μm.

III.2.D. Prototype performances i. Radiation performances

Considering that at most one slot per group can radiate, the prototype presented in the previous subsection offers 6 3 = 216 possible combinations (0 or 1 slot on 5 open and the other covered). As the system is reciprocal, symmetric slot combinations gives identical performances so, there is in fact only 126 independent combinations.

The performances of a combination are assessed on two criteria:

-The mean radiated power over the 2.4 GHz ISM band, (from 2.4 GHz up to 2.48 GHz).

-The stability of the radiated power over the 2.4 GHz ISM band.

To assess the second criterion, we in fact rely on the variability of the radiated power. It is expressed by as the relative difference between the maximum and minimum radiated power over the 2. Unlike simulations where no losses occurred due to the waveguide being made of PEC, this prototype is lossy, and the radiated power would be artificially higher if it was calculated using (III-13). So, we use instead the following equation: with the sup s p s "ijk" s 3 sections slot combination. The higher the number, the closer the s s h "0" m s h s s .

It can be highlighted that |S 11

(000) | 2 + |S 21 (000) | 2 = 1 - 𝑃 loss 𝑃 i
, so (III-15) falls back to (III-13) for lossless cases.

The prototype S-parameters were measured for all the 126 slot combinations and their mean radiated power and variability calculated. Figure III.16 displays the combinations giving the most interesting performances i.e., with 𝑆 11 ≤ -15 dB and Δ𝑃 r ≤ 10 %, which represents a total of 47 out of the 126 possible combinations. The percentage of incident power radiated ranges from 12.7 % to 90.7 %. Among those combinations, the maximal difference between the power radiated by one combination and the next one is of 6.85 % and the average difference is of 1.70 % which allows a fine tuning of the desired radiated power.

It can be noted that the steps of radiated power are smaller for high radiated power, a possible improvement would thus be to adjust the slots position to lower the steps at low radiated power. The slots are not regularly spaced because they were initially meant to be covered by the metallic lid Figure III.13.c which has been designed to select only one slot at a time. As the metallic tape has better performances for selecting the slots, there positioning is now less constrained, and they can be freely placed to better tune the radiated power. 

ii. Misalignment impact

As mentioned in III.2.A, the switchgear columns are aligned with a precision of 6 mm, we thus want to study if the losses induced by such misalignment between two waveguide sections remain acceptable for our application. x sh 2.4 GHz x sh 2.4 GHz y sh 2.4 GHz y sh 2.4 GHz z sh 2.4 GHz z sh 2.4 GHz -93 -I
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Figure III.17 (right) shows that the strongest reduction of transmitted power occurs for longitudinal shift at 2.48 GHz. Nevertheless, for a shift of 6 mm it remains lower than -0.7 dB so we can envision for our application to let the waveguide sections free of any connection between one another while keeping acceptable performances.

III.2.E. Derivation of the waveguides power distribution matrix and integration in switchgear assemblies

As the waveguides are meant to be integrated inside switchgear assemblies to improve the RF coverage, they must be properly modelled in the PWB method, so the estimated mean received power remains accurate. First, the power distribution matrix of the structure (waveguide sections and feeders) is derived. The derivation of this distribution matrix is illustrated for a single waveguide section, then for a system of two sections before being extended to a 𝑁-section system. This matrix is then used to derive the ECS matrix of the structure and illustrated for the two-section system. Finally, the maximal number of columns that can be covered by the waveguide while radiating equal power is studied section III.2.H.

i. Power distribution on a single waveguide

The aim is to derive the power distribution matrix of an N-section waveguide. To do so, the multiple reflections inside the structure have to be considered until all power has been radiated outside the guide. So first, let us consider the reflection, transmission, and radiation on a single waveguide section (Figure III.18). The waveguide is excited on its right end by a feeder and is terminated by another feeder at its other end.

For the sake of generality, this latter is loaded by an antenna. It could as well be open-circuited, shortcircuited or replaced by a matched load but those scenarios can be treated as special cases of the antenna.

The subscripts 𝐿 and 𝑅 indicate power flux incoming from the left and right sides of the waveguide section, respectively. Considering an infinite number of reflections, those flux will end to be null and only 𝑃 1 , 𝑃 2 and 𝑃 3 will be non-zero. Let us introduce the integer m symbolising the number of reflections/transmissions considered. The recurrence equation between the power flux of m th and (m + 1) th order is provided by (III-17). The feeders are considered perfect, so all power they receive from the waveguide is transmitted to their connector port and reciprocally. Consequently, here 𝑃 1,L and 𝑃 1 are confounded. 

[ 𝑃 1 𝑃 2,R 𝑃 2 𝑃 2,L 𝑃 3,R 𝑃 3 ] (𝑚+1) = [ 1 𝛤 2 0 𝑇 2 0 0 0 0 0 0 0 0 0 𝑅 2 1 𝑅 2 0 0 0 0 0 0 𝛤 𝑎 0 0 𝑇 2 0 Γ 2 0 0 0 0 0 0 𝑅 𝑎 1] [ 𝑃 1 𝑃 2,R 𝑃 2 𝑃 2,L 𝑃 3,R 𝑃 3 ] (𝑚) (III-17)
with Γ 1 the fraction of reflected power on the waveguide section, 𝑇 1 and 𝑅 1 the transmitted and radiated ones respectively. Γ 𝑎 = |𝑆 11 2 | and 𝑅 𝑎 = 1 -|𝑆 11 2 |, the percentage of reflected and radiated power at the antenna input, respectively, and 𝑆 11 is the antenna reflection parameter in free-space.

Let us call [𝐷 1 ], the 6 × 6 matrix in (III-17).

[𝐷 1 ] is a distribution matrix modelling the power flux inside the system. The 1 in [𝐷 1 ] symbolise that the radiated power 𝑃 can only increase when an increasing number of reflections are considered. The part of the matrix highlighted in blue models power flux distribution around the waveguide section. It will serve as block matrix to model power flux between multiple waveguides placed in series. The orange part of the 6x6 matrix is related to the termination feeder and its antenna. Moreover, Γ + 𝑇 + 𝑅 ≤ 1 so the potential losses of the waveguide are already modelled in (III-17).

It can be noticed that, at the zeroth iteration, 𝑃 2,R (0) equals the input power 𝑃 in . Equation (III-17) can then be rewritten in term of the input power:

[ 𝑃 1 𝑃 2,R 𝑃 2 𝑃 2,L 𝑃 3,R 𝑃 3 ] (𝑚+1) = [𝐷 1 ] 𝑚+1 [ 0 𝑃 in 0 0 0 0 ] (III-18)
The total outgoing power at the ports, 𝑃 1 , 𝑃 2 and 𝑃 3 is given by the limit of (III-18) for 𝑚 → ∞. For that we need for

[𝐷 1 ∞ ] = lim 𝑚→∞ [𝐷 1 ] 𝑚 to exist, which is the case by construction of [𝐷 1 ]. Finally, [𝐷 1 ∞ ] takes the following form: [𝐷 1 ∞ ] = [
1 𝑑 12 0 𝑑 14 𝑑 15 0 0 0 0 0 0 0 0 𝑑 32 1 𝑑 34 𝑑 35 0 0 0 0 0 0 0 0 0 0 0 0 0 0 𝑑 62 0 𝑑 64 𝑑 65 1 ]

(III-19)
As expected, the only non-zero lines of [𝐷 1 ∞ ] are those associated with the powers leaving the structure i.e., 𝑃 1 , 𝑃 2 and 𝑃 3 . It means that after considering an infinite number of reflections and transmissions, the power injected inside the system was either dissipated or radiated.

ii. Power distribution on a two-waveguide system

Let us now consider the same configuration than the one pictured The equivalent of (III-18) transposed to the two-waveguide case is:

[ 𝑃 1 𝑃 2,𝑅 𝑃 2 𝑃 2,𝐿 𝑃 3,𝑅 𝑃 3 𝑃 3,𝐿 𝑃 4,𝑅 𝑃 4 ] (𝑚) = [
1 𝛤 1 0 𝑇 1 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 𝑅 1 1 𝑅 1 0 0 0 0 0 0 0 0 0 𝛤 2 0 𝑇 2 0 0 0 𝑇 1 0 𝛤 1 0 0 0 0 0 0 0 0 0 𝑅 2 1 𝑅 2 0 0 0 0 0 0 0 0 0 𝛤 𝑎 0 0 0 0 0 𝑇 2 0 𝛤 2 0 0 0 0 0 0 0 0 0

𝑅 𝑎 1] 𝑚 [ 0 𝑃 𝑖𝑛 0 0 0 0 0 0 0 ] (III-20)
with Γ n the fraction of reflected power on the 𝑛 th waveguide section, 𝑇 n and 𝑅 n the transmitted and radiated ones respectively. The 9 × 9 matrix in (III-20), let us call it [D 2 ], is the equivalent of [𝐷 1 ] in (III-18). Four blocks are colourised to ease the analysis of this matrix:

-The one in red along with the zeros in the same column indicate that all incident power on port 1 leaves the system which is consistent with the feeders being considered perfect.

-The blue and green parts are the block matrices modelling the power distribution at the waveguides interfaces and have the same structure than the blue block of [𝐷 1 ].

-The orange part is related to the antenna and identical to the one of [𝐷 1 ].

As for

[𝐷 1 ], [𝐷 2 ∞ ] = lim 𝑚→∞ [𝐷 2 ]
𝑚 exists and has the following form:

[𝐷 2 ∞ ] = [
1 𝑑 12 0 𝑑 14 𝑑 15 0 𝑑 17 𝑑 18 0 0 0 0 0 0 0 0 0 0 0 𝑑 32 1 𝑑 34 𝑑 35 0 𝑑 37 𝑑 38 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 𝑑 62 0 𝑑 64 𝑑 65 1 𝑑 67 𝑑 89 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 𝑑 92 0 𝑑 94 𝑑 95 0 𝑑 97 𝑑 98 1] (III-21)

As for [𝐷 1 ∞ ], the only non-zero lines are those associated with outgoing powers. The rest of the matrix is filled with zeros excepted for 𝑁 blocks, the {𝐵 n }, modelling the power distribution at the waveguides interfaces:

[𝐵 n ] = [ Γ n 0 𝑇 n 0 0 0 𝑅 n 1 𝑅 n 0 0 0 𝑇 n 0 Γ 𝑛 ] (III-24)
with Γ n the fraction of reflected power on the 𝑛 th waveguide section, 𝑇 n and 𝑅 n the transmitted and radiated ones respectively.

The blocks, {𝐵 n }, are placed in [𝐷 𝑁 ] such that their central coefficient is located at ( 𝑛) th line and ( 𝑛) th column.

III.2.F. Waveguide integration in power balance model

In the previous sub-section, the waveguide power distribution matrix has been derived so the simultaneous excitation of multiple cavities due to the presence of the leaky waveguide can be properly modelled in the PWB method. We thus propose a model for the waveguide ECS matrix and illustrate it for the twowaveguide system studied section III.2.E.ii. It is done based on the receiver ECS reminded in (III-25).

𝜎 𝑅𝑋 = 𝜆 2 8𝜋 (1 -|𝑆 11 | 2 ) (III-25)
with 𝑆 11 the antenna reflection coefficient in free space.

The factor (1 -|𝑆 11 | 2 ) account for the antenna mismatch, it is thus the fraction of incident power effectively radiated by the antenna. Transposed to a section of leaky waveguide, its ECS would be:

𝜎 𝑊𝐺 = 𝜆 2 8𝜋 𝑃 𝑟 (𝑖𝑗𝑘)
(III-26) with P r (ijk) defined in (III-15).

Equation (III-26) gives the ratio of power absorbed by the waveguide section over the ambient scalar power density. Remains to determine how the power is dispatched through the cavities where the waveguide radiates and how it can be integrated in the ECS matrix. We remind that the ECS matrix can be decomposed in a diagonal loss matrix and a symmetric coupling matrix whose lines are null when summed.

For the example of 2 waveguide sections (pictured Figure III.19) the ECS matrix takes the form:

[𝜎 𝑊𝐺 ] = 𝜆 2 8𝜋 [ 1 0 0 0 0 𝑃 𝑟,2 (𝑖𝑗𝑘) 0 0 0 0 𝑃 𝑟,3 (𝑖𝑗𝑘) 0 0 0 0 𝑅 𝑎 ] (𝐼 4 -𝑃 𝑑𝑖𝑠 ) (III-27)
with I 4 the 4 × 4 identity matrix, P r,n (ijk) the percentage of incident power radiated by the n th waveguide section with 𝑛 beginning at 2 as the first port is this of the input feeder, and a defined section III.2.E.i.

As the feeders are considered perfect and the load as port 1 is supposed matched, the first diagonal term of the 4 × 4 matrix equals one and the fourth one equals a as the end feeder is connected to an antenna. The other diagonal terms account for the radiation capabilities of the waveguide sections.

An interesting fact to remark, is that the matrix [P dis ] is not symmetric and neither is [σ WG ], so introducing the waveguide in the structure breaks the symmetry that existed otherwise. Furthermore, as P dis intrinsically includes the waveguide losses, the sum of its lines is lower than one. Thus, the sum of the lines of [σ WG ] are positive, which means that (III-27) directly models the lossy coupling brought by the waveguide. The port 𝑃 1 is this connected to the feeder on the right side of the waveguide while the other feeder is shortcircuited, so the power reaching the end of the guide is completely reflected. A receiving antenna is placed in each cavity and are, from right to left, the ports P 2 , P 3 and P 4 . As the feeding cable of the second antenna pass through the wall dividing the first and second cavity it could add another coupling. To prevent this, the wall is connected on both side to the cable outer conductor with copper tape which cuts the coupling through the cables. All waveguide sections have their slots put in configuration (i, j, k) = (1, ,1) which correspond to an average of 52.7 % of the incident power radiated on the 2.4 GHz ISM band. The aim here was to have a significant power coupled through the waveguide, so it is predominant compared to potential leakages between cavities.

III.2.G. Validation of the PWB waveguide model
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The losses normalisation done using (III-15) gives at some points negative radiated power which is not physical. To smooth out these outliers, the frequencies giving negative power are set to zero and we apply a 200-MHz running filter on the radiated power. The resultant radiated power given by PWB is pictured Figure III.21 where the part of the curve where the radiated power was negative are highlighted in red. The mean power transmitted between the four ports Figure III.20 is measured using a 4-port VNA. As for previous measurements, the averaging is done by spatial stirring. Ten samples of the S-parameters are taken with all antennas are displaced between each measurement. Below the cut-off frequency, the PWB strongly diverges especially for the 𝑆 31 and 𝑆 41 but it is not bothersome as the waveguide is not meant to work at those frequencies. Above 2.7 GHz the PWB follows the same trend as the measurements but exhibit multiple local minima at frequencies where the normalised radiated power was negative. Overall, the PWB underestimate slightly the |𝑆 41 |. The PWB model fits well the measurements from the cut-off frequency of the first propagating mode, occurring at 1.736 GHz and 2.7 GHz. To conclude, we proposed the first modelling of a waveguide ECS in diffuse field and successfully validated it through measurements. 

III.2.H. Waveguide integration inside switchgear assemblies

In previous subsections, we derived the power distribution matrix for systems including any number of waveguide sections and used it to build a model for the waveguide ECS. The aim of this section is to assess how many columns can be covered by the waveguide using a single gateway. To do so, we first calculate the optimal radiation coefficients for each waveguide section so they can deliver the same power in each column of a switchgear.

The gateway, acting as a Zigbee / IEEE 802.15.4 coordinator, is designed to deliver a maximum of 10 dBm output power. In Europe the maximum of radiated power is defined by REC.70.03 [III.8]. In the 2.4 GHz ISM band, the maximum radiated power is 20 dBm EIRP (100 mW) but with a limit of 10 dBm/MHz. As the occupied bandwidth of a 802.15.4 signal is in between 2 MHz and 3 MHz, the maximum theoretical output power can be of 13 dBm. Nevertheless, targeting output power higher than 10 dBm requires extra tests in the EN 300 328 standard [III.9] to check that the product has a fair use of the spectrum resource. To avoid that, Schneider prefer to limit at 10 dBm maximum output power of IEEE 82.15.4 gateway.

Moreover, the targeted power delivered in each column is of 0 dBm with a ±3 dBm margin for EMC reasons. For this illustration, the antenna on the termination feeder is replaced by a matched load.

The radiation coefficients i.e., ratio of radiated power over incident power, giving exactly 0 dBm of radiated power in each column were calculated for installations ranging from two column and going up to ten. We select the slot combinations providing the radiation coefficients the closest to the ideal ones. Then, the power distribution matrix of the system is built using those combinations to calculate the power effectively radiated in each column. Finally, we calculated the gateway output power needed to have a mean radiated power of 0 dBm in each column. All results are summarised From the result TABLE III.1, the maximum deviation in radiated power is only of 1.28 dB and for a switchgear assembly of ten columns. Nevertheless, for ten columns, the gateway output power must be of 10.53 dBm which is higher than the 10 dBm we fixed. Consequently, the solution proposed with the waveguide prototype presented in this section can significantly improve radio coverage in switchgear with a maximum of nine columns. Nevertheless, we did not consider losses due to the misalignment of waveguide sections. It is therefore more realistic that this solution could cover eight or nine columns. Finally, another -101 -I
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III.2.I. Conclusion on leaky waveguides

In this section, we proposed a solution based on leaky waveguides with mechanically controlled gain to improve the radio coverage inside switchgear assemblies and the results were published in [III.10]. The design of a low-cost prototype presented. This latter is made of folded metallic sheets: a process wellmastered by Schneider Electric. Its cross section is that of the commercial reference WR340 so the associated feeders can be used to excite the prototypes and their performances can easily be compared with commercial waveguides. It can radiate from 12.7 % of the incident radiated power up to 90.7 % while having low 𝑆 11 (below -15 dB). We studied the possibility to implement those prototypes in series without any junction between them. Considering that switchgear columns are aligned with an accuracy of 6 mm this should at most induce a reduction in transmitted power of 0.7 dB per transition which is considered acceptable for our application. This solution is capable to deliver 0± dBm in each column for switchgear having up to nine columns.

It would not be interesting if the solution improving the radio coverage in switchgears came at the expense of our knowledge of the RF propagation, that is why we developed a method to integrate the waveguides inside a PWB model. Finally, the proposed model of waveguide ECS and integration inside the PWB were validated by measurements in a system of three cavities. We have two ideas for future work, the first one would be to create a low-cost excitation head with folded steel plates. The second one would be to install these waveguides inside switchgear assemblies to correlate theory with measurements and assess the improvement of radio coverage.

III.3. Frequency Selective Surfaces

III.3.A. Introduction

In forms 2 or higher (c.f. section II.3.A), partitioning between functional units possess apertures for ventilation purposes (c.f. Figure III.23). Depending on the application, these compartments can be required to be either IP3x or IP5x. An IP3x index ensures protection against solid whose diameters are larger than 2.5 mm and natural convection is enough to have a proper ventilation. On the other hand, IP5x protects against dust so barely any aperture remains, and the ventilation has to be forced. An idea to improve the RF propagation is to rearrange the slots on IP3x partitionings to make a Frequency Selective Surface (FSS) transmitting most of the incident power. This section dwells on the modelling of the FSS in their second region where they can conveniently be modelled by equivalent circuits [III.29][III.30]. First, section presents the FSS studied in this work and their advantages compared to the existing partitioning. Then, the circuit is presented, and we verify that the reconstructed 𝑆 21 parameter fits this got through full-wave simulations. Section III.3.D and III.3.E develop semi-analytical method to model the evolution of the circuit parameters modelling the first, respectively the second resonances. Finally, the FSS ECS is calculated and validated through measurements in reverberation chamber section III.3.F.

III.3.B. FSS design

In this thesis we chose to work with tripolar FSS pictured Figure III.24 as they exhibit interesting EM properties. Their unit patterns exhibit a symmetry by 120° rotation, their generating network is not orthogonal but skewed at a 60° angle and their unit pattern is repeated with the same periodicity along both -103 -I

Chapter III axis of the network. They were designed to be IP3x and have a maximum transmission around the 2.4 GHz ISM band. Under normal incidence, the tripole FSS has the advantage to exhibit identical responses for both polarisations while the existing partitioning transmits way more power under TM polarisation than under the TE one. For the slotted FSS in TE mode, the projection of the electric field on the FSS plan is colinear to the slot length while in TM mode it is orthogonal. If the unit pattern, here the slots, were rotated by 90°, the FSS response under TE and TM incidence would be inverted.

The maximum transmission of the slotted partitioning Figure III.23 occurs at 4.30 GHz under normal incidence in TM mode and is shifted to 3.27 GHz for an incident angle of 60°, hence the resonant frequency has been shifted by 23.95 % of its original value. On the other hand, the tripole had a resonant frequency of 2.59 GHz under normal incidence and respectively 2.42 GHz in TE mode and 2.61 GHz in TM mode for a 60° incident angle. The resonant frequencies were thus shifted by only 6.8 % and 1.7 % of their original value. So, the tripole resonance frequency is way less impacted by a change of the incident angle than the slotted partitioning. Also, it can be observed that an increase of the incident angle widens the tripole bandwidth in TM mode while it decreases it in TE mode. We have seen the limited impact of the incident angle on tripolar FSS and we will now study the impact of the polarisation angle. First of all, if the Poynting vector belongs to a symmetry plan of the FSS, the 𝑆 21 of any incident angle and its opposite are identical. Considering this property and the fact that all tripolar FSS studied here exhibit a symmetry by 120° rotation, their response for any polarisation angles 𝜑 and 𝜑 + 𝑛 * 60°, with 𝑛 an integer, are identical. The maximum difference between FSS responses should thus be obtained for polarisation angles of 0° and 30° modulo 60°. Figure III.27 displays the simulated 𝑆 21 for those angles and a 60° incidence angle. For TM incidence, the two curves are identical around the first resonance and up to 4 GHz while for TE incidence the curves diverge between the first antiresonance and the second resonance. As the FSS are primarily designed to work around their first resonance they can be, in the scope of our application, considered 𝜑-independent.

Finally, all tripolar FSS pictured Figure III.24 have similar RF properties i.e., high transmission on the 2.4 GHz ISM band (c.f. Figure III.28), low frequency shift with increasing incident angle and independency from the polarisation angle. Nevertheless, the anchor has slightly better transmission, yet all have a 𝑆 21 higher than -1 dB over the whole 2.4 GHz ISM band up to incident angles of 60°. The issue with the anchor is that it is too finely detailed and requires laser cutting to be manufactured which is a costly process. On the other hand, the tripole and triple bent dipole are easily manufactured because their unit patterns can be punched in the metal sheet which is the method used to manufacture the existing partitionings. Their properties are recorded TABLE III.2. The comparison is made on:

-Periodicitythe smaller the periodicity the more the pattern can be repeated on the partitioning, so we expect his behaviour to be closer to the ideal FSS i.e., 2D infinite. -Smallest dimensiondetermine the IP level of the partitioning (< 2.5 mm → IP3x).

-Aperture ratiothe primary function of the apertures is to increase thermal convection and, the higher the ratio, the more thermal convection there will be. -Ease of manufacturingthe complexity of the partitioning impacts the tools and time required for its manufacturing and therefore its cost. -RF properties The circular and triangular partitionings exhibit poor RF performances for both polarisations. To conclude, the existing partitionings ensure well their ventilation functions but are inefficient from an RF viewpoint hence the need to develop FSS partitionings combining both functions. The next section focuses on the modelling of such FSS.

III.3.C. Equivalent circuit

This section dwells on the modelling of FSS response by equivalent circuits. It first details the extraction of the circuit parameters from full-wave simulations, and then compares 𝑆 21 retrieved from the circuit model to the one obtained by full-wave simulations.

i. Circuit parameters extraction

FSS can conveniently be modelled using equivalent circuit and then extracting their parameters based on full-wave simulations With ω the resonant angular frequency and 𝑝 = 1,2.

The FSS admittance is given by:

𝑌 𝐹𝑆𝑆 (𝜔) = 𝑗 𝑄 1 𝑄 2 ( 𝜔 𝜔 1 - 𝜔 1 𝜔 ) ( 𝜔 𝜔 2 - 𝜔 2 𝜔 ) 𝑄 1 ( 𝜔 𝜔 1 - 𝜔 1 𝜔 ) + 𝑄 2 ( 𝜔 𝜔 2 - 𝜔 2 𝜔 ) (III-29) With Q p = √ C p L p .
The S21 is then calculated using:

𝑆 21 (𝜔) = 2 2 + 𝜂𝑌 𝐹𝑆𝑆 (𝜔) (III-30)
With 𝜂 the free-space wave impedance.

From (III-30) it can be seen that resonances of the 𝑆 21 occur when |𝑌 FSS | is minimal while its antiresonances occur when |𝑌 FSS | is maximal, so its denominator tends to zero at the antiresonance yielding:

𝑄 1 ( 𝜔 𝑎 𝜔 1 - 𝜔 1 𝜔 𝑎 ) + 𝑄 2 ( 𝜔 𝑎 𝜔 2 - 𝜔 2 𝜔 𝑎 ) = 0 (III-31)
with 𝜔 𝑎 the angular frequency of the first antiresonance.

So, the three equations can be used to determine parameters of the equivalent circuit, the two first resonances (ω 1 , ω 2 ) and the first antiresonance (ω a ) of the 𝑆 21 . However, one equation is missing to determine the four elements of the model. This one is obtained by isolating Q 1 in (III-31) and reinjecting the result in (III-29). Then, Q 2 is calculated by taking the squared modulus of (III-30) at a pulsation that is neither ω 1 , ω 2 nor

Frequency Selective Surfaces I -108ω a . In fact, this pulsation is chosen to be the lowest of the simulated bandwidth as it is the farther from any higher resonances that are not modelled by the equivalent circuit Figure III.29.

ii. Comparison with full-wave results

The tripole FSS (Figure III.24) is simulated with the CST Microwave Studio frequency solver using the "u " b u y m 1 GHz to 12 GHz. The results for TE polarisation and incidents angles of 0° and 45° are displayed Figure III.30 along with the 𝑆 21 parameters reconstructed by circuit modelling using either one or two resonances. The circuit modelling the first resonance only has the element 𝐿 1 and 𝐶 1 while the one modelling the second resonance also has the elements 𝐿 2 and 𝐶 2 . The circuit modelling fits well the simulations up to the resonance they model. Looking the results for normal incidence, one could think that modelling a single resonance would be enough for an application at 2.4 GHz. Nevertheless, when the incident angle increases (c.f. Figure III.30 (right)), the circuit modelling strongly diverges from the simulation just after the resonance which would cause inaccuracies in the FSS modelling near our working frequency. That is why we extended the circuit modelling to encompass the second resonance, so the FSS modelling around the first one is accurate. 

III.3.D. Modelling the incident angle dependence of the first resonance

The aim of this section is to propose a model for the evolution of the circuit parameters with the incident angle (𝜃). A first part dwells on the evolution of the FSS transmission parameter with increasing incident angle. The impact on LC parameters is also described. Based on those observations the second part proposes semi-analytical formulas to model the θ-dependence of LC parameters. One model is drawn from the state of the art and evolves as sin 2 (θ). The second model is an original result and is a function of cos(𝜃) and seems more suited for the tripolar FSS presented Figure III.24.
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Chapter III

i. Study of the incident angle impact on FSS transmission

The tripole response has been computed on CST for incident angles ranging from 0° up to 82.5° in order to draw general tendencies about the circuit parameters. The results at normal and 45° incident angles are displayed on Figure III.31. It can be observed that under normal incidence, the 𝑆 21 is identical for TE and TM polarisations. The following observations drawn from this figure can be generalized for any incident angle. Firstly, the bandwidth of the first resonance broadens with increasing incident angles for TM polarisation and the resonant frequency remains almost constant. This gives helpful information on the modelling of 𝐿 1 and 𝐶 1 as their product should remain almost constant. On the other hand, both its first antiresonance and second resonance decrease with increasing incident angles.

On the contrary, for TE polarisation, the first bandwidth decreases with increasing incident angles and the first resonance is shifted towards lower frequencies. The bandwidth reduction is mainly due to the appearance of a new resonance and anti-resonance respectively at 4.88 GHz and 4.08 GHz which do not exist at normal incidence. It can be noted the first anti-resonance of TM and the second one of TE mode remain superimposed at all incident angles. The behaviour of the parameters of interest are summarised The aim is now to compare the accuracy of our new model using (III-37)-(III-40) with this from the stateof-the-art (III-33)-(III-36). To do so, we computed the response of the tripole FSS for incident angles ranging from 0° to 75° by 7.5° steps. We chose 𝑥 = 75° to match the broader range of incident angle possible, consequently both models are exact for incident angles equal to 0° or 75° as it can be seen

Frequency Selective Surfaces I -112 -Figure III.32. The state-of-the-art model diverges significantly, especially between 50° and 70° with a relative deviation up to 10.5 % for 𝐶 1,TM and 𝐿 1,TM and up to 6.5 % and 9.9 % respectively for 𝐶 1,TE and 𝐿 1,TE . In comparison the cos-type fit proposed in (III-37)-(III-40) is better suited as tits relative deviation from simulations remains below 1 % for all parameters except for 𝐶 1,TE that goes up to 6.3 % deviation.

To conclude, the cos-type fit described by (III-37)-(III-40) is well suited to describe the evolution of LCparameters for both TE and TM mode of a tripole FSS. The following section assesses the validity of this model for other FSS patterns and periodicity.

iii. Model validity for higher periodicity and other patterns

A periodicity of 35.5 mm for the tripole FSS studied section III.3.D.ii is the physical limit for its first resonance to occur around 2.4 GHz. To do so, the same tripole pattern is simulated with incident angles ranging from 0° to 75° with 7.5° steps but with periodicities of respectively 123 mm and 246 mm. Those periodicities are chosen to be respectively one and two times the wavelength at 2.4 GHz i.e., roughly the expected frequency of the first resonance. An anchor FSS is also simulated but with a periodicity of 17.6 mm. The average and maximum relative deviation (D) of L and C components are presented in TABLE III.5. To compute the mean deviation, the values at 0° and 75° are discarded as they are null by construction and will artificially decrease the mean. The deviation is calculated using (III-41) and expressed in percent. As for the tripole FSS section III.3.D.ii, the parameter 𝐶 1,TE is the parameter for which the cos-type fit is the least suited with a maximum deviation of 3.77 %. Nevertheless, this deviation seems to decrease when the periodicity increases. Otherwise, the cos-type fits model well as the maximum deviation for the other components remains below 1.5 %.
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III.3.E. Modelling the incident angle dependence of the second resonance

This section deals with the modelling of the FSS second resonance to improve the validity of the circuit above its first resonance. Unlike 𝐿 1 and 𝐶 1 , the evolution of 𝐿 2 and 𝐶 2 with increasing incident angle is not monotonous and the formulas (III-37)-(III-40) are ill-suited to model their behaviour. Instead, we chose to model the first anti-resonance (𝜔 a ) and second resonance (𝜔 2 ). 𝐿 2 and 𝐶 2 can then be retrieved using equations (III-28) and (III-31).

Like the modelling of the first resonance, the modelling of the second one relies on full-wave simulations but requires three instead of two. We analysed the dependency of the resonance and anti-resonance and came up with (III-42) that models closely the evolution with the incident angle of both 𝜔 𝑎 and 𝜔 2 for TE and TM modes:

𝜔 𝑥 (𝜃) = 𝑎 + 𝑏 * 𝑒 -𝜃 2 𝜎 (III-42)
with 𝑎, 𝑏 and 𝜎 three parameters to be determined and 𝜔 x being either 𝜔 a or 𝜔 2 .

𝜔 x is extracted from full-wave simulations for incident angles equal to 0°, 45° and 75°.

Using (III-42), it gives a set of three equations to determine the three unknown parameters. Nevertheless, this system cannot be solved directly but can be solved iteratively. A first approximation is to consider √𝜎 ≪ 75° which leads to:

𝑎 ≈ 𝜔 𝑥 (75°) (III-43)

Then 𝑏 and 𝜎 are respectively retrieved using:

𝑏 = 𝜔 𝑥 (0°) -𝑎 (III-44) 𝜎 = -45 2 𝑙𝑛 ( 𝜔 𝑥 (45°) -𝑎 𝑏 ) (III-45)
Equations (III-43)-(III-45) give a first set of approximated parameters, then their value can be refined using (III-42). For example, a new value for 𝑎 can be calculated writing (III-42) for 𝜃 = 75° and using the current value of 𝑏 and 𝜎. Then the same process can be used to calculate new values of 𝑏 and 𝜎, then 𝑎 and so on. We did not encounter convergence issues with this method and it can be stopped when the parameters do not change anymore.

This method was applied to the tripole FSS and the results are displayed Figure III.33. For TE mode, the pulsations value from CST are inexistant for normal incidence as the resonance we want to model only appears for non-zero incident angles. The resonance and antiresonance are well modelled for both modes with a maximum relative deviation of 0.57 % all incident angles confounded. In absolute, this relative deviation corresponds to an error of 53 MHz. The values of 𝜔 a and 𝜔 2 are then used to get the values of 𝐿 2 and 𝐶 2 . We can say that the model fits especially well for the TM mode but diverges slightly for the TE one. Nevertheless, we still think that the formula (III-40) is an accurate modelling of 𝜔 a and 𝜔 2 𝜃-dependency and that the discrepancies observed for TE mode only comes from the higher resonances that are not considered in the circuit modelling. When the incident angle increases, the higher resonances are indeed significantly more shifted towards lower frequencies in TE mode than in TM one. They are therefore closer to the resonances modelled by the circuit equivalent and affect their modelling.

Now that the tripolar FSS can be accurately modelled up to their second resonance, we can calculate their ECS. The following subsection proposes a protocol to measures an FSS ECS and compare it to the one obtained with our model.

III.3.F. Measurements and Effective Cross Section

The following section details the method to calculate the mean power transmitted through an FSS under diffuse field approximation. Then, the measurements of the FSS Effective Cross Section (ECS) are presented section ii.

i. FSS Effective Cross Section

We remind the generic expression for the mean ECS calculation: A * cos(θ) is the effective FSS area illuminated by the plane-wave incoming at angle 𝜃. There is equiprobability of TE and TM polarisation hence the ½ factor in the integrand. The FSS is illuminated by half the ambient scalar power density, hence the factor ½ outside the integral.

〈𝜎〉 = 1 2𝜋 ∫ ∫ 𝜎(𝜃,

ii. Effective Cross Section Measurement

The FSS ECS is measured using two reverberating chambers (RC) coupled through a 1x1 m² window. The In the above figure, 𝜎 TX and 𝜎 RX are the emitter and receiver ECS, respectively. 𝜎 RC the ohmic losses ECS in the emitter chamber, 𝑃 i and 𝑃 r respectively the incident and received power. 𝜎 H can either be the ECS of the coupling window or the FSS. 𝛼 is a coefficient accounting for the difference in surface between the two reverberating chambers, in this example 𝛼 = 0.921.

The mean received power is then assessed calculating the current flowing through 𝜎 RX in the circuit equivalent which, considering 𝜎 RX , 𝜎 TX ≪ 𝜎 RC , becomes:

〈|𝑆 21 | 2 〉 = (1 -|𝑆 11 | 2 ) 𝜎 RX 𝜎 H 𝛼𝜎 RC 2 + (𝛼 + 1)𝜎 RC 𝜎 H (III-48)
with 𝜎 RC the reverberating chamber ohmic losses ECS and, 𝑆 11 the emitter return loss in free space.

A first measurement is done with the aperture coupling the two chambers opened to assess 𝜎 RC . It could have been obtained analytically but we preferred an empirical approach to account for the aging of the chamber. The spatial stirring is done by measuring the 𝑆 21 at three positions of both the emitter and receiver for vertical and horizontal polarisations giving a total of thirty-six measurements. Then, a frequency stirring is done averaging the mean 𝑆 21 with a 100-MHz running filter. The antennas are turned away from the FSS to diminish the line-of-sight component and maximize the reverberant one. This setup is illustrated It can be noted that 𝜎 H is analytically known as it is the ECS of the 1x1 m² window and is calculated using geometric optic (c.f. section I.4.D). We developed another measurement protocol to isolate the FSS response from the supposedly ill-mastered retroaction of the reverberation chamber. The idea is simple and consists in strongly decreasing the quality factor of the second chamber, so its retroaction becomes neglectable. To do so, the second reverberation chamber is loaded with pyramidal absorbers The mean 𝑆 21 , expressed in (III-51), is measured between the two horn antennas using spatial stirring. As for the previous measurement, the antennas never face each other, nor do they face the FSS. So, if 𝜎 RC,loaded ≫ 𝜎 FSS , which is what we were aiming for while loading the second reverberation chamber, 𝜎 ̃FSS ≈ 𝜎 FSS . Under this assumption we get:

𝜎 FSS = 𝜎 RX (1 -|𝑆 11 | 2 ) 〈|𝑆 21 (FSSL) | 2 〉 -(𝛼𝜎 RC + 𝜎 RX + 𝜎 TX ) (III-53)
The FSS ECS obtained with this new measurement protocol is compared with those got using the circuit modelling Figure III.39. The semi-analytical ECS obtained using the circuit representation fit accurately the measured ones around the first resonance. The model diverges slightly around the second resonance as its frequency is closer to higher resonances not modelled in the equivalent circuit and can significantly contribute to the FSS response. We remind that, in the scope of this thesis, the FSS is meant to transmit the signal around its first resonance and that the modelling of the FSS around the second one is only done to improve the model accuracy around the first one. Consequently, this model provides satisfying results for this application. Finally, the maximum ECS of the tripole FSS and triple bent FSS on the 2.4 GHz ISM band is of 0.243 m² and 0.247 m², respectively, whereas the ECS of the 1 m² square aperture is equal to 0.25 m.

Five of these partitionings were used to replace existing partitionings inside a switchgear column as illustrated (Figure III.40 left). We measured the mean 𝑆 21 between two antennas, a monopole and a planar inverted F antenna both resonating at 2.4 GHz. The column front door was closed for measurements, and we averaged the 𝑆 21 using spatial stirring over a total of 30 positions of the emitter and receiver. This measurement is done for the FSS partitionings and for the existing ones and we observed an increase of 4 dB in the received power.

This result is a bit disappointing, but several explanations are envisioned. Firstly, the supports holding the partitionings have wide apertures on both sides, so the power is not only coupled through the partitionings, but also through these apertures. Similarly, each rack visible Figure III.40 are coupled to the same large cavity where vertical busbars are located on the back of the column. This cavity provides another privileged coupling path for the EM wave. Finally, we have seen section II.3.C that RF cables may provide a strong coupling path and the measuring cable feeding the top antenna is located in both the emitting and receiving cavities.

In the future, we will have to look more carefully to these three points to properly quantify the benefits of FSS partitionings. However, even if small, there is still an improvement of 4 dB and the FSS partitioning can be implemented with few costs as it only require to change the tool used to punch the holes in the partitionings.

III.3.H. Conclusion on FSS

To improve the propagation of the RF signal from the top to the bottom of the switchgear columns we proposed to use FSS whose patterns are cut into metallic partitioning. FSS with tripolar patterns symmetrical by rotation of 120° were selected for their RF performances i.e., robustness regarding the incident angle and quasi-independence from the polarisation angle.

Then, we modelled these FSS response under diffuse field which, to the best of our knowledge has never been done before. To do so, we needed to model the FSS response for plane waves incoming from any direction on the solid angle for both TE and TM polarisations. We chose to model the FSS using lumped circuit elements whose values vary depending on the incident angle. A possible extension of these results on electrical models would be to integrate losses.

The ECS obtained with this model has been compared to ECS measured using two setups. In the first one, the FSS separated two unloaded reverberation chambers and it seemed that the retroaction of the second chamber on the FSS modified the expected response. For the second setup, the second chamber was heavily loaded, so its retroaction was neglectable. The measured ECS is then exactly what is expected from the circuit modelling.

To conclude, we proposed a model to get the mean FSS response under isotropic illumination fitting particularly well the measurements. Nevertheless, the FSS response seems modified when separating two unloaded cavities, so it makes us question the validity of the model for application in switchgear assemblies. Further tests will have to be carried to verify the FSS behaviour inside switchgear assemblies. 

I Conclusions

Conclusions & perspectives

The work presented in this manuscript focused on the study and improvement of radiofrequency (RF) propagation inside switchgear assemblies. First, it went through the methods and models commonly used when studying RF propagation in outdoor or indoor scenarios e.g., empirical path loss models such as Okumu 's, y-based solvers, or full-wave solvers. The switchgears being closed structures, very few power leaks out when they are excited by an internal source, so the notion of path loss used in empirical models hardly applies to them. The ray-based solvers would not do either as they are not suited to study propagation in resonant environments. Finally, two issues arise when computing a switchgear response using full-wave solvers. On the one hand, they are electrically large structures including electrically small details so the number of unknows to be solved are too numerous and the computational resources needed are unrealistic. On the other hand, due to their resonant nature, a small change in their geometry, such as mechanical tolerances for example, can consequently change their response. Statistical methods such as the Power Balance (PWB), Statistical Energy Analysis (SEA) and Random Coupling Model (RCM) are particularly interesting to study RF propagation inside switchgear assemblies. They were indeed exactly developed to circumvent the inability of full-wave solvers to simulate electrically large and complex resonant enclosures. The RCM relies on site-specific measurements while the PWB and SEA do not, so we discarded the RCM. As we observed that, apart from differences in formalism, the PWB and SEA were equivalent methods, we chose to follow the PWB formalism as it felt more natural.

The PWB is a statistical method which allows to compute the mean response of a system of interconnected cavities such as switchgear assemblies. It relies on the system topology, so the exact geometry of the system is not needed which makes it more computationally efficient than full-wave solvers to compute the ensemble average of the system. Furthermore, under the assumption of diffuse field, the received power is exponentially distributed, so it is even possible to determine the probability for the received signal to be above the receiver sensitivity threshold.

In a PWB modelling, all interactions are modelled through effective cross sections (ECS). Before applying the PWB to switchgear assemblies, it was necessary to assess its validity and the accuracy of the ECS found in the literature. For this, measurements in simple configurations using a Modular Test Cavity (MTS) were done and presented section II.2.A. Doing so, we observed that galvanised steel and resonant apertures ECS were far from those expected. For galvanised steel the discrepancies came from the manufacturing process which creates multiple layers of metal having unknown electromagnetic properties. For apertures, their resonant behaviour is simply not considered in state-of-the-art models even though it can multiply several times their ECS. We proposed two protocols to empirically characterise their ECS. After reinjecting the empirical ECS of both the apertures and galvanised steel in the PWB modelling of the MTS, we obtained a good agreement between the predicted and measured received powers. The deviation was lower than 3 dB from 2.2 GHz up to 6 GHz, lower than 4 dB from 1.8 GHz to 2.2 GHz but, the model diverged strongly at lower frequencies which suggested an unconsidered low frequency coupling.

Once we obtained satisfying results in controlled environment, we had to confront the PWB to real switchgear assemblies. For that, we obtained a three-column BlokSeT switchgear which has been used for seismic tests. Our main concern while modelling switchgear assemblies were leakages as they are hardly controllable, and they were neglectable in the MTS because of its shielding. So, we measured the mean power transmitted between two cavities of the same column with the BlokSeT outer apertures being or not Conclusions I -126shielded with conductive tape. The results were almost identical, so we assumed that leakages were neglectable compared to the loading of the cavities and could be discarded in a PWB modelling.

Similarly to what we have done for the MTS, we characterised the ECS of the breakers presents in the BlokSeT and the painted metal used for its enclosure. A first PWB model predicted the mean transmitted power between two antennas located in the same column with a ± dB margin but only above 4 GHz. Below this frequency, the PWB model strongly underestimated the received power. We thus worked on coupling through cables which were discarded until this point.

The state-of-the-art model for cable ECS exhibits strong resonances depending on its loads and length which are ill-mastered information inside switchgear assemblies. We simplified the existing model by imposing a matched condition which provides the mean wire ECS regardless of its resonances. In a second time, we extended the existing model for cables running through two cavities to cables running through multiple cavities. Then we validated the proposed model in the MTS with two-cavity and three-cavity configurations. This experiment allowed to highlight the fact that coupling occurs on the shielding braid of the RF cables used for measurements and that they thus must be included in PWB modelling. When including the cables on the PWB modelling, the mean power transmitted between cavities of the same column was predicted above 2.1 GHz with an accuracy of ± dB. As in the MTS, the PWB underestimated the transmitted power on the lower frequency band reinforcing the idea that there is probably an unconsidered low frequency coupling.

About perspectives on the PWB method and its application to switchgear assemblies, we would like to investigate more carefully the discrepancies observed while studying the transmission between the first and third columns. We suspect two factors to be responsible for this. First, excepted from its front doors, the second column is made of an unknown metal that we could not characterise. We considered it to be galvanised steel, but it remains a source of error. Secondly, the busbars are parallel bars of copper and are likely to provide a waveguiding effect we did not considered in the PWB model. So, properly modelling the busbars would be an interesting perspective. Moreover, extensive measurements campaigns are envisioned to confront and validate the PWB method to various switchgears.

A second perspective is to develop a model to better assess the margins to take from the mean received power given by the PWB to ensure the received signal to be higher than the receiver sensitivity threshold. Above 3 GHz, we observed that the received power is exponentially distributed so these margins can be accurately determined. Nevertheless, at lower frequencies we observed discrepancies from the exponential distribution. This implies that the field cannot be considered diffuse at those frequencies and can be an issue while estimating radio link budget, so we are currently working on a semi-analytical approach to reconstruct accurately the probability density function of the received power. In the future, we also aim to integrate the PWB method into the software used by our design and salesforce teams to design switchgear assemblies so they can provide the best wireless configuration for our customers. To do so, we have to build a library itemising the ECS of all components used to build these switchgears i.e., walls, partitioning, breakers. Building this library can be done either analytically or empirically. The analytical one would be ideal, because quicker and more reliable and would require to derive a model for the components ECS based on their material properties and quantities. For the empirical approach, we envision to build an automatic test bench where we could place the component under test and would give back its ECS. The issue with this approach is that it is subject to the same inaccuracies than the method used to characterise galvanised steel.
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I Conclusions

The final goal is to have the PWB model of a switchgear being built in parallel of its schematic. Then, based on the sensors the customer wants to integrate, we could provide him the optimal gateway positioning ensuring a robust wireless link. Customers could also choose to include or not the waveguide system to reduce the number of gateways and see the cost reduction it brings to the wireless solution. To achieve this goal we will have to work closely with the Schneider Electric teams developing the switchgear builder software for our designers.

The second axis of this thesis was the improvement of the RF propagation inside switchgear assemblies. Two ideas were identified. Firstly, using leaky waveguides with mechanically controlled gain to improve horizontally the propagation inside the switchgear. Secondly, using Frequency Selected Surfaces (FSS) to improve vertically the propagation inside a column.

The waveguide had to comply with several industrial constraints. It had to be low-cost: it is of no interest if more expensive than the gateways it is meant to replace. The switchgear being assembled at the panel builder site then shipped column per column to the customer's s , it should not break the switchgear modularity. The percentage of radiations should be controlled so the same power can be radiated inside all columns.

Considering those specifications, we chose to prototype a waveguide made of two folded steel plates which are way more affordable than the bulky commercial waveguides and provides similar transmission coefficients. To preserve the modularity, we studied the losses induced by a misalignment of two waveguide sections chapter (insert chapter). The losses remaining below -0.7 dB on the 2.4 GHz ISM band for a 6-mm m s m . ., h m h u y h um s' s , w s h h w u sections could be placed in series without any junction. The final prototype can radiate from 12.7 % up to 90.7 % of the incident power. Using this solution allows to realistically cover eight columns with a single gateway which would greatly decrease the cost of the wireless solution as current installation rules require one gateway per column in the switchgears targeted for our application.

Using leaky waveguides to improve the RF propagation seems to be a promising idea but it would be of lesser interest if it could not be integrated in a PWB model. That is why we worked on a model for the waveguide ECS. This model can be applied to any number of cavities and lies on the 𝑆-parameters of the individual waveguide section forming the system. This model was then successfully validated through measurements in a 3-cavity configuration with one waveguide section per cavity.

As perspectives on the waveguides, we could design low-cost excitation heads for the waveguides as our prototypes are currently excited using commercial WR340 waveguide feeders. We could also think of improving the control of the slots because, if the conductive tape works well, we cannot ensure that it will stick for a decade or more at the temperature existing in switchgear assemblies. We could therefore investigate better materials and mechanical contacts and control the slot using a metallic lid. The final step would be to integrate the waveguides in a switchgear assembly and validate their performances on practical cases.

To improve vertically the RF propagation, we chose to use FSS patterns. The existing partitionings are slotted to allow thermal convection while preventing insertion of solid (IPxx). The repetition of these apertures creates an FSS but it has not been designed with RF in mind, so its maximum transmission occurs Conclusions I -128outside the 2.4 GHz ISM band. Our idea was to select an FSS better suited for transmission on the frequency band of interest while allowing efficient thermal convection and being IP3x. We focused on three tripolar patterns, the tripole, the anchor, and the triple bent dipole. Their main advantage is to have a response quasiindependent from the polarisation angle and is not much impacted by the incident angle. The pattern the most likely to be industrialised is the tripole because unlike the anchor its pattern can be punched in the partitioning, and it exhibit better RF performances than the triple bent dipole.

As for the waveguide, the FSS must be modelled in diffuse field to be integrated into a PWB model. The calculation of its ECS requires the knowledge of its transmission parameters for a TE or TM-polarised plane wave incoming from any direction of the solid angle. Based on state-of-the-art models, we chose to model the FSS up to its second resonance using an equivalent circuit including two inductances and two capacitances. The circuit parameters were extracted using full-wave simulations done with CST Microwave Studio. We empirically developed our own model describing the evolution of each parameter with the incident angle. This model allowed to derive the FSS ECS by integrating its response for both TE and TM mode on the half solid angle. We finally imagined a protocol to measure the FSS ECS using two coupled reverberation chambers and the results agreed perfectly with our model. About perspectives on FSS, the first step would be to validate if their behaviour inside switchgear assemblies is closer to the one measured with the loaded reverberation chamber or the one obtained using the coupled reverberation chambers. The next step would be to measure the improvement of propagation when FSS partitionings are integrated inside a whole switchgear.

As a global conclusion, conventional methods are not suited to study the electromagnetic propagation inside switchgear assemblies. That is why we investigated the PWB method which provides an estimation of the mean received power in different points for a given position of the emitter. We obtained promising results while studying propagation between two cavities of the same column inside switchgear assemblies. Nevertheless, two main axes of improvement remain. Firstly, there seems to be an unaccounted phenomenon inducing low frequency coupling. Secondly, the PWB modelling between two cavities located in different columns is not accurate enough yet and we suspect a waveguiding effect of the busbar to be an additional propagation path. These issues will have to be addressed in future work. The second axis of this thesis was to improve the RF propagation inside switchgear assembly. To do so we proposed to use FSS and leaky waveguides to improve the propagation vertically and horizontally, respectively. For the PWB to remain valid if these solutions were implemented inside switchgears, we developed models to calculate both their ECS and validated these latter through measurements. We observe that the PWB follows model follows the same tendency than the measurements but diverges quite significantly below 2 GHz and between 3 GHz and 4 GHz. However, excepted from the bandwidth -133 -I Annexes between 3.03 GHz and 3.52 GHz where the deviation between the two models spikes at -3.9 dB, the deviation remains between the ±3 dB margin from 1.99 GHz up to 6 GHz.

Annexes Annex 1 Other measurement inside BlokSeT

The results for the mean 𝑆 21 between the compartments C25 and C30 are given Figure A.3. Even if the discrepancies are stronger below 2 GHz, the two curves follow the same trend. Moreover, the deviations between PWB and measurements remain in the ±3 dB margin from 2.02 GHz up to 6 GHz. 

Annex 2 Erlang distribution

We aim to prove that, as the received power in diffuse field is exponentially distributed, if the samples are uncorrelated the measured average follows an Erlang distribution. This proof follows the following reasoning:

i) An exponential distribution is an Erlang distribution. ii)

By recurrence, if the sum of 𝑁 independent exponentially distributed random variables (RV) is Erlang distributed then the sum of 𝑁 + 1 independent exponentially distributed RVs is also. iii)

Prove that as the sum of 𝑁 independent exponentially distributed RVs, so is their mean.

An Erlang distribution of parameters (𝑘, 𝜆) has the following probability density function (PDF):

𝑓(𝑥, 𝑘, 𝜆) = 𝜆 𝑘 𝑥 𝑘-1 𝑒 -𝜆𝑥 (𝑘 -1)! (0-1)

We can note that the mean of such distribution is 𝑘/𝜆.If the mean received power is 𝑃 r ̅ , the PDF of the received power is:

𝑓 𝑃 r (𝑥) = 1 𝑃 r 𝑒 -𝑥/𝑃 r (0-2)

We recognise an Erlang distribution of parameters (𝑘 = 1, 𝜆 = 1 𝑃 r

).

Let 𝑋 1 , 𝑋 2 , … , 𝑋 𝑁 , 𝑋 𝑁+1 be 𝑁 + 1 exponentially distributed independent RV of equal mean. . We suppose that 𝑍 N follows an Erlang distribution of parameters (𝑁, 𝜆). We want to prove that 𝑍 N+1 follows an Erlang distribution of parameters (𝑁 + 1, 𝜆).

The sum PDF of the sum of two RVs is the convolution of their PDFs. As 𝑍 N+1 = 𝑍 N + 𝑋 N+1 we get: We recognise in (0-6) an Erlang distribution of parameters (𝑁 + 1, 𝜆) so, we proved by recurrence that the sum of 𝑁 independent RV following the same exponential distribution is Erlang distributed with parameters (𝑁, 𝜆).

𝑓
Remains to prove that the mean is also Erlang distributed. We introduce the RV 𝑌 N = We recognise that 𝑌 N follows an Erlang distribution of parameters (𝑁, 𝜆𝑁), and its mean is thus 
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 2 Figure I.2. Illustration of the copper busbars inside a switchgear assembly After power monitoring, several use cases have been addressed with additional wireless devices. Some examples are: fire prevention, arc fault detection, power availability or even control of non-critical loads. For example, the HeatTag (Figure I.3.b) prevents fire by alarming when it detects chemical components due to the overheating of cables. Moreover, the TH110 (Figure I.3.a) sensor monitors the temperature of busbars junctions and detects abnormal heating. The combination of these two sensors allows predictive maintenance, minimizes downtime, and even reduces insurance premiums related to fire risks. The Acti9 Active VigiARC detects electric arcs. Power availability, to know status of circuit breakers (ON/OFF/Tripped) is addressed with battery power sensors, acting as auxiliaries placed inside circuit breakers (Figure I.2.c.1). Wireless products catalogue also offer solution to control non-critical loads like with the PowerTag C (Figure I.3.c).
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 4 Figure I.4. Illustration of switchgear assembly for industrial applications
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 2 Figure I.2. Transmission between two half-wavelength one meter apart.
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 3 Figure I.3. Illustration of transmitted and reflected rays upon a smooth surface
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 4 Figure I.4. Illustration of diffraction phenomenon

Figure I. 5 .

 5 Figure I.5. Illustration of scattering by a small object (left) and scattering on a rough surface (right)

  and ℎ m the base station and mobile station heights, respectively. iii. Indoor model Most of indoor path loss models lie on the one-slope model (section I.1.C.i) and add corrective factors modelling the attenuation of the signal passing through walls or floor. Thus, a model for multi-floor path loss is proposed in [I.9]: 𝐿 mf (𝑑) = 𝐿 mf (𝑑 0 ) + 𝑛 * 10 log(𝑑) + 𝐹𝐴𝐹(𝑘) [𝑑𝐵], (I-13) with 𝑛 the site-specific loss exponent and, the Floor Attenuation Factor (𝐹𝐴𝐹), dependent on the number 𝑘 of floors crossed. It is interesting to highlight that the 𝐹𝐴𝐹 is not a linear function of 𝑘. A similar model can be drawn for communication on the same floor but with multiple walls to pass through. A more general model is proposed in [I.10] considering both floor and Wall Attenuation Factors (𝑊𝐴𝐹): 𝐿 indoor (𝑑) [𝑑𝐵] = 𝐿 indoor (𝑑 0 ) + 𝑛 * 10 log(𝑑) + ∑ 𝐹𝐴𝐹(𝑝)

Figure I. 6 .

 6 Figure I.6. PDF of the large-scale fading variations.If the large-scale fading comes from displacement over large distances, the small-scale fading comes from small displacements of the receiver. It can cause dramatic changes of the signal power even for displacement smaller than a wavelength. Two cases are then differentiated: if there is no LOS path, the small-scale variations are distributed according to a Rayleigh distribution (Figure I.7), if there is a LOS component it

Figure I. 7 .

 7 Figure I.7. Rayleigh distribution of the small-scale fading variations without LOS Considering, small-scale fading and large-scale fading, the amplitude of the received power may vary drastically around the mean predicted by the mean path loss as illustrated Figure I.8. The distance is on a logarithmic scale. While doing a radio link budget it is thus important to consider both fadings.

Figure I. 8 .

 8 Figure I.8. Representation of the signal variations due to the large-scale and small-scale fadings.The received power in near worst-case at a distance 𝑑 from the emitter is then expressed adapting (I-2):𝑃 r (𝑑) = 𝑃 t + 𝐺 r + 𝐺 t -𝑃𝐿(𝑓, 𝑑) -𝑀 small-scale -𝑀 large-scale[𝑑𝐵],(I-15)with 𝑃𝐿(𝑓, 𝑑) the mean path loss at the working frequency 𝑓, 𝑀 small-scale the small-scale fading margin, 𝑀 large-scale the large-scale fading margin.

Figure I. 9 .

 9 Figure I.9. Illustration of the radio link budget considering fading margins.

Figure

  Figure I.10 illustrates the ray launching in 2D. The circular wavefront is broken into a polygon and a beam s s h x y p s h p y 's s m s. A b m m by h b u ys s p s h h y. I s b u s" bs 1" sh u h w h " bs le 2" bu , s h ys h b m s p " bs 2" h w b modelled here. Moreover, the beam cross-section increases with the distance and becomes more likely to miss small obstacles. To properly model the interaction h b m w h h " bs 2", h sph sh u be discretized with a finer angular step, but it would come at a higher computational cost and simulation time. Consequently, and as for every numerical simulation, there is a balance to find between accurate modelling and simulation time.

Figure I. 10 .

 10 Figure I.10. 2D illustration of ray launching

Figure I. 11 .

 11 Figure I.11. Regions described by GO rays Of all the propagation phenomena proposed section I.1.B, the diffuse scattering remains undescribed by those methods. [I.15] thus proposes a method based on Diffusion Equation (DE) to model this phenomenon.DE can be hybridised with both RL and UTD to provided more accurate results. DE is more computationally efficient than UTD so, an RL/DE hybrid method can be a convenient compromise between accuracy and computational cost.

Figure

  Figure I.12. Okk 's um b s mu

  Figure I.13), an active probe communicating through optic fiber. It has a resolution of 0.01 V/m and sensitivity of 0.14 V/m.

Figure I. 13 .

 13 Figure I.13. Narda EP 601 The electric field Cumulative Distribution Functions (CDF) measured and simulated with CST Microwave Studio in three racks are displayed Figure I.15. We did two simulations, in the first one the walls and partitionings are modelled as PEC while, for the second one, we used the CST steel-1010 of conductivity 6.993 MS/m. The left one is the CDF of the rack where the emitter, symbolised by a red cone Figure I.14 (right), is located (A0). The other two CDFs are those of the two racks directly above the compartment A0, denoted A1 and A2, respectively.

Figure I. 14 .

 14 Figure I.14. Simulated models of the Okken column with HFSS (left), Feko (centre) and CST (right)

Figure I. 15 .

 15 Figure I.15. Electric field CDF in the rack where the emitter is located (left), the rack directly above (middle) and the one above again (right).

Figure I. 16 .

 16 Figure I.16. Simulated racktop view (left) and inside the anechoic box (right)

Figure I. 17 .

 17 Figure I.17. Generic object (blue) illuminated by a plane wave 𝑊(𝜃, 𝜑)

Figure I. 18 .

 18 Figure I.18. Power flow between the 𝑖 th cavity of a system and its neighbours

Figure I. 19 .

 19 Figure I.19. Equivalent circuit of the two-cavity configuration

  40) I.4.F. From topology to equivalent PWB circuit This section illustrates the process to create the PWB equivalent circuit of a structure based on its topology through the structure Figure I.20. Here the lid was pulled out to see the interior of the structure.

Figure I. 20 .

 20 Figure I.20. Structure to be modelled composed of five cavities. The first step is to identify the cavities, in red Figure I.21. The second step is to identify the various couplings between cavities. Here this example, the couplings are done by apertures in the walls separating the cavities and are represented by blue dots Figure I.21.

Figure

  Figure I.21. Five-cavity structure superimposed with the coupling topological representation

Figure I. 22 .

 22 Figure I.22. Topological representation of the five-cavity structure Figure I.20.

Figure I. 23 .

 23 Figure I.23. Equivalent circuit of the five-cavity configuration Figure I.20.
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Figure II. 1 .

 1 Figure II.1. Empty modular test structureTo create various configurations in the MTS, two kinds of partitions have been manufactured. One measures 30x60 cm² and two of them must be placed side to side to divide the MTS in two along its length. These partitionings therefore allows to create cavities which are 60 cm high, 60 cm wide (the width of the MTS) and any length ranging from 0 cm up to 200 cm. The other partitionings measure 15x60 cm² and are meant for reducing by half the width of the compartments previously created. This way we can create compartments of 60 cm high, 30 cm wide and long from any multiple of 15 cm. Both partitionings are made of galvanized steel and have a 80x80 cm² opening in their centre (Figure II.2 right) which can either be open or covered by either of the lids Figure II.2.

Figure II. 2 .

 2 Figure II.2. Lids for changing the aperture couplingfrom left to right, circular aperture, long slot, small slot, large aperture.

Figure

  Figure II.3. 4-Representation of the cavity configuration with slot coupling As in the configuration Figure II.3, the wave has to cross a wall through the narrow slots on its path to the receiver, we expect the slot response to impact strongly the 𝑆 21 around its resonances.

  [II.1]. The antennas used for this measurement and used for all measurements in this chapter are wideband monopoles whose schematic and 𝑆 11 are pictured Figure II.4. They are realised on 0.8 mm thick FR4 and are excited through a 50 Ω microstrip line.

Figure

  Figure II.4. Schematic and 𝑆 11 of the wideband monopoles used for measurements. The mean squared modulus of the 𝑆 21 between the two antennas was measured using spatial stirring for a total of 20 positions of the emitter and receiver. The results were then smoothed using a 50-MHz running filter. Those results are compared with the predicted mean 𝑆 21 Figure II.5.

Figure II. 5 .

 5 Figure II.5. Mean measured 𝑆 21 (blue) compared to the one predicted by the PWB method (green)

  For the second one, five galvanised steel plates are introduced in the MTS in order to increase the galvanised steel surface while keeping a single internal volume (Figure II.7). The added surface (1.8 m² as both faces of the plates are considered) is roughly one third of the internal area of the empty test cabinet (5.52 m²) so it should modify significantly the 𝑆 21 (c.f. (II-3) and (II-4)).

Figure

  Figure II.7. MTS with the added galvanised plates Increasing the metal area exposed to the EM wave also increases the ohmic losses, thus decreasing the quality factor of the MTS. Figure II.8 illustrates the equivalent circuit of the MTS with the additional galvanised plates modelled by 𝜎 extra . Since the ECS of the emitter (𝜎 TX ) and the receiver (𝜎 RX ) ECS are analytically known, thus the calibration measurement aims to determine the ohmic losses of the enclosure (𝜎 ohmic ) and those induced by potential leakages (𝜎 leaks ).

Figure II. 8 .

 8 Figure II.8. Equivalent circuit representation of the MTS with the added galvanised plates

Figure

  Figure II.9. Averaged measured 𝑆 21 for the empty MTS (black) and the MTS with additional galvanised steel plates (blue)

Figure

  Figure II.10. Ratio between the zinc effective conductivity and the measured effective conductivity of galvanised steel

Figure II. 11 .

 11 Figure II.11. Mean measured 𝑆 21 (blue) compared to the one predicted by the PWB model using the effective galvanised steel conductivity (green).

Figure

  Figure II.12. Equivalent circuit of the MTS in two-cavity configurationThe equivalent circuit of the MTS in this configuration is pictured Figure II.12 where 𝜎 TX and 𝜎 RX are respectively the ECS of the emitter and receiver. As the cavities are identical, their ohmic losses are modelled by the same ECS 𝜎 Ω . The ECS of the apertures coupling both cavities is 𝜎 Aperture . In this case it models the 2.4x59 mm² slot (𝜎 slot ) but it could have been an aperture of any shape or dimensions. The mean 𝑆 21 is measured using spatial stirring as described in section II.2.C.

Figure

  Figure II.13. Comparison of empirical and theoretical slot ECS with the leakages ECS. The empirical slot ECS is reinjected in the PWB modelling of the 4-cavity configuration (Figure II.3) which includes two of these slots. Both the measured and predicted S21 reflect the resonant behaviour of the slots, Figure II.14, hence the need to properly characterise their ECS.

Figure II. 14 .

 14 Figure II.14. Mean measured 𝑆 21 (blue) compared to the one predicted by the PWB model using the effective galvanised steel conductivity and empirical slot ECS (green).

Figure

  Figure II.15. Examples of FUsbreaker (left & centre) and power distribution blocks (right) The functional units (FU), such as breakers and distribution blocks (Figure II.15), are then interfaced with one another inside the columns to suit the customer needs and his installation. A typical switchgear arrangement is pictured Figure II.16. The switchgear is connected to electrical distribution network through a first breaker (1.b) meant to support the highest current of the structure. The elements 1.a and 1.c are respectively the upstream and downstream connectors of the switchgear. The power is then primarily distributed inside the switchgear via busbars (2). The horizontal busbars (2.a) ensure the connectivity between columns while the vertical busbars (2.b) ensure the connectivity inside each column and to the FUs (3).

Figure

  Figure II.16. Typical switchgear arrangement (Prisma P)

Form•

  Figure II.17. Switchgear forms illustration Figure II.17 illustrates the different forms, with the enclosure represented in black, the busbar in brown, the FUs in grey and the partitionings in green. The choice of the form depends mainly on the application and the level of service continuity it requires. For example, typical applications requiring a high service continuity are hospitals, data centres, oil and gas exploitations, industrial buildings. Moreover, with high service continuity comes high partitioning.

Figure II. 18 .

 18 Figure II.18. BlokSeT chosen to test the PWB (left) and focus on its third column (right)

Figure II. 19 .

 19 Figure II.19. Examples of drawers present inside the BlokSeT

Figure

  Figure II.20. Racks C24 (top) and C30 (bottom)

Figure

  FigureII.21. Mean S21 between antennas located in C24 and C30 for shielded and unshielded cases (left) and deviation between the two measurements (right)

  Figure II.18. We dismounted some of the doors to characterise their ECS in the same fashion done for galvanised steel section II.2.C (Figure II.22). Another important element are the breakers. They are complex devices made of metallic parts and unknown components intricated inside plastics parts of diverse nature which makes it impossible to have an analytical model. Hopefully, their ECS can be assessed like the galvanised steel or painted doors (Figure II.23).

Figure II. 22 .Figure

 22 Figure II.22. Empirical characterisation of painted doors ECS in the MTS

Figure II. 24 .

 24 Figure II.24. Empirical breakers ECS (left) and metallic plates ECS (right)

  field is not perfectly diffuse. Nevertheless, the heavy loading of the cavities may improve the field statistic as the losses widen the eigenmodes response and thus increases the modal overlap. Due to the small dimensions of the cavities the S21 is averaged over only 16 locations of the antennas (Figure II.39 left). Moreover, the antennas are hardly located in the working volume i.e., at 𝜆/4 from any metallic part where the field is assumed diffuse in the reverberation chamber theory. Consequently, the averaging is of poorer quality than those done during the measurements in the MTS. A 50-MHz running filter is thus applied on the averaged 𝑆 21 which is equivalent to frequency stirring and smooths the results. The results are displayed Figure II.25 and compared to the PWB model when considering the breakers or not.

Figure II. 25 .

 25 Figure II.25. Mean measured 𝑆 21 compared to those predicted by the PWB method considering the breakers (green)or not (black).

  section first proposes a simplified model for the wire ECS which is validated through a simple PWB configuration. Then we propose a model to integrate cables running through multiple cavities in the PWB method and validate this model for a three-cavity configuration.i. Model for the calculation of the cable ECSWires and cables running through switchgear assemblies appeared to be a privileged coupling path for the RF signal, especially at lower frequencies and thus need to be properly modelled. A model deriving the ECS of a cable above a ground plane (Figure II.26) is derived in [II.13].

Figure II. 26 .

 26 Figure II.26. Cable above a ground plane in diffuse electromagnetic environment

Figure

  Figure II.27. Cable ECS versus frequency for different reflection coefficient Figure II.27 shows the ECS of a 1 m long cable of diameter 5 mm placed 10 cm above a metallic plane. The values of the loads 𝑍 1 = 𝑍 2 are chosen such to get three different reflection coefficients equal respectively to 0.75 (green curve), 0.5 (blue curve) and 0 (black curve). For non-zero reflection coefficient, the ECS oscillate around a mean value obtained for the matched case, Γ = 0. The higher the reflection coefficient, the stronger the oscillations. Those oscillations arise from the terms 𝑒 ±𝑗𝛽𝑙 in (II-12) and are thus strongly dependent on the cable length. Indeed, the longer the cable the more rapidly the ECS varies with the frequency. It is thus legitimate to wonder what the impact on the ECS of an uncertainty on the cable length would be.

Figure II. 28 .

 28 FigureII.28. Variations of the cable ECS at 2.4 GHz versus its length for matched loads (black) and for a reflection coefficient of 0.75 (blue)

  The antennas feeding cables enter the MTS through the same aperture and one of them cross the wall partitioning the MTS through one of the circular apertures. It then goes out of the receiving cavity before going back in as pictured Figure II.29 and Figure II.30. The point of entry of the cables inside the MTS are shielded by copper tape to prevent leakages out of the MTS through cables.

Figure

  Figure II.29. Schematic of the MTS in the two-cavity configuration for the validation of the wire ECS.

Figure II. 30 .

 30 Figure II.30. Picture of the MTS in the two-cavity configuration for the validation of the wire ECSIt is suggested in [II.14] that to integrate the cable in a PWB model two ECS must be calculated, one for the length of cable in the first cavity and one for the second. The coupling through the cable is then modelled in the equivalent circuit by placing the two ECS in series.

Figure II. 31 .

 31 Figure II.31. Equivalent circuit of the PWB modelling of two cavities coupled through a cable On Figure II.31 𝜎 cable (1) and 𝜎 cable (2) are respectively the ECS of the cable length in the cavity 1 and cavity 2. The 𝑆 21 is averaged over 20 positions of the antennas and compared to the one predicted by the PWB Figure II.32.

Figure II. 32 .

 32 Figure II.32. Mean measured 𝑆 21 compared to the one predicted by the PWB for the two-cavity configuration Figure II.30.

Figure II. 33 .

 33 Figure II.33. Cable running through three cavities in series Let us consider a cable running through three cavities placed in series as illustrated Figure II.33. One can intuitively think that, as the cavities are placed in series, so are their ECS in the circuit representation. Following the same representation as this Figure II.31, it would lead to the following representation illustrated Figure II.34.

Figure II. 34 .

 34 Figure II.34. Series circuit representation of a cable running through three cavities In the above figure, the source and losses are discarded to focus on the cable modelling. The cavities are represented by the green circles as in Figure II.33.Although intuitive, this model is not entirely accurate as it does not hold in the limit case where one of the ECS tends to zero. This happens when the cable length is neglectable compared to the wavelength. Let us say that the cable length in the second cavity tends to zero, then there should be a direct coupling between the first and third cavities. Nevertheless, this model predicts

Figure

  Figure II.35. Star representation (a) proposed to model the cable running through three cavities and its equivalent representation (b)

Figure

  Figure II.36. MTS in Cross configuration The mean 𝑆 21 is measured using spatial stirring i.e., averaged over 20 positions of the antennas, the results are displayed Figure II.37.Let us remind that as the cable outer conductor is short-circuited at the PoE and open-circuited at its opposite end, its ECS is supposed to be null according to the model developed in [II.13][II.14]. Nevertheless, FigureII.37 shows that the mean S21 is significantly higher in cross-configuration than in co-configuration up to roughly 4 GHz. This therefore means that the ECS is not null and that there is a coupling through the RF cable outer conductor.

Figure II. 37 .

 37 Figure II.37. Comparison of averaged measured S21 "C " "C ss" u s

Figure

  FigureII.40. Mean S21 between antennas located in C24 and C30 measured (blue) compared to the PWB one (black) and its 95% confidence interval (dotted lines).

Figure

  Figure II.40 offers a visualisation of the result complementary to the one Figure II.39. Indeed, with the filtered measured results Figure II.39 there is no way to tell if a deviation between the PWB and measured mean received power of 3 dB for example, is acceptable. The measured average can statistically fall outside of the confidence, at a 5 % rate here, Figure II.40 therefore shows if the discrepancies are statistically acceptable.

Figure II. 41 .

 41 Figure II.41. Measured and exponential CDF at 1.5 GHz (left) and 3 GHz (right).
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  The work presented in this chapter is organised around two axes. First, the horizontal improvement of the propagation symbolised by the blue arrow Figure III.1. The idea is to use a leaky waveguide to carry the signal across the columns and radiate part of the power in each of them. The gateways being usually installed on top or at the bottom of the switchgear, the second axis to improve vertically the propagation as symbolised by the green arrows Figure III.1. The idea is to take advantage of the apertures made in the partitionings for thermal convection and rearrange them to form a Frequency Selective Surface (FSS) with a maximum transmission on the 2.4 GHz ISM band.

Figure III. 1 .

 1 Figure III.1. Illustration of the two improvement axes for the electromagnetic propagation

Figure

  Figure III.2.Switchgear at panel builder site before shipment

Figure III. 3 .

 3 Figure III.3. Rectangular waveguide schematic In hollow rectangular waveguides (Figure III.3), only transverse electric (TE) and transverse magnetic (TM) modes propagate. Above the cut-off frequency i.e., the minimum frequency above which occurs the first propagating mode, an infinite number of modes exists whose eigenfrequencies are defined by the waveguide cross section. Nevertheless, most of practical applications are meant to work with a single mode, often the TE10, as it is the dominant mode and has the lowest cut-off frequency [III.3]. Moreover, at equal walls conductivity, it has the lowest attenuation constant among the first propagating modes [III.4]. Consequently, after introducing some generalities about TE modes, the rest of the chapter will focus on the properties of the TE10 mode.

Figure

  Figure III.4. Illustration of possible slots on a rectangular waveguide Radiating slots can be identified from equations (III-9)-(III-12) thus blue and green slots on Figure III.4 radiate respectively by disruption of transverse and longitudinal currents while the purple one disturbs both. However orange slots do not radiate as, if they are narrow enough, they do not disturb any surface current.

  Figure III.5 left) and the other made of two inverted U-shape (Figure III.5 right).

Figure

  Figure III.5. Symmetric waveguide prototype (left) and asymmetric waveguide prototype (right)

Figure III. 6 .

 6 Figure III.6. Prototype closing methodspinched (left), rivets (middle), and stud bolts.

Figure

  Figure III.7. 𝑆 21 of waveguide prototypes and a commercial WR340

Figure III. 8 .

 8 Figure III.8. Illustration of potential slots on the waveguide narrow side.

Figure III. 9 .

 9 Figure III.9. Transversally slotted waveguide with metallic cover

Figure III. 10 .

 10 Figure III.10. Percentage of incident power radiated by a prototype including five transversal slots.

Figure III. 11 .

 11 Figure III.11. Offset of longitudinal slot cut in the waveguide broader face

Figure III. 12 .

 12 Figure III.12. Radiated power simulated for diverse slot offsets 𝑥

  final prototype has three groups of five slots (Figure III.13). The length of these slots is tuned to compensate the frequency shift observed Figure III.12. At most one slot per group is meant to radiate and the distance between groups is optimised to have the slots radiating coherently. To control the radiating slots two mechanical means were envisioned: the use of a conductive tape (Figure III.13.b) or a metallic lid (Figure III.13.c). The metallic lid can be translated or rotated to select a single slot (c.f. Figure III.14). The location of the five slots on the top wall of the waveguide were chosen such that only one slot could be

Figure III. 13 .

 13 Figure III.13. Waveguide prototype with uncovered slots (a), slots covered with conductive tape (b) and slots covered with metallic lid (c)

  4 GHz ISM band (Figure III.15). -2.48 GHz] the 2.4 GHz ISM band.

Figure III. 15 .

 15 Figure III.15. Illustration of the radiated power over the 2.4 GHz ISM band

Figure

  Figure III.16. Waveguide performances

The

  Figure III.17. Setup to measure the losses induced by a misalignment of two waveguide sections (left) and the results (right) Sh mm

Figure

  Figure III.18. Power distribution on a single waveguide section

  Figure III.19. Illustration of two waveguide sections in series with feeders

  [𝐷 2 ], associated with the excitation and termination feeders, respectively, are located at the same place in [𝐷 𝑁 ].

  This subsection aims to validate the model of waveguide ECS previously developed. The Modular Test Structure (MTS) is divided in three cavities of respective depth 70 cm, 60 cm, and 70 cm. A waveguide made of three sections passes through all cavities and is the only mean of coupling between them as pictured Figure III.20.

Figure III. 20 .

 20 Figure III.20. MTS in 3-cavity configuration with waveguide

Figure III. 21 .

 21 Figure III.21. Smoothed modelled radiated power by a waveguide section in configuration (i, j, k) = (1, ,1).

Figure III. 22 .

 22 Figure III.22. Transmission parameters in 3-cavity configuration with waveguide

Figure

  Figure III.23. Example of IP3x partitioning present in switchgear assembly whose apertures measure 2.4x45 mm² FSS are planar structures made from the periodic repetition of an elementary pattern along a network. The elementary pattern can either be a metallic patch on a substrate or an aperture made into a metallic sheet [III.11]. FSS have been widely studied during the last decades for their many electromagnetic applications such as antenna reflector [III.12], absorber [III.13][III.14], radome for stealth improvement [III.15][III.16] or spatial filter [III.17]-[III.19].The FSS analysis can be separated in three regions[III.20]. The first one is when the periodicity is small compared to the wavelength. The FSS is then analysed as an effective media [III.21] and model using a equivalent circuit whose components are analytically determined[III.22][III.23]. The second region is for lattice periodicity smaller or comparable to the wavelength where the elementary pattern exhibits a resonant behaviour. The FSS impedance is then modelled using an equivalent circuit whose components are determined using full-wave simulations and curve-fitting techniques[III.24]-[III.26]. In the third region, the wavelength is shorter than the lattice periodicity and non-linearities may appear due to the excitation of h h qu 's m s [III.27]. There the resonances are primarily associated with the lattice periodicity [III.20] h SS b s u us qu 's m s xp s [III.28].

Figure

  Figure III.24. Studied FSS -Tripole (left), anchor (centre), triple bent dipole (right) First, let us compare the transmission parameter of the tripole with that of the slotted partitioning pictured Figure III.23. Both were simulated as ideal FSS i.e., 2D-infinite surfaces, on CST microwave studio using "u " b u y. Th s s h p 45 mm long and 2.4 mm wide, its FSS has a periodicity of 51 mm along the direction colinear to the slots and 10 mm in the orthogonal one. The tripole, on the other hand, has a periodicity of 35.5 mm and its arms are 30 mm long. The width of the FSS apertures measures 2.4 mm except for the anchor pattern whose width is 1 mm large. The tripole and the slotted FSS are simulated for both transverse electric (TE) and transverse magnetic (TM) modes as illustrated Figure III.25. Under TE incidence, the electric field is parallel to the FSS plane (xOz) while in TM incidence it is lying in the incidence plane defined by the Poynting vector 𝑃 ⃗ and the unit vector normal to the FSS. The FSS unit patterns are aligned such that, when the polarisation angle 𝜑 is null, the electric field in TE mode is orthogonal to the partitioning slot or one of the tripole arm. Figure III.26 displays the simulated 𝑆 21 for normal incidence and incident angle 𝜃 = 45°.

Figure III. 25 .

 25 Figure III.25. Illustration of incident TE and TM polarisation on the xOz plane

Figure III. 26 .

 26 Figure III.26. Transmission parameter of tripole FSS compared to current partitioning under normal incidence (left) and 60° incident angle (right)

Figure III. 27 .

 27 Figure III.27. Comparison of the tripole transmission parameter for polarisation angles of 0° and 30° for TE (left) and TM (right) polarisations

Figure III. 28 .

 28 Figure III.28. Comparison of tripolar FSS 𝑆 21 under normal incidence (left) and 60° incident angle (right)

Figure III. 29 .

 29 Figure III.29. Equivalent circuit modelling tripolar FSS up to their second resonance The circuit represented Figure III.29 is meant to model the FSS whose pattern are described Figure III.24 up to their second resonance. The components 1 and C 1 determine the first resonance while 2 and C 2 determine the second one as given by (III-28).𝜔 p = 1 √ 𝐿 p 𝐶 p (III-28)

Figure

  Figure III.30. Comparison of tripole FSS 𝑆 21 parameter simulated with CST and modelled by circuit equivalent for TE polarisation in normal incidence (left) and 45° incident angle (right)

Figure

  Figure III.31. S21 of Tripole FSS extracted from CST for TE and TM modes at normal incidence and 45° incident angle

Figure

  Figure III.32. LC parameters extracted from CST (dots) for TE (top) and TM modes (bottom) and the semianalytical formulas proposed in this paper (green) and adapted from [III.29] (orange)

Figure

  Figure III.33. Anti-resonance and second resonance pulsations versus incident angle for TE (left) and TM (right) modes

  m 's h mb m su s .6x2.95x4. m 3 (84.1 .95x5.35 m 3 (91.3 m 2 metallic wall surface). The mean power transmitted from one chamber to another can be estimated by building an equivalent circuit based on the system topology (Figure III.34).

Figure III. 34 .

 34 Figure III.34. Schematic of the coupled reverberating chambers (top) and their equivalent circuit (bottom).

Figure

  Figure III.35. The mean 𝑆 21 (O) , h "O" s h p p u , s s m su us sp s . Then 𝜎 RC is got solving the following second-degree polynomial: 𝛼𝜎 RC 2 + (𝛼 + 1)𝜎 H 𝜎 RC + 𝜎 RX 𝜎 H |𝑆 11 | 2 -1 〈|𝑆 21 (O) | 2 〉 = 0 (III-49)

Figure III. 35 .

 35 Figure III.35. Setup illustration for the measurement of the FSS ECS.In a second time, the mean 𝑆 21(FSS) is measured using the same stirring technique which allows to isolate 𝜎 FSS in (III-48):

Figure

  Figure III.36. Comparison of empirical and analytical tripole FSS ECS

  Figure III.38 and its door is left open to increase its losses as illustrated Figure III.37 (top).

.

  

Figure

  Figure III.37. Schematic of the second setup for the measurement of the FSS ECS (top) and its equivalent circuit (bottom)

Figure A. 1

 1 Figure A.1 Denomination of the racks of the BlokSeT In addition to the transmission between the compartments C24 and C30, we measured the mean 𝑆 21 between two antennas located in C25 and C30, and C24 and C30, respectively. The measurement protocol is the same than the one used section II.3.D. The results for the compartments C25 and C29 are displayed Figure A.2.

Figure A. 2

 2 Figure A.2 Mean S21 between antennas located in C25 and C29 measured (blueleft) and predicted (greenleft) and deviation between the two curves (right)

Figure A. 3

 3 Figure A.3 Mean S21 between antennas located in C25 and C30 measured (blueleft) and predicted (greenleft) and deviation between the two curves (right)

  𝑍 N+1 (𝑧) = ∫ 𝑓 𝑍 N (𝑥)𝑓 𝑋 𝑁+1 (𝑧 -𝑥)and 𝑓 𝑋 𝑁+1 being defined on ℝ + (0-3) simplifies to:𝑓 𝑍 N+1 (𝑧) = ∫ 𝑓 𝑍 N (𝑥)𝑓 𝑋 𝑁+1 (𝑧 -𝑥)𝑓 𝑍 N and 𝑓 𝑋 𝑁+1 by their expression it becomes:𝑓 𝑍 N+1 (𝑧) = 𝑒 -𝜆𝑧 ∫ 𝜆 N+1 𝑥 N

  Let 𝐹 𝑍 N be the cumulative distribution function of 𝑍 N such that ∀𝑥 ∈ ℝ + :𝐹 𝑍 N (𝑥) = 𝑃(𝑍 N ≤ 𝑥) (0-7)with 𝑃 indicating the probability of the event under parenthesis.Consequently:𝐹 𝑌 N (𝑥) = 𝑃(𝑍 N /𝑁 ≤ 𝑥) = 𝑃(𝑍 N ≤ 𝑁𝑥) = 𝐹 𝑍 N (𝑁𝑥)

  

  

  

TABLE I

 I 

	.2. Electric field spatial correlations in percent	
		HFSS	Feko	CST	Measurements
	HFSS	100	13.1	75.0	29.6
	Feko	13.1	100	32.3	27.2
	CST	75.0	32.3	100	51.4
	Measurements	29.6	27.2	51.4	100

TABLE I .

 I 3 provides a summarized comparison of the three commercial solvers compared here.

TABLE I

 I 

	.3. Comparison of commercial full-wave solvers	
		CST	HFSS	Feko
	Method	FIT	FEM	MLFMM
	Simulation time for a column	20h	20h	26h
	Pros	Broadband results	Can simulate complex	
		Can simulate complex	structures with the proper	
		structures	hardware	
		Can mesh any structure		
	Cons	Price of a GPU	One frequency point per	One frequency point per
			simulation	simulation
				Weakest mesher
	Computational	2 GPUs and 24 cores	32 cores and 500 Go of	32 cores and 500 Go of
	resources		DDR3 RAM	DDR3 RAM

TABLE I

 I 

	.4 records the expressions for the most useful ECS whose full derivation can be found in [I.38].
	The coupling on wires or cables is not presented in the above table as its ECS is more complex to compute.
	It is the predominant coupling at lower frequencies and will be further discussed in section II.2.D.

TABLE I

 I with 𝜇 r the metal relative permeability, 𝜇 0 the free-space permeability, 𝜎 m the metal conductivity, 𝑆 the surface, and 𝑆 11 the antenna reflection coefficient in free-space.

				// ,
		,	
				,
	.4. Analytical formulas of main ECS	
	ECS	Formula	
	Ohmic losses	4𝑆 𝑐	𝜋𝑓𝜇 r 𝜇 0 𝜎 m √
	Electrically large aperture			𝑆/4
	Electrically small aperture			∝ 𝑓 4
	Receiving antenna	𝜆 2 8𝜋	(1 -|𝑆 11 | 2 )
	Emitting antenna	𝜆 2 4𝜋	(1 -|𝑆 11 | 2 )

ii. Power bill on a single cavity and matrix representation Let

  us consider the 𝑖 th cavity of a N-cavity system at steady state illustrated Figure I.18. Its scalar power density is 𝑊 𝑖 and the power flowing from the 𝑖 th cavity to the 𝑗 th :

	𝑃 𝑖𝑗 = 𝑊 𝑖 𝜎 𝑖𝑗	(I-34)

TABLE II

 II 

	.1. Behaviour summary of aperture ECS	
	Condition	Theory/behaviour	ECS
	𝑓 ≪ 𝑓 c	Theory of polarizability	𝜎~𝑓 4
	𝑓 ≈ 𝑓 c	Resonance	Unknown
	𝑓 ≫ 𝑓 c	Geometrical optic	𝜎 = 𝑆/4

TABLE II

 II 

	.3. Description of IS index	
		Index 1	Index 2	Index 3
		Exploitation	Upkeep	Evolution
	Level 1	General sectioning and	
		condemnation of the	
		switchgear.	

  The mean 𝑆 21 predicted by the PWB method is compared to the measured one FigureII.38. 
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	Figure II.38. Comparison of the measured mean 𝑆 21 " ss"	u	mp	h	p	by h
	PWB method.					
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TABLE III

 III Finally, we simulated other existing partitionings as 2D-infinite FSS. Their minimum 𝑆 21 on the 2.4 GHz ISM band are recorded TABLE III.3.

	Frequency Selective Surfaces I		-106 -
	Pros	Ease of manufacturing	Best RF properties	Ease of manufacturing
			Highest aperture ratio	
	Cons	Lowest aperture ratio	Manufactured using laser	Lower RF performances
			cut	
	.2. Summary of tripolar FSS properties		
	FSS	Tripole	Anchor	Triple bent dipole
	Periodicity	35.55 mm	17.6 mm	42.4 mm
	Smallest dimension 2.4 mm	1 mm	2.4 mm
	Aperture ratio	21.8 %	36.2 %	28.2 %

TABLE III .

 III 3. Comparison of existing partitioning on the 2.4 GHz ISM band

TABLE III .

 III 3 we highlighted in green the 𝑆 21 above -3 dB, in orange those above -10 dB, and in red those below -10 dB. Slot-like partitioning always have a preferred polarisation while the other one is blocked.

  [III.29][III.30].

	Name		IVIA 32-237	IVIA 32-238	IVIA 32-238	IVIA 32-240	IVIA 32-241	Tripole
	Grid picture							
	Hole dimensions (mm)	25x10	25x2	50x2	Ø10	Ø10	
	𝑺 𝟐𝟏 TM	0°	-7.97	-8.00	-1.54	-22.52	-17.39	-0.33
	polarization	30°	-8.95	-9.06	-1.71	-23.74	-18.55	-0.28
	(dB)	60°	-13.25	-13.38	-2.77	-28.50	-23.27	-0.12
	𝑺 𝟐𝟏 TE	0°	-20.74	-50.60	-50.30	-22.52	-17.49	-0.33
	polarization	30°	-20.99	-51.53	-5138	-22.29	-16.99	-0.24
	(dB)	60°	-20.72	-54.08	-54.91	-20.07	-14.15	-0.30
				Internal				

TABLE III

 III 

	.4.

dependence of the first resonance parameters

  The work done to model the first resonance parameters was carried out during an internship we supervised[III.31]. In [III.29], Costa et al. suggest that, for patch FSS i.e., metallic pattern on a substrate, the first capacitance in TE mode evolves according to (III-32) and remains constant in TM mode.The formula they proposed shows good agreements with the capacitance extracted from full-wave simulations for patterns such as patch, cross or squared ring. Nevertheless, (III-32) shows that the capacitance in TE mode decreases with increasing 𝜃 whereas, from TableIit is expected to increase. This could be expected as [III.29] focuses on patch FSS while our work is about grid-type FSS i.e.

	-111 -I					Chapter III
		𝐿 1,𝑇𝑀 (𝜃) = ii. θ-𝐶 1,𝑇𝐸 (𝜃) = 𝐶 0 (1 -𝐿 1,𝑇𝑀,𝑥 1 -(1 -𝐿 1,𝑇𝑀,𝑥 𝐿 0 ) ( 𝑐𝑜𝑠(𝜃) -𝑐𝑜𝑠(𝑥) 1 -𝑐𝑜𝑠(𝑥) ) 𝑠𝑖𝑛 2 (𝜃) 𝛼 ) 𝐶 1,𝑇𝐸,𝑥 𝐶 1,𝑇𝐸 (𝜃) = 1 -(1 -𝐶 1,𝑇𝐸,𝑥 𝐶 0 ) ( 𝑐𝑜𝑠(𝜃) -𝑐𝑜𝑠(𝑥) 1 -𝑐𝑜𝑠(𝑥) )	(III-38) (III-32) (III-39)
	with 𝛼 a positive parameter empirically determined using a second full-wave simulation with a plane wave 𝐿 1,𝑇𝐸 (𝜃) = 𝐿 1,𝑇𝐸,𝑥 + (𝐿 0 -𝐿 1,𝑇𝐸,𝑥 ) 𝑐𝑜𝑠(𝜃) -𝑐𝑜𝑠(𝑥) 1 -𝑐𝑜𝑠(𝑥) (III-40)
	incoming from a non-zero incident angle.		
	with x the second angle where the LC p m s	x	, h subs p "0"	otes the parameters
	x	m		h subs p "x"	s h p m s x
	incidence 𝑥.				
							, with pattern
	m	m p u s u	m	p	. Thus, m B b 's p	p [III.32], opposite behaviour
	is expected from complementary FSS. Consequently, we first tried a modelling like this of Costa et al. but
	with opposite behaviour for opposite polarisation. So, (III-32) becomes:
			𝐶 1,𝑇𝑀 (𝜃) = 𝐶 1,𝑇𝑀 (0) (1 -	𝑠𝑖𝑛 2 (𝜃) 𝛼 𝐶,𝑇𝑀 )	(III-33)
	Then, considering that the resonant frequency remains constant for TM mode and so does the product LC:
			𝐿 1,TM (𝜃) =	𝐿 1,TM (0)𝐶 1,TM (0) 𝐶 1,TM (𝜃)	≈	𝐿 1,TM (0) (1 -sin 2 (𝜃) 𝛼 L,TM )	(III-34)
	If the resonant frequency remained exactly constant, we would have 𝛼 C,TM = 𝛼 L,TM . In fact, those two
	coefficients are slightly different hence the differentiation by th subs p "𝐿"	"𝐶". Th by
	extrapolation of (III-33) and (III-34) and with concordance with TABLE III.4 we get:
			𝐶 1,𝑇𝐸 (𝜃) =	𝐶 1,𝑇𝐸 (0) (1 -𝑠𝑖𝑛 2 (𝜃) 𝛼 𝐶,𝑇𝐸 )	(III-35)
	TABLE III.4. Evolution of the circuit parameters with increasing incident angles 𝐿 1,𝑇𝐸 (𝜃) = 𝐿 1,𝑇𝐸 (0) (1 -𝑠𝑖𝑛 2 (𝜃) 𝛼 𝐿,𝑇𝐸 )	(III-36)
	Mode The formulas (III-33)-(III-36) do not model the evolution of LC parameters as well as expected from the 𝑄 1 𝜔 1 𝐿 1 𝐶 1 𝜔 a 𝜔 2 results presented in [III.29] (c.f. Figure III.32). So, we propose new empirical formulas fitting well the
	TE curves drawn from full-wave simulations. As for the previous formulas, two full-wave simulations are ↗ ↘ ↘ ↗ ↗ ↘
	needed at two different incident angles for each mode.
		TM	↘ 𝐶 1,𝑇𝑀 (𝜃) = 𝐶 1,𝑇𝑀,𝑥 + (𝐶 0 -𝐶 1,𝑇𝑀,𝑥 ) ≈ ↗	↘ 𝑐𝑜𝑠(𝜃) -𝑐𝑜𝑠(𝑥) ↘ 1 -𝑐𝑜𝑠(𝑥)	↘	(III-37)

TABLE III

 III 

	.5. CIRCUIT PARAMETERS RELATIVE DEVIATION IN PERCENT FOR DIVERSE FSS
	Tripole		Tripole		Anchor	
	P=123 mm	P=246 mm	P=17.6 mm
	Mean Max Mean Max Mean Max
	𝐶 1,TE 2.05	3.77	0.59	1.27	1.47	2.52
	𝐿 1,TE 0.59	1.25	0.45	0.94	0.18	0.31
	𝐶 1,TM 0.36	0.67	0.96	1.41	0.09	0.29
	𝐿 1,TM 0.33	0.59	0.84	1.18	0.01	0.01

  term in the integrand models the isotropic angular spectrum. For the peculiar case of the FSS presented in this chapter (III-46) becomes (III-47) as they are almost φ-independent.

								Chapter III
	sin(𝜃) 𝜎 𝐹𝑆𝑆 =	𝐴 2	𝜋/2 ∫ 𝑐𝑜𝑠(𝜃) 𝜃=0	1 2	(|𝑆 21,𝑇𝐸 (𝜃)| 2 + |𝑆 21,𝑇𝑀 (𝜃)| 2 )	𝑠𝑖𝑛(𝜃) 𝑑𝜃	(III-47)
					2𝜋	𝜋/2	
						𝜑) 𝑠𝑖𝑛(𝜃) 𝑑𝜃𝑑𝜑		(III-46)
				𝜑=0	𝜃=0	

With 𝜎(𝜃, 𝜑) the power dissipated by the generic object illuminated by a plane-wave of unitary power density incoming from the direction 𝜃 and 𝜑. 〈 . 〉 denotes the mean under diffuse field approximation. The -115 -I

Etude de la propagation radiofréquence dans des milieux complexes -Optimisation de la communication sans fils dans des tableaux de distribution électrique

  principaux produits nécessaires à la construction de systèmes de distribution électriques allant de la moyenne tension à la distribution finale comme les prises de courant. Schneider Electric était le pionnier de ' é sys èm s s s s s s armoires électriques. A cette époque, tous les capteurs, comme les capteurs Auj u 'hu des dizaines de capteurs sans fils communiquent leurs données à leur gateway utilisant la bande ISM à 2.4 GHz. Ce système est bien adopté dans le secteur tertiaire où les armoires électriques sont peu partitionnées ce qui facilite la robustesse de la liaison radio entre le capteur et son concentrateur. Schneider Electric souhaite désormais étendre le Les méthodes habituelles sont inadaptées à cause du large facteur de forme et de la nature résonante des armoires. de la puissance moyenne reçue dans plusieurs configurations.Deux idées ont été choisies pour améliorer la propagation électromagnétique dans les armoires électriques.

	Résumé I									-138 -
	Résumé :								
	S h	E	s u mu		ç s		m		s	'é	u m s	us	.
	Elle fournit les pu ss u M bus. sys èm P w T mpé u , mmu qu p s bus us s mm u s u us p u qu s m s s p us u m p é s	' ssu u
	b		u é	s	. L s mu p s p	m s mé	qu s us	'é	u ss m	p	u signal
			u	mu p	s	u s p u ssu u b	u	u	' m	.
	E		séqu	,	hès s	s u	u u		ux x s p	p ux. 'u p , mp	m é s
	propagation électromagnétique au sein des environnements complexes que sont les armoires électriques industrielles
			' p m s		p	m	s	u s	b	m	u	u	u	u m mum
			u s. ' u p , mé	p p	é		m é qu u s	s s u u s	'	p u
	p s m u	û		s u	s s s u		u	p u u	p us 'u	.
	N us	s		s ué u mé h	p m		u	ép s m y	'u sys èm	és up é s
	: « P w B		» (PWB). E s' ppu su	p		u sys èm	'	p s b s	s é mé	x
	ce qui la rend particulièrement efficace pour calculer la réponse moyenne du système. Dans la modélisation PWB,
		u s s		s s	m é sé s p	s S	s E	s	C up	s (ECS).	p us, s us 'hyp hès
	champ diffus, la puissance reçue est exponentiellement distribuée et il est donc possible de déterminer la probabilité
	p u	s	çu 'ê	u-dessus du seuil de sensibilité du récepteur.
	L PWB û ' b	pp qué	s u	m	ô é. L'	sé	s u	u s ésonantes ont des
	ECS p us	s qu'	u s	us p p s s	ux mé h s p u s	é s	qu p m ' mé
	la précision du modèle PWB et nous permis de passer sur une véritable armoire. Nous avons caractérisé les ECS des
	disjoncteurs		é su	m é s	âb s	s	mu p s	és. C s ésu s	p m s ' b
	une estimation satisfaisante P m è m , u s s u s '	à u		ô mé	qu	' mé	h z	m
	propagation. Deuxièmement, utiliser des Surfaces Sélectives en Fréquence (FSS) pour améliorer verticalement la
	propagation dans une colonne.					
	P us u s p	yp s	é é é u és p u u	u sys èm	x b	u s '	y	mêm pu ss
		s s m	s y	jusqu'à 9	s. B sé su	s m s	us,	us	s proposé des nouveaux
	p	s	m s SS p u ê	sm é é à u m è PWB. C' s p u qu m su b ISM à 2.4 GHz. C s é s p és us s p p sé	é p	𝑁 𝜆𝑁 = 𝑃 r p u ' é ê s ̅ . m su u
	m è 'ECS pour chacune.					

The results from section II.2.B.ii showed that even though the EM wave should interact mainly with the zinc layer, the ohmic losses induced by galvanised steel are well above what is expected for pure zinc. In fact, it has been observed that the galvanised steel has a surprisingly low effective conductivity [II.3] which could explain the deviation of the model. So,[II.4] proposed to calculate the ECS considering, not only pure zinc, but a zinc coating backed with steel. Nevertheless, this model still does not explain the discrepancies between predictions and measurements. In fact, the galvanised steel cannot simply be modelled as two homogeneous metal layers. During the hot-dip galvanizing process, the zinc is mixed with the steel creating overlapping layers with various percentages of the two metals (c.f. Figure II.6).

Until this point, only an excitation from the feeder on the right-hand side of the waveguides was considered. We now consider power inputs from any of the other ports i.e., the slots of each waveguide section and the antenna at the termination feeder. Similarly to what is done with scattering parameters, but applied to powers, we aim to build a matrix modelling the total power distribution inside the system, [𝑃 dis ]. Its coefficients [P dis ] i,j express the ratio of the power received at port 𝑖 over the input power at port 𝑗.

We define the reduced matrix [𝐷 red ] by suppressing the null lines of [𝐷 2 ∞ ]. Finally, [𝑃 dis ] is defined by:

[ 0 ½ 0 0 1 0 0 0 0 0 0 0 0 0 ½ 0 0 ½ 0 0 0 0 0 0 0 0 0 1 0 0 ½ 0 0 0 0 0 ]

The 9 × 4 matrix on the right-hand side of gives the power distribution depending on the input port. Its first column symbolises the feeder at the right of the system, so all power at this port goes to the right side of the first waveguide and is modelled by 𝑃 2,R . The same goes for the power received by the antenna at the other feeder and is modelled by 𝑃 3,L . Considering, an isotropic incidence on the waveguide, the power received through the slots of a section is statistically equally distributed on both side of the waveguide. So, for the first section half the received power goes to its right side (𝑃 1 ), and the other half to is left (𝑃 3,R ), hence the factors ½ on the second and third column on the matrix.

The matrix [𝑃 dis ] fully describes the power distribution on the two-waveguide system pictured Figure III.19 and is the basis to derive the waveguide ECS (c.f. section III.2.F).

Now that we illustrated the power distribution for systems composed of one or two sections of leaky waveguides, the following subsection derives the power distribution matrix for a 𝑁-section case.

iii. Power distribution on a N-waveguide case

This sub-section derives the power vector and distribution matrix for a system including 𝑁 waveguide sections.

First, let us discuss the structure of the power vector, [𝑃] N , i.e., the equivalent of the one on the left-hand side of (III-18) and (III-20). It is a (𝑁 + 1)-element vector. Its first element is 𝑃 1 i.e., the power flowing back through the excitation feeder. The last two elements are the powers flowing to the termination feeder (𝑃 N,R ) and the one radiated by its antenna (𝑃 N ). The middle of the vector is occupied by blocks of three elements associated to the incident power on the right end of the 𝑛 th section (𝑃 n,R ), the power it radiates (𝑃 n ), and the incident power on its other end (𝑃 n,L ). So, the power vector takes the following form:

In the one-waveguide and two-waveguide cases, the only difference while building the matrices One can wonder if the results obtained Figure III.36 are coming from an issue in the measurements or if the FSS really behave this way when coupling two reverberant cavities. We hope its behaviour in switchgear assembly will be closer to the one observed Figure III.39 as the cavities are usually loaded with breakers but further tests will have to be done to verify this hypothesis. The next section shows first results of FSS integration inside switchgear assemblies.

III.3.G. FSS integration inside switchgear assembly

To assess the improvement of RF propagation along the vertical axis of switchgear assemblies due to the use of FSS, we manufactured some FSS partitioning ( Chapter III

III.4. Conclusion

This chapter focused on the improvement of RF propagation on the 2.4 GHz ISM band inside switchgear assemblies. Two solutions were proposed: first the leaky waveguide with mechanically controlled gain to improve horizontally the propagation, then the FSS partitioning to improve vertically the propagation. Both had to respect industrial constraints. The waveguide had to be low-cost so we made it in folded galvanised steel plates, and it should preserve the switchgear modularity so we carried measurements to validate that the waveguide sections could be placed in series without mechanical junctions. The FSS had to preserve the IP index of the existing partitionings while keeping an aperture ratio sufficient to ensure a proper thermal convection.

These solutions bring promising results, but they would not be much interesting if they could not be integrated in a PWB model. That is why we developed an ECS model for both. The waveguide model has been successfully integrated in the PWB model of a three-cavity system which provided results in good agreement with the measurements. For the FSS, we developed a semi-analytical ECS model based on a handful of full-wave simulations which provided an ECS in perfect agreement with the one obtained through measurements in reverberation chamber. First measurements inside switchgear assemblies revealed that the benefit of FSS partitionings may be lower than expected. New measurements campaigns need to be done to verify this result.

Finally, the FSS is the easiest solution to implement as it only requires to modify the punch used to manufacture the partitionings and comes at no extra cost for the customer. The waveguide needs first to have an excitation head to come with, then to discuss with Schneider Electric mechanical teams to plan its integration inside switchgear assemblies. Ltd, 2008, pp. 325-367. doi Antennas andPropagation, vol. 56, no. 11, pp. 3373-3381, Nov. 2008, doi: 10.1109 Antennas and Propagation, vol. 65, no. 3, pp. 1131-1140, Mar. 2017, doi: 10.1109 
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Study of the radiofrequency propagation in complex environment -Optimisation of wireless communication inside low voltage switchgears

Abstract:

Schneider Electric is a French multinational company world leader in energy management and industrial automation. It provides electric components and products needed to build the electrical distribution system from Medium Voltage down to the ultra-terminal distribution like electrical socket. It was the pioneer by introducing wireless communication inside Switchgear assemblies. At that time, all sensors like power meters, temperature sensors were communicating using industrial field buses like Modbus. Today, there are several tens of wireless sensors being part of a system called PowerTag System relaying the gathered data to their local gateway using the 2.4 GHz ISM band. This system is well adopted in the tertiary sector where the switchgears are lightly partitioned, and a robust wireless link is ensured between the sensor and its gateway. Schneider Electric now wants to extend the PowerTag system to the industrial switchgears for industrial applications. They are heavily partitioned to ensure a good service continuity which causes the RF signal to fade quickly, so gateways must be multiplied to ensure a proper wireless link.

Consequently, this thesis is built around two major axes. On the one hand, better understand the RF propagation in the complex environments that are the industrial switchgear assemblies to optimise the gateway placement and get the best radio coverage of the switchgear with the minimum gateways. On the other hand, improve the RF propagation inside these structures because, if a gateway cannot cover more than a column, the cost of the wireless solution will not decrease.

The usual methods like full-wave solvers are ill-suited because of the switchgear large aspect ratio and resonant nature. We thus investigated a method allowing to compute the mean response of a system of interconnected cavities: the Power Balance (PWB). It relies on the system topology, so the exact geometry of the system is not needed which makes it more computationally efficient than full-wave solvers to compute the ensemble average of the system. In a PWB modelling, all interactions are modelled through effective cross sections (ECS). Furthermore, under the assumption of diffuse field, the received power is exponentially distributed, so it is even possible to determine the probability for the received signal to be above the receiver sensitivity threshold.

The PWB was first applied in a controlled environment. Galvanised steel and resonant apertures have greater ECS than expected so we proposed two methods to empirically characterise them. It consequently improved the accuracy of the PWB model, so we moved on to a real switchgear. We characterise the breakers ECS and worked on the modelling of cable running through multiple cavities. Using these results, the PWB method provided satisfying estimation of the mean received power in multiple configurations.

Two ideas were identified to improve the RF propagation. Firstly, using leaky waveguides with mechanically controlled gain to improve horizontally the propagation inside the switchgear. Secondly, using Frequency Selected Surfaces (FSS) to improve vertically the propagation inside a column.

Several prototypes were investigated to provide a flexible waveguide system that can radiate equal power in up to 9 columns of a switchgear. Based on known patterns, we proposed new partitionings with high transmission on the 2.4 GHz ISM band. Both ideas can significantly improve the RF propagation inside switchgear assemblies but would be of limited interest if they could not be included in a PWB model. Consequently, we proposed models to derive both of their ECS and successfully validated them through measurements.