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In the context of Internet of Things (IoT), the connected devices use an RF transceiver for data communication. This component requires a frequency synthesizer, which is one of the most power-consuming blocks of the communication chain.

This work uses the advantages of FD-SOI technology to propose an ultra-low power frequency synthesizer that consumes less than 1 mW, with good jitter and spectral purity results, to generate an output frequency of 2.5 GHz. Two solutions were developed using ring oscillators thanks to their low power consumption and versatility. Furthermore, the characteristics of the Delay Locked Loop (DLL) are exploited to improve its phase noise. The developed solutions break the barrier of sub-mW frequency synthesizers using ring oscillators.
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Research Context

Internet of things (IoT) is a concept that involves a network of devices called "objects" or "nodes". These devices share a connection to transfer data, usually from signals obtained from the environment using sensors. The data obtained by the objects is then processed by data servers connected to Internet, to give information to the final user. A wide range of applications uses IoT for their operation, such as smart metering, autonomous driving, smart homes, and automation of industrial processes, among many others.

Currently, the number of IoT nodes is increasing, and it is expected that by 2027, more than 25 billion devices will be connected to the Internet. Generally, these nodes are powered using batteries, implying a considerable demand for batteries in the coming years. Therefore, it is necessary to develop energy-efficient solutions to reduce the frequent replacement of batteries.

The frequency synthesizer is one of the most power-consuming blocks in an IoT object. This circuit generates a stable clock signal used in different components of the device, such as the RF transceiver. Therefore, one of the essential criteria for the design of these components, apart from jitter and spectral purity, is the power consumption and the silicon footprint.

Thesis Objective

As IoT nodes are constantly increasing, the power consumption is a constraint that is becoming more important for the development of energy efficient solutions. This work proposes an ultra-low-power frequency synthesizer to be used in IoT nodes. The proposed work breaks the sub-mW barrier in power consumption of frequency synthesizers.

This thesis proposes a suitable solution for low-power and low-cost products using ring oscillators. This kind of oscillator is compact, versatile, and can be scalable in different CMOS fabrication processes. However, they have inherently higher phase noise compared to LCbased implementations. Also, their operation is affected by their high process, voltage, and temperature variations (PVT).

To solve the above-mentioned issues, this thesis takes advantage of the DLL loops, which have some interesting characteristics for frequency synthesizers. This work presents two different architectures that use the low-noise features of DLL loops to attenuate the noise in a higher loop bandwidth than a classical PLL.

In addition to using DLL loops for noise reduction, this work takes advantage of the body bias feature of the FD-SOI technology. This technology helps to perform different operations in the building blocks of the circuit, which will help to propose an energy-efficient solution suitable for IoT objects.

With these two elements, the state-of-the-art frequency synthesis using ring oscillators is improved, proposing energy-efficient solutions with low variability and performance aligned with ring-based contributions in the same frequency range.

Thesis Main Contributions

This work contributes to the state-of-the-art of ring-based frequency synthesizers in the following aspects:

• Study of the sizing of ring oscillators using the body-controlled architectures to achieve better jitter performance, and symmetry between rise and fall times. Some expressions that help to define the appropriate device sizing are proposed to minimize the jitter due to asymmetry between rising and falling transitions.

• Proposing a tuning scheme for body-tuned ring oscillators using an auxiliary DLL loop that helps to tune the output frequency keeping the symmetry of the rising and falling transitions. This scheme links a DLL and a classical PLL to reduce the intrinsic noise of the ring oscillator using both tuning sources.

• Finally, an ultra-low-power frequency synthesizer based on the multiplier DLL (MDLL) loop is proposed. This loop reduces the infinite jitter accumulation of standard ring oscillators. Also, an ultra-low-power DLL-based calibration loop is proposed to reduce the spurious tones given by the re-synchronization of the ring oscillator at each cycle of the reference.

Manuscript Structure

The second chapter of this thesis presents an introduction and a forecast of the Internet of Things. Also, the prior state-of-the-art of ring-based frequency generators is introduced, showing the architectural trends used to reduce their jitter. Then, the different performance metrics of frequency synthesizers are introduced. Finally, the requirements of the proposed frequency synthesis are described.

The third chapter describes all the opportunities for developing energy-efficient and inductorless frequency synthesizers. Then, the ring oscillators are introduced, and the different frequency tuning approaches and their sizing for transition time symmetry in 28 nm FD-SOI are also presented. Finally, the DLL loop is introduced, showing its characteristics in terms of jitter, stability, and bandwidth.

The fourth chapter presents the first proposed solution of this work: the sub-mW DLLenhanced PLL frequency synthesizer. First, its principle of operation and its linear model are introduced, then the noise behavior is explained. Also, the design of its building blocks is presented, with simulation results of the different components of the proposed architecture. Finally, the circuit prototype and its measurement results are presented, and a state-of-the-art analysis and comparison are performed.

The fifth chapter presents the second proposed solution of this work: an ultra-low-power DLLbased frequency synthesizer. First, an introduction to the architecture based on the improvements to the first architecture is presented. Then, the DLL loops as frequency synthesizers are presented, introducing the different approaches for frequency generation using DLLs. Next, the proposed circuit and its noise model are described. Then, the design and simulation results of each one of the building blocks of the proposed circuit solutions are also shown. Finally, the post-layout simulation results of the proposed architecture are presented, as well as a comparison with the state-of-the-art frequency synthesis solutions.

The final chapter shows the general conclusions of this work, its main contributions to the state-of-the-art and some perspectives are given for next works in the field of ultra-low-power frequency synthesis.

Chapter 2. Frequency Synthesis for IoT Nodes

Internet of Things Overview

Internet of Things (IoT) is a term that describes a network infrastructure of different nodes (called objects) sharing a communication channel used to exchange information between them. These objects embed the sensors, software, and communication protocols capable of sensing external variables and communicating data. These networks are used in remote monitoring, healthcare, automotive, and others. A node is an element of that network and is one of the main components of the IoT infrastructure. This element measures different environmental values and communicates data required by the application layer. This element has limited hardware resources to minimize its power consumption and needs to be low-cost to be produced and employed massively. A standard IoT node comprises a power management unit (PMU), a microcontroller (MCU), an RF transceiver mode, and a function Unit that interacts with external sensors, as shown in Figure 2.2. All the mentioned internal modules act together to perform all the operations required by the nodes to exchange data between them or to communicate data to the network gateway. 

Frequency Synthesis for IoT Nodes

As seen in Figure 2.4, one of the most important components of an RF transceiver is the local oscillator (LO). This element generates a periodic signal that is stable in frequency for the different operating conditions. The generated signal modulates or demodulates the transmitted or received data according to the communication protocol specifications. This block is crucial because it provides a signal with the required spectral purity given by the protocol.

The local oscillator is implemented using a phase-locked loop (PLL) in standard RF transceivers. This circuit is widely used in commercial applications to control and tune an output frequency, generating a stable and clean oscillator signal used by the different blocks of the transmission and the reception path. IoT nodes commonly use batteries as the main power supply, making power consumption an essential concern. Hence, power efficiency is critical to ensure the functionality of the nodes over a long time. Different research works look for various alternatives to reduce global power consumption, such as [7], also using energy harvesting solutions like [1] or [8], to provide alternatives to improve the battery lifetime. However, these solutions increase the cost of the final product.

In order to reduce the power consumption of an IoT transceiver, it is important to identify the blocks that consume the most power. Generally, the power amplifier (PA) is the most powerconsuming element, followed by the local oscillator implemented using PLLs.

An example of ultra-low-power (ULP) transceivers is given by the work of Liu et al.

[9], whose power consumption breakdown is illustrated in Figure 2.5. In that work, the total power consumption in transmission mode (TX) is around 3.1 mW, where the PA consumes more than 50% of the power, and the all-digital PLL (ADPLL) consumes around 30% of the total value. Additionally, in reception mode (RX), the ADPLL is the most power-consuming block and contributes around 42% of the total power consumption. When reducing the power consumption, a degradation of spectral performance metrics is expected. The following section defines the PLL-based frequency synthesizer's most used performance metrics. These metrics are important in determining the impact of power reduction on spectral purity. In addition, the following sections will show the opportunities to minimize spectral degradation using the advantages of the FD-SOI technology and the use of different architectures introduced in the following chapters.

One of the most important building blocks of a frequency synthesizer is the voltage-controlled oscillator (VCO). This block delivers an output signal whose frequency is adjusted by a control voltage. The output signal has different spectral characteristics that define its performance. One aspect that defines the performance of an oscillator is spectral purity, which indicates how close the output spectrum of an oscillator resembles an ideal one, as depicted in Figure 2.6. As seen in Figure 2.6, the real oscillator power has spectral frequency components around its central frequency 𝑓 𝑐 , as opposed to the spectrum of the ideal oscillator, in which all the energy is concentrated at 𝑓 𝑐 . The spectral energy around 𝑓 𝑐 in a real oscillator indicates frequency deviation of the signal. This deviation is represented in the time domain by instantaneous frequency variation along time, and this phenomenon is known as jitter.

The jitter can be classified as random or deterministic. The random jitter (RJ) measures the frequency variation caused by random fluctuations with time. In the deterministic jitter, the frequency is affected by a known amount of drift. These two kinds of frequency variations affect the behavior of the transceiver's local oscillator (LO), causing errors in the transmitted or received data.

Random jitter (RJ) is accumulated in time, and depends on the measuring time interval [10]. Therefore, it is represented using a Gaussian distribution, where the mean value is the nominal period, and the standard deviation is the period jitter. Figure 2.7 depicts the behavior of a periodic signal affected by random jitter and its Gaussian representation in the time domain.

The jitter is an important metric and is widely used to represent the noise of an oscillator signal in the time domain. Another important performance metric in an oscillator in the frequency domain is the phase noise (ℒ(𝑓)). This metric is an important indicator of spectral purity, and its definition comes from random phase variations (ϕ 𝑛 (𝑡)) of an oscillator running at the nominal frequency ω 𝑐 = 2π𝑓 𝑐 . If the oscillator has a signal with an amplitude equal to 𝐴 0 ⋅ 𝑐𝑜𝑠(ω 𝑐 ⋅ 𝑡 + ϕ 𝑛 (𝑡)), its phase will be affected by the time-variant function ϕ 𝑛 (𝑡). The value of ϕ 𝑛 (𝑡) affects the spectrum of the signal of the oscillator, spreading its energy in the proximity of 𝑓 𝑐 as shown in Figure 2.6. A lower phase noise value implies higher spectral power concentrated in the carrier, meaning that the frequency does not vary around the carrier value. Finally, the RMS jitter (𝜎 𝑅𝑀𝑆 ) is defined as the integral of the phase noise curve over at the carrier frequency, and its value is given in seconds.

Jitter and power consumption are the two most essential characteristics of frequency synthesizers. Therefore, based on these two values, another important metric is defined, as is known as the Figure of Merit (FoM). The FoM gives an idea about how much power the circuit spends to generate a signal with a specific value of RMS jitter. This quantity is expressed in dB and is calculated as:

𝐹𝑜𝑀 = 10 ⋅ log ( 𝑃 1 mW ) + 20 ⋅ log ( 𝜎 𝑅𝑀𝑆 1 s ) (2.1)
Additionally, an important performance metric considered in this work is power efficiency. This value describes the required power consumption of a frequency synthesis solution to generate a specific output frequency, in GHz, giving the following equation:

Power Efficiency = 𝑃(mW)/𝑓 out (GHz) (2.2)
A lower power efficiency value means that less power is necessary to generate a particular frequency value, which is desirable in IoT applications to preserve the battery life of the connected nodes.

Prior State-of-the-Art of Frequency Synthesizers

In this section, the trends in the development of PLL-based frequency synthesizers will be introduced, as well as the architectural modifications that are being used by the prior published works to this thesis to improve the figure of merit (FoM) of PLL-based frequency synthesizers. The state-of-the-art presented in this chapter is the starting point for the development of this thesis.

To understand the main improvements of the proposed architectures, it is necessary to see the phase noise response of classical PLL loops and how the recent state-of-the-art contributions improve that behavior. The classical topology of a PLL is depicted in Figure 2.9, showing the main components of the loop and its linear model to characterize its frequency response.

As seen in Figure 2.9, the most important building blocks are the phase and frequency detector (PFD), the charge pump (CP), and the loop filter (LF). These blocks generate the control signal to tune the frequency of the VCO and, finally, the frequency divider, which performs a frequency division of the output to compare the output signal divided by N and the reference.

If the reference-to-output transfer function is considered (ϕ out /ϕ ref ), there is a low-pass frequency response in which the PLL can operate in proximity of the oscillation frequency 𝑓 𝑐 . The cut-off frequency is called the loop bandwidth (𝑓 BW ), and in classical PLL loops, it is recommended that 𝑓 BW < 𝑓 𝑟𝑒𝑓 /10 in order to keep the loop stability.

A higher loop bandwidth helps to reduce the VCO noise contribution to the total noise, creating a trade-off between the loop bandwidth and the loop stability. The recent development of frequency synthesizers works to reduce the phase noise of the output by performing some modifications of the classical architecture. In order to understand the proposed improvements, it is important to exhibit the main limitations of standard PLLs.

If a classical PLL architecture is considered, such as the one depicted in Figure 2.9, the closedloop noise response of the output from the noise contributed by the charge pump (𝜙 𝑜𝑢𝑡 /𝜙 𝑛,𝐶𝑃 ), the transfer function can be expressed as:

𝜙 𝑜𝑢𝑡 𝜙 𝑛,𝐶𝑃 = 1 𝛽 𝐶𝑃 ⋅ 𝐺(𝑠) 1 + 𝐺(𝑠) (2.3)
Where 𝛽 𝐶𝑃 = 𝐾 𝑑 /𝑁 is the feedback gain, and 𝐺(𝑠) = 𝐾 𝑑 ⋅ 𝐹(𝑠) ⋅ 𝐾 𝑉𝐶𝑂 /𝑠 is the open loop gain of the PLL. Considering 𝑆 𝑝𝑓𝑑 as the power spectral density (PSD) of the noise contributed by the PFD/CP. When 𝐺(𝑠) ≫ 1 in the in-band frequency range, the phase noise can be expressed as [11]:

ℒ PFD-CP ≈ 1 2 ⋅ 𝑆 𝑝𝑓𝑑 ⋅ 𝑁 2 𝐾 𝑑 2 (2.4)
Equation (2.4) shows that the noise contributed by the PFD/CP (ℒ 𝑃𝐹𝐷-𝐶𝑃 ) is proportional to 𝑁 2 . This dependency implies that low values of 𝑁 are required to reduce the noise of the frequency synthesizer. Also, the noise can be reduced by using higher values of 𝐾 𝑑 , resulting in increased power consumption and an increased loop filter footprint to maintain the loop stability.

The state-of-the-art frequency synthesizers remove this dependency of 𝑁 2 by using different approaches: first, the sub-sampling PLL (SSPLL), also, the all-digital PLL architecture (ADPLL), and finally, the injection-locked PLLs (IL-PLL).

Architectural Improvements for the Noise Reduction

• Sub-sampling PLL (SSPLL): The first solution, known as sub-sampling PLL, is a doubleloop architecture. In the main loop, the phase of the last cycle of the VCO is sampled using a sample-and-hold circuit controlled by the reference frequency. The difference in phase between the last cycle and the reference defines the charge that will be injected into the loop filter by the charge pump. Figure 2.11 shows a standard implementation of a subsampling PLL. As seen in Figure 2.11, the phase difference gives a sampled voltage proportional to the difference in phase of the reference and the VCO. Notice from its block diagram that there is no frequency divider in the core loop. That implies a higher value of β 𝐶𝑃 concerning a classical PLL, whose value does not depend on 𝑁². However, a secondary loop is required to ensure the locking to 𝑓 ref .

The main advantage of this sub-sampling implementation is the further reduction of the phase noise compared to a classical PLL where the in-band phase noise contribution is reduced by sampling the output of the VCO directly without using a frequency divider.

From [11], the feedback gain (𝛽 𝑆𝑆,𝐶𝑃 ) can be approximated as 𝛽 𝑆𝑆,𝐶𝑃 ≈ 𝐴 𝑉𝐶𝑂 ⋅ 𝑔 𝑚 , which is dependent on the sampled amplitude of the VCO output. However, there is a penalty in the power consumption due to the sampling switches, requiring a precise sizing of the sample-and-hold circuit that performs the phase detection due to the reduced capture range compared to classical PFD/CP architectures.

• All-digital PLL (ADPLL): Most recent publications in the state-of-the-art contributions are based on All-Digital PLL (ADPLL) architectures. The VCO is tuned by using a digital binary word in this approach. This kind of oscillator is known as Digitally Controlled Oscillator (DCO).

A standard ADPLL implementation is depicted in Figure 2.12, showing that the loop is composed of a Time-to-Digital converter (TDC), and a digital loop filter, a frequency divider with a Delta-Sigma modulator (DSM) to perform fractional division. The main advantage of this architecture is that the loop filter does not require passive components such as capacitors or resistors, reducing its silicon footprint. Also, ADPLLs are more adaptable to modern CMOS processes, where digital circuits are less susceptible to short-channel effects.

Another advantage of this architecture is that the standard PFD/CP of classical PLL is no longer needed. Hence, the phase is compared using the TDC. This block compares the phase difference between the output and the reference, generating a digital word that goes to the digital loop filter, whose output is a binary control word that tunes the digitally controlled oscillator (DCO).

However, the main drawback of all-digital architectures is the trade-off between frequency resolution and power consumption. A higher frequency resolution implies more bits in the digital control words, meaning an increase in the hardware resources to achieve a narrow frequency resolution.

• Injection-Locked PLL (IL-PLL): This PLL architecture arises from combining two different tuning strategies: the injection-locking phenomenon, used in conjunction with a classical PLL. The injection-locking technique uses a periodic input signal to synchronize the frequency of the VCO with respect to the reference of the input, shifting the output frequency to a multiple of the input.

As the input frequency injection typically has a better phase noise than the output, the noise of the oscillator is also reduced. Its value can be approximated to the value of the input plus 20 ⋅ 𝑙𝑜𝑔(𝑁), where N is the ratio between the output and the input frequency. From Figure 2.13, it is possible to see that the IL-PLL is composed of a classical PLL loop and a pulse generator. This additional pulse generator injects an amount of charge at each rising edge of the reference frequency into the VCO, performing an extra synchronization with the reference frequency and reducing the phase noise. Figure 2.14 compares the noise profile of a classical PLL versus an injection-locked PLL tuned to the same output frequency.

As seen in Figure 2.14, an injection-locked PLL (IL-PLL) has a lower phase noise profile than a standard PLL. However, the IL-PLL has a significant drawback: the additional spurious tone given by the charge injection of the reference to the VCO. This spurious tone degrades the spectral purity of the output signal. Therefore, different techniques are applied to the injection locking path to reduce this spurious tone, increasing the power consumption of the solution. In addition to the architectures mentioned above, the VCO also determines the performance of a standard frequency synthesizer in phase noise and power consumption. The noise contribution of the oscillator is the most dominant of the total noise. In the case of ring oscillators, it is necessary to increase the power to achieve a low-jitter solution, decreasing its FoM. The recent state-of-the-art of ultra-low power frequency synthesizers like [14], [15], or [16] use LC oscillators due to their low jitter and high power efficiency. In addition, they use transformers that help to operate at lower supply voltages. However, its silicon footprint is high due to the resonant elements needed to oscillate: an inductor with a high-quality factor (Q) and a capacitor bank.

Another factor to consider is the magnetic coupling of LC oscillators, where the output signal can be affected by external magnetic flux can be coupled to the primary inductor, giving undesirable frequency shifting of the output signal.

On the other hand, ring oscillators are a versatile option for voltage-controlled oscillators. They have a low silicon footprint and do not use discrete resonant elements such as inductors or capacitors. However, they suffer from high jitter and a lower figure of merit (FoM) compared to LC-based oscillators, which are preferred in high-performance applications, where the jitter is the primary concern. This work proposes two frequency synthesizer solutions using ring oscillators with a power consumption of less than 1 mW. The proposed solutions break the sub-mW barrier of the state-of-the-art ring-based contributions in recent years. Another important feature is the silicon area reduction of ring oscillators to provide a compact and scalable solution using different features of the FD-SOI technology that helps to reduce its intrinsic noise that degrades its performance.

In order to achieve these objectives, the proposed solutions need to have some characteristics that help to reduce the intrinsic phase noise of ring oscillators. This work aims to achieve a high FoM despite their low power consumption, which is an important challenge due to the theoretical relationship between the jitter and power in ring oscillators.

Considering that ring oscillators have some limitations in terms of phase noise, some alternatives to standard PLL implementations are considered, and the design of each solution will be presented in the following chapters. The following sections will detail the different opportunities used in this work for the development an ultra-low-power frequency synthesis solution.

Figure of Merit (FoM) vs Power Efficiency of Ring-Based Synthesizers

The metrics shown in Equations (2.1) and (2.2) are used in this section to evaluate the performance of the prior state of the art of frequency synthesizers. To analyze the trends in power and figure of merit (FoM) of the state-of-the-art at the beginning of this work, a survey, inspired by the work of Xiang et al. [17] and Bae [START_REF]S e-of-the-Art Circuit Techniques for Low-Jitter Phase-Locked Loops: Adv n ed Pe fo n e en O sed on n Ex ens ve S ve[END_REF] was performed. This survey, depicted in Figure 2.16, compares the FoM and the power efficiency of different published ring-based works in conferences and journals such as ISSCC, ESSCIRC, A-SSCC, VLSI, CICC, RFIC, TCAS-I, TCAS-II, and JSSC from 2016 to 2019. In addition, this survey helps to see the architectural trends of ring-based solutions for these two variables. Notice that the survey of Figure 2.16 does not include the LC-based solutions, due to the increase of area required by the resonant elements.

In this thesis, the state-of-the-art research is divided into two parts: first, the developed contributions between 2016 and 2019 are shown, to give a starting point for the development of this work. Then, the obtained results are compared with the published works developed between 2020 and 2022, to see how the proposed solutions perform compared with the most recent publications.

As seen in Figure 2.16, the power efficiency of most of the published solutions in ring oscillators is higher than 0.43 mW/GHz. This value can be considered high compared to LCbased published works such as [14], which is as low as 0.107 mW/GHz. In this work, improve power efficiency is one of the most important objectives to achieve the sub-mW operation for ultra-low-power applications such as IoT nodes.

Based on the information in Figure 2.16, there is a lack of ring-based works with a power efficiency lower than 0.4 mW/GHz. Therefore, this work targets the region of interest shown in Figure 2.16, with a power consumption lower than 1 mW, and an output frequency around 2.5 GHz. For this target power efficiency, a figure of merit lower than -225 dB is targeted, considering the trade-off between power consumption and jitter. The most notable works at the beginning of this thesis using LC and ring-based oscillators have been selected. A performance comparison is shown in Table 2-1, where all their most important metrics are compared, and their notable features are also highlighted. The work of Liu et al. [14] also shows an outstanding performance in power consumption. As mentioned before, the LC oscillators are an attractive option to have less jitter. However, its surface is considerably higher than the works that use ring oscillators. Also, due to the increased complexity of recent technology nodes, obtaining a high-quality factor (Q) in inductors becomes challenging. Therefore, reducing the silicon footprint is one motivation to develop this work, producing a scalable and compact solution for IoT devices.

Are of Interest

It is relevant to mention the idea developed by Huang et al. [START_REF] H N N L L Nd H C L On | A s-settling-time 3rd-order 2.1GHz phase-noise-rejection PLL using a cascaded time-amplified clock-skew sub-sampling DLL[END_REF], which uses a cascade composed of an analog integer-N PLL followed by a DLL. The latter is used to increase the PLL's bandwidth to correct the accumulated jitter of the ring in high bandwidth, using a clean reference frequency. This solution shows the usability of DLL loops in classical PLL frequency synthesizers to pre-clean the noise of ring oscillators. However, the power consumption of the proposed solution is high, decreasing its usability in IoT devices.

Finally, the work developed by Gong et al. [START_REF] Gong | A ps s-Integrated-Jitter[END_REF] uses an injection-locked architecture combined with a digital PLL. This scheme reduces the oscillator's noise with a dual injection-locked path and uses a digital PLL to ensure the locking of the output frequency. This work also considers the injection-locking strategy to increase the loop bandwidth of standard PLLs to approximately half of the reference frequency.

Comparing Table 1 and Figure 2.16 helps to see the different strategies used in the state-ofthe-art of ring-based oscillators. All the ring-based architectures shown in Table 1 target a wide loop bandwidth to further reduce the phase noise of the ring oscillator compared to standard PLL architectures. This work should use the same approach to reduce the noise of the ring oscillator in a large bandwidth.

Target Specifications of the Proposed Solutions

Based on the survey presented in Figure 2.16 and the information in Table 1, some specifications are considered for the proposed circuit solutions of this work. These considerations are based on two important aspects: the oscillator type and power consumption. For the oscillator, the choice of ring oscillators allows a compact solution whose implementation is possible in other CMOS fabrication processes.

Although the FD-SOI technology is used in this work, most of the most important circuit blocks and the principle of operation of the proposed architecture could be implemented in other standard CMOS technologies. However, the FD-SOI technology helps to reduce the power consumption of different circuit blocks.

The choice of a power consumption lower than 1 mW is another critical design constraint that will help to improve the battery life of IoT devices. However, a reduction in power consumption also implies a decrease in performance, especially in terms of jitter. This work proposes a solution that can offer an acceptable FoM by respecting the trade-off between power and performance, with low variability, to have high industrial robustness.

Based on the criteria discussed above, Table 2-2 shows the target specifications for this work. The mentioned features have been chosen concerning the state-of-the-art performance at the beginning of this work to develop an ultra-low-power frequency synthesis for IoT nodes, with the performance aligned with the previous state-of-the-art ring-based solutions. 

Chapter Conclusions

In this chapter, the different essential aspects of IoT networks have been described, showing the most important features of the connected devices, and its interface to the different components in an IoT network. Also, the important metrics of frequency synthesizers have been introduced.

The relationship between the power efficiency and the figure of merit (FoM) of each of the different contributions of the state-of-the-art frequency synthesizers using ring oscillators has also been explained, indicating the region of interest for the developed architecture in terms of FoM and power efficiency. As the state-of-the-art in this field is constantly improving, the survey shown in Figure 2.16 grows during the development time of this thesis. At the conclusions of this thesis, an updated survey with the most relevant works is used to compare the achieved results of this thesis with the most recent contributions between 2019 and 2022.

Based on the prior state-of-the-art performance results, a maximum value of the figure of merit (FoM) of -225 dB and a power efficiency value lower than 0.4 mW/GHz is targeted in the proposed circuit solutions to achieve a sub-mW frequency synthesis solution with a performance aligned with the IoT specifications.

The use of the FD-SOI technology can offer a new possibility to reduce the power consumption of the circuit. The body bias feature will be explored in the following chapters of this work to show how it can reduce the power of the different circuit blocks that compose the proposed architectures.

Chapter 3. Opportunities for the Development of Ultra-Low-Power Frequency Synthesis Solutions

Opportunity of the FD-SOI technology to improve the FoM

FD-SOI technology is an innovative fabrication process evolving from the standard bulk CMOS. In this technology, a planar device is created, similar to the bulk device, but its channel is a thin silicon film, which is in the order of 10 nm, that lies on a silicon dioxide layer. Figure 3.1 depicts the cross-section of a standard bulk and an FD-SOI device. The FD-SOI technology aims to reduce the parasitic effects between the drain/source of the transistor and the channel, reducing the short-channel effects (SCEs) of standard bulk devices.

With the addition of a buried oxide over the silicon substrate, the controllability of the transistor channel is improved. Thus, if the substrate under the oxide is biased, the channel conductivity is changed due to the increased surface potential provided by the body, varying the threshold voltage of the device with the applied body voltage. This effect is similar to the body effect of standard CMOS. However, in the FD-SOI technology, this variation is higher in magnitude, as depicted in Figure 3.2, where the threshold voltage decreases in approximately 85 mV/V with the applied body voltage. regular well, that uses reverse body bias (RBB) to increase its 𝑉 𝑡 , from [START_REF] Clerc | The Fourth Terminal: Benefits of Body-Biasing Techniques for FDSOI Circuits and Systems[END_REF] As seen in Figure 3.3, the body voltage changes depending on the device that lies over the N-well. In the case of the RVT family, the PMOS is built over the N-well, requiring positive body voltages to increase its 𝑉 𝑡 . This configuration is known as reverse body biasing (RBB), while for the LVT, the NMOS is built over the N-well, requiring a positive to decrease its 𝑉 𝑡 . This configuration is called forward body biasing (FBB).

The body biasing feature of the technology will be used in designing the proposed circuit blocks, such as the VCO and other circuit blocks. This feature explores new circuit design techniques that help develop a solution for ultra-low power circuit implementations. The advantages of the FD-SOI technologies contribute to a decrease in the figure of merit of the proposed solutions to break the sub-mW barrier for frequency generation.

Opportunity of Ring-Based Voltage-Controlled Oscillators (VCOs) for Power Efficiency

Ring oscillators are widely used for different applications in integrated circuits. They are compact and versatile circuits that generate an output frequency proportional to each stage's delay and are made using CMOS inverters. Each inverter generates a delay, whose value can be adjusted, and finally will adjust the oscillation frequency. Figure 3.4 shows a standard structure of a ring oscillator.

If all the delay stages are equal, each one has equal transition times (𝑡 𝑟 and 𝑡 𝑓 ). The rise time (𝑡 𝑟 ) is defined as the time needed to go from 10% to 90% of the supply voltage (𝑉 𝐷𝐷 ), and the fall time (𝑡 𝑓 ) as the required time to go from 90% to 10% of 𝑉 𝐷𝐷 , respectively. Also, each delay cell has its propagation delay, defined as the time that the output signal is at 50% of 𝑉 𝐷𝐷 and the input is at 50% of 𝑉 𝐷𝐷 . If a ramp input is considered, the delay can be expressed as:

𝑡 𝑑 = 𝑉 𝐷𝐷 ⋅ 𝐶 𝐿 2 ⋅ 𝐼 𝑏𝑖𝑎𝑠 (3.1) Figure 3.4

. Standard ring oscillator created using standard CMOS inverters

Where 𝐼 𝑏𝑖𝑎𝑠 represents charge or discharge current, given by the PMOS or the NMOS device, for the rising or falling edge, respectively. Also, 𝐶 𝐿 is the equivalent capacitance of the next stage of the inverter. If the propagation delays of rising edges and falling edges are the same, then the frequency of the ring oscillator can be approximated as:

𝑓 0 = 1 2 ⋅ 𝑁 ⋅ 𝑡 𝑑 (3.2)
Where 𝑁 is the number of stages, and 𝑡 𝑑 is the delay of each inverter (3.1). There are different methods to adjust the frequency of a ring oscillator: by adjusting the biasing current 𝐼 𝑏𝑖𝑎𝑠 using current-starved inverters, by adjusting the load capacitance 𝐶 𝐿 using a varactor device (a MOS device connected to the output of each stage), and finally in the FD-SOI technology by using the body voltage, as seen in Figure 3.5.

Figure 3.5. Tuning schemes of ring oscillators

The ring topologies depicted in Figure 3.5 show different delay adjustment methods. However, there is a difference between them in terms of FoM for a given oscillation frequency. As explained previously, the output signal is a periodic sequence of rising or falling edges. When a transition of these edges occurs, an external perturbation can affect the crossing time of the signal over a threshold value, affecting the period jitter of the signal.

For the jitter reduction of a ring oscillator, it is important to reduce the rising and falling times of the output signal. This implies that the number of stages needs to increase to achieve a target oscillation frequency based on the information given by (3.1) and (3.2). By the way, the frequency adjustment given by the variation of the capacitance 𝐶 𝐿 offered by the varactorbased ring oscillator (VBRO) offers a degraded FoM compared to the current-starved and body-based configurations.

There is a relationship between the jitter given by white noise sources and the power ons p on ven e fo o n pp ox on no n s e "A d 's o " fo n oscillators [START_REF]P se No se nd e n C OS R n Os o s[END_REF]:

𝜎 𝑡 = 𝑘𝑇 𝐼 𝑏𝑖𝑎𝑠 ⋅ 𝑓 𝑂 ⋅ ( 2 𝑉 𝐷𝐷 -𝑉 𝑡 (𝛾 𝑛 + 𝛾 𝑝 ) + 2 𝑉 𝐷𝐷 ) (3.3)
Where 𝑘 is the Boltzmann constant, 𝑇 the temperature, 𝐼 𝑏𝑖𝑎𝑠 is the biasing current of the transistors, 𝑓 0 is the oscillation frequency, 𝑉 𝑡 is the device threshold voltage, γ 𝑛 , γ 𝑝 is the noise factor of the NMOS and the PMOS devices, respectively, and 𝑉 𝐷𝐷 is the supply voltage. As seen in (2.7), if a low-jitter ring oscillator is required, a high value of 𝐼 𝑏𝑖𝑎𝑠 is required to reduce the jitter of the oscillator. Hence, 𝐼 𝑏𝑖𝑎𝑠 and 𝜎 𝑡 are important design constraints of ring oscillators.

Another drawback of ring oscillators is the noise coupling from the supply voltage. A common approach to solve this problem is the use of differential delay stages. However, the power consumption of differential delay stages is considerably higher than the standard implementation using standard CMOS inverters, decreasing its FoM compared to the singleended counterpart.

Schramme et al. [START_REF] S E L N Nd D Nd E Nd D O | Co p e ens ve An Comparison of Ring Oscillators in FDSOI Technology: Current Starving Versus Back-Bias Contro[END_REF], defined an equation for the Figure of Merit considering the physical dimensions of the inverter stages, as shown in the following expression:

𝐹𝑜𝑀 = 2000 ⋅ 𝑘𝑇 ⋅ (1 + 2 ⋅ 𝛾 ⋅ 𝑉 𝐷𝐷 𝑉 𝐷𝐷 -𝑉 𝑡 ) + 250 ⋅ 𝜇 ⋅ 𝜅 𝑓 ⋅ 𝑉 𝐷𝐷 𝑀 ⋅ 𝐿 2 ⋅ 1 Δ𝑓 (3.4)
Where 𝑘 is the Boltzmann constant, 𝑇 the temperature, 𝛾 the noise factor of the switching devices, 𝑉 𝐷𝐷 the power supply, 𝑉 𝑡 the threshold voltage, 𝑀 is the number of stages of the ring oscillator, 𝐿 the device length and Δ𝑓 the offset frequency from the oscillation frequency.

From (2.8), it is possible to deduce that, neglecting the flicker noise, the best theoretical achievable value is -165 dB at room temperature for ideal conditions in terms of 𝑉 𝑡 , 𝛾, etc. For the case of LC oscillators, the theoretical value is higher than the defined by the previous expression, and its value can be as low as -180 dB [START_REF] S E L N Nd D Nd E Nd D O | Co p e ens ve An Comparison of Ring Oscillators in FDSOI Technology: Current Starving Versus Back-Bias Contro[END_REF], giving a considerable difference between both architectures.

For the Body-Biased Controlled Oscillator (BBCO), The body voltage of the PMOS (𝑉 𝐵𝑃 ) and the NMOS (𝑉 𝐵𝑁 ) are adjusted to tune the oscillation frequency by changing the 𝑉 𝑡 of each device. When using the body as frequency knob, the biasing devices of current-starved ring oscillators (CSRO) are no longer needed, improving the silicon area, reducing the parasitic capacitance, and reducing the noise contributed by these devices.

For the case of the body tuning, the body voltages of the PMOS and the NMOS need to be tuned symmetrically to have symmetrical rise and fall times. That means, using the same body bias in magnitude and opposed sign to have the same rise and fall times.

Schramme et al. [START_REF] S E L N Nd D Nd E Nd D O | Co p e ens ve An Comparison of Ring Oscillators in FDSOI Technology: Current Starving Versus Back-Bias Contro[END_REF] performed a comparison of current-starved (CSRO) and body biased ring oscillators (BBCO) for different target frequencies to determine the architecture with the lowest power consumption and better FoM. Figure 3.6 shows the simulation results of FoM and power consumption for the different target frequencies.

Figure 3.6. Simulation results between the power consumption and FoM for current-starved (CSRO) and body biased (BBCO) for different oscillation frequencies. From [START_REF] S E L N Nd D Nd E Nd D O | Co p e ens ve An Comparison of Ring Oscillators in FDSOI Technology: Current Starving Versus Back-Bias Contro[END_REF] According to Figure 3.6 , the body-biased configuration has the lowest power consumption for the different analyzed output frequencies. For example, for an oscillation frequency of 2.45

GHz, the body-biased oscillator consumes around three times less than the current-starved based, reducing power consumption. Finally, for the given frequency, the body-biased configuration gives a slightly better FoM than the current starved configuration.

CMOS Inverter Sizing for Edge Symmetry

The body-biased controlled oscillator (BBCO) will be used in this work due to the abovementioned advantages. Its optimal sizing is important to reduce its power consumption and phase noise. One of the essential aspects to determine its device sizing is the symmetry of the rising and falling edges.

The device sizing regarding the symmetry helps to decrease the sensitivity of the output, affected by noise sources that will affect its period and hence, the jitter at each transition. For example, if an output signal is affected by a random noise source, its transition time will affect the output signal, as depicted in Figure 3.7. If the signal has a slope of Δ𝑉 𝑜 /Δ𝑡, the timing jitter σ 𝑡 caused by a noise perturbation of magnitude σ 𝑛 can be estimated as:

𝜎 𝑡 = 𝜎 𝑛 ∆𝑉 𝑜 ∆𝑡 | 𝑉 𝑜 =𝑉 𝑀 (3.5)
Where σ 𝑛 is the perturbation signal (in voltage) that will affect signal transition time. Δ𝑉 𝑜 is the voltage excursion of the signal (10% to 90% of 𝑉 𝐷𝐷 for a rising transition), and Δ 𝑡 is the transition time (𝑡 𝑟 , or 𝑡 𝑓 ). Equation (3.5) shows that the time jitter is more susceptible to lower slopes.

In standard CMOS processes, the rise time of an inverter is higher than the fall time (𝑡 𝑟 > 𝑡 𝑓 ), meaning that the rising transition is more susceptible to jitter than the falling one. This asymmetry increases the jitter of the output signal. Therefore, it is important to find the appropriate device sizing to reduce the impact of the edge asymmetry, reducing the sensitivity o " p e" e noise at each transition.

In a single oscillation cycle, the rising and falling edges are affected by uncorrelated noise sources (σ 𝑛 𝑟 and σ 𝑛 𝑓 , respectively). These signals generate a random timing jitter in a rising and falling transition, whose behavior is approximated to a normal distribution, where its variance is considered as the square of the timing jitter (𝜎 𝑡 2 = 𝜎 𝑡 𝑟 2 + 𝜎 𝑡 𝑓 2 ).

Finally, from (3.5), it is possible to determine the value of the period jitter, considering the values σ 𝑛 𝑓 and σ 𝑛 𝑟 as the random noise contributed at the rising and falling transitions, respectively. The values of σ 𝑛 𝑟,𝑓 contain the thermal, and flicker noise of the switching devices.

σ 𝑡 2 = ( σ 𝑛 𝑓 ⋅ 𝑡 𝑓 Δ𝑉 𝑜 ) 2 + ( σ 𝑛 𝑟 ⋅ 𝑡 𝑟 Δ𝑉 𝑜 ) 2 (3.6)
The value of 𝑡 𝑟 and 𝑡 𝑓 can be considered as the time spent to charge the value of Δ𝑉 𝑜 in 𝐶 𝐿 , depending on the value of current (𝐼 𝑏𝑖𝑎𝑠 ) of the PMOS and the NMOS to charge the load capacitor. Equation (3.6) evaluates the timing variation of a single rising and falling transition affecting the output signal. It can be re-written as:

σ 𝑡 2 = 𝑡 𝑓 2 Δ𝑉 𝑜 2 (σ 𝑛 𝑓 2 + σ 𝑛 𝑟 2 ⋅ ( 𝑡 𝑟 𝑡 𝑓 ) 2 ) (3.7)
The value of the fall time 𝑡 𝑓 , (applies similarly to 𝑡 𝑟 ) is calculated as:

𝑡 𝑓 = 𝐶 𝐿 [∫ 𝑑𝑉 𝑜𝑢𝑡 𝐼 𝑠𝑎𝑡 𝑛 + ∫ 𝑑𝑉 𝑜𝑢𝑡 𝐼 𝑡𝑟𝑖𝑜𝑑𝑒 𝑛 𝑉 𝐿 𝑉 𝐷 𝑠𝑎𝑡 𝑛 𝑉 𝐷 𝑠𝑎𝑡 𝑛 𝑉 𝐷𝐷 ] (3.8)
Where V D sat n = V DD -V t n . Solving (3.8) using the square-law transistor model gives:

𝑡 𝑓 = 𝐶 𝐿 𝛽 𝑛 ′ 𝑊 𝑛 (𝑉 𝐷𝐷 -𝑉 𝑡 𝑛 ) ( 2𝑉 𝑡 𝑛 𝑉 𝐷𝐷 -𝑉 𝑡 𝑛 + 𝑙𝑛 ( 2(𝑉 𝐷𝐷 -𝑉 𝑡 𝑛 ) 𝑉 𝐿 -1)) ⏞ 𝛾 𝑓 (3.9)
Where 𝛽 𝑛,𝑝 ′ = 0.5 ⋅ 𝐶 𝑜𝑥 ⋅ µ 𝑛,𝑝 /𝐿 Also, the rise time can be defined as:

𝑡 𝑟 = 𝐶 𝐿 𝛽 𝑛 ′ 𝑊 𝑝 (𝑉 𝐷𝐷 -|𝑉 𝑡 𝑝 |) ( 2𝑉 𝑡 𝑝 𝑉 𝐷𝐷 -𝑉 𝑡 𝑝 + 𝑙𝑛 ( 2(𝑉 𝐷𝐷 -𝑉 𝑡 𝑝 ) 𝑉 𝐿 -1)) ⏞ 𝛾 𝑟 (3.10)
Considering 𝑊 𝑝 = 𝐾 ⋅ 𝑊 𝑛 , the ratio (𝑡 𝑟 /𝑡 𝑓 ) can be expressed as:

𝑡 𝑟 𝑡 𝑓 = µ 𝑛 (𝑉 𝐷𝐷 -𝑉 𝑡 𝑛 )𝛾 𝑟 𝐾µ 𝑝 (𝑉 𝐷𝐷 -|𝑉 𝑡 𝑝 |) 𝛾 𝑓 (3.11)
Where 𝐾>1 to compensate the lower mobility between the PMOS and the NMOS (µ 𝑝 < µ 𝑛 ). Finally, the timing jitter for the rise and fall transition (σ t ) can be expressed as:

σ 𝑡 2 = 𝐶 𝐿 2 ⋅ 𝑡 𝑓 2 V 𝐷𝐷 2 ⋅ (𝜎 𝑛 𝑓 2 + 𝜎 𝑛 𝑟 2 ⋅ ( µ 𝑛 (𝑉 𝐷𝐷 -𝑉 𝑡 𝑛 )𝛾 𝑟 𝐾µ 𝑝 (𝑉 𝐷𝐷 -|𝑉 𝑡 𝑝 |) 𝛾 𝑓 ) 2 ) (3.12)
Where 𝐶 𝐿 can be expressed as

𝐶 𝐿 ≈ 𝐶 𝑔𝑔 𝑝 + 𝐶 𝑔𝑔 𝑛 ≈ 𝐶 𝑜𝑥 ⋅ L(𝑊 𝑝 + W n ) = 𝐶 𝑔𝑔 𝑒𝑞 (1 + 𝐾). If 𝑉 𝑡 𝑛 ≈
|𝑉 𝑡 𝑝 |, 𝛾 𝑟 ≈ 𝛾 𝑓 and (3.12) becomes:

𝜎 𝑡 = ± 𝐶 𝑔𝑔 𝑒𝑞 ⋅ (1 + 𝐾) ⋅ 𝑡 𝑓 𝑉 𝐷𝐷 ⋅ √ 𝜎 𝑛 𝑓 2 + 𝜎 𝑛 𝑟 2 ⋅ ( µ 𝑛 𝐾µ 𝑝 ) 2 (3.13)
The minimum value of 𝜎 𝑡 (3.13) with respect to 𝐾 can be approximated when µ 𝑛 (𝐾µ 𝑝 ) ⁄ ≈ 1.

This depends on the device sizing (𝑊 𝑛 , 𝑊 𝑝 and 𝐿). The choice of these values is important to minimize 𝜎 𝑡 and to reduce the values of 𝑡 𝑟 and 𝑡 𝑓 .

To minimize the effect of the noise perturbation in the signal transitions, it is important to find the appropriate device widths and lengths (𝑊 𝑛 , 𝑊 𝑝 , and 𝐿) to have symmetrical transition times to minimize the influence of σ 𝑛 𝑓 and 𝜎 𝑛 𝑟 into the output signal. A chain of five CMOS inverters with the exact dimensions has been used to determine these values, as depicted in Figure 3.8. The size of all the inverters of Figure 3.8 is set simultaneously for all the devices, and the output voltage of the third inverter is observed (𝑉 𝑜 3 in the figure). The idea with this approach is to find the value of 𝑊 𝑛 , 𝑊 𝑝 = K ⋅ 𝑊 𝑛 , and 𝐿 to have symmetrical transition times (𝑡 𝑟 and 𝑡 𝑓 ) using a value of 𝑉 𝐷𝐷 = 1 V. Electrical simulations were performed to find these values using LVT and RVT, RF devices. The values of the device widths (𝑊 𝑝 , 𝑊 𝑛 ) between 0.2 µm and 2 µm, and 𝐿 from 30 nm (the minimum length) up to 100 nm.

After choosing these values as inputs, transient simulations were performed using SpectreRF to obtain the rising and falling times (𝑡 𝑟 , 𝑡 𝑓 ) for each device size and to find the ideal value of 𝐾 = 𝑊 𝑝 /𝑊 𝑛 where 𝑡 𝑟 = 𝑡 𝑓 in the typical corner. Then, the different process variations have been considered (FFA, SSA, SFA, and FSA), and different temperatures to see the variations of 𝑡 𝑟 and 𝑡 𝑓 concerning process and temperatures.

After finding the value of 𝐾 for each value of 𝐿, the appropriate value of 𝐿 is chosen to have the lowest variability of the ratio 𝑡 𝑟 /𝑡 𝑓 , and the lowest values of 𝑡 𝑟 and 𝑡 𝑓 , that minimizes the effect of σ 𝑛 𝑓 and 𝜎 𝑛 𝑟 into the output signal, to have the lowest possible value of 𝜎 𝑛 for the chosen 𝐿.

Figure 3.9 shows the simulation results of the transition times versus device widths for different values of L from 30 to 100 nm for the typical conditions (TT corner in 27°C). Notice that the minimum 𝑡 𝑟 = 𝑡 𝑓 is obtained when 𝑊 𝑛 = 0.35 µm.

The traces represent the transition time (𝑡 𝑟 = 𝑡 𝑓 ) for the different values of 𝐿. Also, the respective value of the 𝐾 is shown for each 𝐿. For example, an LVT inverter with 𝐿 = 30 nm gives a 𝐾 value equal to 2.81 and 𝑡 𝑟 = 𝑡 𝑓 ≈ 8 ps, with a minimum value of 7.8 ps when 𝑊 𝑛 = 350 nm.

Notice from Figure 3.9, as expected, the transition times increase with the value of 𝐿. For the RVT devices, the transition times are higher than the values given by the LVT device family, due to the higher device threshold voltage, decreasing the charging current for a similar value of load capacitance. For the inverter sizing, to choose of the appropriate value of 𝐿, it is important to consider two different aspects: the minimum variability of 𝑡 𝑟 /𝑡 𝑓 for the different operating corners and temperatures. Figure 3.10 shows the evolution of the ratio 𝑡 𝑟 /𝑡 𝑓 for different operating corners, and different values of 𝐾 . For an LVT device with 𝐿 = 30 nm and 𝐿 = 80 nm.

From Figure 3.10, it is possible to see for the different values of 𝐾, the value of 𝑡 𝑟 /𝑡 𝑓 has an important variation for the corners FFA and SSA with respect to the typical (TT). For 𝐿=30 nm, these variations are higher than the seen for 𝐿 = 80 nm. Also notice that, for the corners FSA and SFA, the variation is larger. However, for 𝐿 = 80 nm, the variation is slightly lower (35% instead of 37%).

As seen in Figure 3.11, the variation of the 𝑡 𝑟 /𝑡 𝑓 with respect to 𝐾 is still larger for the SFA and FSA corners of RVT devices, for 𝐿 = 30 nm, which is around 40%, compared to 35% in the case of 𝐿 = 80 nm. This fact confirms that higher values of L are preferred to reduce the variability of these transition times in the critical operating conditions. Finally, to choose the appropriate value of 𝐿, the propagation delay is also considered. As seen in Figure 3.10 and Figure 3.11, the value of the ratio between the rising and falling times indicates that the PMOS width needs to be higher than the NMOS in around 4 times L=80 nm to equilibrate both transition times for the different operating points.

In order to select the right device family and 𝐿, the same inverter chain of Figure 3.7 has been used, and the body voltage of the PMOS and the NMOS devices were adjusted symmetrically from 0 to ± 3V to see the propagation delay 𝑡 𝑑 response for each corner. The inverter chain has the proper value of 𝐾 and 𝑊 𝑛 for the selected value of 𝐿 to ensure 𝑡 𝑟 = 𝑡 𝑓 . The propagation delay versus the body voltage (𝑉 𝐵𝐵 ) is shown in Figure 3.12 for the LVT inverters and Figure 3.13 for the RVT inverters.

Based on the simulation results shown in Figure 3.12 it is possible to see that 𝐿 needs to be higher than 30 nm. This is because if a target value of propagation delay needs to be chosen (to set a target frequency of the ring oscillator), it is necessary to apply a body voltage higher than ±3 V, exceeding the limits of the body voltage. For 𝐿 = 80 nm, a body voltage of around ±2.8 V is enough to achieve a target propagation in the slowest corner (SSA). The exact magnitude is applied to the NMOS and the PMOS; the sign depends on the device family. For example, for the RVT device family, a negative body voltage is applied to the body of the NMOS device, and a positive body voltage will be applied to the PMOS, being 𝑉 𝐵𝐵 = +𝑉 𝐵𝑃 = -𝑉 𝐵𝑁 the applied voltage. Figure 3.13 also shows that the delay increases proportionally to the applied value of body bias. This is expected since the threshold voltage of the device increases with the applied body voltage. For the case of RVT devices, a lower applied body voltage is needed to set the target delay. For 𝐿 = 30 nm, it is needed around ±2.3 V to achieve the target value. For 𝐿 = 80 nm it is needed around ±2.0 V, which is feasible for the biasing circuit.

For both device families (LVT and RVT) the value of 𝐿 = 80 nm gives an optimum performance in terms of variability of 𝑡 𝑟 /𝑡 𝑓 . A higher vèalue of 𝐿 means to increase 𝑊 𝑝 to be around 5 times 𝑊 𝑛 , occupying more silicon area. Also, the capacitance 𝐶 𝐺𝐷 between the gate and the drain increases due the increased area of the PMOS device, generating a higher overshoot of the output voltage and increasing the propagation delay. A lower value of L gives better rise and fall times, but the variability between the FFA and SSA corner will increase.

The choice of LVT or RVT depends on the power consumption, which is reduced in the RVT family thanks to the reverse body bias (RBB) feature of 28 nm FD-SOI at the cost of higher rise times and propagation delays. In the next sections, the discussion of choosing LVT or RVT devices will be detailed for each architecture.

Opportunity of Delay-Locked Loops (DLL) for Phase Noise Reduction

A DLL loop is a circuit block used in integrated circuits. Its function is to control the delay of a variable delay line (i.e., a chain of inverters) to have a delay equal to one period of the reference signal. Figure 3.14 depicts the standard block diagram of a classical DLL loop, showing its main building blocks.

As seen in Figure 3.14, the DLL loop has a similar structure to a standard PLL. However, the main difference is given by the variable that is controlled. In the case of the classical PLL shown previously in Figure 2.9, the variable being controlled is the frequency of the VCO. This means that the PFD uses the reference frequency to compare its phase and the output of the frequency divider, allowing a standard PLL to have an output frequency higher than the reference (𝑓 𝑜𝑢𝑡 = 𝑁 ⋅ 𝑓 𝑟𝑒𝑓 ).

Figure 3.14. Classical DLL loop and its linear model

In the case of the DLL, the reference (which is assumed to be a periodic signal) is used in the variable delay line, called the voltage-controlled delay line (VCDL), and in the phase detector, aligning the phase of the reference and the delayed output and the input. This gives an important application in integrated circuits: clock synchronization (or de-skewing). Another important application of a DLL is the generation of multi-phase signals, using each stage of the delay line to have a precise phase difference between each point [START_REF] R V "t E De -Lo | Loop A C fo A Se sons[END_REF].

An important aspect of a DLL loop is its noise behavior when a noise source (ϕ 𝑛,𝐷𝐿 in Figure 3.14) affects the delay of the line (𝐾 𝑉𝐶𝐷𝐿 ). When this signal is considered, the following expression can be deduced from Figure 3.14:

𝜙 𝑜𝑢𝑡 = 𝜙 𝑖𝑛 + 𝜙 𝑛,𝐷𝐿 + (𝜙 𝑖𝑛 -𝜙 𝑜𝑢𝑡 ) ⋅ 𝐾 𝑑 ⋅ 𝐹(𝑠) ⋅ 𝐾 𝑉𝐶𝐷𝐿 (3.14)
From (3.14), the noise transfer function can be obtained when 𝜙 𝑖𝑛 = 0, to have the noise transfer function 𝜙 𝑜𝑢𝑡 /𝜙 𝑛,𝐷𝐿 , being 𝐹(𝑠) = 1/(𝑠 ⋅ 𝐶 𝐿𝐹 ), the noise transfer function becomes:

𝜙 𝑜𝑢𝑡 𝜙 𝑛,𝐷𝐿 = 𝑠 ⋅ 𝐶 𝐿𝐹 𝑠 ⋅ 𝐶 𝐿𝐹 + 𝐾 𝑑 ⋅ 𝐾 𝑉𝐶𝐷𝐿 (3.15)
Which shows a zero in the origin and a pole, located at ω 𝑝 = 𝐾 𝑑 ⋅ 𝐾 𝑉𝐶𝐷𝐿 /𝐶 𝐿𝐹 . This shows a first-order high-pass transfer function, rejecting all the low frequency components of the noise affecting the VCDL. This characteristic is used in this work, to propose a solution that helps to reduce the phase noise of a standard body-controlled ring oscillator using a DLL loop that acts a high-pass filter for the noise. Homayoun and Razavi [START_REF] Ho O N Nd R V | Re ion Between Delay Line Phase Noise and Ring Os o P se No se[END_REF] compare the phase noise performance of a variable delay line using an inverter chain and a ring oscillator using the same self-looped delay line, as seen in Figure 3.15. In the delay line, the noise (represented by ϕ n,open ) is added to the output only at each input transition. However, in the ring oscillator, ϕ n,open is added to the output at each oscillation period, being infinitely accumulated. The authors demonstrated the following expression for the noise of the ring oscillators and the delay line:

Phase noise of ring oscillators and delay lines

ℒ 𝜙 𝑟𝑖𝑛𝑔 (Δ𝑓) = ℒ 𝜙 𝐷𝐿 (Δ𝑓) ( 𝑓 0 𝜋Δ𝑓 ) 2 (2.9)
Where Δ𝑓 is the offset frequency with respect to the output frequency (𝑓 0 ) of the ring oscillator, showing that ring oscillators have much higher noise compared to a delay line that uses the same devices. In this work, this property will be used to reduce the phase noise of a standard ring oscillator, using additional delay-controlled elements that will help tune the output frequency of the main VCO.

In this work, the properties of a DLL loop explained before will be applied to a ring-based VCO to develop a high-bandwidth solution to help to reduce the noise of a standard ring. The idea of the proposed architecture is to take advantage of all the opportunities mentioned above: the FD-SOI technology and the DLL loops presenting the development of two architectures that reduces the noise of standard VCOs using a double-feedback loop configuration.

Chapter Conclusions

In this chapter, the technology FD-SOI has been introduced. Also, its different features in body tuning using the forward and reverse body bias have been mentioned. This body tuning scheme is used in the presented frequency synthesis works for two different aspects: the frequency tuning of the ring oscillator and the reduction of power consumption of the circuit blocks of the presented solutions.

On the other hand, the different tuning schemes of ring oscillators have been presented. Furthermore, the opportunity for frequency tuning using the body in FD-SOI technology has also been explained, showing its feasibility and offers a better FoM than standard currentstarved tuning using classical CMOS implementations. Furthermore, the relationship between power consumption and jitter has been introduced, showing its essential trade-off for device sizing. Also, the relationship between the jitter of ring oscillators and delay lines has been presented, giving a circuit design opportunity to reduce the implicit phase noise of ring based VCOs.

Finally, the DLL loop has been described, presenting its linear model, the main applications, and characteristics in terms of jitter, which will be used in the following chapters of this work.

All the mentioned design opportunities in this chapter and their applicability will be further explained in this work for the design of a compact and energy-efficient frequency synthesis solution.

Chapter 4. The Ultra-Low-Power DLL-Enhanced PLL Frequency Synthesizer for IoT Applications

Chapter Introduction

The main objective of this work is to face the power consumption constraint in frequency synthesis systems, as this is a critical concern for IoT applications. Nevertheless, in the stateof-the-art most of the implementations only use LC-based VCOs in ultra-low power solutions. This is for low phase noise and jitter purposes [15] [START_REF] Liu | A -µW 802[END_REF]. These solutions have high silicon footprint, cost per area, and limited scalability in modern silicon processes. In addition, the LC resonator assets a critical design challenge for achieving a good performance.

This chapter describes the first architecture proposed in this work. This is composed of a ring oscillator-based integer-N PLL, pre-tuned by an auxiliary control loop based on a Delay-Locked Loop (DLL). In this architecture, the ring-based Voltage-Controlled Oscillator (VCO) is tuned through the body bias feature along its inverters. This is done by using a double-loop scheme: a pre-tuning DLL that performs a coarse tuning and a phase-locked loop (PLL) that performs the fine-tuning.

Considering that low power consumption is the primary goal of this implementation, a classical charge pump integer-N PLLs has been chosen. Its performance is enhanced in terms of jitter and bandwidth using a DLL, whose Voltage-Controlled Delay Line (VCDL) is composed of a replica of the delay elements used in the ring VCO of the main PLL. This scheme brings a scalable inductor-less solution that fulfills the demands of low-power IoT devices, also reduces the variability of standard ring oscillators in PVT, which improves its industrial robustness.

The proposed circuit has been fabricated in 28 nm FD-SOI CMOS technology. It presents a core area of 0.0354 mm², a power consumption of 929 µW, an RMS jitter of 4.83 ps, and a tuning range from 2.35 up to 4.0 GHz. Using a 50-MHz reference frequency, the measured reference spur rejection is -54.3 dBc and the power efficiency of 0.36 mW/GHz, suitable for ultra-low-power IoT applications.

This chapter is organized as follows: the proposed circuit is introduced. Then, a description of the implementation of the relevant building blocks of the circuit is shown. Also, the measurement results and their comparison with the state-of-the-art are presented. Finally, the main contributions of this circuit are summarized.

Circuit Description

The main block diagram of the proposed solution is shown in Figure 4.1. The circuit uses a DLL whose VCDL is locked to one period of the reference (𝑇 𝑟𝑒𝑓 = 1/𝑓 𝑟𝑒𝑓 ). The VCDL is composed of a chain of body-biased CMOS inverters, serving as adjustable delay elements.

To perform the delay tuning of the DLL, a body biasing circuit (L-BBGEN) generates the body voltages (𝑉 𝐵𝑃 and 𝑉 𝐵𝑁 ) to control the VCDL. On the other hand, a ring VCO that uses identical delay elements as the VCDL, is pre-tuned by a portion of the previously generated body voltages to pre-adjust its output frequency close to its final value. This architecture proposes a new approach to tune the VCO frequency using two control sources. The DLL sets an initial frequency value, and the PLL controls a small amount of the tuning range and finally locks the output frequency. Using this scheme, the in-band phase noise of the oscillator and its sensitivity due to PVT variations are reduced.

The goal of reusing the same delay element in the VCO and the VCDL is to improve the matching between these two elements and to reduce the ring VCO's intrinsic noise by taking advantage of the low-jitter and the high bandwidth features of the DLL. With the proposed architecture: the tuning range 𝐾 𝑉𝐶𝑂 of the oscillator is controlled by splitting its tuning range by using two tuning sources. Therefore, a smaller 𝐾 𝑉𝐶𝑂 is seen by the PLL, reducing the value of the noise transfer function and increasing the stability of the loop.

Circuit Lineal Model

From Figure 4.2, the VCO of the PLL and the VCDL of the DLL are composed of the same delay elements made-up by the identical CMOS inverters. If a noise source, represented by 𝜙 𝑛 affects both elements, the impact of this over the output is considered the same due to their homothety and proximity in layout. The VCO tuning value (𝜙 𝑡 ) will control the frequency of the oscillator using the value coming from both feedback loops. From Figure 4.2, 𝜙 𝑡 is equal to:

𝜙 𝑡 = 𝜙 𝑐 + 𝜙 𝑓 = 𝛼 1 ⋅ 𝜙 𝑥 + 𝛼 2 ⋅ 𝜙 𝑦 (4.1)
Where 𝛼 1 and 𝛼 2 represent the proportionality factors of the VCO tuning coming from the DLL and PLL, respectively. On the other hand, it is possible to obtain the DLL noise transfer function at the VCDL (𝜙 𝑥 /𝜙 𝑛 ) as:

𝜙 𝑥 𝜙 𝑛 = - 𝐾 𝑉𝐶𝐷𝐿 ⋅ 𝐾 𝑃𝐷 ⋅ 𝐹 1 (𝑠) 1 + 𝐾 𝑉𝐶𝐷𝐿 ⋅ 𝐾 𝑃𝐷 ⋅ 𝐹 1 (𝑠) (4.2)
Where 𝐹 1 (𝑠) represents the transfer function of the DLL loop filter. The value of (4.2) can be approximated to -1 since 𝐾 𝑉𝐶𝐷𝐿 ⋅ 𝐾 𝑃𝐷 ⋅ 𝐹 1 (𝑠) ≫ 1. This shows that the loop compensates for the perturbation coming from 𝜙 𝑛 . This noise rejection property is directly used in the PLL by injecting a portion of the tuning voltage of the VCDL (𝛼 1 ). This injection is represented by 𝜙 𝑐 in the diagram of Figure 4.2. The VCO output can be expressed as:

𝜙 𝑜𝑢𝑡 = (𝜙 𝑡 + 𝜙 𝑛 ) ⋅ 𝐾 𝑉𝐶𝑂 𝑠 (4.3)
And the VCO tuning 𝜙 𝑡 can be expressed as

ϕ 𝑡 = 𝜙 𝑜𝑢𝑡 ⋅ 𝐾 𝑃𝐹𝐷 ⋅ 𝐹 2 (𝑠) ⋅ 𝛼 2 + 𝜙 𝑐 𝑁 (4.4)
Hence, the final noise transfer function of the proposed system (𝜙 𝑜𝑢𝑡 /𝜙 𝑛 ) can be expressed from (4.2), (4.3) and (4.4) as

ϕ 𝑜𝑢𝑡 ϕ 𝑛 = 1 -𝛼 1 ( 𝐾 𝑉𝐶𝐷𝐿 ⋅ 𝐾 𝑃𝐷 ⋅ 𝐹 1 (𝑠) 1 + 𝐾 𝑉𝐶𝐷𝐿 ⋅ 𝐾 𝑃𝐷 ⋅ 𝐹 1 (𝑠) ) 𝑠 𝐾 𝑉𝐶𝑂 + 𝐾 𝑃𝐹𝐷 ⋅ 𝐹 2 (𝑠) ⋅ 𝛼 2 𝑁 (4.5) If (4.
2) is considered as approximately -1 in high frequency offsets, the noise transfer function can be approximated as

𝜙 𝑜𝑢𝑡 𝜙 𝑛 = 𝑁 ⋅ 𝐾 𝑉𝐶𝑂 (1 -𝛼 1 ) 𝑁 ⋅ 𝑠 + 𝐾 𝑃𝐹𝐷 ⋅ 𝐾 𝑉𝐶𝑂 ⋅ 𝐹 2 (𝑠) ⋅ 𝛼 2 (4.6)
Notice that (4.6) has a similar value of (4.2). However, there are two factors (𝛼 1 and 𝛼 2 ) that appear. These factors indicate the controllability of both loops of the 𝐾 𝑉𝐶𝑂 . From (4.5), the term that multiplies 𝛼 1 has a low-pass behavior whose cut-off frequency is given by the DLL (𝐾 𝑃𝐷 ⋅ 𝐾 𝑉𝐶𝐷𝐿 (𝑠 ⋅ 𝐶 𝐿𝐹 ) ⁄

). The value 𝛼 1 performs the coarse tuning of the VCO.

The values of 𝛼 1 and 𝛼 2 were chosen to give both loops a controllability range for the 𝐾 𝑉𝐶𝑂 .

The proportionality factors were chosen to have 70% and 30% of the control of the 𝐾 𝑉𝐶𝑂 by the DLL and the PLL, respectively. The values are chosen as 𝛼 1 = 0.7 and 𝛼 2 = 1.

The attenuation of the noise source 𝜙 𝑛 at the output could be applied only if the noise between the delay line and the ring oscillator are correlated. Furthermore, as they are closely placed in layout, a part of the ring oscillator's noise is also intended to be captured by the delay line. However, there is no guarantee of correlation between both noise sources.

Ring Oscillator and Delay Line Structure

Delay Unit (CMOS Inverter)

Figure 4.3 shows the CMOS inverter used for the VCDL and the VCO delay unit. The delay is set by adjusting the appropriate voltages 𝑉 𝐵𝑃 and 𝑉 𝐵𝑁 for all the PMOS and NMOS transistors, respectively. The delay unit is made using RVT devices, which requires a reverse body biasing (RBB) scheme, using a negative body voltage (𝑉 𝐵𝑁 < 0𝑉) for the NMOS and a positive body voltage (𝑉 𝐵𝑃 > 0𝑉) for the PMOS to increase 𝑉 𝑡ℎ and hence, the propagation delay of the unit.

The body voltage should be applied in a range that the equivalent diodes seen at the transistor structure (body to the substrate, substrate to n-well, and n-well to p-well) avoids latch-up issues. By applying the body voltage in the valid range, the latch-up risk is reduced.

In order to simplify the design of the body bias generator (L-BBGEN) and to keep symmetric transition times (𝑡 𝑟𝑖𝑠𝑒 and 𝑡 𝑓𝑎𝑙𝑙 ), 𝑉 𝐵𝑃 and 𝑉 𝐵𝑁 are chosen to be equal in magnitude, being 𝑉 𝑏𝑜𝑑𝑦 = 𝑉 𝐵𝑃 = -𝑉 𝐵𝑁 . The device sizing is critical to ensure the delay tuning range for all the operating conditions.

Applying the device sizing strategy described in the previous chapter, 𝑡 𝑟𝑖𝑠𝑒 and 𝑡 𝑓𝑎𝑙𝑙 are reduced, and their unbalance is compensated. Based on that analysis, the values of 𝐿 = 80 nm, 𝑊 𝑝 = 5 ⋅ 𝑊 𝑛 , and 𝑊 𝑛 = 350 nm were chosen to have an inverter chain with low transition time and a symmetry to reduce the impact of the noise sources in the rising and falling transitions. This interesting feature will be used in this circuit to develop a solution that offers a performance aligned with the state-of-the-art frequency synthesizers. This is done by using simpler circuits to control the output frequency that only adjusts the body voltage of standard CMOS inverters. The delay line of the DLL and the ring oscillator of the PLL are implemented using the same delay element. Each delay element is composed of delay units (body-biased CMOS inverters) connected in series. The idea of this principle is to ensure the same delay for both units and keep similar variations due to their homothety.

The ring oscillator is composed of 𝑀 inverters, where 𝑀 should be odd to have enough phase shift to oscillate. The oscillation frequency is given by the rising and falling propagation delay of each inverter (𝑡 𝑑 𝑙ℎ and 𝑡 𝑑 ℎ𝑙 , respectively), and the number of inverters connected in series, being:

𝑓 𝑜𝑢𝑡 ≈ 1 𝑇 𝑜𝑢𝑡 = 1 𝑀 ⋅ (𝑡 𝑑 𝑙ℎ + 𝑡 𝑑 ℎ𝑙 ) (4.7)
As the transition times of the inverter are symmetric, the propagation delays can be roughly approximated to be symmetric as well (𝑡 𝑑 ≈ 𝑡 𝑑 𝑙ℎ ≈ 𝑡 𝑑 𝑙ℎ ). The oscillation frequency can be approximated to:

𝑓 𝑜𝑢𝑡 ≈ 1 𝑇 𝑜𝑢𝑡 = 1 2 ⋅ 𝑁 ⋅ 𝑡 𝑑 (4.8)
As seen in Figure 4.3, it is possible to obtain a target propagation delay of approximately 21.36 ps thanks to the body voltages (from 0 to ±2 V for 𝑉 𝐵𝐵 ) for all the operating conditions. This value is used to calculate the number of stages (𝑀) to achieve a target central oscillation frequency 𝑓 0 , which is approximately 2.5 GHz. The required number of stages is set to 9, to have an oscillation frequency between 2.3 GHz and approximately 3 GHz for the typical corner, and to cover all the possible delay variations seen in Figure 4.3 using the body voltages 𝑉 𝐵𝑁 and 𝑉 𝐵𝑃 .

The delay of the inverters that compose the ring oscillator is around half of a period of oscillation 𝑇 𝑜𝑢𝑡 (200 ps). This number is lower than the period of the reference (𝑇 𝑟𝑒𝑓 = 1/𝑓 𝑟𝑒𝑓 = 1/50 MHz = 20 ns). If the central desired output frequency is 2.5 GHz, a division value of 𝑁 = 50 is necessary, and considering the whole period of the reference signal, 2 ⋅ 𝑁 elements connected in series are required to have one of its periods in the VCDL.

Figure 4.4 shows the structure of the VCDL of the DLL and the VCO of the PLL. In this structure, the ring oscillator is a replica of the delay element used for the VCDL to have a similar delay variation between them. In this way, the delay element could be seen as a base of the VCDL and the VCO.

The DLL tunes the VCDL using the voltage 𝑉 tune from the loop filter, generating the required 𝑉 𝐵𝐵 = -𝑉 𝐵𝑁 = +𝑉 𝐵𝑃 that sets the delay to one period of the reference. The DLL loop filter voltage 𝑉 𝑡𝑢𝑛𝑒 needs to be converted to the appropriate body voltage value (𝑉 𝐵𝐵 = -𝐺 ⋅ 𝑉 𝐵𝑁 = + 𝐺 ⋅ 𝑉 𝐵𝑃 ). A circuit that generates a constant gain G and symmetric biasing voltages (-𝑉 𝐵𝑁 and +𝑉 𝐵𝑃 ) is needed to tune the delay line.

The most common approach to this requirement is to use operational amplifiers in combination with resistors or switched capacitors to set the expected gain. However, this approach increases the power consumption and the silicon area, making it not viable for this implementation.

The circuit is depicted in Figure 4.9. It is composed of a two-stage configuration: the first is a linear voltage-to-current converter, and the second is a symmetrical current-to-voltage converter, with a common source amplifier to give the gain ±𝐺 ⋅ 𝑉 𝑖𝑛 for the required biasing of the VCDL. The first stage of the circuit in Figure 4.9 is a V-to-I converter. The input 𝑉 𝑖𝑛 is connected to the gate of transistor M0, which forms a common drain configuration with M3, which provides its biasing current. Next, the source voltage 𝑉 𝑥 is applied to the gate of M1, which creates a degenerated common source with R and M2. The current 𝐼 𝑜 can be approximated as:

𝐼 𝑂 = 𝛽 𝑛 ⋅ 𝑊 𝐿 ⋅ (𝑉 𝑥 -𝐼 ⋅ 𝑅 -𝑉 𝑡ℎ 1 ) 2 (4.9)
Where β 𝑛,𝑝 = 1 2 μ 𝑛,𝑝 𝐶 𝑜𝑥 ep esen s e ns s o 's p s p e e s nd 𝑉 𝑡ℎ 1 is the M1 threshold voltage. The current 𝐼 𝑜 is mirrored from M3 to M2, which have the same aspect ratio.

The drain current of M0 can also be approximated as:

𝐼 𝑂 = 𝛽 𝑝 ⋅ W L ⋅ (𝑉 𝑥 -𝑉 𝑖𝑛 -|𝑉 𝑡ℎ 0 |) 2 (4.10)
Notice that M3 controls the biasing current of M0, which is at the same time given by the drain current of M1. It means that the drain current of M0 increases in the same magnitude as M1. Dividing (4.10) by (4.9):

√ β 𝑝 ⋅ 𝑊 0 /𝐿 0 β 𝑛 ⋅ 𝑊 1 /𝐿 1 = 𝑉 𝑥 -𝐼 ⋅ 𝑅 -𝑉 𝑡ℎ 𝑛 𝑉 𝑥 -𝑉 𝑖𝑛 -|𝑉 𝑡ℎ 𝑝 | (4.11)
Handling a proper sizing on M0 and M1, the left side of Eq. (4.11) can be approximated to 1 due to the difference of mobility between the PMOS and the NMOS (𝛽 𝑝 < 𝛽 𝑛 ). If the sizing of M0 compensates the difference of mobility, the DC transfer function (𝐼 𝑜 with respect to 𝑉 𝑖𝑛 ) can be expressed as:

𝐼 𝑂 = 𝑉 𝑖𝑛 -𝑉 𝑡ℎ 𝑛 + |𝑉 𝑡ℎ 𝑝 | 𝑅 (4.12)
Notice that the value of the output current 𝐼 𝑜 is linear and inversely proportional to the value of R. There is an offset value which is given by the difference between the threshold voltages of M0 and M1. To analyze the small-signal behavior, the current mirrored from M2 to M3 has the same value in magnitude. Therefore, it increases similarly on both sides of the circuit, producing a positive feedback loop between the degenerated common source stage driven by M1 and the common drain stage of M0. Figure 4.10 shows the equivalent small-signal diagram of the proposed linear V2I converter, where M1 and R create a degenerated common source stage, and its gain (𝑣 𝑦 /𝑣 𝑥 ) can be approximated as:

𝑣 𝑦 𝑣 𝑥 = -𝑔 𝑚1 𝑔 𝑚2 ⋅ (1 + 𝑔 𝑚1 ⋅ 𝑅) (4.13)
The value of 𝑣 𝑦 is fed back to the common drain composed of M0 through M3, which controls the maximum current flowing through M0. This effect can be seen as positive feedback. However, notice that the gain is always lower than unity and depends on the value of 𝑅 and 𝑟 𝑑𝑠 1 . From (4.12), it is possible to see that the output current depends mainly on the value of 𝑅.

Finally, it is possible to derive the value of 𝑣 𝑥 with respect to the input voltage 𝑣 𝑖𝑛 , if the channel modulation equivalent resistors are neglected (𝑟 𝑑𝑠 𝑒𝑞 → ∞), 𝑣 𝑥 can be expressed as:

𝑣 𝑥 = 𝑣 𝑖𝑛 ⋅ (1/𝑔 𝑚 1 + 𝑅) (1/𝑔 𝑚 1 + 𝑅) -1/𝑔 𝑚 0 (4.14)
From (4.14), it is important to note that 1/𝑔 𝑚 1 + 𝑅 should be higher than 1/𝑔 𝑚 0 to avoid the change of sign of 𝑣 𝑥 . This condition is easily met by using large values of 𝑅, chosen to be 100 Ω o ed e e en ons p on nd vo d ns ss es e n o p n e stability constraints.

As seen in (4.14), the conditions for stability are regularly met for the V2I converter. This gives a good perspective for using this converter in applications requiring a wide-range and linear V2I conversion. It is also important to mention that this circuit's frequency response depends mainly on the pole given by the current mirror composed by M2 and M4.

The main target of the proposed circuit is to generate a pair of symmetrical voltages 𝑉 𝐵𝑃 and 𝑉 𝐵𝑁 , which are equal in magnitude and opposite in sign. These output voltages tune a bodybiased ring oscillator made up by regular-𝑉 𝑡ℎ (RVT) CMOS inverters, as depicted in Figure 4.3. The RVT family was chosen to reduce the overall power consumption ultimately. The delay of these inverters is tuned by setting the appropriate body voltage for each device. In the RVT device family, the delay of each inverter increases proportionally to the body voltage. In order to avoid latch-up, the PMOS body voltage should be positive (𝑉 𝐵𝑃 ≥ 0 V) and the NMOS negative (𝑉 𝐵𝑁 ≤ 0 V).

The voltage generator should have a constant gain of 𝐺 = 2, being the output characteristic of the circuit: 𝑉 𝐵𝑃 = -𝑉 𝐵𝑁 = 2 ⋅ 𝑉 𝑖𝑛 . To perform this operation, the generated current 𝐼 𝑜 (from Figure 4.9) is mirrored from M2 to M4 and M5. These currents are converted to voltage by multiplying the current 𝐼 𝑜 by 𝑅 1 and 𝑅 2 . The voltage gain (𝐺) is set by the resistor ratios (𝑅 1 /𝑅) and (𝑅 2 /𝑅).

Notice that to generate the negative voltage, the current 𝐼 𝑜 coming from M5 is applied to a negative current mirror composed by the transistors M6 and M7, whose sources are connected to -𝑉 𝐷𝐷 , changing the sign of the resulting voltage -𝑉 𝐵𝑁 .

It is important to see that the overdrive voltage of M5 and M6 in Figure 4.9 is ±1.8 V, which is higher than the maximum drain-to-source voltage (𝑉 𝐷𝑆 ) of the thick oxide transistors offered by the technology. If these supply voltages are applied, the reliability of the circuit is affected due to the excessive voltage overdrive. To avoid the breakdown of these devices and increase the circuit robustness, some improvements to the simplified diagram are done and are depicted in Figure 4.11. First, a series of diode-connected transistors is added between M5 and M6 of Figure 4.9, distributing the voltage drop between the current mirrors and the diodeconnected devices.

Additionally, a pair of cascoded devices is added to the current mirror M2 and M3 (called M2b and M3b) in Figure 4.11 to increase the impedance seen at the drain of M1. By connecting the body of M2b and M3b to ground, the overdrive voltage of these devices is reduced, helping to increase the output swing compared to standard bulk CMOS technologies. Figure 4.12 shows the layout of the L-BBGEN circuit. This layout considered the matching of the PMOS transistors whose body is connected to VDD, the PMOS transistors whose body is connected to GND, the NMOS connected to a negative substrate, and the transistors M0 and M1. The devices with the same L and body connection were matched using a common centroid structure. Also, the devices whose body is connected to -VDD with an isolated N-well connected to VDD to avoid forward biasing of the parasitic diodes. Figure 4.13 shows the post-layout simulation results of the current response with respect to the input voltage (𝐼 𝑂 vs. 𝑉 𝑖𝑛 ). It is possible to see that the response of 𝐼 𝑂 is completely linear concerning the input voltage for the whole range, which varies from 0 to 1 V. Also, see that the input is higher than 1 V, the transconductance keeps constant and starts to decrease after 1.5 V, which is the saturation point when the common source stage achieves a maximum level of excursion due to the overdrive voltage of the stack of the transistors M2(a,b) and M3(a,b). It is possible to notice that the transconductance has a slight variation along the input range, with a maximum value of 94.4 nS (approx. 2% of the nominal value). Figure 4.15 shows the post-layout simulation of the DC transfer function of the symmetrical voltage amplifier. As seen, the response is completely linear for a wide input range. However, the output starts to saturate when the input voltage exceeds approximately 0.75 V. This is due to the output swing limitation given by the transistors M4(a,b) for the positive output and the transistors M7(a,b) for the negative, respectively. Although, using different body voltages helps to decrease their overdrive voltage and hence to increase the output voltage swing.

It is worth remarking from Figure 4.15 that there is an offset at the output voltages when the input is 0 V. This coincides with Eq. (4.12), which shows a small offset given by the difference of threshold voltages between M0 and M1. In this case, the sizing of the PMOS and the NMOS was chosen to minimize that difference, and to give an output offset of approximately 135 mV, which is acceptable for the application. 

Body Bias Summation Circuit (SUM)

To apply the coarse and fine-tuning to the VCO of the PLL, the positive bias voltage coming from the DLL of the delay line (𝑉 𝐷𝐿𝐿 ) and the control voltage of the PLL (𝑉 𝑃𝐿𝐿 ) need to be summed-up. To perform such an operation, it is necessary to use a non-inverted weighted voltage adder. This function can be performed easily by using operational amplifiers and resistors. However, as seen previously, this rises the area and power consumption. A circuit that performs the summation is proposed to give the appropriate tuning voltage to the VCO. Figure 4.17 shows the proposed implementation of the weighted summation circuit. A pair of voltage-to-current converters similar to the shown in Figure 4.9 are used to convert both voltage inputs 𝑉 𝐷𝐿𝐿 and 𝑉 𝑃𝐿𝐿 to currents (𝐼 1 and 𝐼 2 ). The value of the converted currents is defined by the value of 𝑅 1 and 𝑅 2 . In this way, both currents are added using the transistors 𝑀 4𝑎 and 𝑀 4𝑏 and converted to voltage using the resistor R. The transfer function of the circuit is defined by

𝑉 𝑜𝑢𝑡 = 𝛼 1 ⋅ 𝑉 𝐷𝐿𝐿 + 𝛼 2 ⋅ 𝑉 𝑃𝐿𝐿 (4.20)
Where 𝛼 1 = 𝑅/𝑅 1 and 𝛼 2 = 𝑅/𝑅 2 defines the proportional factors seen previously in Figure 4.2 to set the desired value of the VCO controllability by the DLL and the PLL. 

Negative Voltage Generator

As seen in Figure 4.11, the L-BBGEN circuit needs a negative supply voltage to generate the voltage 𝑉 𝐵 𝑁 . Since the current consumption of the negative supply is low (in the microampere range), an internal voltage generator composed of a negative charge pump is used. The negative VDD generator used in this work is an IP module used in other commercial applications to generate an internal negative supply. This block uses a periodic and differential signal called 𝐶𝐿𝐾 𝑁 and 𝐶𝐿𝐾 𝑃 to generate a constant negative voltage, transferring a periodic charge to a load capacitance 𝐶 𝐿 . Figure 4.19 illustrates the simplified circuit diagram of the negative voltage generator. This circuit uses two capacitors (𝐶 𝐷 1 and 𝐶 𝐷 2 ) to switch the incoming differential clock signal. This input signal is put at the drain of the cross-coupled NMOS and PMOS pairs. The equivalent circuit works as follows: When CLKP is 0 V, CLKN is set to VDD. The nodes 𝑉 𝑥 and 𝑉 𝑦 are biased to 𝑉 𝐷𝐷 and 0 V respectively, being 𝑀 𝑃 1 and 𝑀 𝑁 2 in triode region, transferring the charge from 𝐶 𝐷 2 to the output through 𝑀 𝑁 2 and charging 𝐶 𝐷 1 to VDD through 𝑀 𝑃 1 . For the rising edge of 𝐶𝐿𝐾 𝑁 , the charge of 𝐶 𝐷 1 is transferred to the output through 𝑀 𝑁 1 and 𝐶 𝐷 2 is charged to 𝑉 𝐷𝐷 through 𝑀 𝑃 2 . The output voltage is set ideally to 𝑉 𝐷𝐷 using the rising edges of the differential signals. The clock signal used to operate the negative supply generator is the same reference frequency 𝑓 𝑟𝑒𝑓 used to tune the DLL and the PLL. The amplitude of the ripple is dependent on the value of the load capacitance 𝐶 𝑂𝑈𝑇 . A higher capacitance decreases the ripple seen at the output. However, the settling time increases due to the current needed to charge the capacitor. In this work, a supply rejection is desired to reduce the impact of the ripple on the spectral response of the output.

To minimize the impact of the ripple on the output spectrum, two strategies are used in this work. The cascode structure of the L-BBGEN of Figure 4.11 helps to reduce the supply ripple due to the increase of the 𝑟 𝑑𝑠 of the common source amplifiers at the output. However, as the output is single ended, the ripple can affect the negative body voltage 𝑉 𝐵𝑁 .

The second strategy is to use external decoupling capacitors. The negative supply voltage -𝑉 𝐷𝐷 is connected to a pad of the chip, and it has external decoupling capacitors to filter the ripple. Also, the negative generator can be d s ed s n n 'ENA LE' s n en es the use of an external supply voltage with an LDO to provide a clean external signal to the negative 𝑉 𝐷𝐷 .

Additionally, the external reference frequency is obtained from a signal generator whose output is single-ended. Hence, it is necessary to generate a differential clock signal using a single-ended to differential circuit depicted in Figure 4. [START_REF] Fan | D Leakage Compensation for a Low-Power and Low-Jitter 0.5-to-5GHz PLL in 10nm n ET C OS Te no o[END_REF], where the signals 𝐶𝐿𝐾 𝐼𝑁 and 𝐸𝑁𝐴𝐵𝐿𝐸 are used to generate the differential clocks 𝐶𝐿𝐾 𝑁 and 𝐶𝐿𝐾 𝑃 , respectively. As seen in Figure 4.22, an AND gate is used to enable the propagation of the signal 𝑓 𝑟𝑒𝑓 through the output. The inverters use the fan-out of 3 rule to increase the drive strength to provide enough power to the transistors of the circuit of the negative voltage generator. Notice that a transmission gate is added to equilibrate the propagation delay of 𝐶𝐿𝐾 𝑁 with respect to 𝐶𝐿𝐾 𝑃 to reduce the ripple at the output voltage due to the misalignment of both signals. memory effect of the PFD, which helps to the PLL loop to decrease the locking time and to ensure the correct locking of the VCO to the reference frequency.

However, for the DLL this behavior is not desirable because a rising edge of 𝑓 𝑟𝑒𝑓 will always ve f s e n n e d ffe en e of p se s s pos ve nd e s n "UP" e always active. This means that the PFD block cannot perform the correct phase comparison in DLL. To solve this problem, a new circuit for the phase detection is proposed to perform this task in the DLL used in this work. 

Phase Detector (PD) for the DLL

For the DLL, it is necessary to detect the delay difference between the reference and the output of the delay line (VCDL). The proposed circuit performs the comparison between both signals and generates the outputs (UP and DOWN) used by the charge pump to charge and discharge the loop filter capacitor 𝐶 𝐿𝐹 .

In the DLL case, the feedback signal comes from the VCDL, which delay arrives always after the reference, making not necessary the frequency detection for this case.

A simple XOR gate can be used as a phase detector in a DLL, and its output signal can be used with a first-order low pass filter that will generate the appropriate tuning voltage for the VCDL. However, when the comparison signals have a phase shift of 𝜋 4 ⁄ , the control signal will have a ripple that will cause a false locking.

Other phase detectors, such as the bang-bang configuration, can be used with DLL as well. They will detect whether the delayed signal has a phase difference higher or lower than 2 ⋅ 𝜋. However, the discontinuity around 0 causes an undesirable ripple in the control signal, meaning that the size of the loop filter capacitor needs to increase and the charge pump current needs to be highly reduced to attenuate its peak value.
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The implemented phase detector is based on the bang-bang architecture which uses a single SR latch. As its output has a discontinuity near 2 ⋅ 𝜋, the values of the reference and the output of the VCDL could be used to generate the signals UP and DOWN with a linear response, having the following transfer function for each one: Also notice that all the logic gates have poly dummies that help to reduce the variability of the transistor to increase the industrial robustness of the circuit. , where series transistors (𝑀 𝑁 2 and 𝑀 𝑃 2 ) are used as switches to control a fixed current given by the transistors 𝑀 𝑃 1 and 𝑀 𝑁 1 to provide a positive or a negative current respectively.

DOWN = 𝑄 ̅ ⋅ 𝜙 𝑅𝑒𝑓 ̅̅̅̅̅̅ UP = 𝑄 ⋅ 𝜙 𝑉𝐶𝐷𝐿 (4.21)
The implementation of Figure 4.36 b) assumes that 𝑀 𝑁 1 and 𝑀 𝑃 1 are saturated during the whole output voltage range. However, there is a voltage range 𝑉 OUT that the transistor can be saturated, which is the overdrive voltage of 𝑀 𝑁 1 and 𝑀 𝑃 1 . The output range where the transistors can work in saturation and inject the desired amount of current can be approximated as:

𝑉 𝐵 𝑁 -𝑉 𝑡 𝑛 ≤ 𝑉 𝑂𝑈𝑇 ≤ 𝑉 𝐷𝐷 -(𝑉 𝐵 𝑃 -|𝑉 𝑡 𝑃 |) (4.12)
The transistors 𝑀 𝑁 2 and 𝑀 𝑃 2 also reduce the output voltage excursion of the current sources. However, they need to be biased in triode to act as switches and to control the current flow through the output. Another important aspect to consider is the channel length modulation of 𝑀 𝑁 1 and 𝑀 𝑃 1 , which modulates the output current with respect to the output voltage.

All the aspects mentioned above affect the value of the injected current at the output, causing mismatches between the charge and discharge values given by the drain currents of 𝑀 𝑃 1 and 𝑀 𝑁 1 . This current mismatch affects the behavior of the output current, which will have an undesirable ripple proportional to the mismatch value, affecting the spectral purity of the output, generating spurious tones to the output signal.

To reduce the current mismatch, the device sizing should be performed to keep the devices in saturation during a high output voltage range, and to reduce the channel length modulation of the devices. For that, a high value of L for the current sources are chosen, and the voltage drop of the devices is taken into consideration to have a reduced current mismatch between the charge and discharge current. As seen in Figure 4. [START_REF] Begueret | C o ene o s n f o DLL fo v deo pp ons[END_REF] The addition of the devices 𝑀 𝑃 3 and 𝑀 𝑁 3 help to generate the adequate values of 𝑉 𝐵 𝑁 and 𝑉 𝐵 𝑃 that will be more equilibrated at the middle of the output range of the output. The devices have been sized to minimize the mismatch current around 𝑉 𝐷𝐷 2 ⁄ . The choice of L=300 nm for the current source devices has been taken to reduce the channel length modulation of the devices of lower length. As seen in Figure 4.38, when the output voltage is 𝑉 𝐷𝐷 2 ⁄ , the mismatch current is 30.9 nA for the typical corner. This value increases to around 500 nA for an output voltage of roughly 800 mV, which represents 5% of the nominal output current, around 10 µA. This value can be considered as acceptable for the application. Finally, for a voltage of roughly 160 mV, there is a mismatch current of around -500 nA, which also represents 5% of the nominal current. This means that for 64% of the total voltage excursion, there is a current mismatch of ±5 % of the nominal current.

The layout of the proposed charge pump block is depicted in Figure 4.39. The transistors 𝑀 𝑁 9 , 𝑀 𝑁 7 , 𝑀 𝑁 5 , 𝑀 𝑁 4 , and 𝑀 𝑁 2 were placed using the common centroid distribution. Also, the transistors 𝑀 𝑃 7 , 𝑀 𝑃 5 , 𝑀 𝑃 4 , and 𝑀 𝑃 2 were also placed using common centroid distributions, with the respective dummies to reduce the 𝑉 𝑡 mismatch between them. Also, each group of PMOS and NMOS were placed using the same well connections, using guard rings to ensure the body biasing to the appropriate value, decreasing the sensitivity of 𝑉 𝑡 with respect to the body voltage.

The switch transistors 𝑀 𝑁 1 , 𝑀 𝑁 3 , and 𝑀 𝑃 1 , 𝑀 𝑃 3 , are also matched using dummy devices connected to the ground, sharing the respective well surface to have the same body voltage. As these devices use the minimum gate length, they should be separated from the current source devices, in order to ensure the correct matching of both structures, also, the routing should be performed carefully to reduce the resistance mismatch between the charging and discharging path. 

. DLL Loop Filter

For the DLL loop, a single capacitor is needed for the loop filter, and its value can be chosen depending on the settling time of the loop. For a compact implementation, a value of 𝐶 𝐿𝐹 is chosen to be 1 pF, given the charge pump current of 10 µA, for a low silicon footprint. Also, it is important to consider the frequency response of the body bias generator and the equivalent capacitance of the body of the inverters of the VCDL. This capacitance should be considered to have a stable response to the DLL because the L-BBGEN that controls the body voltages has a dominant pole whose value is given by the output impedance of the common source amplifier.

Based on the information given by the device model, the body capacitance of these devices is estimated as 2.127 pF for the PMOS and 0.892 pF for the NMOS for the 100 delay units of the VCDL. The body bias generator circuit (L-BBGEN) can be approximated as the sum of two first-order transfer functions 𝐴 1 (𝑠) and 𝐴 2 (𝑠):

𝐴 1 (𝑠) = 𝐴 0 1 + 𝜏 1 ⋅ 𝑠 (4.22) 𝐴 2 (𝑠) = 𝐴 0 1 + 𝜏 2 ⋅ 𝑠 (4.23)
Where 𝐴 0 ≈ ±2, is the gain of the body bias generator circuit, 𝜏 1 is the at the output signal 𝑉 𝐵𝑃 of As the negative body voltage is controlled directly by the DLL loop, as seen in Figure 4.5, the PLL will only have the influence of the output impedance of the voltage summation cell, shown in Figure 4.17, estimated as the output impedance at the node 𝑉 𝑐𝑜𝑛𝑡𝑟𝑜𝑙 , which is approximately R, and the equivalent body capacitance of the PMOS transistors of the ring oscillator. As the ring VCO is 100 times smaller than the VCDL, the loop filter capacitances are also 100 times lower, being the poles of the signal located in approximately 30 MHz.

The desired loop bandwidth is around 1.4 MHz, when the value of the phase noise of the oscillator, shown in Figure 4.6 gives around -90 dBc/Hz. The values of 𝐶 1 , 𝑅 1 and 𝐶 2 are chosen to have a phase margin of the open loop gain higher than 50°, using 10 µA of charge pump current. Using MATLAB, the complete transfer function was calculated, and the body diagram with the gain and phase margin of the loop. Table 4-1 shows the selected values for the loop filter, and Figure 4. [START_REF] Ho O N Nd R V | An s s of P se No se n P se/ e en De e o s[END_REF] shows the open loop frequency response of the PLL loop, showing its gain and phase margin. 

Frequency Divider

The programmable frequency divider is a digital circuit that takes a binary word of 8 bits that represents the value of frequency division (𝑁), to divide the output frequency to have an output signal to be compared with the reference frequency in the phase and frequency detector (PFD) of the PLL loop.

Normally, a programmable frequency divider is performed using a frequency divider, implemented with D flip-flops, and the output of each flip flop is compared with a XNOR gate with the programmable input value 𝑁, to emit a pulse when the digital word of the input is equal to the value stored at the flip-flops. The circuit diagram of a classical programmable frequency divider is shown in Figure 4.45. The approach shown in Figure 4.45 is generally used to implement the programmable frequency division. However, this approach has an important drawback, which the pulse width is dependent on the process and temperatures (PVT) variations, due to the high propagation delay of the XNOR gates used to compare the data. This drawback limits the performance of the circuit, also limits the input frequency range.

For the frequency divider of this work, the logic gates of the standard cell library of STMicroelectronics were used, also a digital synthesis of the programmable frequency divider was performed using an RTL code in Verilog that uses an external asynchronous reset and eight bits of the programmable value 𝑁 as inputs, as well as the input clock, which is the output of the VCO. All the details of the synthesis process, including the source code, reports and scripts are shown in Appendix 1.

The output of the proposed frequency divider has a duty cycle of 50%, being at VDD when the internal count value is lower than 𝑁 2 ⁄ , and 0 when the internal counter has a value between 𝑁 2 ⁄ + 1 to 𝑁. This approach improves the pulse width and the robustness of the circuit for the different operating conditions.

To configure the value of the digital word 𝑁, a serial to parallel interface (SPI) is used. This module reduces the quantity of input pins required to set the divider value using only three pins: serial data input (SDI), serial data output (SDO), and a serial clock (SCL), that will synchronize the serial value introduced to the programmable digital word.

The circuit used to perform this data serialization is called shift register, and its implementation is shown in The circuit of Figure 4.46 works as follows: if the digital word 𝑁 is an 8-bit value, the same number of cycles of the signal SCK are needed. Each bit of 𝑁 is introduced to the flip-flops at each rising edge of SCK. At the final rising edge of SCK, all the bits of the complete word are charged in the flip-flops, and each output Q will contain the appropriate bit. These outputs are connected to the digital word of the frequency divider, that will perform the counting until the final value. For this circuit, there are six different power supplies for the blocks: VDD_IO, AVDD, DVDD, VDD_VCO, VDD_1V8_POS, and VDD_1V8_NEG. These supplies have different decoupling capacitors near the blocks, as seen in the figure. In addition, there is a supply mesh with the top metal layers (IA and IB) to connect each local decoupling capacitance to the circuit blocks, ensuring the correct biasing and avoiding the IR drop of the inner blocks. In the first microsecond of the simulation, the SPI master, written in Verilog-A, sets the programmable value 𝑁 to set the divider. Then, during the first microsecond, all the tuning voltages are set at 0 V with a reset signal. After that, the external signal RESET is released, and the loop starts to lock. Finally, at around 5 µs, the signals VBP and VBN are settled, and after 7 µs, the tuning signals are completely settled.

The spectrum of the output signal 𝑓 𝑜𝑢𝑡 was captured after 100 µs of simulation, and it is shown in Figure 4.53. The spectrum shows that the loop is completely locked, and it has some spurious components, whose rejection is approximately -53.6 dBc, as shown. 

Measurement Results

The prototype of the proposed circuit has been fabricated in the 28 nm CMOS FD-SOI technology from STMicroelectronics. Figure 4.55 shows a die photograph, describing the surface of each component of the circuit. Also, Table 4-2 shows the power and area breakdown of each component of the fabricated circuit. 

Tot l

The measurement setup is performed using a test board with a set of linear dropout regulators (LDO) to set the voltages for the different components of the test chip. All the voltages come from batteries or external power supplies. Also, the -1.8 V can be generated on-chip or by using an external power supply and a negative LDO.

For the SPI data, a digilent digital discovery board is used to generate the SPI pattern to set the value of the frequency divider 𝑁, set to 49 to divide by 50. The board is controlled by an external computer with the appropriate software that generates the test waveforms.

The reference frequency is generated using the Keysight E4428C signal generator, connected to a wide-band bias tee, to generate the appropriate signal oscillating between 0 and 1.8 V to supply the on-chip negative VDD generator and for the reference frequency of the synthesizer. Inside the test chip, there is a buffering circuit to convert the sinewave into a square wave that provides the reference to all the blocks that require the signal 𝑓 ref .

Finally, different test chips could be tested using the HSIO Technologies Standard QFN35 test socket, which allows the measurement of different samples of the test chip using the same test board. To test all the circuit components, the output of the frequency divider, the output of the DLL and the SPI were also used as outputs. These signals can help to test the different modules of the chip. The output of the VCDL should be aligned with the reference frequency and have the same period. This indicates that the DLL is locked to one period of the reference. Also, the frequency divider should have the same period of the reference. This can be used to indicate that the output frequency is exactly 𝑁 ⋅ 𝑓 𝑟𝑒𝑓 . Figure 4.58 shows the reference signal, which is a sinewave, is aligned with the DLL output and the frequency divider signal, whose duty cycle is 50%, as previously explained. Different samples were measured using the same test setup and the same test equipment. Figure 4.60 shows the phase noise at 1 MHz from the carrier and the spur rejection at the reference frequency (at 2.45 and 2.55 GHz). The results show that the average phase noise is around -90.82 dBc/Hz at 1MHz for all the measured samples. This result shows that the chip has a low variability between samples, giving an interesting result in terms of robustness for a ring-based solution, where the variability in terms of noise is highly dependent on process variations.

Also, Figure 4.60 shows the variability in terms of spur contents around the central frequency.

For the 10 measured samples, the average value is -54.38 dBc for the component at 2. [START_REF] Chiu | A P T-Tolerant MDLL Using a Frequency Calibrator and a Voltage on o[END_REF] Cen e e GH Sp GH d
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GHz, and -55.28 dBc for the component located at 2.55 GHz. This result is also important to show that the proposed architecture can offer a high robustness in terms of spurs, with a variability of around ±2.7 dB for the 2.45 GHz component.

The core power consumption is only 929 µW, and the breakdown can be seen in 

Comparison With the State-of-the-Art

Table 4-3 gives a comparison with IoT inductor-less frequency synthesis solutions. In the here proposed architecture, the pre-tuning DLL has a parallel control effect on the overall PLL phase noise, by the homothety between the delay line in the DLL and the final tuning imposed on the ring VCO by the PLL. This solution gives an ultra-low-power alternative to the cascade sub-sampling DLL like in [START_REF] H N N L L Nd H C L On | A s-settling-time 3rd-order 2.1GHz phase-noise-rejection PLL using a cascaded time-amplified clock-skew sub-sampling DLL[END_REF], but using a tuning scheme that consumes less power, and significantly reduces the spurs imposed by the cascade VCDL. Also, it avoids the calibration circuits of the solution proposed by [START_REF] C C Nd S E S Pe E No Nd C On | A Se f-Calibrated 1.2-to-3.8GHz 0.0052mm2 Synthesized Fractional-N MDLL Using a 2b Time-Pe od Co p o n n n ET C OS[END_REF], offering a different approach in the reduction of ring VCOs in-band phase noise contribution. Considering the FoM, calculated on average values over 10 measured dies, the value of -226.6 dB was obtained, which depicts an excellent trade-off between power and jitter. Sp Re e on Sp GH Sp GH

The power efficiency, defined as the power spent for a given output frequency, is as low as 0.36 mW/GHz. Furthermore, taking advantage of the body bias feature of the FD-SOI technology, this solution presents a reduced tunable delay elements silicon area, proposing an alternative to classical current-starved delay cells. Finally, this work offers the best-in-class power efficiency compared to state-of-the-art ring-based frequency synthesizers for compact and ultra-low-power IoT applications. 

Chapter Conclusions

With the proposed DLL-Enhanced PLL circuit, the DLL pre-tuning scheme simplifies the tuning of a single-ended ring VCO. Adjusting the VCDL to 𝑇 ref to pre-tune the ring VCO explores an alternative to the noise-cancelling DLL proposed by [START_REF] H N N L L Nd H C L On | A s-settling-time 3rd-order 2.1GHz phase-noise-rejection PLL using a cascaded time-amplified clock-skew sub-sampling DLL[END_REF], offering a parallel tuning scheme that consumes less power and reduces the spur contribution given by the cascade VCDL tuning.

In addition, an analog approach allows decreasing the power consumption and avoids the duty-cycle distortion of multiplying DLL architectures [START_REF] C C Nd S E S Pe E No Nd C On | A Se f-Calibrated 1.2-to-3.8GHz 0.0052mm2 Synthesized Fractional-N MDLL Using a 2b Time-Pe od Co p o n n n ET C OS[END_REF], offering a classical approach to reduce the in-band noise contribution of ring VCOs. Considering power consumption of the proposed circuit, the figure of merit (FoM) is -226.4 dB, showing a good trade-off between power consumption and jitter. The DLL-Enhanced PLL presents a power efficiency of 0.36 mW/GHz, giving the best power efficiency compared to the state-of-the-art solutions of ring oscillator-based frequency synthesizers.

Finally, the proposed architecture also exploits a different alternative to classical currentstarved delay cells, reducing the surface of tunable delay element using the body-bias feature of the FD-SOI technology.

Chapter 5. Ultra-Low-Power Multiplying DLL Frequency

Synthesizer with Spur Calibration for IoT Applications

Chapter Introduction

This chapter presents a frequency synthesis solution based on ring oscillators, which seeks an important enhancement in the figure of merit of the circuit of the previous chapter. Here, some architectural improvements are presented to offer a compact solution in silicon with lower power consumption.

In this architecture, an improvement in the delay line is proposed, in order to obtain a programable delay value. Based on this principle, a programmable delay is obtained using a controlled ring oscillator. This provides a clock signal for a digital counter, which generates an output signal controlled by a programmed value (𝑁). If the output signal of the counter is synchronized with the reference frequency using a DLL-based control loop, the ring oscillator will generate 𝑁 oscillation cycles during one period of the reference.

In addition, the use of a programmable delay line has several advantages such as the low noise provided by the reference frequency, which are going to be taken by the controlled oscillator to reduce its phase noise. This allows to create an ultra-low power solution, that will be put into a DLL with high performance in terms of phase noise. This architecture is known s "M p n DLL DLL " [START_REF] Ye | A p e-crystal interface PLL with VCO realignment to reduce phase noise[END_REF] [33] " e n DLLs" [34] [35] o "f o DLLs" [36] [37].

Although, the MDLL has an important challenge, which is the spectral purity integrity, that is affected by spurious tones generated by the synchronization with the reference frequency. These can be as high as -30 dBc with respect to the carrier frequency 𝑓 𝑜𝑢𝑡 , unacceptable for communication protocols used in IoT. Different approaches have been presented in the stateof-the-art for the reduction of this spurious tones, such as [START_REF] Yang | A -digital MDLL using edge re-extraction, dual-ring VCOs and a 0.3mW block-sharing frequency tracking loop ev n fs s e nd -d O[END_REF], [START_REF] C C Nd S E S Pe E No Nd C On | A Se f-Calibrated 1.2-to-3.8GHz 0.0052mm2 Synthesized Fractional-N MDLL Using a 2b Time-Pe od Co p o n n n ET C OS[END_REF] or [START_REF] H Y T H P Nd S C O | A GH d DLL using pulse-width compa o nd do e n e on e n e n n C OS[END_REF]. However, the power efficiency of the proposed circuits is higher than the target (lower than 0.4 mW/GHz), which is an important requirement for the target IoT nodes.

The proposed architecture uses an analog implementation of the multiplying DLL which allows an ultra-low-power operation. For its controlled ring oscillator, body-biased inverters are used to set the output frequency. For the power consumption optimization, the supply voltage is reduced to 0.6 V. With this strategy, and the use of the body biasing feature of the FD-SOI technology, the FoM is highly improved.

The spurious tones of the MDLL are reduced through an ultra-low power DLL-based calibration loop. This lowers the duty cycle distortion (DCD) of the output frequency by compensating the delay of the selection logic of the multiplexer and the programmable VCDL in the tuning path of the DLL.

With the proposed circuit, a spur rejection of approximately -48 dBc is achieved in the output spectrum, greatly improving the spectral purity. Also, the output phase noise at 1 MHz offset from the carrier is as low as -100 dBc/Hz, giving an RMS jitter of 2.9 ps, from 10 kHz to 100 MHz of offset, and just having a power consumption of 0.42 mW. With these results, a FoM of -234.7 dB, with 0.6 V of power supply is achieved, giving a power efficiency of 0.136 mW/GHz. The current chapter is presented as follows: first, an introduction of the proposed frequency generator is done. Then, the duty cycle distortion of MDLLs is explained, together with the noise model of the proposed circuit. Next, the circuit implementation and its post-layout simulations with an analysis are also described. Finally, the comparison with other state-ofthe-art solutions is presented, with some conclusions and perspectives.

Architecture Overview

Figure 5.1 shows the block diagram of the proposed frequency synthesizer. This circuit is composed of two analog control loops: the first one (1), is an analog MDLL, that will control the tuning voltage (𝑉 𝑡𝑢𝑛𝑒 1 ) of the multiplexed ring oscillator.

The second (2) is the calibration loop that uses the signals of the multiplexed oscillator to perform the compensation of the delay mismatch. By setting the tuning voltage (𝑉 𝑡𝑢𝑛𝑒 2 ), the compensation of the delay value 𝜏 is done, and thus, minimized the static error that causes the duty cycle distortion of the output signal 𝑓 𝑜𝑢𝑡 .

With the proposed double-loop frequency synthesizer, an ultimate reduction of the power consumption is achieved. First, the supply voltage VDD is reduced to 0.6 V to allow a sub-1V operation. And the body bias feature of the FD-SOI technology reduces the propagation delay of the digital components.

With the use of these two features in the proposed circuit, an improvement in the FoM is accomplished. It is possible to achieve a phase noise lower than -100 dBc/Hz at 1 MHz offset at 2.5 GHz output frequency, using a 50-MHz reference. In addition, the low-jitter and highbandwidth characteristics of DLL are taken for the reduction of the phase noise in the ring oscillator.

The Multiplexed Ring-Based Voltage-Controlled Oscillator

The multiplexed ring oscillator arises from the idea of creating a programmable delay line, in contrast to the fixed chain of inverters shown in Figure 5.2 a). The basic principle of this architecture was introduced in [START_REF] Co Es D O Nd A G E Ne | A po e o p e ene o s n digital CMOS standard ce s[END_REF], where the VCDL of the classical DLL is changed by a programmable delay. This block is composed of a ring oscillator, a multiplexer, and a digital counter as shown in Figure 5.2 b).

The delay of the inverter chain depicted in Figure 5.2 a) is adjusted using the voltage 𝑉 tune , provided by the loop filter of the DLL. The signal 𝐶𝐿𝐾 𝐼𝑁 enters to the VCDL and is propagated to the output 𝐶𝐿𝐾 𝑂𝑈𝑇 , with a delay 𝑡 𝑑 𝑂𝑈𝑇 = 𝑀 ⋅ (𝑡 𝑑 ℎ𝑙 + 𝑡 𝑑 𝑙ℎ ), given by the propagation delay of each inverter. The number of inverters 𝑀 is fixed and has a variable delay depending on the tuning voltage. The circuit of the Figure 5.2 b) uses a chain of inverters, whose output (𝑓 out ) is connected to the input of a 2-to-1 multiplexer. The second input of the multiplexer is the input clock 𝐶𝐿𝐾 𝐼𝑁 , and the control signal of the multiplexer is controlled by a digital circuit (Select Logic). The multiplexer controls the inverter chain operation to work either as ring oscillator or delay line. Also, the circuit has a programmable 𝑁 counter, clocked by the inverter chain output signal (𝑓 𝑜𝑢𝑡 ) that generates a pulse (𝐶𝐿𝐾 𝑂𝑈𝑇 ) at the end of 𝑁 cycles of oscillation.

The circuit depicted in Figure 5.2 b) works as follows: at the rising edge of 𝐶𝐿𝐾 𝐼𝑁 e "Se e Lo " se s e p exe signal (SEL) to the position 0. At this moment, the inverter chain is configured as ring oscillator. The signal 𝑓 out is connected as clock of e "D Co n e " accumulates its number of oscillation cycles. Once the counter achieves 𝑁 oscillation cycles, it emits the signal 𝐶𝐿𝐾 𝑂𝑈𝑇 , which indicates the end of the count. After this, t e "Se e Lo " sets the multiplexer to the position 1, changing the operation from ring oscillator to delay line, and waiting for next rising edge of 𝐶𝐿𝐾 𝐼𝑁 to repeat the operation. The output of the counter (𝐶𝐿𝐾 𝑂𝑈𝑇 ) has a propagation delay 𝑡 𝑑 𝑂𝑈𝑇 with respect to the rising edge of 𝐶𝐿𝐾 𝐼𝑁 . Its value is defined by the 𝑁 cycles of the counter, and 𝑓 𝑜𝑢𝑡 = 1/𝑇 𝑂𝑆𝐶 , being 𝑡 𝑑 𝑂𝑈𝑇 = 𝑁 ⋅ 𝑇 𝑂𝑆𝐶 . The value of 𝑁 can be programmable via the digital counter, and 𝑇 𝑂𝑆𝐶 can be also adjustable using 𝑉 tune . In contrast to the circuit depicted in Figure 5.2 a), the value of 𝑡 𝑑 𝑂𝑈𝑇 is programmable and offers high flexibility to produce a delayed signal. The structure depicted in Figure 5.3 can be used in multiple applications that requires a wide-range programmable delays, such as video signal generators [START_REF] Begueret | C o ene o s n f o DLL fo v deo pp ons[END_REF], digital-to-time converters (DTC), and other applications.

If the output of the counter 𝐶𝐿𝐾 𝑂𝑈𝑇 of Figure 5.2 b) is controlled using a DLL, and its value is aligned to be one period of 𝐶𝐿𝐾 𝐼𝑁 , it gives an interesting application which is the frequency multiplication. Thus, the opportunity to generate an output frequency higher than the reference is achieved.

With this scheme, the frequency of the multiplexed ring oscillator (𝑓 out ) can be adjusted to be 𝑁 ⋅ 𝐶𝐿𝐾 𝐼𝑁 T s pp on s no n s " e en p n DLL", " DLL" o " o -DLL", and it was introduced in different works such as [START_REF] Co Es D O Nd A G E Ne | A po e o p e ene o s n digital CMOS standard ce s[END_REF], [START_REF] Farjad-Rad | A o -power multiplying DLL for low-jitter multigigahertz clock ene on n n e ed d ps[END_REF], and other ring-oscillator based frequency synthesizers.

The Multiplying DLL (MDLL)

The MDLL architecture is depicted in Figure 5.4. In this circuit, the counter output (𝐿𝑎𝑠𝑡) is additionally used to perform the DLL control operation. In contrast to the architecture presented in the previous chapter, the MDLL has the advantage of the frequency multiplication feature given by the multiplexed ring oscillator. The circuit illustrated in Figure 5.4 works as follows: at the rising edge of 𝑓 𝑟𝑒𝑓 , the select logic activates the ring oscillator mode to produce 𝑁 es T e s n "Last" is activated at the end of 𝑁 oscillation cycles, the phase shift (Δ𝜙) between it and next rising edge of 𝑓 ref is compared. The loop will be locked when Δ𝜙 = 0, and this value is adjusted by the DLL loop filter voltage (𝑉 𝑡𝑢𝑛𝑒 ). When the MDLL is locked, the value of 𝑓 𝑜𝑢𝑡 is ideally equal to 𝑁 ⋅ 𝑓 𝑟𝑒𝑓 . Figure 5.5 shows the timing diagram of the most important signals of the MDLL during the locking process. In comparison with the classical ring oscillator, where the noise is accumulated infinitely at each cycle, in the multiplexed architecture this accumulation is prevented by the synchronization of the output with 𝑓 𝑟𝑒𝑓 at each 𝑁 cycles.

The value of jitter is proportional to the value of 𝑁, meaning that at higher multiplication factor, more accumulated jitter due to the extended synchronization period. Figure 5.6 shows the difference between the jitter accumulation in a classical ring oscillator versus the multiplexed architecture. In a standard ring oscillator implementation, the only way to achieve a low phase noise is by increasing the power consumption. While in the case of the multiplexed architecture, thanks to the synchronization with 𝑓 𝑟𝑒𝑓 , the constraint of the power consumption can be relaxed. Being 𝑓 𝑟𝑒𝑓 (e.g., a crystal oscillator) a low phase noise source, it is possible to rely on this characteristic while keeping low power consumption.

Duty Cycle Distortion (DCD)

When the circuit of Figure 5.5 is locked, 𝑁 cycles of oscillation fits into a period of 𝑓 𝑟𝑒𝑓 . However, the last cycle of 𝑓 𝑜𝑢𝑡 has a different oscillation period that the 𝑁 -1 previous cycles. This period mismatch is caused by the delay of the selection logic that controls the multiplexer (SEL). The problem of the duty cycle distortion is depicted in Figure 5.7.

As illustrated in Figure 5.7, 𝑓 𝑜𝑢𝑡 has a period mismatch in its last oscillation cycle. This affects the spectrum of the output signal, adding spurious tones located near the target output frequency. Figure 5.8 shows the 𝑓 𝑜𝑢𝑡 output spectrum, where the magnitude of spurious tones caused by the duty cycle distortion are noticeable. The value of the highest spurious tones (located at a frequency (𝑁 ± 1) ⋅ 𝑓 𝑟𝑒𝑓 ) can be calculated using the following expression:

𝑆 = 20 ⋅ log ( Δ𝑇 𝑙𝑎𝑠𝑡 𝑇 𝑛𝑜𝑚 ) (5.1)
Where 𝑆 represents the difference in dB, between the magnitude at the target 𝑓 𝑜𝑢𝑡 , and the adjacent spurious tone. The value of Δ𝑇 𝑙𝑎𝑠𝑡 is the difference between the period of the last cycle and the nominal period 𝑇 𝑛𝑜𝑚 . For example, a signal whose frequency is 2.5 GHz (𝑇 𝑛𝑜𝑚 = 400 ps), if the last period 𝑇 𝑙𝑎𝑠𝑡 is 402 ps, the mismatch will be Δ𝑇 𝑙𝑎𝑠𝑡 = 2 ps, giving a spur magnitude of -46 dB approximately.

The main causes of the period mismatch of the last cycle of oscillation are: first, the delay caused by the output of the digital counter (𝑡 𝑑 counter ), the output of the selection logic that controls the multiplexer (𝑡 𝑑 sel ), and the delay between the control signal of the multiplexer and the output (𝑡 𝑑 MUX ).

The propagation delay given by the counter 𝑡 𝑑 counter causes that the tuning voltage slightly increases in the alignment process of 𝑓 𝑟𝑒𝑓 with 𝐿𝑎𝑠𝑡. This means that the 𝑁 -1 oscillation cycles of 𝑓 𝑜𝑢𝑡 have a period slightly lower than the nominal period. Therefore, the addition of 𝑡 𝑑 𝑐𝑜𝑢𝑛𝑡𝑒𝑟 affects the correct synchronization between 𝐿𝑎𝑠𝑡 and 𝑓 𝑟𝑒𝑓 , resulting in a longer 𝑇 𝑙𝑎𝑠𝑡 .

This consequence can be seen in Figure 5.9. The second source of the duty cycle distortion is Δ𝑡 𝑑 𝑚𝑢𝑥 , which is the propagation delay between the control signal of the multiplexer and its output. At a rising edge of 𝑓 𝑟𝑒𝑓 , there is a propagation delay between the input of the multiplexer and its output, which generates a higher pulse width of the first period of oscillation (𝑇 0 ). This is depicted in Figure 5.10. At the steady state, the duty cycle distortion of 𝑡 𝑑 𝑐𝑜𝑢𝑛𝑡𝑒𝑟 and Δ𝑡 𝑑 𝑀𝑈𝑋 affect simultaneously to the last pulse width of 𝑓 𝑜𝑢𝑡 , which in consequence affects to the first oscillation period due to the consecutive behavior of this phenomenon.

The final source of duty cycle distortion is the delay between the signal 𝑆𝐸𝐿 and the output of the multiplexer (𝑂 1 ). When the operation mode of the multiplexer is changing, the propagation delay 𝑡 𝑑 𝑠𝑒𝑙 increases the pulse width of the last period of 𝑓 𝑜𝑢𝑡 .

To minimize the duty cycle distortion of the output signal, the DLL control loop should consider the propagation delay of the counter and the selection logic. Taking into account the propagation delay 𝑡 𝑑 counter , and Δ𝑡 𝑑 𝑚𝑢𝑥 e s n "𝐿𝑎𝑠𝑡" has the following period:

𝑇 𝑑 last = 𝑁 ⋅ 𝑇 avg + Δ𝑡 𝑑 𝑚𝑢𝑥 + 𝑡 𝑑 counter (5.2)
Where 𝑇 𝑑 last is the period of the signal aligned to the reference, 𝑇 avg is the average oscillation period of the multiplexed ring oscillator. When the DLL is locked, the phases of 𝑇 𝑑 last and 𝑇 ref are ideally aligned, (5.2) becomes:

𝑇 ref = 𝑁 ⋅ 𝑇 avg + 𝑡 𝑑 mux + 𝑡 𝑑 counter (5.3)
As the signals 𝑡 𝑑 mux and 𝑡 𝑑 counter are greater than 0, 𝑇 avg should decrease to fit one period of 𝐿𝑎𝑠𝑡 to 𝑇 𝑟𝑒𝑓 . The value of 𝑇 avg is equal to:

𝑇 avg = 𝑇 𝑟𝑒𝑓 -𝑡 𝑑 mux -𝑡 𝑑 counter 𝑁 (5.4)
Which is lower than 𝑇 𝑟𝑒𝑓 /𝑁. This period mismatch causes a spur value that is proportional to these propagation delays and can be approximated as:

𝑆 = 20 ⋅ log ( |𝑇 𝑟𝑒𝑓 -𝑡 𝑑 𝑚𝑢𝑥 -𝑡 𝑑 𝑐𝑜𝑢𝑛𝑡𝑒𝑟 -𝑁 ⋅ 𝑇 𝑛𝑜𝑚 | 𝑁 ⋅ 𝑇 𝑛𝑜𝑚 ) (5.5)

DCD Detection and Reduction

As seen in Equation 5.3, if 𝑓 𝑟𝑒𝑓 is aligned to 𝐿𝑎𝑠𝑡, the oscillation periods should be reduced to fit 𝑇 𝑟𝑒𝑓 . In this work is proposed to add a delay to the signal 𝑓 𝑟𝑒𝑓 , of value 𝜏 to compensate the mismatch delay sources.

The value 𝜏 minimizes the digital logic delay mismatch, reducing the impact of Δ𝑡 𝑑 mux and 𝑡 𝑑 counter in Equation 5.4. Figure 5.11 depicts the MDLL with the added value of 𝜏 in the reference path to reduce the duty cycle distortion of the signal 𝑓 𝑜𝑢𝑡 . The study of the variation of 𝜏 was performed using SpectreRF by sweeping it in transient simulations. Figure 5.12 shows the spur value versus 𝜏 at the frequencies 𝑓 𝑜𝑢𝑡 ± 𝑓 𝑟𝑒𝑓 .

It was observed that it exists an optimum value of 𝜏 where the spur level reaches its maximum reduction. This value is highly dependent on the real silicon implementation. Therefore, a control loop is proposed, to automatically set the optimum value of 𝜏. 

Delay Mismatch Detection

To reduce the value of the timing mismatch that produces the DCD, it is necessary to determine the propagation delay that generates this phenomenon. Figure 5.13 depicts the delay detection scheme, notice that the output of the main multiplexer "𝑂 1 " is delayed compared to the output of the last inverter of the chain. If a dummy multiplexer is connected to the output of the last inverter, followed by a dummy inverter, the signals "𝑂 1 " nd "𝑂 2 " are aligned en e on o s n "𝑆𝐸𝐿" s e o 

Duty Cycle Error Reduction

Once the delay mismatch has been detected by using the scheme depicted in Figure 5.13, an additional calibration loop is proposed, which tunes a delay line to reduce these values to the minimum.

The proposed calibration loop is depicted in Figure 5.15. Here, the signals coming from the programmable delay line which are the control signal for the main multiplexer "𝑆𝐸𝐿" , the output of the main multiplexer "𝑂 1 " , and the output of the dummy multiplexer "𝑂 2 " are used to detect the timing mismatch, generating a control voltage to set a tunable delay. As the signals have the same oscillation frequency, and they are triggered by 𝑓 𝑟𝑒𝑓 , this feedback configuration is similar to a DLL control loop, whose variable delay line minimizes the static phase error of the multiplexed ring oscillator. This scheme is a first-order control loop, being unconditionally stable. Additionally, as in the case of the main MDLL, it needs only one single capacitor as loop filter.

The proposed calibration loop uses the following components: a phase detector (PD), a charge pump (𝐶𝑃 2 ), a loop filter capacitor (𝐶 2 ), and a variable delay line (𝜏). The design of the building blocks of the proposed calibration loop is explained in detail in the following sections.

The calibration phase detector (PD) detects the time difference between 𝑂 1 and 𝑂 2 . If the rising edge of 𝑂 1 arrives before the one of 𝑂 2 , the signal UP will be used by the charge pump (𝐶𝑃 2 ) to increase 𝑉 𝑡𝑢𝑛𝑒 2 stored in the capacitor (𝐶 2 ). In the contrary, if the rising edge of 𝑂 2 arrives first, the signal DOWN is activated to decrease the tuning voltage 𝑉 𝑡𝑢𝑛𝑒 2 . The timing difference between 𝑂 1 and 𝑂 2 are measured while 𝑆𝐸𝐿 is performing the operation mode change.

Linear Model and Noise Response

The presented architecture in Figure 5.1 n e ode ed s n " n e ed" n os o uses 𝑓 𝑟𝑒𝑓 to synchronize its output and reduce its noise. In contrast to the circuit presented in the previous chapter, this architecture does not rely on the homothety of the delay elements. This architecture uses the low-noise characteristic of the DLL into the controlled ring oscillator to improve its phase noise performance.

Multiplexed VCO Linear Model

The controlled ring oscillator depicted in Figure 5.6 b) can be seen as a re-aligned oscillator, in which the 𝑓 𝑟𝑒𝑓 " ese s" e e on sed on e nalysis performed by [START_REF] Ye | A p e-crystal interface PLL with VCO realignment to reduce phase noise[END_REF], the free-running phase noise of the ring oscillator is reduced with a phase re-aligning at each 𝑁 cycles. When 𝑁 oscillation cycles fit into one cycle of 𝑓 𝑟𝑒𝑓 , there is a small phase error 𝑒 𝑛 . This value contains the accumulated noise at every cycle of the VCO (𝑒 𝑛 = ∑ 𝜎 𝑖 𝑁 𝑖=1 ). The phase of each oscillation period can be seen as:

𝜙(𝑡) = β ∑ 𝑒 𝑛 [𝑛] ⋅ 𝜇(𝑡 -𝑛 ⋅ 𝑇 𝑟𝑒𝑓 ) ∞ 𝑛=-∞ (5.6)
Where 𝛽 s def ned s e " e-n en " f o , that is equal to 1 in the MDLL. As also explained in [START_REF] Ye | A p e-crystal interface PLL with VCO realignment to reduce phase noise[END_REF], the accumulated phase 𝜙(𝑡) n e seen s "s p n " of ons over an infinite time:

𝜙[𝑛] -𝜙[𝑛 -1] = -𝛽 ⋅ 𝑒 𝑛 [𝑛]
(5.7)

Also, [START_REF] Ye | A p e-crystal interface PLL with VCO realignment to reduce phase noise[END_REF] defines the following expression for the frequency-domain response of (5.7):

𝜙 𝑜𝑢𝑡 (𝑗𝜔) = 𝜙 𝑛,𝑉𝐶𝑂 ⋅ 𝐻 𝑟𝑙 (𝑗𝜔) + 𝜙 𝑛,𝑟𝑒𝑓 ⋅ 𝐻 𝑈𝑃 (𝑗𝜔) (5.8)

Notice that the noise of the controlled ring oscillator has two components, the first one, which is dominated by the noise of the reference 𝜙 𝑛,𝑟𝑒𝑓 ⋅ 𝐻 𝑈𝑃 (𝑗𝜔), and is attenuated in about -10 dB/dec. The second component is given by 𝜙 𝑛,𝑉𝐶𝑂 ⋅ 𝐻 𝑟𝑙 (𝑗𝜔), which is dominant by frequency offsets higher than 𝑓 𝑟𝑒𝑓 /2.

The phase noise response depicted Figure 5.16 demonstrates clearly that the multiplexed ring oscillator reduces the noise of the free-running oscillator. This noise attenuation characteristic is the main principle of this architecture, to achieve a competitive performance using a noisy ring oscillator, and a clean reference frequency. The noise at the lowest frequency offsets depends on the value of 𝑁. However, if 𝑁 is decreased, a higher value of 𝑓 𝑟𝑒𝑓 is required to achieve higher output frequencies.

MDLL Linear Model

After calculating the noise of the multiplexed ring oscillator, the noise of the complete feedback loop can be calculated. Ye et al., [START_REF] Ye | A p e-crystal interface PLL with VCO realignment to reduce phase noise[END_REF], proposed a linear model for the MDLL, and is depicted in Figure 5.17. This linear diagram is the used in this architecture to estimate its phase noise response.

Figure 5.17. Noise model of the MDLL, proposed by [START_REF] Ye | A p e-crystal interface PLL with VCO realignment to reduce phase noise[END_REF] Based on the information given in Figure 5.17, the linear model is similar to the one of the classical PLL. However, the re-alignment factor of (5.9) and the up-converted noise of the reference (5.10) appear to modify the noise of the ring oscillator.

Using the diagram of Figure 5.17, the open-loop noise of the VCO is modified by the loop (𝐻 𝑙𝑜𝑜𝑝 (𝑠)), the re-alignment factor (𝐻 𝑟𝑙 (𝑠)) and the up-converted noise (𝐻 𝑈𝑃 (𝑠)). Finally, the feedback loop is closed using the frequency divider, implemented by the digital counter. The total noise of the MDLL can be calculated as [START_REF] Liu | A e Pe fo n e Ev on of e -Power FOM for Multiplying Delay-Lo ed Loop[END_REF]:

𝜙 𝑛,𝑀𝐷𝐿𝐿 = 𝜙 𝑛,𝑉𝐶𝑂 ⋅ 𝐻 𝑉𝐶𝑂 + 𝜙 𝑛,𝑟𝑒𝑓 ⋅ 𝐻 𝑟𝑒𝑓 + 𝜙 𝑛,𝑙𝑜𝑜𝑝 ⋅ 𝐻 𝑙𝑜𝑜𝑝 (5.11)

Where 𝐻 𝑉𝐶𝑂 represents the noise transfer function of the VCO tuning loop, defined as [START_REF] Liu | A e Pe fo n e Ev on of e -Power FOM for Multiplying Delay-Lo ed Loop[END_REF]:

It is worth to remark that the calibration loop contributes to the output phase noise through the variable delay noise (𝜙 𝑛,𝜏 ). The phase noise of the reference 𝜙 𝑛,𝑟𝑒𝑓 will be added directly to the control loop 𝐻 𝑙𝑜𝑜𝑝 (𝑠), that will increase the phase noise of the output especially at the highest frequency offsets.

Another important factor that will affect the phase noise of the output is the noise injected through the supply voltage. As explained by Razavi [START_REF] R V "t E De -Lo | Loop A C fo A Se sons[END_REF], the delay line of a DLL has a delay variation with respect to the supply voltage, with a ratio 𝐾 𝐷𝐿,𝑉𝐷𝐷 . This noise is similarly attenuated by the DLL control loop, which also has a high-pass response regarding that perturbation. This means that the noise of the supply voltage is seen at the output phase noise, in frequency offsets higher than 𝑓 𝑟𝑒𝑓 /2.

For the designed circuit, internal and external decoupling capacitors are used to reduce the noise coming from the supply voltage. In addition, the supply is provided by an external lownoise LDO powered by batteries in order to suppress the power network perturbations.

MDLL Spurious Tones and Jitter

Once the MDLL is locked, the oscillator generates 𝑁 cycles, that fit into one cycle of the reference. However, in the uncalibrated operation, there are 𝑁 -1 cycles with an average period (𝑇 𝑎𝑣𝑔 ) lower than the nominal period (𝑇 𝑛𝑜𝑚 ). The last cycle (𝑇 𝑙𝑎𝑠𝑡 ) has a period estimated as:

𝑇 𝑙𝑎𝑠𝑡 = 𝑇 𝑟𝑒𝑓 -(𝑁 -1)(𝑇 𝑎𝑣𝑔 ) (5.7) As depicted in Figure 5.19, if there is an error between the nominal period and the average period (𝑇 𝑎𝑣𝑔 < 𝑇 𝑛𝑜𝑚 ), this error will be multiplied by N-1 and the last cycle will be different to the previous ones, with a period mismatch, that will be equal to Δ𝑇 𝑙𝑎𝑠𝑡 = 𝑇 𝑛𝑜𝑚 -(𝑁 -1) ⋅ 𝑇 𝑎𝑣𝑔 (5.8)

The absolute value of the timing mismatch gives the instantaneous spur magnitude of Equation (5.1).

The function of the calibration loop is to minimize Δ𝑇 𝑙𝑎𝑠𝑡 , by giving the appropriate phase shift to the reference signal. This considers the propagation delay of the multiplexer digital control signals. This added delay will slightly decrease the control voltage 𝑉 𝑡𝑢𝑛𝑒 1 of the main analog MDLL control loop. This reduction of the tuning voltage increases the value of 𝑇 𝑎𝑣𝑔 , to approximates it to 𝑇 𝑛𝑜𝑚 , reducing the value of Δ𝑇 𝑙𝑎𝑠𝑡 to its minimum value.

However, if each oscillation cycle is affected by a random jitter source 𝜎 𝑖 , the final signal will have a period of:

𝑇 𝑙𝑎𝑠𝑡 = 𝑇 𝑟𝑒𝑓 -[(𝑁 -1) ⋅ 𝑇 𝑛𝑜𝑚 + ∑ 𝜎 𝑖 𝑁-1 𝑖=1 ]
(5.9) Equation (5.9) shows that the last period is dependent on the accumulated jitter of the previous 𝑁 -1 cycles. If Equation (5.1) is considered, for a spur rejection of -50 dB, it is necessary to have an average deviation of the last cycle of:

-50 ≈ 20 ⋅ log ( 𝛥𝑇 𝑙𝑎𝑠𝑡 𝑇 𝑛𝑜𝑚 ) (5.10)

Using as example 𝑇 𝑛𝑜𝑚 = 400 ps, it gives a value of Δ𝑇 𝑙𝑎𝑠𝑡 = ±1.26 ps. This means that to have the required spur rejection, it is necessary to have a maximum accumulated jitter of:

∑ 𝜎 𝑖 𝑁-1 𝑖=1 ≤ ±1.26 ps (5.11)
Notice that the 𝑁 -1 cycles of the output signal have a cycle jitter 𝜎 𝑖 . However, these values are uncorrelated, and they are caused by random sources that affect the inverter chain at each transition, adding jitter at each rising and falling transitions. Hence, the total accumulated jitter is dependent on the value of 𝑁 and the quantity of inverters of the chain, that determines the total accumulation at the output.

From the research work of Amemiya et al. [START_REF] Amemiya | A on fo Pe od P e n S n s[END_REF], the systematic accumulation of jitter of a periodic signal, can be seen as the accumulation of the variance of each cycle (𝜎 𝑖 2 ), hence, its deviation is proportional to √𝑁. To have a -50 dB of spur rejection, Equation (5.9) can be roughly simplified to:

√𝑁 ⋅ 𝜎 𝑖 ≤ ±1.26 ps (5.12)

Being the period jitter of each cycle approximately equal to 𝜎 𝑖 ≈ 180 fs to satisfy the desired value of spur rejection. This value does not consider the following factors that can also degrade the spur performance of the output signal:

• The period jitter of the delay unit (𝜏) of the calibration loop: this delay unit adds some time perturbations to the reference signal, whose value is proportional to the delay added to the reference frequency.

• The mismatch of the charge pump current of the main analog MDLL, that provides a ripple to the tuning voltage 𝑉 𝑡𝑢𝑛𝑒 1 that adjusts the target frequency of the multiplexed ring oscillator.

These factors can affect the results obtained from Equation (5.10), degrading the output jitter of the inverter chain, and hence, the accumulated jitter of the 𝑁 -1 cycles.

Us n e A d 's fo [START_REF]P se No se nd e n C OS R n Os o s[END_REF] for the jitter calculation given by the thermal noise sources of a CMOS inverter:

𝜎 𝑡 2 = 4𝑘𝑇 [ (𝑡 𝑑 𝑛 + 𝑡 𝑑 𝑝 ) ⋅ (𝛾 𝑛 + 𝛾 𝑝 )
𝐼(𝑉 𝐷𝐷 -𝑉 𝑡 ) ] (5.13)

It is possible to obtain the required bias current (𝐼) of the inverter chain to achieve a target period jitter, for a given spur rejection value.

Based on the simulation data of a CMOS inverter implemented in 28 nm FD-SOI technology, regarding the 𝑉 𝑡ℎ , its propagation delays, the noise factors, and 𝑉 𝐷𝐷 = 0.6 𝑉, the required current (𝐼) for and inverter to achieve the 180 fs of jitter should be at least 40 µA to ensure the desired spur rejection.

As seen in Equation (5.12) and (5.13), there is a trade-off between the jitter and the spur rejection of the inverter chain. Hence, to minimize the spur magnitude it is also required to increase the current consumption of the oscillator.

To achieve the specifications defined; for this architecture a spur rejection of maximum -47 dB is compliant for an ultra-low-power application. By considering all the different variations given by the analog MDLL, the jitter of the reference and the delay line of the calibration loop, this is the optimum trade-off between power consumption and performance.

For the design of the multiplexed ring oscillator, it has been considered the requirements in terms of spur rejection with its corresponding jitter and power consumption.

Circuit Implementation

For the implementation of the proposed architecture, a VDD of 0.6 V is used, to reduce the power consumption of the blocks, and use the body bias feature of the FD-SOI technology to improve the electrical characteristics of the devices. For the blocks of the proposed circuit, the body bias feature is useful to improve the behavior of the circuits. The flip-flops used in this circuit are based on the TSPC logic family [43]. For a classical PFD, this family of flip-flops offer a better jitter behavior than standard NAND-based topologies, as described in [START_REF] Ho O N Nd R V | An s s of P se No se n P se/ e en De e o s[END_REF]. And the current in the drain of M2 can also be approximated as:

𝐼 2 = 𝛽 2 (𝑉 𝑥 -𝑉 𝑡ℎ 2 ) 2 (5.3)
If 𝑉 𝑡ℎ 1 = 𝑉 𝑡ℎ 2 = 𝑉 𝑡ℎ , and 𝐼 1 = 𝐼 2 = 𝐼, the value of the current can be defined as:

𝐼 = 2 µ 𝑛 ⋅ 𝐶 𝑜𝑥 ⋅ 1 𝑅 2 (1 - 1 √𝐾 ) 2 (5.4)
If the transistors are biased in weak inversion, an interesting value of:

𝐼 = 𝜙 𝑡 𝑅 ⋅ 𝑙𝑛(𝐾) (5.5)
Is found for the calculation of the output current. If K is chosen to be 4, 𝑅 = 100 kΩ, 𝐿 = 400 nm to minimize the channel modulation effect. Figure 5.29 shows the DC simulation results of the generated current with respect to VDD, showing that the circuit can generate a constant current from 0.6 V to 1 V of supply. For the oscillator implemented in this architecture, the same body biased ring oscillator is used (BBRO). For this implementation, as the VDD is 0.6 V, a different device sizing is required in order to achieve the target oscillation frequency. For this architecture, the LVT device family is used, and only the NMOS body voltage is used.

As the ring oscillator is controlled by the multiplexer, the symmetry of the rise and falling edges is not as relevant as the previous case, due to the injection of a clean rising edge of the reference as seen in the noise analysis in the previous sections.

To achieve the oscillation frequency of 2.5 GHz using a 0.6 V supply voltage, the value of L has been chosen using the information previously obtained for inverters. The rise and fall times are higher than the case of 1 V of supply voltage, and the 𝐾 𝑖𝑑𝑒𝑎𝑙 is also higher. However, a 20% of mismatch between rising and falling transitions can be acceptable, due to the high bandwidth and noise behavior of DLL loops. For the implementation of the multiplexer, standard transmission gates have been used, and the body voltage is also controlled using the same tuning voltage (𝑉 𝐵𝑁 ) of the inverter chain. Figure 5.33 shows the circuit diagram of the multiplexer. Both elements (the inverter chain and the multiplexer are placed in the same layout, also, the dummy inverter shown in Figure 5.13 is placed in the same block. With this scheme, all the elements have the same local variability, and the signal of the oscillator will not be affected due to parasitic delays between stages. 

Multiplexer Selection Circuit

To control the multiplexer selection signal "SEL" , two signals are used: the output of the digital counter and the reference frequency. For the activation of the ring oscillator mode, the rising edge of 𝑓 𝑟𝑒𝑓 is used. At each rising edge of 𝑓 𝑟𝑒𝑓 , the "SEL" s n s se o " o " v es the ring oscillator mode. Then, the "SEL" s n s se o " " en e o n e ves o e N-1 th cycle, activating the delay line mode, and waiting for the next rising edge of the reference to be injected in the delay line, and to restart the operation.

The logic element that implements the previously described function is a D-type flip-flop with asynchronous reset, clocked to the falling edge of the ring oscillator. The digital counter emits a pulse when its value reach 𝑁 -1 cycles instead of 𝑁. However, for the analog tuning loop (MDLL) needs to perform the phase comparison at each 𝑁 cycles. To obtain a pulse at the 𝑁 -1 th and the 𝑁 th cycle of the ring oscillator, a chain of D flip-flops are used, as shown in Figure 5.38. With the proposed scheme, the digital counter will emit a pulse at the 𝑁 -1 os on es "Last -1" , and the chain of flip-f ops ene e e "Last" s n at the end of 𝑁 oscillation cycles. 

Programmable N Down Counter

The digital counter used in this circuit is different from the version used in the solution presented in the previous chapter. In this proposed solution, the operating voltage of 0.6 V requires a different implementation approach. The standard programmable 𝑁 counter presented in the previous chapter, resets all the flip-flops to zero, when the value stored in the flip-flops achieves the value of 𝑁.

In this work, the value of 𝑁 is previously pre-charged in the flip-flops when the asynchronous reset signal is activated. After the pre-charge of the programmable bits of 𝑁, the counter will o n do n o " ", activating the signal 𝑅, and the value of 𝑁 is stored in the flip-flops to repeat the operation. For that purpose, the proposed pre-chargeable flip-flop circuit is depicted in Figure 5.40.

The circuit of Figure 5.40 works as follows: when the asynchronous signal R is active, the data of the signal 𝑁 𝑖 is stored in the latches. This approach is different from the standard s n ono s ese e e e v e of " " s p e-charged. Using the pre-charge value of 𝑁 𝑖 , it is possible to implement a down-counter, and the proposed architecture is depicted in Figure 5.41. It is composed of a ripple counter, such as the one used in Figure 4.45. In the proposed down counter, the comparison logic is composed of NAND gates, that compares the output values of each flip-flop 𝑄 𝑖 , and activates a reset signal (𝑅) when all the inputs are equal to 0.

The presented approach contains a critical path with lower propagation delay than the structure shown in Figure 4.45. Co p n " " e es less logic gates and presents a lower logic depth since the comparison is performed using NAND gates. Decreasing the number of logic gates also helps to decrease the power consumption compared to the upcounter scheme. Also, Figure 5.41 shows an extra D Flip-flop clocked with the negative edge of 𝑓 𝑜𝑢𝑡 which receives the signal 𝑅 to reset its value. With this flip-f op e "Last -1" s n s p se width equal to one period of 𝑓 𝑜𝑢𝑡 , ensuring that the generated pulse is detectable in the tuning loop. No e e s n "Last -1" is generated when the values of the output of the flip-flops (𝑄 𝑖 ) is 0. After the rising edge of the reset signal, the value of 𝑁 -1 is pre-charged again in the flip-flops, starting again to count down to 0 A so no e e s n "Last -1" has a pulse width of one period of 𝑓 𝑜𝑢𝑡 , to ensure its detectability in the main MDLL loop. The post-layout average power consumption is 137 µW for a 0.6 V power supply, and ±1.5 V of body voltage. This work is also functional with 1.0 V of power supply and 0 V of body voltage. However, its power consumption increases to 325 µW. 

Calibration Loop Implementation

The calibration loop, explained previously, is based on a delay-locked loop (DLL), that controls a delay line by using a phase comparison between the output of the multiplexer (𝑂 1 in Figure 5.), and the delayed output of the inverter chain using a multiplexer (signal 𝑂 2 ). These signals are compared using a time window given by the signal generated to control the multiplexer s n "SEL" of Figure 5.38).

Windowed Phase Detector

When 𝑂 1 arrives earlier than 𝑂 2 , the 𝑈𝑃 ̅̅̅̅ signal is activated. When 𝑂 2 arrives earlier than 𝑂 1 , the 𝐷𝑂𝑊𝑁 signal is activated. The logic function of the proposed phase detector is given by the following expressions:

𝑈𝑃 ̅̅̅̅ = 𝑂 1 ⋅ 𝑂 2 ̅̅̅ ⋅ 𝑆𝐸𝐿 𝐷𝑂𝑊𝑁 = 𝑂 1 ̅̅̅ ⋅ 𝑂 2 ⋅ 𝑆𝐸𝐿
The proposed phase detector will emit the 𝑈𝑃 and 𝐷𝑂𝑊𝑁 signals, whose value will be proportional to the phase shift between 𝑂 1 and 𝑂 2 . It can be noticed that the calibration loop is also a DLL loop, that delays the reference in the tuning path to align the signals 𝑂 1 and 𝑂 2 to minimize the duty cycle distortion of 𝑓 𝑜𝑢𝑡 . 

NOR UX Selection

As seen in the previous logic equations, a three-input AND and NAND gates are used to generate the desired signals. However, for 0.6 V of supply voltage, the delay of three transistors in series is considerably high. To reduce the propagation delay of the proposed circuit, a two-input NAND and AND gates are used, and their outputs are controlled using transmission gates and pre-charge devices. The proposed circuit diagram for the phase detector is depicted in Figure 5.45. With this scheme and using the body bias technique, a reduced dead zone of the phase detector is obtained. This means that low delay mismatches can be captured using the proposed implementation of phase detector. Figure 5.46 shows the transfer function of the proposed circuit using 0 and ±1.8 V of body bias for the PMOS and the NMOS devices to reduce the dead zone. 

Loop Filter

The phase detector of Figure 5.45 is connected to a charge pump, that injects a positive or negative charge to a loop filter. As the calibration loop behaves like a DLL, it needs a loop filter capacitor that stores the value of the phase mismatch that needs to be compensated. The loop filter capacitor acts like an accumulator, storing the phase error between the comparison signals. For this work, a 500 fF MOM capacitor is used for a compact implementation.

Body-Biased Delay Line (𝝉)

For the alignment of the signals 𝑂 1 and 𝑂 2 , a variable delay line is needed to generate the appropriate compensation to the signal 𝑓 𝑟𝑒𝑓 in the tuning loop. The provided delay is variable and needs to compensate the variations of the propagation delay of the selection logic and the counter, for different PVT variations. The proposed delay line is depicted in Figure 5.48. The circuit of Figure 5.48 works as follows: a fixed value of current of 10 µA is used, coming from the constant 𝑔 𝑚 reference depicted in Figure 5.28. This constant current is injected into the drain of transistor 𝑀 1 , which is a diode-connected device. It creates 𝑉 𝐺𝑆 1 , that will be used to bias the transistors 𝑀 2 , 𝑀 3 , 𝑀 4 and 𝑀 5 , whose body is connected to ground. When the body voltage of 𝑀 1 increases, the value of 𝑉 𝐺𝑆 1 decreases due to the reduction of 𝑉 𝑡 1 . to keep the same drain current. The generated 𝑉 𝐺𝑆 1 creates lower biasing currents in the biasing transistors 𝑀 2 and 𝑀 5 , increasing the delay of the first current-starved inverter.

This scheme gives a simple biasing circuit, that will provide a variable delay for the whole range of the tuning voltage, giving a compact solution that uses the body bias feature of the FD-SOI technology. Figure 5.49 shows the delay response of the proposed delay line for the calibration loop, showing that it can generate a variable delay between 55 to 130 ps for all the operating corners (from SSA 125°C to FFA 0°C). 

Full-System Post-Layout Simulation Results

In order to test the performance of the proposed solution, several transient simulations have been performed using SpectreRF. These transient analyses include a noise with a maximal frequency of 25 GHz to speed-up the simulations, with a strobe frequency of 1 THz to have equally spaced samples for the FFT of the output signal. The first simulations results shown in this section allow to observe the locking process of the MDLL loop, from the start-up until the steady-state behavior of the control loop.

Figure 5.52 depicts the test bench used to perform the post-layout simulations of the proposed ultra-low-power DLL-based frequency synthesis solution. A 50-MHz reference signal is a sinewave of -10 dBm of power, with the phase noise profile given by the datasheet of the signal generator. Also, for the signal 𝑓 𝑜𝑢𝑡 and the signal of the DLL, the wire bonding is considered like in the circuit presented in the previous chapter. Finally, the SPI master block in Verilog-A is used in the simulations to provide the value of 𝑁 for the digital counter.

Figure 5.53 shows the simulation results of the transient behavior of the multiplying DLL when it is locking e e e n en of e s n s "𝐿𝑎𝑠𝑡" nd e 𝑟𝑒𝑓 𝑑𝑒𝑙 is performed by the main analog MDLL. The initial condition of the signal starts the oscillator at the highest frequency, finishing the accummulation of the 𝑁 oscillation cycles before the next rising edge of the reference.

Figure 5.52. Test bench of the proposed MDLL circuit with its calibration loop

To ensure that the ring oscillator starts at its highest frequency, an external reset pin (𝑅𝑆𝑇 𝑀𝐷𝐿𝐿 ) enables a transistor that sets the tuning voltage of the analog MDLL control loop to VDD. Then, its frequency is adjusted by the main DLL loop when this signal is disabled. In a similar maneer, the signal 𝑅𝑆𝑇 𝐶𝐴𝐿 ensures that the delay of the calibration loop is set to its minimum value.

The charge pump decreases the control voltage (𝑉 𝑡𝑢𝑛𝑒 1 ) until the frequency of the ring oscillator decreases, to match 𝑁 oscillation cycles into a period of the reference, as depicted in Figure 5.53. en e DLL s o ed e s n s "𝑓 𝑟𝑒𝑓 " nd "L s " e ned Ho eve e o p s n coming from the multiplexed ring oscillator presents the duty cycle distortion previously mentioned when the calibration loop is disabled. Figure 5.54 shows the duty cycle distortion of the last oscillation cycle at steady state, and the signal coming from the delayed reference frequency is ned o e o p of e s n "L s "

As seen in Figure 5.54, the last period is higher than the other N-1 cycles. From transient simulations of the loop, it was observed that the timing mismatch is around 30 ps when the MDLL loop is locked, as observed in Figure 5.55. The average periods (𝑇 avg ) achieve a value lower than 400 ps (2.5 GHz), and higher values appear at each N cycles, as expected. When the calibration loop is turned on, the period mismatch starts to be reduced. The signal ref del ) adjusts its delay with respect to the signal of the multiplexer. This causes the reduction of the period deviation of the output signal, as seen in Figure 5.56, that compares the delay mismatch of the output signal when the calibration loop is locking, versus the calibration loop turned off. As seen in Figure 5.56, the calibration loop action compensates the delay mismatch of the VCDL control logic. Therefore, the periodic mismatch of 𝑓 out decreases, decreasing the spurious tones at the output. Notice that the value of the period mismatch will depend on the accumulated jitter of the last N-1 cycles.

N C es N C es N C es

Figure 5.57 shows the evolution of the tuning signals 𝑉 𝑡𝑢𝑛𝑒 1 and 𝑉 𝑡𝑢𝑛𝑒 2 , showing the locking of both loops.

When the locking of the calibration loop is enabled, a constant delay is added to the main analog DLL. This causes that the tuning voltage 𝑉 𝑡𝑢𝑛𝑒 1 decreases slightly to increase the period of the N-1 oscillation cycles, to reduce the period of the last oscillation cycle. Notice that the calibration loop only adds an average value of delay each N cycles. However, there is an instantaneous value that is added by the accumulated jitter of the previous oscillation cycles that will affect the period of the final cycle.

Figure 5.58 shows the spectrum of the output signal 𝑓 out . In this figure, it is possible to see that this signal is centered at 2.5 GHz, with spurious components related to the reference frequency, with an attenuation of around 48 dB for a 1 milisecond of simulation.

Finally, Figure 5.59 shows the phase noise of the output signal obtained at 𝑓 𝑜𝑢𝑡 = 2.5 GHz. At 1 MHz period, the phase noise is around -100 dBc/Hz. This value is low compared to the freerunning value of the oscillator shown in Figure 5. [START_REF] S G E N | An H -122dBc/Hz-at-200kHz Clock Multiplier based on a Co n on of PLL nd Re n DLL[END_REF], showing that the MDLL architecture helps to greatly reduce the value of phase noise of ring oscillators. Using the MDLL loop, t e " n e ed" efe en e ed e using the reduces the jitter accumulation of standard ring oscillator structures as previously shown in the noise analysis of the circuit. Also, the body bias feature of the FD-SOI allows the use of an alternative for the controllability of a ring oscillator through the body access of the transistors. This feature helps to reduce the silicon surface, and to uses less devices to control the oscillation. .60 shows the power consumption breakdown of the proposed MDLL, with a total value of only 428.7 µW, being the multiplexed VCO and the digital part of the programmable VCDL the most power consuming blocks. The proposed solution shows an interesting performance in terms of jitter and power consumption, that enables its use in ultra-low-power IoT nodes.

Comparison with State-of-the-Art

Table 5-1 shows a comparison with other ring-based frequency synthesis solutions. This work has a notable improvement in the overall power consumption as seen in the breakdown shown in Figure 5.60. Also, its core area is greatly reduced by using the digitally assisted logic for the control of the ring oscillator, and its power efficiency is improved by using the body bias feature of the FD-SOI technology, which helps to reduce the value of the supply voltage used for the operation of the circuit, being capable of operating with power supplies lower than 1 V, suitable for battery powered circuits.

Other works such as [START_REF] A S N O E Nde A L L C S O Nd S Lev N | A -to-3.0-GHz Fractional-N MDLL with a Digital-to-Time Converter Range-Reduction Technique Achieving 397fs Jitter at 2.5-Po e[END_REF] offer a compact digital solution that presents a femto-second jitter performance with low spurs. However, its power consumption is considerably high, and its multiplication ratio 𝑁 is also low (around 16). The same situation can be seen in the work of [START_REF] Yang | A -digital MDLL using edge re-extraction, dual-ring VCOs and a 0.3mW block-sharing frequency tracking loop ev n fs s e nd -d O[END_REF], which shows as well an excellent performance in terms of jitter and power efficiency. However, its reference frequency is high, being a its 𝑁 around 15.

The most important innovation of this work resides in the usage of the advantages of the MDLL loop for the increase of the loop bandwidth to control the oscillator noise to a value higher than 𝑓 𝑟𝑒𝑓 10 ⁄ , also, to use the multiplexed ring oscillator that prevents its infinite jitter accumulation to a value proportional to 𝑁, which is similar to an injected oscillator, with the advantage of working in a higher locking range.

Finally, notice the improvements of the proposed circuit in terms of power efficiency compared with [17], which also shows an improved solution in terms of power consumption. As the spur of the output spectrum is not reported by the authors, this feature cannot be compared with the results of this work. However, this work presents a similar jitter performance with less power consumption. 

Chapter Conclusions

In this chapter, an ultra-low-power approach for frequency synthesizers solution is presented. This solution takes advantage of the high-bandwidth performance of the DLL loops, to tune a multiplexed ring oscillator that is programmed to synchronize its oscillation frequency with the reference frequency, allowing to reduce the infinite jitter accumulation of standard ring oscillators.

As its jitter accumulation is reduced at each N oscillation cycles, the multiplexed ring oscillator can reduce its phase noise using a clean reference frequency, having a better performance in terms of jitter than a standard ring oscillator. This characteristic is exploited in this chapter to develop a solution that consumes less than 1 mW of power and has a low in-band phase noise (less than -100 dBc/Hz @ 1 MHz of offset).

As the conventional MDLL loop has the drawback of high reference spurs, this work proposes an innovative DLL-based ultra-low-power calibration loop, that compensates the delay of the control logic that generates duty cycle distortion at the output frequency, decreasing its spectral purity.

The proposed MDLL loop and its calibration loop consumes only 428 µW of power, which is very low compared with the state-of-the-art solutions of frequency synthesizers for IoT nodes. This solution presents an outstanding performance, improved by the body bias feature of the FD-SOI technology, that helps to decrease the propagation delay of the logic gates used in this work for a reduced VDD. This feature allows the operation of the circuit using only 0.6 V of VDD, being able to be used with batteries or energy-harvested power supplies.

Chapter 6. Conclusions and perspectives

In this work, the different aspects of the Internet of Things have been introduced. Based on this study, an initial survey of state-of-the-art frequency synthesizers has been performed. Its results show that it is necessary to develop low power solutions for low power applications in the sub-mW range to extend the battery life of these devices.

After the identification of the different opportunities for the noise reduction of ring-based frequency synthesizers, a first solution has been proposed, and it is based in a double feedback loop to tune the frequency of the VCO. This architecture uses the features of DLL loops to pre-tune the ring oscillator, also helping to reduce its noise. The developed architecture presents a FoM of -226 dB with a power efficiency of 0.36 mW/GHz, being suitable for energy efficient implementations of battery powered IoT devices.

With the development of the first solution, architectural improvements have been detected to further reduce its power consumption and increase its performance. In the second solution, the ring oscillator is controlled using a multiplexer switched to the reference frequency. With this scheme, an improvement of its phase noise is achieved, compared to the classical version.

With the use of the multiplexed ring oscillator, a digital counter, and a digital selection logic, a tuning loop has been used in this implementation, and it is called Multiplying DLL (MDLL). This scheme has the advantages of a classical DLL loop, allowing to reduce the stability constraints of classical PLLs. With the MDLL, the loop bandwidth is higher than 𝑓 𝑟𝑒𝑓 10 ⁄ , allowing to reduce the phase noise of the multiplexed ring oscillator.

The proposed MDLL loop of this work is implemented using an analog architecture. To enable the use of a classical PFD, an alternative circuit has been proposed to solve the problem of false locking, allowing to perform the phase comparison in a range between -𝜋 and 𝜋, eliminating the problem of " e o effe ", for the correct locking operation.

Additionally, the duty cycle distortion error of classical MDLL loops is corrected by using an analog ultra-low power spur calibration loop. This loop detects the delay mismatch of the control logic of the controlled ring oscillator to perform the static phase offset correction caused by the duty cycle distortion of the output signal.

In conjunction with the proposed architecture, a further reduction of the power consumption is achieved thanks to the body bias feature of the FD-SOI technology. The supply voltage of the digital circuits is reduced, and their propagation delay is reduced by using a global body voltage. With the proposed scheme, a reduction of at least 30% is obtained, to operate with a 0.6 V supply voltage.

With the proposed architecture, a compact solution with a core silicon area of 0.064 mm² has been developed, showing a phase noise of -100 dBc/Hz at 1 MHz offset from the carrier, 2.8 ps of RMS jitter between 10 kHz and 100 MHz, and a -49 dB of spur rejection, consuming only 428 µW of power using a 0.6 V supply. This solution also gives a power efficiency of 0.17 mW/GHz, showing the best-in-class power efficiency of the state-of-the-art in frequency synthesis solutions. The survey shown in Figure 6.1 shows that the proposed solutions of this thesis are competitive and demonstrate that energy-efficient frequency synthesizers using ring oscillators are achievable. A power efficiency value lower than 0.4 mW/GHz is possible to achieve with the proposed architectures.

Notice that, the best performance contributions in terms of FoM are achieved with injectionlocked-based and MDLL architectures, which generate a high output frequency using a lownoise and stable reference. 

Are of Interest

Future Work

• Measurements results of Chapter 5

The developed circuit in Chapter 5 is expected to be delivered in January 2023. The measurements of that circuit will be performed once the circuit is fabricated and packaged. A similar test setup, such as the shown in Figure 4.56 will be used to perform the test of the developed circuit, and the measurement results are expected to be published as well.

• Fractional Frequency Synthesis

This work develops an alternative approach for ultra-low-power applications using ring oscillators. After the development of this work, it is demonstrated that it is possible to develop ultra-low-power solutions with low jitter, to be used in battery-powered or energy-harvested devices widely used in IoT networks.

To completely fulfill the frequency resolution requirements of communications protocols such as Bluetooth Low Energy (BLE), fractional frequency division is required. To perform this fractional frequency division, it is possible to use a digital-to-time converter (DTC) to change the delay of the reference frequency used in the main analog MDLL loop, such as proposed by Markulic et al [START_REF] N R O S P Nd C N N X | A -bit, 550-fs step Digital-to-T e Conve e n n C OS[END_REF], seen in Figure 6.2, which depicts the approach of fractional-N frequency synthesis using a DTC. Using a delayed reference frequency in the analog MDLL loop, the tuning voltage 𝑉 𝑡𝑢𝑛𝑒 1 of the main loop is increased to match the N cycles of the reference into the delayed period given by the DTC. If an appropriate bitstream for the programmable delay is sent to the DTC, the fractional value of the output frequency can be achieved.

There are some aspects that should be carefully considered for this frequency division: first, the DTC linearity, which should be considered to give the appropriate delay. Also, the DTC noise should be carefully analyzed because it will directly affect the performance of the tuning voltage.

• Programmable Ring Oscillator

The number of stages of the controlled ring oscillator depicted in Figure 5.32 can be adjustable, to have a wide coarse tuning range. The number of stages can be increased or decreased to divide the tuning range. A coarse tuning word, which selects the number of stages required to oscillate, and the signal 𝑉 𝑡𝑢𝑛𝑒 1 that will set the fine-tuning range of 𝑓 𝑜𝑢𝑡 . Figure 6.3 depicts the proposed programmable ring oscillator. As shown in Figure 6.3, the minimum number of stages is set to 3, and the number of stages can be set to 3, 5, and 7 by using the bits 𝑀 1 , 𝑀 2 , 𝑀 3 to 1 respectively. Using the proposed scheme, a wide tuning range can be proposed.

Due to the unconditional stability of the MDLL loop, it is possible to perform a frequency synthesis using a high-𝐾 𝑉𝐶𝑂 using a programmable ring oscillator, in contrast to a classical PLL loop, which can face stability issues using the depicted configuration. This allows to perform a frequency synthesis for multi-protocol applications. Figure 6.4 depicts the frequency tuning range of the programmable ring oscillator, by using 3 to 9 stages, covering a tuning range from 1.5 GHz to 5.7 GHz. 
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  [1]. Figure2.1 depicts a standard IoT network infrastructure, showing its different network layers from physical to application.
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 2 Figure 2.8. Phase Noise and its measurement, from [10]

  Figure 2.10 depicts a standard PLL phase noise plot, showing the improvement of the output phase noise by increasing the loop bandwidth.
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 37 Figure 3.7. Noise signal (𝜎 𝑛 ) affecting the timing jitter (𝜎 𝑡 ) for a slow and a fast signal
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 3 Figure 3.15. Phase Noise of a delay line and a ring oscillator, from [12]
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 4 Figure 4.1. Proposed DLL-Enhanced PLL Block Diagram
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 4 Figure 4.2 shows the equivalent linear model of the proposed architecture. Using this diagram, the noise characteristics of the proposed circuits are analyzed, giving a noise transfer function (NTF) of the output with respect to a noise perturbation, represented by ϕ 𝑛 .
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 4 Figure 4.2. Proposed DLL-Enhanced PLL Linear Model
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 43 Figure 4.3. Delay unit (RVT CMOS inverter) and its propagation delay in corners

  Figure4.3 depicts the delay variation versus the body voltage of an FD-SOI inverter for different process corners. It is important to notice that the body voltage is increased to adjust the delay of the inverter to be tuned to a target value. This is crucial to improve the robustness of the circuit.
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 4 Figure 4.4. VCO and VCDL structure a) Delay element, b) Ring oscillator for the PLL, and c) Voltage-controlled delay line (VCDL) for the DLL
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 4 Figure 4.5. Biasing scheme of the ring VCO and the VCDL
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 4 Figure 4.6. Phase noise simulation results at the free-running frequency of the ring oscillator
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 4 Figure 4.7. Layout of the ring oscillator of the PLL
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 4 Figure 4.8. Layout of the voltage-controlled delay line (VCDL) of the DLL
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 49 Figure 4.9. Simplified proposed circuit for the body bias generator block (L-BBGEN)

Figure 4 .

 4 Figure 4.10. Small-signal equivalent of the V-to-I converter
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 4 Figure 4.11. Proposed body bias generator circuit (L-BBGEN)
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 44 Figure 4.14. Post-layout simulation results for the output transconductance of the V-to-I converter
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 4 Figure 4.17. Voltage summation cell circuit diagram
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 418 Figure 4.18. Layout of the body voltage summation cell (SUM)
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 419 Figure 4.19. Negative voltage generator circuit diagram
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 4 Figure 4.20 shows the transient simulation results of the negative voltage generator using a differential input voltage. Notice that the output voltage 𝑉 𝑂𝑈𝑇 starts at 0 V and converges to -1.8 V at each rising edge of 𝐶𝐿𝐾 𝑁 and 𝐶𝐿𝐾 𝑃 . At steady state, 𝑉 𝑂𝑈𝑇 stabilizes at approximately -𝑉 𝐷𝐷 .
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 420 Figure 4.20. Transient simulation of the start-up condition of the negative voltage generator
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 421 Figure 4.21. Transient simulation results of the negative voltage generator
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 422 Figure 4.22. Single-ended to differential circuit for the negative voltage generator
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 4 Figure 4.24 shows the spectrum of the signal 𝑉 𝑂𝑈𝑇 , where the most important spectral components are depicted. It is important to notice the spectral component around 100 MHz, which is the main frequency component of the ripple, which is 2 ⋅ 𝑓 𝑟𝑒𝑓 as explained previously.This value is reduced by using external decoupling capacitors in the test PCB, in which a ladder between 100 pF, 10 nF and 100 nF capacitors are added to minimize the impact of the switching components into the output spectrum.
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 423 Figure 4.23. Simulation results of the differential clock signals 𝐶𝐿𝐾 𝑃 and 𝐶𝐿𝐾 𝑁
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 426 Figure 4.26. Schematic diagram of the PFD block for the PLL
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 427 Figure 4.27. State diagram of a standard PFD
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 428 Figure 4.28. PFD response for a positive and negative phase difference
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 429 Figure 4.29. Simulated output current versus phase difference
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 4 Figure 4.30 shows the layout of the proposed PFD. For symmetry pursposes, the flip flops were placed at the edges and the reset logic in the middle of the block to ensure the delay of the reset signal to be equal in both flip-flops.
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 430 Figure 4.30. Layout of the proposed phase and frequency detector (PFD) for the PLL
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 4 Figure 4.31 shows the schematic of the proposed phase detector used in the DLL. Here, the SR latch is used to detect the sign of the comparison, the signals of the reference (𝜙 𝑟𝑒𝑓 ) and the VCDL (𝜙 𝑉𝐶𝐷𝐿 ) are compared, generating a linear response around 2 ⋅ 𝜋 of phase difference, with a range between 𝜋 and 3 ⋅ 𝜋.
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 431 Figure 4.31. Schematic diagram of the proposed phase detector (PD) for the DLL loop

  Figure 4.32 shows the simulation results of the phase comparison of the input signals and the emitted signals UP and DOWN with respect to the phase difference (Δ𝜙).

Figure 4 . 32 .

 432 Figure 4.32. Simulation results of the proposed phase detector (PD) for the DLL loop
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 433 Figure 4.33. Average injected current versus delay difference of the proposed phase detector (PD)
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 434 Figure 4.34. Complete transfer function of the proposed phase detector (PD) of the DLL loop
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 435 Figure 4.35. Layout of the proposed phase detector (PD) of the DLL loop
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 436 Figure 4.36. Charge pump circuit block, a) ideal charge pump (CP), b) simple implementation using transistors, and c) ideal waveforms
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 4 Figure4.[START_REF] Begueret | C o ene o s n f o DLL fo v deo pp ons[END_REF] shows the proposed implementation of the charge pump. It is a classical sourceswitched configuration. This topology reduces the charge injection to the load of classical drain-switched configurations, and gives an acceptable current mismatch, due to the consideration of the voltage drop given by the switch devices that control the output current.
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 437 Figure 4.37. Schematic diagram of the proposed charge pump used in the DLL and the PLL

Figure 4 .

 4 Figure 4.38 shows the simulation results of the charge pump circuit. In these simulation results the absolute value of the output current is shown for different values of the output voltage, and the current mismatch (Δ𝐼 out ) for different values of the output voltage as well.
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 438 Figure 4.38. Output current response for the charge pump used in the DLL and the PLL
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 439 Figure 4.39. Layout of the proposed charge pump for the DLL and the PLL
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 4 Figure 4.40. Monte-Carlo simulation of the current mismatch of the charge pump (CP)
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 441 Figure 4.41. Linear model of the DLL loop with the poles added by the L-BBGEN block with the body capacitor

  Figure 4.11 and the PMOS body capacitor, and 𝜏 2 is the pole at 𝑉 𝐵𝑁 and the NMOS body capacitor. With these values, given by the output impedance of Figure 4.11, the closed-loop response was simulated using MATLAB, and its response is shown in Figure 4.42.
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 4 Figure 4.42. DLL closed loop model simulated in MATLAB

Figure 4 . 43 .

 443 Figure 4.43. Loop filter circuit for the PLL loop
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 444 Figure 4.44. Simulated open loop gain and phase margin for stability
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 445 Figure 4.45. Classical programmable frequency divider circuit diagram

  Figure 4.46. This block is basically composed of a chain of D flip-flops connected in series sharing the same clock (SCK). The output (Q) of each flip-flop contains the digital word 𝑁 used in the frequency divider.

Figure 4 . 46 .

 446 Figure 4.46. Circuit diagram of the shift register used for the SPI module
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 4 Figure 4.47 shows the layout of the proposed frequency divider. Also, Figure 4.48 shows the layout of the proposed SPI block, it was made using the standard D flip-flops of the standard cell library provided by STMicroelectronics.
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 447 Figure 4.47. Layout of the proposed frequency divider of the PLL
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 4 Figure4.[START_REF] Yeh | A GH d p se-locked loop with background supply-no se n e on[END_REF] shows the post-layout simulation results of the RC extractions of the proposed frequency divider and the SPI. To test both modules, a digital division word of 49 will be set to the divider through the SPI, using a 2.5 GHz input clock. At the output is seen a frequency of 50 MHz, performing a frequency division of 50.
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 4 Figure 4.49. Post-layout simulations of the frequency divider + SPI block
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 450 Figure 4.50. Core layout of the proposed DLL-Enhanced PLL
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 451 Figure 4.51. Simplified testbench of the DLL-Enhanced PLL circuit
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 4 Figure 4.52. Transient simulation results of the complete DLL-Enhanced PLL circuit
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 4 Figure 4.55. Die Photograph of the fabricated chip
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 4 Figure 4.56 shows a schematic diagram of the test bench used for the test of the fabricated chip. Also, Figure 4.57 shows a picture of the test bench, at the IMS laboratory at the University of Bordeaux, where all the tests were performed.
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 4 Figure 4.56. Measurement test bench schematic

Figure 4 .

 4 Figure 4.57. Test bench of the prototype

Figure 4 .

 4 Figure 4.58. Waveforms of the DLL output, frequency divider and reference frequency of the measured circuit

Figure 4 .

 4 Figure 4.59. Measured output spectrum and phase noise at 2.5 GHz from 10 kHz to 100 MHz

Figure 4 .

 4 Figure 4.60. Phase noise @ 1 MHz and reference spur rejection versus fabricated die
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 51 Figure 5.1. Proposed ultra-low-power frequency synthesizer. (1) Analog MDLL, and (2) calibration loop

Figure 5 .

 5 Figure 5.3 shows the timing diagram of the programmable voltage-controlled delay line (VCDL).The output of the counter (𝐶𝐿𝐾 𝑂𝑈𝑇 ) has a propagation delay 𝑡 𝑑 𝑂𝑈𝑇 with respect to the rising edge of 𝐶𝐿𝐾 𝐼𝑁 . Its value is defined by the 𝑁 cycles of the counter, and 𝑓 𝑜𝑢𝑡 = 1/𝑇 𝑂𝑆𝐶 , being 𝑡 𝑑 𝑂𝑈𝑇 = 𝑁 ⋅ 𝑇 𝑂𝑆𝐶 . The value of 𝑁 can be programmable via the digital counter, and 𝑇 𝑂𝑆𝐶 can be

Figure 5

 5 Figure 5.3. Timing diagram of the programmable VCDL

Figure 5 . 4 .

 54 Figure 5.4. Simplified block diagram of a classical MDLL
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 5 Figure 5.5. Timing Diagram of the MDLL during the locking process

Figure 5 . 6 .

 56 Figure 5.6. Jitter accumulation of a) standard ring oscillator, and b) multiplexed ring oscillator

Figure 5

 5 Figure 5.7. Duty cycle distortion issue of MDLLs

Figure 5 . 9 .

 59 Figure 5.9. Duty cycle distortion due to the delay of the counter

Figure 5 .

 5 Figure 5.10. Duty cycle distortion (DCD) due to the multiplexer propagation delay

Figure 5 .

 5 Figure 5.11. Compensation delay (𝜏) added in the reference path to reduce the DCD

Figure 5 .

 5 Figure 5.12. Spur rejection versus added delay for the modeled MDLL

Figure 5 .

 5 Figure 5.13. Adding a dummy multiplexer to determine the delay mismatch

Figure 5 .

 5 Figure 5.14 s o s e s ed de e een e s n s "𝑂 1 " nd "𝑂 2 " No e ese delays are misaligned en e s n "𝑆𝐸𝐿" n es T e v e of e de s can be captured and compensated through the adjustable delay added to the main DLL control loop. The alignment of these signals only changes at the end of the 𝑁 oscillation cycles, meaning that the mismatch should be compared when the multiplexer changes its operation mode.
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 5 Figure 5.14. Delay of the dummy and main multiplexer in ring oscillator mode, and detecting the value of delay 𝜏 when the mode changes to delay line

Figure 5 .

 5 Figure 5.15. Proposed calibration loop for the ultra-low-power frequency synthesis MDLLbased solution

Figure 5 .

 5 Figure 5.19, depicts an example of Equation (5.7) for N=50, assuming 𝑇 𝑎𝑣𝑔 = 399 ps, with a nominal period 𝑇 𝑛𝑜𝑚 = 400 ps.

Figure 5 . 19 .

 519 Figure 5.19. Example of the duty cycle distortion for spur analysis

Figure 5 . 22 .

 522 Figure 5.22. Waveform comparison between a classical PFD and the modified PFD (M-PFD)

  Figure 5.23 depicts the flip-flop architecture used for the proposed M-PFD.
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 523 Figure 5.23. Circuit diagram of the flip-flop used in the modified PFD block (M-PFD)

Figure 5 . 24 .Figure 5 .

 5245 Figure 5.24. Transfer function of the modified PFD (M-PFD)
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 526 Figure 5.26. Layout of the proposed M-PFD circuit
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 527 Figure 5.27. Charge pump diagram for the proposed circuit
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 528 Figure 5.28. Constant 𝑔 𝑚 current reference circuit diagram
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 529 Figure 5.29. DC Simulation results of the constant 𝑔 𝑚 reference
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 530 Figure 5.30. Layout of the constant 𝑔 𝑚 current reference
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 531 Figure 5.31. Layout of the charge pump used in this implementation
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 532 Figure 5.32. Circuit diagram of the multiplexed ring oscillator
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 33 Figure 5.33. Multiplexer used for the ring oscillator control

Figure 5 . 34 .

 534 Figure 5.34. Layout of the multiplexed ring oscillator with the dummy multiplexer for the delay calibration loop

Figure 5 . 35 .Figure 5 . 36 .

 535536 Figure 5.35. Phase noise of the free-running oscillator of the controlled ring oscillator Finally, using transient simulations including 25 GHz of maximum noise frequency of the multiplexed ring oscillator, and considering the delay of the multiplexer in the tuning voltage 𝑉 𝐵𝑁 , the instantaneous periods of the output frequency was measured, and the simulation results are shown in Figure 5.41, and its histogram is shown in Figure 5.42.
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 537 Figure 5.37. Histogram of the instantaneous periods of the multiplexed ring oscillator
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 538 Figure 5.38. Proposed selection logic for the multiplexer using the signals N and N-1 of the digital counter

Figure 5 .

 5 Figure 5.39 depicts the generated waveforms to control the multiplexer of the delay line and the signals used for the phase comparison. The proposed scheme reduces the power
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 539 Figure 5.39. Waveforms of the selection logic, and comparison signals for the M-PFD

Figure 5 . 40 .

 540 Figure 5.40. Proposed D flip-flop with a precharge signal 𝑁 𝑖 using 𝑅

Figure 5 . 41 .

 541 Figure 5.41. Complete programmable down-counter
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 542 Figure 5.42. Simulation results of the proposed digital de-counter
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 543 Figure 5.43. Layout of the proposed D flip-flop with a precharge signal 𝑁 𝑖 using 𝑅
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 544 Figure 5.44. Layout of the multiplexer selection logic and the digital counter
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 545 Figure 5.45. Proposed phase detector for the calibration loop
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 546 Figure 5.46. Transfer function of the proposed phase detector for the calibration loop
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 547 Figure 5.47. Layout of the proposed phase detector for the calibration loop
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 548 Figure 5.48. Circuit diagram of the proposed delay line for the calibration loop
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 5495 Figure 5.49. Delay versus tuning voltage of the proposed variable delay for the calibration loop
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 550 Figure 5.50. Layout of the delay line of the calibration loop
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 551 Figure 5.51. Layout of the proposed DLL-based frequency synthesizer
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 5 Figure 5.53. Simulation results of the locking process of the main analog MDLL loop
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 5 Figure 5.54. Duty cycle distortion when the loop is locked, and the calibration loop off

Figure 5 .

 5 Figure 5.56. Instantaneous period of the output signals when the calibration loop is enabled
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 5 Figure 5.58. Output spectrum of the output frequency
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 5 Figure 5.59. Simulated phase noise of the output signal using SpectreRF transient noise

Figure 6 .

 6 Figure6.1 depicts the survey of state-of-the-art FoM versus power efficiency of ring-based frequency synthesizers, updated by the contributions developed during 2019 and 2022. This survey shows that the frequency synthesis solutions proposed in this thesis present an outstanding performance in power efficiency between the published works.
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 61 Figure 6.1. FoM versus power efficiency survey of the published ring-based frequency synthesizers
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 6 Figure 6.2. Sub-sampling DTC for fractional-N division

Figure 6

 6 Figure 6.3. Proposed Programmable stage ring oscillator
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 2 1. Comparison of Prior State of the Art of Low-Power Freq. Synthesis

		Liu et al,	Huang et al,	Gong et al,	Yang et al,	Fan et al,
		ISSCC'19 [14] ISSCC' [19] RFIC'18 [20] ISSCC' [21] ISSCC'19 [22]
	VCO Type	LC		Ring		
	Technology	65 nm CMOS	65 nm CMOS	40 nm CMOS	28 nm CMOS	10 nm FinFET
	Architecture	ADPLL	Analog PLL + DLL	IL-ADPLL	MDLL	Analog PLL
	Output Freq (GHz)	2.466	2.1	2.432	3	3.2
	Tuning Range (GHz)	2.05-3.10	1.1-2.1	1.8-2.7	1.55-3.35	0.5-5
	Supply Voltage (V)	0.45	1.2	1	0.8	0.9
	Reference (MHz)	10	67.7	64	200	100
	Spur (dBc)	-66	-45	-43.6	-44	-56.82
	Jitter (ps)	2.8	1.7	1.6	0.292	1.87
	Power (mW)	0.265	3.84	1.33	1.45	1.38
	Core Area (mm²)	0.25	0.043	0.13	0.0056	0.026
	FoM (dB)	-236.8	-234.0	-234.7	-249.1	-233.2
	Efficiency (mW/GHz)	0.11	1.83	0.55	0.48	0.43
	As shown in Table 1, the state-of-the-art contributions close to the region of interest in Figure
	2.16 have been selected. It is possible to notice that they use different techniques from the
	classical PLL architecture. Yang et al. [21] present relevant results regarding jitter and silicon
	footprint. Its structure is composed of a DLL architecture that controls a ring oscillator.
	However, it uses a high reference frequency (200 MHz) to generate an output of 3 GHz. This
	work shows the low-noise advantage of DLL-based architectures to attenuate the noise of ring
	oscillators.					

Table 2 -

 2 2. Target Specifications of this work

	Feature	Target
	VCO Type	Ring
	Technology	28 nm FD-SOI
	Architecture	Analog + DLL
	Output Freq (GHz)	2.5
	Tuning Range GHz)	2.0-3.0
	Reference (MHz)	50
	Spur (dBc)	<-50
	Jitter (ps)	<5
	Power (mW)	<1 mW
	Core Area (mm²)	<0.04
	FoM (dB)	<-225
	Efficiency (mW/GHz)	<0.4

  , the output current sources (𝑀 𝑃 2 and 𝑀 𝑁 2 ) are biased by the gate voltages (𝑉 𝐵 𝑃 and 𝑉 𝐵 𝑁 ) respectively. The switch transistors (𝑀 𝑃 1 and 𝑀 𝑁 1 ) have the minimum length to reduce the parasitic capacitance and the parasitic charge injected to the output. The biasing network that generates the biasing voltages is composed of the branch of 𝑀 𝑃 5 , 𝑀 𝑁 4 , and 𝑀 𝑁 3 to generate the voltage 𝑉 𝐵 𝑁 , and the branch of 𝑀 𝑁 5 , 𝑀 𝑃 4 , and 𝑀 𝑃 3 to generate the voltage 𝑉 𝐵 𝑃 .

Table 4

 4 

		-1. PLL loop filter component values
	Component	𝑪 𝟏	𝑹 𝟏	𝑪 𝟐
	Value	2 pF	160 kΩ	140 fF

Table 4 -

 4 

	Ne		DD				
	DLL Co e				
	L	GEN				
	PLL Co e	SU	CO CDL	
	D v/N				
							Are	erc	o er	erc
				Ite			
	DLL Co e			x
	Item PLL Co e L GEN		Area (µm×µm)	x x	Perc. (%)	Power (µW)	Perc. (%)
	SU	DLL Core		48 x 44	x	8.9	37	4.0
		PLL Core CO CDL	63 x 46	x	12.2	49	5.3
	L-BBGEN DI /N SPI Ne DD	36 x 26	x	3.9	72	7.8
	SUM De p		28 x 45	x	5.3	56	6.0	N C
		VCO + VCDL	81 x 90		37.9	387	41.7
			DIV/N + SPI	31 x 22		2.9	328	35.3
			Neg. VDD + Decap	87 x 79		28.9	320	N.C.
			Total		192x180		100	929	100

2. Power and area breakdown of the fabricated prototype
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 4 

	-2.
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 4 3. Comparison with the state-of-the-art of inductor-less frequency synthesizers

	Feature	This work	[19]	[29]	[22]	[30]	[31]
	Type	Int. N + DLL	Int. N + DLL	Frac. N MDLL	Int. N	Int. N	Frac. N
	Tech. Node	28 nm FD-SOI	65 nm CMOS	22 nm FinFET	10 nm FinFET	14 nm CMOS	40 nm CMOS
	Supply (V)	1.0/1.8*	1.2	1.1	0.9	0.9	1.1
	Ref. Freq (MHz)	50	67.7	40	19.2	19.2	50
	Out. Freq (GHz)	2.35-3.0	1.1-2.1	1.2-3.8	0.5-5	0.8-4.0	1.67-3.12
	PN @ 1M (dBc/Hz)	-91 † †	-108	-97	-108**	-110**	-100
	RMS Jitter	4.83 † †	1.7	4	1.87	2.99	2.26
	(ps)	(10k-100M)	(1k-50M)	(1k-100M)	(10k-100M)	(10k-1G)	(1k-100M)
	Power (mW)	0.93	3.84	1.81	1.88	1.8	4.85
	Ref. Spur (dBc)	-54.3 † †	-45	-43.6	-44	-51.5	-67.2
	Area (mm²)	0.035	0.043	0.0052	0.026	0.021	0.086
	Efficiency (mW/GHz)	0.36	1.83	0.75	0.43	0.75	0.64
	† o (dB)	-226.6 † †	-229.5	-225.8	-233	-227.9	-226.1
			*For the body bias power supply,		
			**From PN curves,			
			† † average over 10 dies		
		† o = 10 ⋅ log(P DC /1 mW) + 20 ⋅ log(σ R S / 1 s)		
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 5 1. Comparison with the state-of-the art ring-based synthesis solutions

			Previous	Santiccioli	Yang et al,	Chiu et al,	Xiang et al,
	Feature	This work	Solution	JSS ' et al,	ISS '	T-VLSI'	I '
			(Chap. 4)	[33]	[21]	[45]	[17]
	Technology	28 nm	28 nm	65 nm	28 nm	40 nm	22 nm
		FD-SOI	FD-SOI	CMOS	CMOS	CMOS	FinFET
	Architecture	MDLL	Analog PLL+DLL	MDLL	MDLL	MDLL	Analog PLL
	Output Freq (GHz)	2.5	2.5	1.65	3	2.4	3
	Tuning						
	Range	2.3-3.0	2.35-3.0	1.6-3.0	1.55-3.35	1.9-3.0	0.6-5
	(GHz)						
	Supply Voltage (V)	0.6	1.0/1.8	1.2	0.8	1	0.5-0.9
	Ref. Freq (MHz)	50	50	100	200	122.5-183.7	200
	Spur (dBc)	-48	-52	-56	44	-54.2	No Information
	Jitter (ps)	2.8	4.83	0.397	0.292	0.3	2.3
	Power (mW)	0.42	0.93	2.5	1.45	5.2	0.682
	FoM (dB)	-234.7	-226.6	-244.0	-249.1	-243.3	-234.4
	Efficiency (mW/GHz)	0.14	0.36	1.52	0.48	2.17	0.23
	Area	0.0062	0.035	0.0275	0.0056	0.013	0.015

  6.4. Tuning Range of the proposed programmable ring oscillator FOM synthesizable injection-locked PLL with noise-isolation LDO " n 2017 IEEE International Solid-State Circuits Conference (ISSCC), Feb. 2017, pp. 150-151. [56] H. Cho et al. " A s n es e TDCand DCO-less fractional-N PLL with a seamless lock range of fREF to 1GHz " n 2017 IEEE International Solid-State Circuits Conference (ISSCC), Feb. 2017, pp. 154-155. [57] K. M. Megawer, A. Elkholy, D. Coombs, M. G. Ahmed, A. Elmallah, and P. K. OS " n 2018 IEEE International Solid -State Circuits Conference -(ISSCC), Feb. 2018, pp. 392-394.

	[52] L on nd R	v "		A	GH R f	on -N synthesizer with 0.25fREF
		" n 2017 IEEE International Solid-State Circuits Conference (ISSCC), Feb. 2017,
		pp. 330-331.						
	[53]	C	n nd H	s n s	"	A	GH s -sampling ring-
		oscillator PLL with time-sed oop f e		ev n -	d	e -O " n 2017 IEEE
		International Solid-State Circuits Conference (ISSCC), Feb. 2017, pp. 328-329.
	[54] D Coo s A E o R	N nd n A E	nd P	H n o "	A	-
		to-5.75GHz 5mW 0.3psrms-jitter cascaded ring-based digital injection-locked clock
		multiplier n n C OS " n 2017 IEEE International Solid-State Circuits Conference
		(ISSCC), Feb. 2017, pp. 152-153.		
	[55] H C N o	N	T Yos o	Y Te s	O d	nd A	s	"	A
		E E d -H n o "A GH 0.42ps-e -	E E fs s	E E	o	E E	E E p e s n	E E	E E s -oscillator
		frequen		d p e n n C		
							N	s es
			en						
			e						
			on	GH					N	s es
			Os						N	s es
									N	s es

Where:

𝐻 𝑟𝑙 (𝑗𝜔) = 1 -𝛽 1 + (𝛽 -1) ⋅ 𝑒 -𝑗𝜔𝑇 𝑟𝑒𝑓 ⋅ 𝑒 -𝑗𝜔𝑇 𝑟𝑒𝑓 2 ⁄ sin ( 𝜔𝑇 𝑟𝑒𝑓 2 ) 𝜔𝑇 𝑟𝑒𝑓 2 ⁄ (5.9)

And:

𝐻 𝑈𝑃 (𝑗𝜔) = 𝑁 ⋅ 𝛽 1 + (𝛽 -1) ⋅ 𝑒 -𝑗𝜔𝑇 𝑟𝑒𝑓 ⋅ 𝑒 -𝑗𝜔𝑇 𝑟𝑒𝑓 2 ⁄ sin ( 𝜔𝑇 𝑟𝑒𝑓 2 ) 𝜔𝑇 𝑟𝑒𝑓 2 ⁄ (5.10)

Which is similar to the seen in the phase noise analysis of an injection-locked clock multiplier (ILCM). This approach can be very useful to analyze the phase noise of the proposed architecture.

Focusing on Equation (5.8), the free-running frequency component of the VCO is affected by 𝐻 𝑟𝑙 (𝑗𝜔)

ed " e-n en f o " which has a high-pass response with a cut-off frequency of approximately 𝑇 𝑟𝑒𝑓 2 ⁄ . The most important feature of the synchronized oscillator is the wideband noise rejection. Also, the noise of the reference 𝜙 𝑛,𝑟𝑒𝑓 affects the output phase noise through 𝐻 𝑈𝑃 (𝑗𝜔), which has a low-pass response for low frequency offsets.

Using the results of the free-running phase noise of the controlled oscillator depicted in Figure 5.2 b) obtained through Periodic Steady State (PSS) + PNoise simulations, and the reference phase noise obtained from the signal generator Keysight E4428C, the output phase noise was calculated using MATLAB, and its response is depicted in Figure 5.16.

Figure 5.16. Calculated phase noise of the multiplexed ring VCO using the model proposed by [START_REF] Ye | A p e-crystal interface PLL with VCO realignment to reduce phase noise[END_REF] 𝐻 𝑉𝐶𝑂 = 𝑁 ⋅ 𝐻 𝑟𝑙 𝑁 + 𝐻 𝑙𝑜𝑜𝑝 ⋅ 𝐻 𝑟𝑙 (5.12)

And 𝐻 𝑟𝑒𝑓 represents the noise transfer function of the reference tuning into the loop, defined as [START_REF] Liu | A e Pe fo n e Ev on of e -Power FOM for Multiplying Delay-Lo ed Loop[END_REF]:

Using MATLAB, the overall phase noise has been calculated, using the values of 𝑁, 𝑓 𝑟𝑒𝑓 , 𝐼 𝐶𝑃 1 and 𝐶 1 required to model the output noise. The result is shown in Figure 5.18, that considers the noise of the up-converted reference, the high-pass response of the multiplexed VCO noise, and the total modeled phase noise is plotted.

Figure 5.18. Closed-loop noise simulation of the output Also, Figure 5.18 shows that the multiplexed VCO noise is filtered by the DLL control loop, reducing the flicker noise component of the multiplexed ring oscillator. For the low offset frequencies, the MDLL helps to further reduce the output noise, from 10 dB/decade of the multiplexed VCO to approximately 6 dB/dec. This noise response contributes to the phase noise reduction at low frequency offsets.

As observed in Figure 5.18, the total phase noise stays in approximately -100 dBc/Hz, with a bandwidth of approximately 𝑓 𝑟𝑒𝑓 2 ⁄ , in which the noise response starts to follow the freerunning frequency of the VCO, as expected.

Modified PFD (M-PFD)

For the analog tuning MDLL loop, a classical PFD block has some locking issues. As seen in the previous chapter, the reference signal always arrives first, and the signal coming from the programmable delay line arrives after the first reference edge The circuit depicted in Figure 5.21 works as follows: for a rising edge of the reference, the signal UP is activated, like in a standard PFD. However, the signal Last-1, which is the signal coming from the frequency divider, is activated when the signal 𝑓 ref is at low. This signal preresets the flip-f ops en e s n "L s " arrives at the end of the 𝑁 oscillation cycles, the s n "DO N" is activated, and stays high until the arrival of the next rising edge of 𝑓 ref . 
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